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ABSTRACT 

Direct drive wave energy conversion systems have been identified as a potentially major contributor to the 

world’s energy demands, forecasting shares of up to 25 %  of the energy mix. Anders Hagnestål conducts 

research at the Royal Institute of Technology where a novel linear transverse flux permanent magnet generator is 

developed. This concept machine is particularly well-suited for the pertaining operating conditions in marine 

environments, producing large forces at low speeds with outstandingly low resistive losses. However, it exhibits 

severe magnetic saturation and draws unsymmetrical phase currents at nominal operation. In addition, it 

possesses a low power factor. All in all, this places stern requirements on the power electronic system and 

control algorithms. The aim of this thesis has been to design a functioning power conditioning system that 

connects the machine to the electric grid. For this purpose, a three-phase two-level voltage source converter is 

proposed to be back-to-back connected with two-level single-phase voltage source converters (active rectifiers) 

interfacing each and every machine phase. It is shown that the intermediate DC link can be maintained at a 

constant voltage with restricted ripple while feeding power at unity power factor to the grid by appropriately 

sizing the DC capacitor and adopting a feedback linearization control scheme. The phase currents can be 

controlled effectively by means of a cascaded gain-scheduled PID controller. By including a low-pass filter the 

iron losses in the machine may be suppressed even at lower switching frequencies. A constrained cost 

optimization indicates that the converter consequently can reach 99.1 % efficiency. Finally, with this thesis as a 

background, it is suggested that the thermal stresses on the selected semiconductor modules and the iron losses 

of the machine are evaluated to further improve the design. If higher efficiency of the active rectifiers is strived 

for, more complex converter topologies could be considered. 

Key words: transverse flux permanent magnet synchronous machine (TFPMSM), active rectifier, direct drive 

wave energy converter, feedback linearization, cascaded PID controller.   
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SAMMANFATTNING 

Direktdrivna vågenergiomvandlingssystem har utpekats som en potentiellt starkt bidragande resurs för att 

tillgodose världens efterfrågan på energi med andelar på uppemot 25 % av energimixen förutspådda. Anders 

Hagnestål bedriver forskning och utveckling av en ny typ av linjär permanentmagnetiserad 

transversalflödesmaskin vid Kungliga Tekniska Högskolan. Konceptmaskinen är särskilt väl lämpad för de 

rådande marina förhållandena genom att kunna producera stora krafter vid låga hastigheter med utomordentligt 

låga resistiva förluster. Maskinen går emellertid i kraftig magnetisk mättnad och drar asymmetriska strömmar 

vid nominell drift. Dessutom är effektfaktorn låg i jämförelse med standardmaskiner. Alltsomallt inför detta 

hårda krav på det effektelektroniska systemet och kontrollalgoritmerna. Målet med detta examensarbete har varit 

att designa ett funktionellt effektkonditioneringssystem som sammanfogar maskinen med det angränsande 

elektriska nätet. För att åstadkomma detta föreslås att en tvånivås-trefasomriktare kopplas rygg-mot-rygg till 

tvånivås-enfasomvandlare (aktiva likriktare) som i sin tur är kopplade till varje maskinfas. Med den här 

konfigurationen visas det att spänningen på den mellanliggande DC-länken kan hållas konstant med begränsat 

rippel, alltmedan effekt tillförs nätet vid effektfaktor ett genom att dimensionera DC-kondensatorn på rätt sätt 

och använda en kontrollag baserad på exakt linjärisering. Maskinens fasströmmar kan kontrolleras effektivt med 

hjälp av en kaskadkopplad PID-regulator med schemalagda förstärkningsfaktorer. Genom att inkludera ett 

lågpassfilter förväntas det att järnförlusterna i maskinen kan begränsas även vid lägre switchfrekvenser. Genom 

att lösa ett kostnadsoptimeringsproblem visas det att den resulterande aktiva likriktaren kan uppnå en 

verkningsgrad på 99.1 % . Slutligen, med det här examensarbetet som grund, föreslås det att den termiska 

stressen på de valda halvledarkomponentsmodulerna och järnförlusterna i maskinen utvärderas för att ytterligare 

förbättra designen. Om högre verkningsgrad eftersträvas hos de aktiva likriktarna kan mer komplicerade 

omvandlartopologier övervägas. 
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I. INTRODUCTION 

Between 1973 and 2013 the world experienced an increase by 380 %  in net electricity production [1]. 

Additionally, the rate of growth has increased in recent years, despite a stagnation of the electricity production in 

OECD countries. As of 2013, IEA reports that 23 391 𝑇𝑊ℎ of electricity was produced across the globe of 

which 67.2 % emanated from fossil fuels, excluding nuclear primary energy resources [1].  

In the light of increased environmental concerns, unpredictable and heavily fluctuating prices of fossil fuels and 

a desire to achieve national or regional energy independency, renewable energy conversion technologies have 

attracted more and more attention from governments, academy and utilities. As a matter of fact, the gross 

electricity production from wind and solar photovoltaics in 2014 increased by 8.1 and 26.9 %, respectively, in 

OECD countries [1] as the technologies have matured and grid parity has been reached.   

However, there still exists an unexploited renewable primary energy resource that waits to be harnessed. With a 

realizable potential to provide 10 − 25 % [2, pp. 1–2] of the world’s energy needs, wave energy constitutes a 

major primary energy resource reserve and an opportunity for countries situated by the ocean to improve their 

energy independency. 

The technology first spurred an interest in the wake of the oil crisis in 1973 and attracted scientists from the 

fields of naval and marine engineering, electrical engineering and mechanical engineering, [2, pp. 7–38] but in 

spite of a large amount of suggested concepts, no wave energy conversion plant has yet been able to prove 

commercially viable or stand out as superior to the others [3]. Grid connected plants have been running for 

periods in Portugal and Scotland [3] and in January 2016 the Sotenäs Wave Power Plant in Sweden was 

connected to the Nordic electricity grid [4].   

Some of the main general challenges that have been identified in the development of wave power technology are 

the shifting and sometimes fierce mechanical tensions on the buoys, the choice of a loss minimizing and reliable 

power take-off, the establishment of a sound routine to install, perform maintenance work and dismantle devices 

in the rough marine environment [2, pp. 35–37] and to tune the devices for the site-dependent wave-power 

spectrum [2, pp. 47–49]. Another concern that applies to a more specific system design is the need for large 

voltage–smoothing capacitors in the DC link for direct power-take-off (PTO) systems (described in section 

II.B.1)), which seriously affects the power density and cost of the energy conversion system [5]. 

To address some of the issues related to the electrical machinery of wave power converters, a novel electrical 

linear transverse flux permanent magnet synchronous machine (TFPMSM) has been developed by Anders 

Hagnestål in a research project carried out at the Royal Institute of Technology in Stockholm. It has been 

designed as to be specifically favorable for the conditions pertaining in marine conditions. The virtues of the 

conceptual machine, displayed in Figure 1 and Figure 2 include low resistive losses at low operating speeds as 

compared to existing wave power generators and a high power density. On the other hand, the TFPMSM exhibits 

a low power factor and to enable efficient use of such a generator at direct PTO, an active rectifier is needed in 

order to provide power factor compensation. Further complexity is added to the task of achieving a feasible 

power conversion system by the fact that the TFPMSM will be severely magnetically saturated during operation 

and thus will exhibit a non-linear and time-variant behavior.  

 

Figure 1  Complete CAD model of the concept 

TFPMSM. The green parts constitute the stator. The 

translator moves in and out of the paper. The outer 

structure provides a magnetic path. 

 

Figure 2  Machine stator. The dark blocks in the 

interior represent the three phases of the stator and 

are made up of iron and magnet stacks. They are 

clamped together by the grey outermost frame. The 

green blocks constitute electrically and magnetically 

isolating structure material. Observe that the 

structure has been rotated by 𝟗𝟎°. Provision from [6]. 
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Complying with the requirements of a 30 ECTS master thesis at KTH, this project’s purpose is to investigate 

control methods for the active rectifier as to achieve maximum force per unit stator current. Moreover, the 

regulator decided upon should be set up and verified. The required adherent power-electronic stages should be 

designed and components selected. Additionally, a grid-connection control scheme should be proposed, as to 

provide a means of connection to a national grid. 

Useful background knowledge and state-of-the art theory about the topics investigated in this thesis can be found 

in a number of publications. Firstly, the modelling of a TFPMSM is presented in for instance [7]–[9]. Secondly, 

the field of optimal wave energy conversion in direct drive systems has attracted more attention in recent 

research projects. In for example [10]–[12] some controllers are suggested to maximize the power generation. 

However, none of these addresses the impact of magnetic saturation on the control system. Some general 

methods for controlling non-linear systems are instead presented in [13]. In particular, the concepts of feedback 

linearization and gain-scheduled control have been proposed for control of non-linear switching power-

electronic systems in [14]–[16]. These resources have been found useful for the conception of both of the 

regulators proposed later on in this report. In addition, [17] has provided useful guidelines for the conception, 

simulation and experimental validation of PID- and MPC-controllers for electrical machines. Finally, 

comprehensive reviews of switched power electronic systems and adherent components are provided in [18] and 

[19].  

The remainder of this report has been structured in the following way. Section II is a review of the electrical 

energy conversion system needed to efficiently extract and transfer wave energy in a direct drive PTO system, 

including a generator model of the machine under study and previous experiences in wave energy conversion 

systems. Section III is dedicated to the control of the DC-link voltage and grid connection scheme. Section IV 

continues with the design of an active rectifier whereas section V deals with the synthesis of a current controller 

for the considered generator. In the ensuing section VI the digital implementation of the current controller is 

presented along with simulation results of the digitized current controller. As a natural continuation, section VII 

reports how executable C-code for controllers in general and the current controller in particular can be generated 

and verified. Section VIII then follows with an assessment of the grid connected PTO system before section IX 

finally concludes the report by underlining the main findings and by giving some advice for further work.  
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II. ELECTRICAL ENERGY CONVERSION IN WAVE POWER APPLICATIONS  

The first topic to be addressed in this chapter is the characteristics of the incoming waves. Such a background is 

necessary in order to understand and model the electrical power flows. In the pursuing sections, electrical 

machine and converter topologies will be briefly outlined as to give an orientation of the pros and cons of some 

alternatives for the direct drive WEC. To continue with, a closer look will be taken at the TFPMS and the power 

electronic topology selected to form the backbone of the electrical energy conversion in the concept WEC 

system. 

A. Wave Power Characteristics 

Wave power is sometimes classified as a third generation power resource. It emanates from the winds which in 

turn are created by pressure differences caused by the solar insolation to the earth. As such, it is also an 

intermittent energy resource. 

A simple way of modeling a wave coming in to a point absorber at open sea is as thinking of it as a 

monochromatic wave. If the point absorber is connected to a generator’s translator, the latter will go through a 

sinusoidal motion in the upward, downward direction with amplitude ℎ/2  and angular frequency 𝜔𝑤𝑎𝑣𝑒 =

2𝜋𝑓𝑤𝑎𝑣𝑒  as given in (1). 

 𝑧(𝑡) =
ℎ

2
sin (𝜔𝑤𝑎𝑣𝑒𝑡) (1) 

Typically 𝑓𝑤𝑎𝑣𝑒  is in the order of one tenth of a Hertz [10]. 

B. Electrical Energy Conversion 

When electrical energy is to be supplied to an AC utility grid with binding grid codes, several steps of energy 

conversion usually take place. The electrical conversion commonly starts with a rotating electrical machine that 

transforms mechanical energy to electricity. However, once the machine is designed and in place, the machine 

itself does not provide any means of controlling the output voltage and current waveforms. Thus, an interface to 

the grid is required to do this. A schematic of such an interface is displayed in Figure 3. 

Power electronic devices (represented by VSC in Figure 3) today constitute the means to obtain the appropriate 

magnitude, frequency and phase of current and voltages to match the desired application. The interfacing power 

electronic stages also provide possibilities to store energy in an intermediate link. This can for instance be 

realized by inserting passive components such as capacitors in a DC-link or by employing active charge and 

discharge of batteries connected to a DC-bus through a controlled power electronic converter. The latter has 

found major use in many renewable intermittent power systems (see for example [20]) where the power fed to 

the grid could be highly fluctuating. 

On the other hand, the utility grid (and/or any batteries) can in addition be used to maintain a balance in the 

power supplied and extracted from the intermediate power electronic stages by acting as a buffer that can supply 

or accommodate power on an instantaneous basis. This is a requirement when controlling the output voltage and 

current to the grid itself. The benefits of this highly reactive and flexible energy storage cannot be overestimated 

in modern industrial and utility applications. Of particular interest for this study is the reactive power support 

that this conception can provide to the electrical generator present in a direct drive wave energy converter 

(WEC).  

 

Figure 3  Grid-machine interface. 



TRITA-EE 2016: 123     4/68 

Lastly, but not less importantly, with the development of fast-switching high-power semiconductors the power 

electronic devices of today along with computerized regulation enable engineers to extract maximum power 

from the energy sources while reducing system cost and operational losses. 

1) Machine Topologies Used in Wave Energy Converters   

The choice of electrical machine type is a crucial decision in the conception of a power station and depends 

amongst others on the speed range, space, required efficiency, torque capabilities, reactive power demand and 

system design. The latter includes for example the power electronic stages, gearboxes and other PTO systems 

such as hydraulic motors that may be connected to the same shaft as the electrical generator in order to increase 

the speed, as described in for instance [21]. In a direct drive system, such auxiliary systems are disposed of. 

Instead, the mechanical to electrical energy conversion is carried out directly. Regarding wave energy 

conversion, the direct drive system has been recognized as the preferable pathway to follow [22], which calls for 

an increased reliance on power electronics and digital regulation. 

When it comes to wave energy applications, several investigations have pointed out the shortcoming of many 

standard machine topologies and highlighted the desirable properties for an electrical generator in wave energy 

applications. Some of them are summarized below. 

 Due to the motion of the waves, (1), the generator reciprocates at low speeds (which, in addition, are 

irregular), typically lower than 2 m/s, with incoming waves at frequencies in the order of one tenth of a 

Hertz. Consequently, the power input will be fluctuating at double the frequency and spanning from a 

peak value when experiencing the highest speed to a zero value at the turning points where the speed is 

zero. Naturally, in order to harvest any power in such conditions, very high electromechanical forces 

need to be induced in the generator. As a consequence the winding currents necessarily would need to 

be large as would the machine itself, since the force density is limited. [22] 

 Considering the above said, the machine must be assembled in such a way that it tolerates the 

potentially huge attractive forces between the moving part and the stator [23, pp. 183–192].  

 At the low prevailing velocities (zero at the turning points), the induced EMF is occasionally low or 

even non-existing. Using (1) and writing the flux linkage between a stator coil and the main field 

produced in the moving generator part as in (2), the induced stator EMF is obtained from Faraday’s law. 

The equation for the stator EMF is given in (3) and a typical waveform is graphically depicted in Figure 

4. In (2) and (3), 𝜆 is the magnetic wave length (i.e. the length between two magnet poles of the same 

polarity), Ψ̂  is the peak flux linkage, and Ê =
Ψ̂ℎ𝜋

𝜆
𝜔𝑤𝑎𝑣𝑒  is the peak induced EMF. With the 

requirement of large stator currents that follows, the copper losses in the stator winding could grow 

unacceptably large, unless the winding length is shortened or the cross-sectional area increased. The 

latter would of course increase the cost and require more space for the windings, which typically is 

lacking. 

 Ψ(𝑡) = Ψ̂sin (
2𝜋

𝜆
𝑧(𝑡)) (2) 

 𝑒(𝑡) =
𝑑Ψ(𝑡)

𝑑𝑡
= Ê cos(𝜔𝑤𝑎𝑣𝑒𝑡) cos (

𝜋ℎ

𝜆
𝑠𝑖𝑛(𝜔𝑤𝑎𝑣𝑒𝑡 )). (3) 
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Figure 4  Induced generator EMF (no-load voltage) in linear wave conditions. 

From the above perceptions, the use of induction machines is clearly ruled out mainly due to the low speed. 

Since it is immensely challenging to implement a durable conversion system from linear to rotating motion of 

this size [22], the alternative to make use of a linear machine appears attractive. Among the synchronous 

machine topologies (refer to Figure 5), the ones establishing the main air gap flux via permanent magnets (PM) 

have the potential to reduce the total winding losses. A machine topology that exploits PM field excitation and 

has attracted more attention recently in both wave- [24] and wind- [8], [25] power applications is the transverse 

flux topology. For a summary of the transverse flux topologies in Figure 5, refer to [8]. 

The main reason for their attractiveness in wind- and wave-power applications is their high force (or torque) 

density, thereby making them suitable in low-speed direct-drive power-conversion systems [8]. The publication 

[22] points up the differences in achievable force densities between a linear transverse flux machine (TFM) and a 

linear longitudinal flux machine (LFM). It was found that the force density (force per unit active area) could be 

made two to four times greater in the TFM machine compared to the LFM counterpart for a given air gap and 

current loading. A force density of up to 125 𝑘𝑁/𝑚2  could be achieved. This figure of merit has been 

reoccurring in other studies as well. For example [26] reports force densities of up to 150 𝑘𝑁/𝑚2.  

Another distinct feature of the group of TFMs is the largely decoupled design of the magnetic and electric 

circuits, relieving the competition for space between the magnetic flux path and armature winding experienced in 

for example radial flux PMSMs [8]. This is what contributes to the high current loadings  needed to produce the 

aforementioned levels of force densities, as can be concluded from (4) and (5) [27], where 𝑨 denotes the stator 

current loading vector, 𝑱 the fictitious armature current density vector, 𝑩𝒈 the flux density vector in the air gap, 

𝑭 the air gap force, 𝑑𝑠 the height of a thin fictitious current sheet on the stator periphery, and 𝑑𝑉 the differential 

volume of an element in the air gap. Hence, the cross-product 𝑱 × 𝑩𝒈 constitutes a force per unit volume. Thus, 

if the air gap is small and the current loading high, the force density per unit active area will be large. 

 𝑨 = 𝑑𝑠𝑱 (4) 

 𝑑𝑭 = 𝑱 × 𝑩𝒈𝑑𝑉. (5) 
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Among the drawbacks of the TFMs are the complex mechanical structure and manufacturing process [8], the 

high cogging forces [28] that become even more prominent at low speeds and the low power factor [8]. 

 

Figure 5  Relationships between different machine topologies. The machine topology used in this study is a transverse 

flux machine with flux concentration (highlighted in the figure). 

a) The Transverse Flux Permanent Magnet Synchronous Machine 

For the purpose of this investigation, a circuit model is needed for the TFPMSM. In [8], the one phase-equivalent 

standard synchronous machine circuit (Figure 6) is adopted. Figure 6 includes the induced EMF, 𝐸𝑎 , the 

synchronous resistance, 𝑅𝑠, and reactance, 𝑋𝑠 and the input voltage, 𝑉𝐴. Using phasor notation (which implies 

that the machine operates at a constant electrical frequency) and adopting a motor convention for the phase 

current (i.e. 𝐼𝑎 going into the generator terminals), the relation between the quantities can be written: 

 𝑉𝑎 = (𝑅𝑠 + 𝑗𝑋𝑠)𝐼𝑎 + 𝐸𝑎 . (6) 

 

Figure 6  TFPMSM equivalent steady-state circuit. 

In transient and dynamic simulations, the simple equivalent circuit of Figure 6 is not sufficient to yield credible 

results. A more accurate representation of the machine would incorporate possibly important effects such as 

frequency changes, magnetic saturation and flux linkage harmonics. Such a model proceeds from the 

fundamental electromagnetic description of an electrical machine expressed in phase quantities [29]: 

  𝒗𝒂𝒃𝒄 = 𝑅𝑠𝒊𝒂𝒃𝒄 +
𝑑

𝑑𝑡
(𝚿𝒂𝒃𝒄,𝑷𝑴 + 𝑳𝒂𝒃𝒄𝒊𝒂𝒃𝒄) = 𝑅𝑠𝒊𝒂𝒃𝒄 +

𝑑𝚿𝒂𝒃𝒄

𝑑𝑡
. (7) 
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In (7), 𝒗𝒂𝒃𝒄 = [𝑣𝑎𝑛 𝑣𝑏𝑛 𝑣𝑐𝑛]𝑇 is the applied voltage vector referred to a neutral point, 𝒊𝒂𝒃𝒄 = [𝑖𝑎 𝑖𝑏 𝑖𝑐]
𝑇 is 

the phase current vector, 𝚿𝒂𝒃𝒄,𝑷𝑴 = [Ψ𝑎,𝑃𝑀 Ψ𝑏,𝑃𝑀 Ψ𝑐,𝑃𝑀]𝑇  is the vector of fluxes emanating from the 

permanent magnets linking to the three phases, and  

 𝑳𝒂𝒃𝒄 =  [

𝐿𝑠𝑒𝑙𝑓,𝑎 + 𝐿𝜆,𝑠,𝑠𝑙𝑜𝑡 𝐿𝑚𝑢𝑡,𝑎−𝑏 𝐿𝑚𝑢𝑡,𝑎−𝑐

𝐿𝑚𝑢𝑡,𝑏−𝑎 𝐿𝑠𝑒𝑙𝑓,𝑏 + 𝐿𝜆,𝑠,𝑠𝑙𝑜𝑡 𝐿𝑚𝑢𝑡,𝑏−𝑐

𝐿𝑚𝑢𝑡,𝑐−𝑎 𝐿𝑚𝑢𝑡,𝑐−𝑏 𝐿𝑠𝑒𝑙𝑓,𝑐 + 𝐿𝜆,𝑠,𝑠𝑙𝑜𝑡

] (8) 

denotes the inductance matrix. The latter includes the self inductances for each phase, 𝐿𝑠𝑒𝑙𝑓 , the mutual 

inductances between the phases, 𝐿𝑚𝑢𝑡 , and the stator-slot leakage inductance 𝐿𝜆,𝑠,𝑠𝑙𝑜𝑡 . Finally 𝚿𝒂𝒃𝒄 = 𝚿𝑷𝑴 +

𝑳𝒂𝒃𝒄𝒊𝒂𝒃𝒄 is the vector of fluxes linking to the three phases. 

𝚿𝒂𝒃𝒄  should clearly be a position dependent quantity since the magnetic flux from the permanent magnets 

(placed on the stator in the concept machine) linking with the phase windings is entirely due to the position and 

magnetic saturation of the translator’s iron teeth. For each pole, there will therefore be a periodic variation in the 

flux linkage depending on the shifting positions of the iron teeth. To continue with, if the mutual inductances are 

very small compared to the diagonal elements in (8), it may be asserted that there is no significant magnetic 

coupling between the phases. This has been claimed to be a reasonable assumption for the developed machine. 

Thus, it follows that each phase current is a function of the position-dependent flux linkage as exemplified for 

phase 𝑎 in (9), where 𝑥 is the translator’s position, inferred for example from (1).  

 𝑖𝑎 = 𝑓(Ψ𝑎(𝑥)) (9) 

 

Figure 7  Simulink machine model (red) and current transducer model (blue). 

Using (7) and (9) and taking into account the generator’s translational and periodically reversing movement, a 

block diagram representation such as the one in Figure 7 can be implemented in a dynamic simulation software 

like Simulink (MathWorks Inc.
1
). The 2D lookup-table in the figure incorporates (9). This relation can be found 

from static finite element method (FEM) simulations where a set of currents and translator positions are imposed 

on the machine design. The resulting flux linkage may subsequently be retrieved from a post processing tool. For 

a fixed translator position, Ψ𝑎 grows monotonically with 𝑖𝑎 so (9) is one-to-one and can be inverted. A spline-

interpolated mapping of the type (9) derived from 2D FEM-data supplied from the machine designer Anders 

Hagnestål is displayed in Figure 8. The FEM simulations were performed for a set of 31 positions and 49 current 

values. Note that the mapping is symmetrical around 𝑥 = 0.025 𝑚, although the shadow in Figure 8 might 

appear misleading. 

                                                           
1 http://se.mathworks.com/ 
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Figure 8  A mapping of the type 𝒊𝒂 = 𝒇(𝚿𝒂, 𝒙) for the machine under study. 

2) Converter Topologies 

The role of all inverters and rectifiers (hereinafter jointly referred to as converters and not to be confused with 

DC/DC-converters) is to transform DC to AC quantities (or vice versa) and transfer power over this link. In 

order to comply with cost and component requirements, efficiency, reliability, load type and the accuracy to 

which a certain waveform needs to be reproduced, a number of converter topologies have been invented.  

One way to categorize these converters is by their ability to rectify, invert or both rectify and invert the input 

voltage. When power is transferred from the AC to the DC side of the converter, it operates as a rectifier. The 

other way around, the converter is said to operate as an inverter. Hence, a supple way to represent the converters 

is to graphically depict their operational zones in a voltage-current diagram. In the quadrants where the 

converter’s AC-side voltage and current have different signs, rectification is taking place, whereas inversion is 

taking place when the signs are of the same polarity, as seen in the right picture of Figure 9. For some converters 

it is more instructive to look at the DC-side quantities. The operational zones can then be depicted as in the left 

picture of Figure 9.  

Table 1 lists the most common converter types as of today, according to [30]. A review of the terminology for 

the listed converter types can be found in [31]. 
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Figure 9  Operational zones of the power converters. Left: Limitations on the DC quantities. The grey zone delimits 

the operational zone for the converter as imposed by its components and the input voltage. Right: Limitations on the 

converter’s output AC quantities. 

Table 1  Compilation of different converter topologies (three phase). 

Power Coverter 

Class 

Converter Type Advantages Disadvantages 

Current source 

converters 

Current source 

back-to-back 

converter 

 Simple topology. 

 In a synchronous machine drive, 

the current commutation is for 

one of the converters performed 

naturally by the induced EMF 

and for the other converter by 

the line voltage. At high power 

ratings the void of self-

controlled semiconductor 

switches can be beneficial [18, 

pp. 442–445].  

 Large harmonic voltage 

generation. 

 A low power factor results if 

the DC-voltage is low [18, pp. 

142, 146–154]. 

 Inevitable notches are produced 

in the line-to-line AC voltages. 

 Notches are also inevitable in 

the output phase currents. As a 

result, an output capacitor filter 

is compulsory when feeding 

power to an inductive circuit 

[30]. 

 Requires a smooth DC-link 

current and hence a large DC 

inductance. 

Voltage source 

converters 

Two-level voltage-

source converters 

(2L-VSC) 

 Simple, few components and 

susceptible to a wide range of 

more or less advanced control 

strategies.  

 Widely used in machine 

applications due to the inductive 

nature of the machines. This 

characteristic reduces the need 

for large low-pass filters when 

low frequency sinusoidal 

voltages are desired. 

 Switching occurs between 

±𝑉𝐷𝐶/2 , which produces 

rougher output voltage 

waveforms than in converters 

where switching can occur 

between several voltage levels. 

 Stresses on the components may 

become high in high power 

applications. 

 

Push-pull inverter  Provides electrical isolation 

between input and output. 

 Few switches or diodes are 

conducting at once (one per 

phase), which improves energy 

efficiency, in particular when 

the DC-voltage is low. 

 The switches’ blocking voltage 

is 2𝑉𝐷𝐶, which is twice as much 

as in a 2L-VSC. 

 Usually associated with a high 

leakage inductance of the 

transformer. The energy stored 

in this inductance must be 

dissipated in the switches or in 

snubber circuits at each 

switching. Consequently, the 

switching frequency is normally 

kept low.    
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Three-level neutral 

point clamped 

converter (3L-

NPC) 

 The semiconductors only need 

to withstand half the DC–link 

voltage.  

 Effectively doubling the 

switching frequency as 

compared to the 2L-VSC.  

 𝑑𝑣/𝑑𝑡 -stresses on the 

semiconductors are reduced, 

which also has a positive effect 

on electromagnetic interference. 

 

 Unequally distributed losses 

between the switches. 

 Unbalances may arise in the DC 

capacitors’ voltages, due to 

hardware discrepancies. 

 Two times as many 

semiconductor switches and six 

additional diodes are required as 

compared to the 2L-VSC, which 

reduces the reliability. 

 

Cascaded H-bridge 

(CHB) 
 Can supply a high-power output 

using semiconductors adapted to 

low voltage applications. 

  Low switching losses and 

𝑑𝑣/𝑑𝑡 -stresses, although the 

effective load switching 

frequency remains high. 

 Modular system that can be 

easily extended or shrunk. 

 Due to the modularity, fault 

tolerant strategies can be 

applied, hence increasing 

reliability and availability. 

 

 Requires multiple DC-power 

sources. 

 The entire conversion system 

becomes complicated when 

power flow should be 

bidirectional and the 

commonplace transformer and 

diode-rectifier at the DC-side 

then must be replaced for each 

single phase inverter.  

 

Flying Capacitor 

(FC) 
 Modular system that can be 

easily extended or shrunk. It 

requires only one DC-power 

source. Therefore, if the output 

power needs to be increased 

another switch-pair and DC-

capacitor can be added. 

 

 Requires a control scheme to 

adjust the DC-capacitor 

voltages.  

 

Direct converters 

Cycloconverter  No need for an intermediate DC-

link. 

 Can be used in applications with 

very high power ratings. In 

particular, this covers low-speed 

synchronous motor drives.  

 Limited to systems where the 

output voltage has a much lower 

fundamental voltage frequency 

than the input fundamental 

voltage frequency (the former 

must be less than 1/3 of the 

latter) [32, p. 445]. 

 

Direct matrix 

converter (DMC) 
 Very compact designs have 

resulted in that the DMC has 

found applications in automotive 

and aircraft.  

 

 Switches must be able to 

conduct in both directions, 

which excludes medium- and 

high-power semiconductor 

components such as IGBT:s and 

thyristors unless these are 

connected in anti-parallel. 

 Requires a low-pass input filter. 

 

Indirect  matrix 

converter (IMC) 
 Possible to reduce the number of 

switches as compared to the 

DMC. 

 

 

A few papers with relation to wave energy power have presented the associated power electronic system in more 

detail. In [22] a capacitor assisted diode bridge is considered akin to the one presented for a wind power 

generator in [33]. It is concluded that a diode rectifier bridge with a fixed capacitance reactive support will 

produce rated power only at the resonant frequency. If a variable capacitance could be employed, the three-phase 
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average power would dramatically increase. It is pointed out that an active rectifier would achieve just that; 

namely providing a variable reactive support. 

The diodes are line-commutated devices, which thus relies on the machine voltage to transit the current 

conduction from one diode to another. In a current-source converter (CSC) it is fairly straightforward to obtain 

analytical expressions for adequate state variables. It therefore presents a suitable case to illustrate some of the 

shortcomings of the diode-bridge rectifier when used in connection to a highly inductive machine. The case of a 

single-phase rectifier will be considered.  

In a CSC the DC-link current is kept almost constant by means of a large inductor. When the commutation from 

one diode to another takes place, the current through the synchronous (generator) inductor must change 

direction. Only when the entire DC-side current, 𝐼𝐷𝐶 , has been shifted, the source voltage will be visible on the 

DC-link. Intuitively, a large inductance therefore means that this process will take a long time, thereby reducing 

the DC-link voltage and power. This is confirmed by (10), where the commutation angle 𝑢, defined as the 

product 𝜔𝑒𝑡 at which the the current in the previously non-conducting diode reaches 𝐼𝐷𝐶 , has been introduced. 

Solving for 𝑢 yields the relation (11), in which it is evident that a large inductance infers a long commutation 

interval. Consequently, according to (12), the DC-link voltage drops. In (14), the power factor has been 

introduced as the ratio between active and apparent power, assuming a lossless converter.  

 𝐴𝑢 = ∫ √2𝐸𝑎 𝑠𝑖𝑛(𝜔𝑒𝑡) 𝑑(𝜔𝑒𝑡)
𝑢

0

= √2𝐸𝑎(1 − 𝑐𝑜𝑠(𝑢)) = 𝜔𝑒𝐿𝑠𝐼𝐷𝐶  (10) 

 𝑐𝑜𝑠(𝑢) = 1 −
√2𝜔𝑒𝐿𝑠𝐼𝐷𝐶

𝐸𝑎
 (11) 

 𝑉𝐷𝐶 =
1

𝜋
∫ √2𝐸𝑎 𝑠𝑖𝑛(𝜔𝑒𝑡) 𝑑(𝜔𝑒𝑡)

𝜋

0

−∫ √2𝐸𝑎 𝑠𝑖𝑛(𝜔𝑒𝑡) 𝑑(𝜔𝑒𝑡)
𝑢

0

 (12) 

 𝑖𝑎(𝑡) = {
∫

√2𝐸𝑎
𝐿𝑠

𝑠𝑖𝑛(𝜔𝑒𝑡) 𝑑𝑡, 0 < 𝑡
𝑡

0

< 𝑢/𝜔𝑒

𝐼𝐷𝐶 ,                                         0 < 𝑡 < 𝑇𝑒/2

 (13) 

 𝑃𝐹 =
𝑃

𝑆
=
𝑉𝐷𝐶𝐼𝐷𝐶
𝐸𝑎𝐼𝑎

 (14) 

Using the relations (10)-(14) and the definition for root-mean-square, it is possible to plot the produced power, 

power factor and commutation angle for varying values of 𝐸𝑎 and 𝐼𝐷𝐶 . For 𝐿𝑠 = 60 𝑚𝐻 and 𝜔𝑒 = 100𝜋. Figure 

10 shows that a vast number of operating points result in a poor usage of the available resources.  
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Figure 10  One-phase CSC diode rectifier performance for various operating points.  
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III. DC-LINK VOLTAGE CONTROL 

In a wide variety of electrical system interconnections a DC-link is present. There are many good reasons to 

make use of such an interface. At very high DC-link voltages, power can be transmitted over long distances at 

low resistive losses, as is done in high voltage DC systems (HVDC-systems). When two asynchronous (i.e of 

different frequency) AC-grids are to be interconnected, the DC-link constitutes a buffer zone. Finally, when an 

unregulated voltage or current source is to be connected to the utility grid, power conditioning must be carried 

out in order to comply with grid codes. The latter is common in renewable energy conversion systems such as 

wind, photovoltaic and wave electricity generation.  

In order to enable steady operation, the DC-link voltage needs to be kept stable. In for example [34], a peak-to-

peak voltage fluctuation of 1 % has been considered tolerable for a DC-link at 294 𝑉 interconnecting a PMSM 

wind power generator to a utility grid. 

A common configuration used to realize systems as those described above, is to couple two two-level voltage 

source converters (2L-VSCs) back-to-back. Undoubtedly, there are many other converter topologies that could 

serve the same purpose with their particular advantages and disadvantages (see section II.B.2)). However, the 

main reasons for employing this configuration is the widespread use and studies presented for similar topologies 

(especially aiming at controlling the DC-link and output voltages), the relatively low cost (due to the modest 

number of components) and high switch-utilization. Studies covering wind and wave energy conversion systems 

regularly make use of this converter topology, see for example [5], [10], [15], [34] and [35]. Of course, their 

ability to transfer power in both directions, i.e. working as both a rectifier and inverter, is crucial. 

For the WEC system under study, a feedback linearization scheme [13, Ch. 17] has been implemented based on 

the findings in [15] and [34]. The main reason for choosing this control scheme is its very attractive property of 

cancelling the system’s non-linearities, provided that these have been properly modeled. This has made feedback 

linearization a successful control approach for many inherently non-linear switching power-electronic systems 

[36]. 

A. Choice of DC-Link Capacitor 

It is well established that the DC-link voltage fluctuates at twice the mechanical frequency of the connected 

generator [10]. This is simply due to the fact that the electrical power has a fundamental component that varies 

sinusoidally at this frequency. To keep these voltage fluctuations at a reasonable level in steady state, an 

appropriate DC-link capacitance needs to be selected and installed.  

Brooking and Mueller provide a simple way to determine the size of a DC-link capacitor given a desired 

maximum peak to peak DC-link voltage [10]. The expressions in this paper are additionally adapted to a WEC 

system and their method can be summarized as follows.  

 

Figure 11  Momentary power flow on the DC-link. 

Consider the instantaneous power flow over the DC-link as depicted in Figure 11 and mathematically described 

in (15). Let 𝑝𝑖  denote the momentary (rectified) input power from the generator, 𝑝𝑐  the instantaneous power 

flowing into the DC-link capacitor and 𝑝𝑜 the instantaneous (inverted) output power. For the energy balance to 

hold and in order to keep the average DC-link voltage constant, the total average input and output powers must 

be equal to each other as in (16), where �̂�𝑔 and 𝐼𝑔are the peak phase induced EMF and current respectively. 

Here, it has been assumed that the machine consists of three symmetrical phases and that the phase current is a 

scaled image of the induced EMF. 
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 𝑝𝑖(𝑡) = 𝑝𝑐(𝑡) + 𝑝𝑜(𝑡) (15) 

 𝑃𝑜 = 𝑃𝑖 =
3

4
�̂�𝑔𝐼𝑔 (16) 

Equation (15) may be developed into (17) and integrated to finally yield (18). In these expressions, 𝐶 represents 

the DC-link capacitance and 𝜔𝑚 the equivalent angular frequency of the machine’s translator. In the last 

equation, (18), �̅�𝐷𝐶has been introduced to denote the mean DC-capacitor voltage, which should correspond to the 

desired DC-link voltage. Be aware that �̅�𝐷𝐶 has been chosen as the initial DC-link voltage value for the 

integration. 

 𝐶
𝑑𝑣𝐷𝐶(𝑡)

𝑑𝑡
 𝑣𝐷𝐶(𝑡) = 𝑃𝑜(1 + cos(2𝜔𝑚𝑡)) − 𝑃𝑜 (17) 

 𝑣𝐷𝐶(𝑡) = √�̅�𝐷𝐶
2 +

𝑃𝑜
𝜔𝑚𝐶

sin (2𝜔𝑚𝑡) (18) 

Using (18), the peak to peak DC-link voltage ripple, Δ𝑉𝐷𝐶, can be evaluated to (19). As a consequence, the 

necessary DC-link capacitance for a desired maximum DC-link voltage fluctuation is given by (20). It shows that 

the capacitance is proportional to the input power to the DC-link (which is equal to the output power) and almost 

inversely proportional to the desired maximum DC-link ripple (since Δ𝑉𝐷𝐶
2 ≪ 4�̅�𝐷𝐶

2 , normally) and the angular 

frequency. The expression pinpoints the necessity of a large DC-link capacitor in WEC applications because 𝜔𝑚 

will be comparatively small. 

 Δ𝑉𝐷𝐶 = √�̅�𝐷𝐶
2 +

𝑃𝑜
𝜔𝑚𝐶

− √�̅�𝐷𝐶
2 −

𝑃𝑜
𝜔𝑚𝐶

 (19) 

 𝐶 =
2𝑃𝑜

𝜔𝑚Δ𝑉𝐷𝐶√4�̅�𝐷𝐶
2 − Δ𝑉𝐷𝐶

2
 (20) 

 

B. Mathematical Description of the Electrical System 

Since the machine side VSC controls the power flow into the DC-link from the WEC, the grid side VSC will be 

responsible to keep the DC-link voltage on a predetermined level. Pulse width modulation (PWM) is applied to 

the grid side VSC to produce the desired fundamental voltage outputs, 𝒗𝒄,𝒅𝒒(𝑡), such that 

 𝒗𝒄,𝒅𝒒(𝑡) =
𝑴𝒅𝒒(𝑡)𝑣𝐷𝐶(𝑡)

2
. (21) 

For clarity, it has been emphasized in (21) that the DC-link voltage is a time varying quantity. 𝑴𝒅𝒒 is a column 

vector of two elements containing the modulation indices for the d- and q-axis voltages, which is also time 

dependent. Thus, the equation has been written referring the phase (abc) or “physical” quantities to the 

synchronous reference frame (dq0) by means of the amplitude invariant sine-based Clarke-Park transformation 

as given by the transformation matrix in (22) [37, p. 134]. Pay attention that this transformation initially aligns 

the d-axis reference 90 degrees behind phase a, in contrast to the ordinary cosine-based Clarke-Park 

transformation [29, p. 98]. 
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 𝑇𝑎𝑏𝑐
𝑑𝑞 (𝜃𝑒) =

2

3

[
 
 
 
 
 𝑠𝑖𝑛(𝜃𝑒) 𝑠𝑖𝑛 (𝜃𝑒 −

2𝜋

3
) 𝑠𝑖𝑛 (𝜃𝑒 +

2𝜋

3
)

𝑐𝑜𝑠(𝜃𝑒)
1

2
 

𝑐𝑜𝑠 (𝜃𝑒 −
2𝜋

3
)

1

2

𝑐𝑜𝑠 (𝜃𝑒 +
2𝜋

3
)

1

2 ]
 
 
 
 
 

 (22) 

This has the favorable effect that when the balanced grid voltage, 𝑉𝑙,𝑟𝑚𝑠(constant in magnitude), is perfectly 

synchronized to the rotating dq-reference frame via a phased locked loop (PLL, see section III.C), 𝑣𝑙𝑑 =

𝑉𝑙,𝑟𝑚𝑠and 𝑣𝑙𝑞 = 0, where a subindex 𝑙 stands for line and refers to a grid side quantity. In this case, the apparent 

power on the grid side of the VSC may be expressed as [15] 

 𝑆𝑙 = 𝑃𝑙 + 𝑗𝑄𝑙 =
3

2
𝑣𝑙𝑑(𝑖𝑙𝑑 − 𝑗𝑖𝑙𝑞) (23) 

, where 𝑗 = √−1. As can be deduced from (23), the active and reactive power can be controlled independently 

by regulating the currents on the grid side 𝑖𝑙𝑑  and 𝑖𝑙𝑞 , respectively. 

 

Figure 12  Configuration of the considered three-phase grid connection in the rotating reference frame. 

The state-space model of the system under study (Figure 12) is given by (24) through (26), assuming a lossless 

VSC. The new notations are 𝑅𝑙 and 𝐿𝑙 for line resistance and inductance on the grid side of the VSC, 𝜔𝑒for the 

AC-grid electrical angular frequency and 𝑖𝐷𝐶  for the current on the DC-link. The latter directly relates to the 

active power that is generated by the WECs. As sign convention, 𝑖𝐷𝐶 < 0 corresponds to power flowing from the 

DC-link to the grid whereas 𝑖𝐷𝐶 > 0 corresponds to power flowing from the grid into the DC-link. 𝑴𝒅𝒒(𝑡) 

contains the modulation indices for the d- and q-axis voltages and is considered to be the control input. It is 

related to the actual (normalized) modulation reference wave as in (27).  

  𝐿𝑙
𝑑𝑖𝑙𝑑
𝑑𝑡

 = −𝑅𝑙𝑖𝑙𝑑 + 𝐿𝑙𝜔𝑒𝑖𝑙𝑞  −
𝑀𝑑𝑣𝐷𝐶

2
+ 𝑣𝑙𝑑  (24) 

 𝐿𝑙
𝑑𝑖𝑙𝑞

𝑑𝑡
 = −𝑅𝑙𝑖𝑙𝑞 − 𝐿𝑙𝜔𝑒𝑖𝑙𝑑  −

𝑀𝑞𝑣𝐷𝐶

2
+ 𝑣𝑙𝑞  (25) 

 𝐶
𝑑𝑣𝐷𝐶
𝑑𝑡

 = −𝑖𝐷𝐶 +
3

4
(𝑀𝑑𝑖𝑙𝑑 +𝑀𝑞𝑖𝑙𝑞) (26) 

 

𝒖𝒂𝒃𝒄
∗ (𝑡) ≜

𝒗𝒂𝒃𝒄
∗ (𝑡)

𝑉𝐷𝐶
2

= √𝑀𝑑
2(𝑡) + 𝑀𝑞

2(𝑡) ∙ 𝑠𝑖𝑛(𝜔𝑒𝑡 + 𝜗𝑎𝑏𝑐 + 𝜑(𝑡)),    

𝜗𝑎𝑏𝑐 = [0 −
2𝜋

3

2𝜋

3
]
𝑇

,   𝜑(𝑡) = arctan(𝑀𝑞(𝑡)/𝑀𝑑(𝑡)) 

(27) 

C. Phase-Locked Loop (PLL) 

As is clear from (22), the electrical grid voltage angle, 𝜃𝑒 = 𝜔𝑒𝑡 = 2𝜋𝑓𝑒𝑡, must be known in order to be able to 

perform the Clarke-Park transformation. In other words, the controller has to be able to issue commands that 

synchronize the converter’s output voltage and currents to those of the grid connection point. This can be done 

by implementing a PLL, whose purpose is to track the positive-sequence grid voltage angle.  
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For balanced three-phase operation and unbiased field orientation, the grid voltage is per definition aligned with 

the d-axis, i.e 𝒗𝒍,𝒅𝒒 = 𝑣𝑑. This fact is utilized in the PLL, where a faulty estimation of the grid angle leads to a 

visible q-axis voltage. Therefore, this component is forced to zero by a PI controller akin to the one developed in 

[37]. From the PLL schematic in Figure 13, it can be realized that the only means by which this can be done is 

by changing the frequency estimation, 𝑓0 from the nominal grid frequency, 𝑓𝑛. 

 

Figure 13  Basic schematic of a PLL. 

D. Feedback Linearization Scheme 

It may be shown from the state space description (24) through (26) and (23) that both 𝑣𝐷𝐶 and 𝑄𝑙  can be 

regulated through 𝑖𝑙𝑑  and 𝑖𝑙𝑞  respectively [15]. Hence, with a functioning control scheme, the DC-link voltage 

can be maintained at a reference average steady state value, 𝑣𝐷𝐶
∗ and the VSC can be operated as to ensure unity 

power factor by setting the reference of 𝑖𝑙𝑞  to 𝑖𝑙𝑞
∗ = 0.  

Feedback linearization or exact linearization belongs to a group of nonlinear control strategies and has proven 

successful for the control of inherently non-linear power electronic converters [14], [15]. In [15], it is shown that 

the stability of a feedback linearization control law with direct control over the DC voltage cannot be ensured 

when the closed-loop system is linearized around a an equilibrium operating point, 𝑖�̅�𝑑. In particular, the zero 

dynamics [38] of the system relative to the assumed measurable states 𝒚𝟏 = [𝑣𝐷𝐶 𝑖𝑙𝑞]𝑇 are unstable when the 

grid connected VSC operates in rectifying mode (i.e. 𝑖𝐷𝐶 > 0).  

Unstable zero dynamics are undesirable, since these represent internal states that cannot be directly observed 

from the available measurements, but nevertheless will grow without bounds. This is not acceptable from a 

physical point of view. Therefore, the authors in [15] suggest an alternative feedback linearization control law, 

which will be outlined below. The proposed controller will switch between two control algorithms depending on 

the direction of the power flow in the grid–side VSC. Thereby it eludes the aforementioned problem and can be 

successful when the grid side VSC operates in both rectification and inversion mode. 

Let the system states be 𝒙 = [𝑖𝑙𝑑 𝑖𝑙𝑞 𝑣𝐷𝐶]𝑇and note that the nonlinear state space description (24) to (26) (the 

nonlinearities are present where the control inputs are multiplied by any of the state variables) could be written 

in the so called normal form 

 
𝑑𝒙

𝑑𝑡
 = 𝒇(𝒙) + 𝒈(𝒙)𝑴𝒅𝒒 = 𝒇(𝒙) + 𝒈𝒅(𝒙)𝑀𝑑 + 𝒈𝒒(𝒙)𝑀𝑞 (28) 

 𝒚 = 𝒉(𝒙) (29) 

where 𝒇(x), 𝒈𝒅(𝒙) and 𝒈𝒒(𝒙) are functions from ℝ3 to ℝ3 and 𝒚 is a vector containing the (measurable) outputs 

of the system. Explicitly, these functions can be expressed as 

 𝒇(𝒙) = [
−𝑅𝑙/𝐿𝑙 𝜔𝑒 0
−𝜔𝑒 −𝑅𝑙/𝐿𝑙 0
0 0 0

] 𝒙 + [

𝑣𝑙𝑑/𝐿𝑙
𝑣𝑙𝑞/𝐿𝑙
−𝑖𝐷𝐶/𝐶

], (30) 

 𝒈𝒅(𝒙) = [
0 0 −1/(2𝐿𝑙)
0 0 0

3/(4𝐶) 0 0
] 𝒙, (31) 
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 𝒈𝒒(𝒙) = [

0 0 0
0 0 −1/(2𝐿𝑙)

0 3/(4𝐶) 0
] 𝒙. (32) 

The objective of the feedback linearization control scheme is to find a control input of the type  

 𝑴𝒅𝒒 = 𝒂𝟏(𝒙) + 𝒂𝟐(𝒙)𝒗 (33) 

that results in a linear control law between the artificial control input 𝒗 and the output of the system. For this 

purpose, the notions of Lie derivatives and relative degrees [38] are introduced. The first is defined in the light of 

the time derivative of the output: 

 �̇� =
𝑑𝒉(𝒙)

𝑑𝑡
=

𝑑𝒉(𝒙)

𝑑𝒙
�̇� =

𝑑𝒉(𝒙)

𝑑𝒙
𝒇(𝒙) + (

𝑑ℎ(𝒙)

𝑑𝒙
𝒈(𝒙)) 𝑴𝒅𝒒. (34) 

The Lie derivatives of 𝒉(𝒙) along 𝒇(𝒙) and along 𝒈(𝒙)are then defined as 

 𝐿𝒇𝒉(𝒙) =
𝑑𝒉(𝒙)

𝑑𝒙
𝒇(𝒙) =

[
 
 
 
 𝑓1(𝒙)

𝜕ℎ1
𝜕𝑥1

⋯ 𝑓𝑚(𝒙)
𝜕ℎ1
𝜕𝑥𝑚

⋮ ⋱ ⋮

𝑓1(𝒙)
𝜕ℎ𝑛
𝜕𝑥1

⋯ 𝑓𝑚(𝒙)
𝜕ℎ𝑛
𝜕𝑥𝑚]

 
 
 
 

 (35) 

 𝐿𝒈𝒉(𝒙) =
𝑑𝒉(𝒙)

𝑑𝒙
𝒈(𝒙) =

[
 
 
 
 𝑔1(𝒙)

𝜕ℎ1
𝜕𝑥1

⋯ 𝑔𝑚(𝒙)
𝜕ℎ1
𝜕𝑥𝑚

⋮ ⋱ ⋮

𝑔1(𝒙)
𝜕ℎ𝑛
𝜕𝑥1

⋯ 𝑔𝑚(𝒙)
𝜕ℎ𝑛
𝜕𝑥𝑚]

 
 
 
 

. (36) 

In (34), the input appears explicitly already after the first differentiation, which indicates that the relative degree 

is one for both the outputs. Formally, the system (28), (29) is said to have relative degree 𝑛 at a point 𝒙𝟎 if  

 {
𝐿𝒈𝐿𝒇

𝑘𝒉(𝒙) = 0,   ∀𝑘 < 𝑛 − 1

𝐿𝒈𝐿𝒇
𝑛−1𝒉(𝒙𝟎) ≠ 0                   

. (37) 

For a system of relative degree one, it can be seen that the control law  

 𝑴𝒅𝒒 = (𝐿𝒈𝒉(𝒙))
−1

(−𝐿𝒇𝒉(𝒙) + 𝒗𝒒𝒖) (38) 

is a linear control law on the form (33) for the system (39), which arises subsequent to a coordinate 

transformation as the one in (40). 

 �̇� = 𝐿𝒇𝒉(𝒙) + 𝐿𝒈𝒉(𝒙)𝑴𝒅𝒒 (39) 

 𝒛 = 𝑇(𝒙) = [

𝒚
𝒚
⋮

𝒚(𝑛−1)

̇
] =

[
 
 
 
 

𝒉(𝒙)

𝐿𝒇𝒉(𝒙)

⋮

𝐿𝒇
(𝑛−1)

𝒉(𝒙)]
 
 
 
 

 (40) 

Explicitly, (41) and the control law (42) can now be obtained by implementing (35) through (38) on the system 

under study. 

 𝐽 =  𝐿𝒈𝒉(𝒙) = [
0 −𝑣𝐷𝐶/(2𝐿𝑙)

3𝑖𝑙𝑑/(4𝐶) 3𝑖𝑙𝑞/(4𝐶)
] (41) 
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 𝑴𝒅𝒒 = [
𝑀𝑑

𝑀𝑞
] =

[
 
 
 
2𝐿𝑙𝑖𝑙𝑞

𝑣𝐷𝐶𝑖𝑙𝑑

4𝐶

3𝑖𝑙𝑑

−
2𝐿𝑙
𝑣𝐷𝐶

0
]
 
 
 

[
 
 
 𝑣𝑞 − (−

𝑅𝑙
𝐿𝑙
𝑖𝑙𝑞 − 𝜔𝑒𝑖𝑙𝑑 +

𝑣𝑙𝑞

𝐿𝑙
)

𝑣𝑢 − (−
𝑖𝐷𝐶
𝐶
) ]

 
 
 
 (42) 

In order to agree with the notations in [15], 𝐽 has been introduced as a shorthand for the Lie derivative 𝐿𝒈𝒉(𝒙). 

According to (38), the first matrix in the last equality of (42) is consequently 𝐽−1. Under the controller (42) the 

closed-loop system becomes 

 
𝑑𝑖𝑙𝑑
𝑑𝑡

 = −
𝑅𝑙
𝐿𝑙
𝑖𝑙𝑑 + 𝜔𝑒𝑖𝑙𝑞  +

𝑣𝑙𝑑
𝐿𝑙

−
𝑖𝑙𝑞

𝑖𝑙𝑑
[𝑣𝑞 − (−

𝑅𝑙𝑖𝑙𝑞

𝐿𝑙
− 𝜔𝑒𝑖𝑙𝑑 +

𝑣𝑙𝑞

𝐿𝑙
)] −

2𝑣𝐷𝐶𝐶

3𝑖𝑙𝑑𝐿𝑙
(𝑣𝑢 +

𝑖𝐷𝐶
𝐶
) (43) 

 
𝑑𝑖𝑙𝑞

𝑑𝑡
 = 𝑣𝑞  (44) 

 
𝑑𝑣𝐷𝐶
𝑑𝑡

 = 𝑣𝑢 (45) 

 
𝑑𝕀𝑞

𝑑𝑡
 = 𝑖𝑙𝑞

∗ − 𝑖𝑙𝑞  (46) 

 
𝑑𝕀𝑢
𝑑𝑡

 = 𝑣𝐷𝐶
∗ − 𝑣𝐷𝐶 (47) 

 𝑣𝑞 =
𝑑𝑖𝑙𝑞

∗

𝑑𝑡
+ 𝑘𝑝𝑞(𝑖𝑙𝑞

∗ − 𝑖𝑙𝑞) + 𝑘𝑖𝑞𝕀𝑞  (48) 

 𝑣𝑢 =
𝑑𝑣𝐷𝐶

∗

𝑑𝑡
+ 𝑘𝑝𝑢(𝑣𝐷𝐶

∗ − 𝑣𝐷𝐶) + 𝑘𝑖𝑢𝕀𝑢 (49) 

where the artificial inputs 𝑣𝑞  and 𝑣𝑢 are regulated to zero by means of two ordinary PI-controller with reference 

feedforward. This control law is unfortunately internally unstable when 𝑖𝐷𝐶 > 0, as shown in [15]. It is therefore 

only applicable when the grid side VSC operates in inversion mode (as it should do most of the time). As a 

countermeasure, the authors of [15] redefine the outputs as 𝒚𝟐 = [𝑖𝑙𝑑 𝑖𝑙𝑞]𝑇. With this approach, the DC-link 

voltage is controlled indirectly. From (43), 𝑣𝑢 may be reformulated as follows: 

 𝑣𝑢  = −
𝑖𝐷𝐶
𝐶

+
3𝐿𝑙

2𝐶𝑣𝐷𝐶
{[𝑣𝑑 − (−

𝑅𝑙𝑖𝑙𝑑
𝐿𝑙

+𝜔𝑒𝑖𝑙𝑞 +
𝑣𝑙𝑑
𝐿𝑙
)] 𝑖𝑙𝑑 + [𝑣𝑞 − (−

𝑅𝑙𝑖𝑙𝑞

𝐿𝑙
−𝜔𝑒𝑖𝑙𝑑 +

𝑣𝑙𝑞

𝐿𝑙
)] 𝑖𝑙𝑞}. (50) 

Here, an additional artificial input has been introduced, namely 𝑣𝑑. As a result from (42) and (50) the modulation 

indices may be determined as 

 𝑴𝒅𝒒 = [
𝑀𝑑

𝑀𝑞
] =

2𝐿𝑙

𝑣𝐷𝐶
[
(−𝑅𝑙𝑖𝑙𝑑 + 𝜔𝑒𝐿𝑙𝑖𝑙𝑞 + 𝑣𝑙𝑑) − 𝑣𝑑

(−𝑅𝑙𝑖𝑙𝑞 − 𝜔𝑒𝐿𝑙𝑖𝑙𝑑 + 𝑣𝑙𝑞) − 𝑣𝑞
]. (51) 

Making use of an additional PI controller for the recently introduced input 𝑣𝑑, the new closed loop system is 

found to be: 

 
𝑑𝑖𝑙𝑑
𝑑𝑡

=
𝑑𝑖𝑙𝑑

∗

𝑑𝑡
+ 𝑘𝑝𝑑(𝑖𝑙𝑑

∗ − 𝑖𝑙𝑑) + 𝑘𝑖𝑑𝕀𝑑 (52) 

 
𝑑𝑖𝑙𝑞

𝑑𝑡
 =

𝑑𝑖𝑙𝑞
∗

𝑑𝑡
+ 𝑘𝑝𝑞(𝑖𝑙𝑞

∗ − 𝑖𝑙𝑞) + 𝑘𝑖𝑞𝕀𝑞  (53) 

 

𝑑𝑣𝐷𝐶
𝑑𝑡

 =
3𝐿𝑙

2𝐶𝑣𝐷𝐶
{[(

𝑑𝑖𝑙𝑑
∗

𝑑𝑡
+ 𝑘𝑝𝑑(𝑖𝑙𝑑

∗ − 𝑖𝑙𝑑) + 𝑘𝑖𝑑𝕀𝑑) − (−
𝑅𝑙𝑖𝑙𝑑
𝐿𝑙

+ 𝜔𝑒𝑖𝑙𝑞 +
𝑣𝑙𝑑
𝐿𝑙
)] 𝑖𝑙𝑑

+ [(
𝑑𝑖𝑙𝑞

∗

𝑑𝑡
+ 𝑘𝑝𝑞(𝑖𝑙𝑞

∗ − 𝑖𝑙𝑞) + 𝑘𝑖𝑞𝕀𝑞) − (−
𝑅𝑙𝑖𝑙𝑞

𝐿𝑙
− 𝜔𝑒𝑖𝑙𝑑 +

𝑣𝑙𝑞

𝐿𝑙
)] 𝑖𝑙𝑞} −

𝑖𝐷𝐶
𝐶

 

(54) 

 
𝑑𝕀𝑞

𝑑𝑡
 = 𝑖𝑙𝑞

∗ − 𝑖𝑙𝑞  (55) 
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𝑑𝕀𝑑
𝑑𝑡

 = 𝑖𝑙𝑑
∗ − 𝑖𝑙𝑑 (56) 

In [15], it is shown that the linearized zero dynamics for the closed-loop system given by (52) through (56) are 

locally stable for both positive and negative values of 𝑖𝐷𝐶  which was the aim. 

One last challenge remains, namely how to determine an appropriate reference value for 𝑖𝑙𝑑
∗  in order to drive 𝑣𝐷𝐶  

to its reference. According to [15], this might be done by selecting 

  
𝑑𝑖𝑙𝑑

∗

𝑑𝑡
=
−𝐿𝑓0

2 (𝑣𝐷𝐶) − 𝑘1(𝑣𝐷𝐶 − 𝑣𝐷𝐶
∗ ) − 𝑘2𝐿𝑓0

1 (𝑣𝐷𝐶) + k3𝕀𝑢

𝐿𝑔0𝐿𝑓0
1 (𝑣𝐷𝐶)

. (57) 

In (57), 𝑘1, 𝑘2 and 𝑘3represent regulator gains, which should be chosen so that the reference signal dynamics are 

slower than the dynamics of (52). The Lie derivatives in (57) are: 

 𝐿𝑓0
1 (𝑣𝐷𝐶) = −

𝑖𝐷𝐶
𝐶

+

3
2𝐶

(−𝑅𝑙𝑖𝑙𝑑
∗ 2 + 𝑣𝑙𝑑𝑖𝑙𝑑

∗ +−𝑅𝑙𝑖𝑙𝑞
∗ 2 + 𝑣𝑙𝑞𝑖𝑙𝑞

∗ )

𝑣𝐷𝐶
 (58) 

 

 𝐿𝑓0
2 (𝑣𝐷𝐶) =

−
3
2𝐶

�̇�𝐷𝐶(−𝑅𝑙𝑖𝑙𝑑
∗ 2 + 𝑣𝑙𝑑𝑖𝑙𝑑

∗ + −𝑅𝑙𝑖𝑙𝑞
∗ 2 + 𝑣𝑙𝑞𝑖𝑙𝑞

∗ )

𝑣𝐷𝐶
2  (59) 

 𝐿𝑔0𝐿𝑓0
1 (𝑣𝐷𝐶) =

3(−2𝑅𝑙𝑖𝑙𝑑
∗ + 𝑣𝑙𝑑)

2𝐶𝑣𝐷𝐶
 (60) 

It may be noted that the control scheme (42) is preferable in the vast majority of times when the grid side VSC 

operates in inversion mode. The control strategy can be switched to (51) once rectification is necessary [15], for 

example when the majority (in terms of net power) of WEC:s are driven as motors, which could possibly be the 

case at some instances when the buoy control system requires such an operation to force the buoys into 

resonance with the incoming waves (see for example [5]); thereby extracting maximum power over one wave 

cycle.  

Consider now the control law (42). Having ensured that the zero dynamics are well behaved in inversion mode, 

it should be perceived from (44) and (45) that the feedback linearization has achieved a complete decoupling of 

the DC voltage and grid q-current. A Laplace transformation of these two equations helps in selecting the 

controller gains. For simplicity, the feedforward terms 
𝑑𝑖𝑙𝑞

∗

𝑑𝑡
 and 

𝑑𝑣𝐷𝐶
∗

𝑑𝑡
 are set to zero. Following the Laplace 

transformation, the closed-loop transfer functions are then given by (61) and (62). 

 
𝐼𝑙𝑞(𝑠)

𝐼𝑙𝑞
∗ (𝑠)

=
𝑠𝑘𝑝𝑞 + 𝑘𝑖𝑞

𝑠2 + 𝑠𝑘𝑝𝑞 + 𝑘𝑖𝑞
 (61) 

 
𝑉𝐷𝐶(𝑠)

𝑉𝐷𝐶
∗ (𝑠)

=
𝑠𝑘𝑝𝑢 + 𝑘𝑖𝑢

𝑠2 + 𝑠𝑘𝑝𝑢 + 𝑘𝑖𝑢
 (62) 

The pole polynomial is a second order polynomial on the form 𝑠2 + 2𝜁𝜔𝑛 + 𝜔𝑛
2 where the parameters 𝜔𝑛 and 𝜁 

are the natural frequency and damping ratio. Under the proposed control law, these can be selected freely by 

choosing appropriate values of the controller gains. 

Possible choices are to set 𝜁 = √2/2 for both loops and to let 𝜔𝑛 = 350 𝑟𝑎𝑑/𝑠 and 𝜔𝑛 = 2𝜋 𝑟𝑎𝑑/𝑠 for the 

current and voltage loops, respectively. The more restricted choice of the natural frequency of the latter closed 

loop is due to the fact that the time derivative of 𝑖𝑙𝑑 , (43), potentially becomes very high if the DC voltage is 

regulated too aggressively. Moreover, it should be made sure that the controller is slower than double the 

mechanical frequency, to allow the capacitors to take up the fluctuating power.  
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As a measure to prevent overmodulation, the modulation indices could be set according to (63). In concurrence 

to such a saturation, anti-windup loops could also be implemented for the integral parts of the regulators to avert 

overshoots and oscillations. In the simulations, the integral error terms have been saturated at ±250 𝑉𝑠(in (49)) 

or 𝐴𝑠 (in (48), (55), and (56)). 

 𝑴𝒅𝒒 = [

 𝑀𝑑

√𝑀𝑑
2 +𝑀𝑞

2

 𝑀𝑞

√𝑀𝑑
2 +𝑀𝑞

2
]

𝑇

 (63) 

Finally, it is interesting to note that the mathematical description of the electrical system, (24)-(26), along with 

(42) or (51) depending on which controller is implemented, can be used to analyze the behavior of the DC-link 

voltage and grid side currents as the number of generators connected to the DC-link changes. Knowing the total 

(time dependent) current supplied to the DC-link, 𝑖𝐷𝐶 , the aforementioned equations are sufficient in order to 

evaluate the controlled system’s behavior when the grid side VSC operates as either an inverter or rectifier.  

E. Case Study Result of the Feedback Linearization Scheme 

In this section, the controllers (42) and (51) are evaluated when the VSC on the grid side terminal operates as an 

inverter and a rectifier. To obtain the results, simulations where carried out in MATLAB, where the differential 

equations were solved numerically using the explicit Euler method, with a fixed step size of 1/𝑓𝑠 (see Table 2). 

In both cases the DC-link current was increased by 50 % in magnitude after two second. Moreover, the DC-link 

voltage-reference was subject to a 5 % increase after seven seconds. Furthermore, for the converter operating in 

inversion mode, a fault on phase c of the machine after two seconds was simulated separately. After another five 

seconds, the DC-link voltage reference fell by 5 %. In this scenario, the DC-link current is no longer a constant, 

but a current with a DC-bias varying at double the electrical frequency present on the machine side [32, pp. 213–

215]. In all the simulations it was assumed that the parameter values of the electrical system were known. This 

implies that there was no impact of parameter errors on the control scheme. The electrical system characteristics 

and controller parameters are given in Table 2. Equation (63) was implemented to retain the modulation in the 

linear region. 

Table 2  Electrical system characteristics and controller parameters. 

Parameter Value Comment 

𝑣𝐷𝐶
∗  1100 𝑉 Voltage level of the DC-link 

𝑅𝑙 10.1 𝑚Ω Line resistance 

𝐿𝑙 3.2 𝑚𝐻 Line inductance 

𝐶 10 𝑚𝐹 DC-link capacitance 

𝑉𝑙𝑑 500 𝑉 d-axis RMS grid voltage (infinite bus) 

𝑉𝑙𝑞  0 𝑉 q-axis RMS grid voltage (infinite bus) 

𝑓𝑒,𝑔 50 𝐻𝑧 Grid electrical frequency 

𝑓𝑒,𝑚 22 𝐻𝑧 Machine electrical frequency 

𝑓𝑠 50 𝑘𝐻𝑧 Switching frequency of the VSC and sampling frequency  

𝐾𝑝𝑢 8.9  

𝐾𝑖𝑢 39.5  

𝐾𝑝𝑞 495  

𝐾𝑖𝑞  122 500  

𝑘1 133  

𝑘2 50  

𝑘3 133  

 

1)  Inversion Mode 

The regulator (42) was implemented to feed power at unity power factor to the grid while maintaining the DC-

voltage at a reference value. The VSC was operated in inversion mode, with a constant DC-link current of 

𝑖𝐷𝐶 = −30 𝐴. After two seconds the DC-link current decreased to 𝑖𝐷𝐶 = −45 𝐴. The sudden plunge in the DC 

current indicates an increase in power generated by the WEC. As initial values, 𝑖𝑙𝑞(0) = 0.17 𝐴 , 𝑖𝑙𝑑(0) =

−37 𝐴 and 𝑣𝐷𝐶(0) = 1100 𝑉 were chosen. The initial values of the controller integrators were set to zero. 
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Figure 14 depicts the controller response. Referring to the pictures, it is seen that both the DC-link voltage and q-

axis grid current are well-regulated with minor overshoots. Moreover, the d-axis current behaves well. 

Especially, it is noticed that the absolute value of the d-axis current increases as a response to the increase in 

power fed into the DC-link at two seconds. In addition, when the DC-voltage reference is increased at seven 

seconds the absolute value of the d-axis current quickly decreases as to charge the DC-link capacitor. Thereby, 

the DC-link voltage can be increased to the desired reference. Subsequent to the increase in DC-link voltage, the 

d-axis current settles to a new steady state value. It is further noted that there are no visible cross-coupling 

effects between the d- and q-axis currents. 

 

Figure 14  Performance of the feedback linearization controller in inversion mode. Top left: d-axis current. Top right: 

q-axis current. Bottom left: DC-link voltage. 

A possible failure scenario to which the controller should exhibit robustness is a loss of a machine phase. An 

examination of Figure 15, which displays the simulation results of such a failure, confirms that the controller 

manages to trace the DC-link voltage back to the reference curve, after an initial offset occurring simultaneously 

and shortly after the instant of failure. However, in the new steady-state there is a fluctuation in the DC-voltage 

of around 40 𝑉. 

 

Figure 15  DC-link voltage (left) subject to a loss of phase c of the machine resulting in an AC-current on the DC-link 

(right).  
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Finally, the effect of an unsuccessful transition between inversion and rectification mode is displayed in Figure 

16. As expected, the d-axis current controller, (42), becomes unstable when the DC-link current becomes 

positive.  

 

Figure 16  The DC-link current changes direction (left) which causes instability of the d-axis controller (42). 

 

2) Rectification Mode 

The regulator (51) was implemented for the DC-link to receive power at unity power factor from the grid while 

maintaining the DC-voltage at a reference value. The VSC was operated in rectification mode, with a constant 

DC-link current of 𝑖𝐷𝐶 = 30 𝐴. After two seconds the DC-link current increased to 𝑖𝐷𝐶 = 45 𝐴. As initial values, 

𝑖𝑙𝑞(0) = 0.17 𝐴 , 𝑖𝑙𝑑(0) = 37 𝐴  and 𝑣𝐷𝐶(0) = 1100 𝑉  were chosen. The initial values of the controller 

integrators were set to zero. 

Figure 17 depicts the controller response. Compared to the direct controller, the response to a change in the DC-

voltage reference is slower with the choice of controller parameters given in Table 2. Additionally, there is a 

considerable initial perturbation in all quantities (this issue might be possible to relieve by selecting the initial 

values of the controller integrators properly). However, it appears that the controller always manages to track the 

reference values of 𝑣𝐷𝐶  and 𝑖𝑙𝑞   
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Figure 17  Performance of the feedback linearization controller in rectification mode. Top left: d-axis current. Top 

right: q-axis current. Bottom left: DC-link voltage.  
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IV. CONTROL OF THE ACTIVE RECTIFIER  

While a three-phase 2L-VSC could be employed to connect the machine to the DC-link, this requires that the 

currents in the three phases be symmetrical. On the other hand, if each phase is supplied through a single-phase 

VSC, the currents in all three phases would be completely independent of one another. The full-bridge single-

phase inverter can additionally supply the full DC-link voltage at the output in contrast to its three-phase 

counterpart, which is only capable of supplying half the DC-link voltage at the output, while still requiring 

switches that can block the entire DC-link voltage [32, Ch. 8]. However, the number of semiconductor switches 

would also be doubled. For this machine, it has been decided to employ the single-phase VSC alternative. 

In the simplified case of a constant electrical frequency it is possible to depict this mode in a phasor diagram 

(Figure 18). Operating the generator with the current in phase with the induced EMF corresponds to an 

undermagnetized machine, which draws reactive power from the VSC. It requires the highest machine-side 

converter rating (in particular the highest DC-voltage), but also produces most power [8, Ch. 6]. Controlling the 

current to instead be in phase with the converter output voltage sets the displacement power factor to unity, 

which would result in the lowest achievable converter component ratings [8, Ch. 6]. This would correspond to 

turning the dotted line in Figure 18 clockwise with an angle equal to the power factor angle of Figure 18, which 

in turn would slide the phasor 𝑈 along the purple circle periphery, thereby contracting the VSC voltage output 

phasor. The first mode will be taken as the target mode throughout the report. 

 

Figure 18  Maximum power output operation of the TFPMSM in generator mode at constant frequency. 

This section will first present methods for dimensioning the converter. It then proceeds with the selection of 

converter components. A simple hysteresis regulator is evaluated for controlling the alternating frequency 

sinusoidal current through the active rectifier. 

A. Dimensioning the Active Rectifier  

For a given DC-link voltage, maximum electrical frequency and desired peak fundamental phase current, the 

maximum allowable induced fundamental back-EMF (c.f. Figure 4) which enables current control is 

 �̂�𝑎 = √(
4

𝜋
𝑉𝐷𝐶)

2

− (�̂�𝑒𝐿𝑠𝐼𝑎)
2
 (64) 

, where the stator resistance has been neglected. Furthermore it has been assumed that the converter has been 

forced into a square wave switching mode so that the modulus of the fundamental component of the converter’s 

output voltage equals its theoretical maximum, 4𝑉𝐷𝐶/𝜋. If the ripple in the phase current needs to be suppressed, 

the converter should operate in the linear region. Then 4𝑉𝐷𝐶/𝜋 should be replaced with 𝑉𝐷𝐶. In [10], the peak 

electrical frequency is found from the following equation 

 �̂�𝑒 =
2𝜋

𝜆
(
𝑑𝑧

𝑑𝑡
)
𝑚𝑎𝑥

=
𝜋𝜔𝑤𝑎𝑣𝑒𝑑

𝜆
. (65) 

Provided that the controller manages to keep the current and induced voltage in phase, the required phase current 

for a certain power rating 𝑃𝑛𝑜𝑚 is readily found to be 



TRITA-EE 2016: 123     25/68 

 𝑃𝑛𝑜𝑚 =
3

2
�̂�𝑎𝐼𝑎. (66) 

Equations (64) and (66) constitute the governing equations for the converter rating and machine design. To begin 

with, (64) incorporates a limit on the converter voltage, which in turn puts restrictions on the peak EMF and 

phase current that must be considered in the machine design process and when regulating the current. Figure 19 

depicts the operating points that comply with (64). The white line is in fact the solutions to (64) for different 

values of 𝐼𝑎 within the safe operating area (SAOA) defined in [19, p. 57] of a 1.2 𝑘𝑉, 404 𝐴 CREE half-bridge 

module (CAS300M12BM2, [39]). Along with Figure 20, which displays the nominal generator power (refer to 

(66)) as a function of peak induced back-EMF and phase current, it may serve as an aid when dimensioning the 

machine. In both of these plots the following parameter values have been used: �̂�𝑒 = 197.4 𝑟𝑎𝑑/𝑠, 𝐿𝑠 = 20 𝑚𝐻 

(the machine is assumed to be magnetically saturated) and 𝑉𝐷𝐶 = 660 𝑉.  

 

 

Figure 19  Feasible operating points at a DC-voltage 

level of 660 V. 

 

Figure 20  Total generator output power as a function 

of peak induced back-EMF and phase current.

 

B. Choosing the Transistors 

The development of controlled switches has for a long time largely been focused on silicon (Si)-based 

semiconductor substrates. The industry has now reached a high level of maturity that has resulted in a wide 

spectrum of different types of switching devices that allows the user to decide on an appropriate switch adapted 

to the power and switching frequency rating for his/her particular application (see Figure 21). 

In recent years, individual switches and switch modules based on silicon carbide (SiC) substrates have emerged. 

The performance of these devices is often superior to their Si-based counterparts and the emerging SiC 

MOSFETS now offer very low on-state resistances in addition to their typical fast switching characteristics. This 

also permits manufacturers to produce MOSFETs with higher blocking voltage than before, when the on-state 

resistance tended to become excessively large as the power rating was increased (the relation between on-state 

resistance, 𝑅𝐷𝑆 (𝑜𝑛), and blocking voltage, 𝐵𝑉𝐷𝑆𝑆, is approximately 𝑅𝐷𝑆 (𝑜𝑛) ∝ 𝐵𝑉𝐷𝑆𝑆
𝑘  where 2.5 ≤ 𝑘 ≤ 2.7 [32, 

pp. 25–26]). Altogether, these virtues make SiC MOSFETs competitive at lower frequencies and higher power 

ratings where IGBTs previously have prevailed (c.f. Figure 21).  
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Figure 21  Representative operating areas for available Si-based switches and expected potential of SiC-based 

switches. Data and inspiration to the image from [19, p. 57]. 

For the generator side 2L-VSC a low-loss switch which should block a DC-voltage of 900 𝑉 is sought for. The 

switching frequency is around 13 𝑘𝐻𝑧  as given by the optimal design indicated in Figure 37 and further 

constrained in section V.B. Traditionally, an IGBT would have been looked for, but newly launched SiC 

MOSFET modules from Cree have specifications that appear very attractive already at this low switching 

frequency. To get an oversight of the market, a survey was carried out where the aggregated switching, 

conduction and reverse recovery losses for a range of candidate IGBT modules were compared to the losses in a 

Cree CAS300M12BM2. All the devices have breakdown voltages between 1200 and 1700𝑉.  

Before the devices are compared some important preliminaries should be mentioned. In unipolar switching, each 

phase leg is controlled separately by two complementary control signals, which are compared to a triangular 

reference carrier as depicted in Figure 22. If the control signal is higher than the carrier, the upper switch in the 

corresponding phase leg is turned on and vice versa.  

However, whether the switch or freewheeling diode conducts is dependent, on the one hand, on the modulation 

index, as depicted in Figure 23, and displacement power factor [32, pp. 234–236] and on the other hand on the 

choice of either IGBTs or MOSFETs as switches. The latter can be understood from the fact that MOSFETs are 

able to conduct currents in both directions through their DS channel as long as the gate voltage is applied. On the 

contrary, IGBTs never allow currents in the reverse direction (from source to drain), which forces the anti-

parallel diodes into conduction. 

Considering the above stated, the calculations were based on the following assumptions: 

 The gate losses, which arise when the gates of the devices are charged, are sufficiently small to be 

neglected. 

 To incorporate the effect of blanking time, the reverse recovery losses of the diodes are included and 

are assumed to appear at each switching. 

 The continuous rms current and DC-voltage are constant and equal to 220 𝐴  and 900 𝑉  and the 

switching losses scale linearly with the power. 

 The amplitude modulation index is one as well as the displacement power factor. The frequency 

modulation index is 40. 

 Either two switches or two diodes conduct at the same time. 

 The switches do not heat up and operate at a junction temperature of 25°𝐶.  
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Figure 22  Unipolar switching. 

 

Figure 23  Ratio of IGBT conduction time and total 

conduction time at unity displacement power factor. 

The two last assumptions can be motivated when the computed values are used to compare the different devices. 

In most datasheets it is easy to find the conduction losses at 25 °𝐶, which makes it simple to compute the losses 

at this temperature.  

The results displayed in Figure 24 suggest that the Cree module overcomes the IGBTs already at less than an 

eighth of the chosen switching frequency; a gap that widens the higher the switching frequency becomes. 

 

Figure 24  Survey of Si-based IGBT-modules for comparison with the Cree CAS300M12BM2 SiC-based MOSFET. 𝑰𝑪 

is the rated current continuous drain current.  
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C. Effect of Blanking Time 

A shoot through (short circuit) of a phase leg in a VSC occurs if all the switches in the same phase leg conduct 

simultaneously. If two MOSFETs in a 2L-VSC are triggered by complementary signals at the same instant, a 

shoot through is likely to occur, since it takes some time to sweep out the charges from the gate.  

To avoid such a hazardous situation, a blanking time is enforced. In a 2L-VSC the blanking time serves to delay 

the turn-on of the complementary switch subsequent to the instant when the turn-off of the opposite switch on 

the same leg has been triggered. In IGBTs and MOSFETs, the turn-off delay times are short, so the switching 

frequency can be kept high without risking short-circuiting an inverter leg. In any case, the blanking time leads 

to an instantaneous loss or gain in the output voltage as compared to the ideal switching case. Moreover, it forces 

the anti-parallel diodes to conduct. During a switching period, the output voltage change compared to the case of 

ideal switching is [32]: 

 Δ𝑉𝑜 =

{
 

 
2𝑡Δ
𝑇𝑠

𝑉𝐷𝐶 ,      𝑖𝑜 > 0

−
2𝑡Δ
𝑇𝑠

𝑉𝐷𝐶 ,      𝑖𝑜 < 0

. (67) 

In (67), 𝑖𝑜 is the output current of the VSC, defined positive when the current flows from the DC to the AC-side, 

𝑡Δ is the blanking time and 𝑇𝑠  is the switching period. As is clear from (67), the voltage alteration is only 

dependent on the direction of the current. Effects of the blanking time both in terms of conduction losses and 

reverse recovery losses in the anti-parallel diodes and non-ideal output voltage have been taken into account in 

the simulations (refer to sections IV.E and VI.C). 

D. Snubber Circuit Design 

The turn-on and turn-off processes of semiconductor switches are of generic nature, which means that the losses 

in devices such as MOSFETs, IGBTs and BJTs can be calculated in a similar manner. Typically, the current and 

voltage profiles through and over a semiconductor during the two switching processes resemble Figure 25. From 

the figure, the following loss components (energy dissipation in one switching period) of the semiconductor can 

be deduced [32, pp. 20–24, 250]. 

 

 

Figure 25  Generic turn-on and turn-off processes of a 

semiconductor switch. 

 

Figure 26  A phase leg of a 2L-VSC with overvoltage 

snubber (C4, R4 and D5), turn-on snubber (R4, D5 

and L1) and turn-off snubbers (C1, R1 and D3 for Q1 

and C2, R2 and D4 for Q2). 

 

 𝑊𝑄,𝑜𝑛 = 𝑉𝐷𝐶𝐼𝑜𝑡𝑄,𝑜𝑛/2 = 𝑉𝐷𝐶𝐼𝑜(𝑡𝑟𝑖 + 𝑡𝑓𝑣)/2 (68) 
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𝑊𝑄,𝑜𝑓𝑓 = 𝑉𝐷𝐶𝐼𝑜𝑡𝑄,𝑜𝑓𝑓/2 = 𝑉𝐷𝐶𝐼𝑜(𝑡𝑟𝑣 + 𝑡𝑓𝑖)/2 (69) 

 𝑊𝑄,𝑐𝑜𝑛𝑑 = 𝑉𝑜𝑛𝐼𝑜𝑡𝑜𝑛 (70) 

In the above equations, 𝑊𝑄,𝑜𝑛  and 𝑊𝑄,𝑜𝑓𝑓  are the energy losses during a single turn-on and turn-off process. 

𝑡𝑄,𝑜𝑛 = 𝑡𝑟𝑖 + 𝑡𝑓𝑣 is the duration of the turn-on interval consisting of the current rise time and voltage fall time. 

Note that the current (assumed constant and equal to 𝐼𝑜 during the short switching period) must reach its full 

level before the voltage can start to drop to its on-state level, 𝑉𝑜𝑛. Similarly, 𝑡𝑄,𝑜𝑓𝑓 = 𝑡𝑟𝑣 + 𝑡𝑓𝑖 is the duration of 

the turn-off interval consisting of the voltage rise time and the current fall time. During the turn-off process, the 

switch must block the entire DC-voltage before the current can start to drop. Finally, 𝑊𝑄,𝑐𝑜𝑛𝑑  constitutes the loss 

during the on-state period of the switch, 𝑡𝑜𝑛.  

To obtain the power losses due to the identified losses, (68) through (70) are simply multiplied with the 

switching frequency. It is hence recognized that at high switching frequencies, the losses in the semiconductors 

may become troublesome from a thermal point of view, since the devices have a thermal operating limit that 

must not be exceeded whereas the losses increase linearly with the switching frequency. Furthermore, at high 

switching frequencies electromagnetic interference (EMI) may ruin the operation of the entire converter.  

There are two common measures to deal with the above issues. The first one is to employ a special class of 

converters denoted resonant-converters which force the switching instances to take place when the current 

through or voltage over the switch is zero [32, Ch. 9]. As a result, there is ideally no energy dissipation at all in 

the switch. The second measure is to install small so called snubber circuits [32, Ch. 27]. The fundamental 

functions of these circuits are to (a) relieve the switches from parts of the losses (68) and (69) and move them to 

components that are easier to cool and (b) to make sure that the rated voltage and current limits during the 

transient processes at turn-on and turn-off, are not violated. This topic will be considered next. 

In the selection of the DC-voltage and maximum phase-current levels in the full-bridge single-phase 2L-VSC, 

initial decisions were made to comply with the selected semiconductor component, according to [19]. A fair 

amount of margin was included to ensure that the safe operating range was always respected, leaving 80 % 

margin for spikes in the voltage and current. This imposed obstructive constraints on the maximum operating 

conditions. An alternative or complementary measure is to include snubber circuits in parallel or in series with 

the switching devices, to ensure that the rated values of the switch are never exceeded. Briefly, the following 

beneficial effects are expected from the snubber circuits: 

 A turn-off snubber can shape the 𝑖𝑣 -trajectory of the switching device during turn-off. The main 

purposes are to reduce the voltage over the device while the current through it decays to zero and to 

reduce EMI in bridge configurations [32, pp. 690–692]. 

 A good choice of the turn-off snubber components decreases the total energy that needs to be dissipated 

in the circuit at each switching instant [32, pp. 682–686]. In addition, the energy that usually would be 

dissipated in the semiconductor component is partly shifted to the snubber resistance, which relieves the 

requirements on the cooling of the semiconductor[32, pp. 682–686].  

 Similar to a turn-off snubber, a turn-on snubber shapes the 𝑖𝑣-trajectory of the switching device during 

turn-on. During the turn-on process, it may serve two purposes, namely to reduce the reverse recovery 

current from the other transistor’s diode on the same phase leg and/or to limit the voltage over the 

semiconductor it is intended to protect [32, pp. 688–689].  

 An overvoltage snubber protects the semiconductor device from excessive voltage peaks that may arise 

due to stray inductances during turn-off [32, pp. 686–688].  

The price of these appealing properties is of course a more complex circuit with added cost. As pointed out in 

[32, pp. 688, 691], it is not common or even recommended to use turn-on and overvoltage snubbers on their 

own. On the contrary, they are deployed in combinations including the turn-off snubber. A standard 

configuration for a full-bridge phase leg including the three aforementioned snubber types is shown in Figure 26. 

This configuration will be used as a reference hereinafter.  
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1) Experimental Snubber Test 

To explore the effects of adding snubber circuits to a basic circuit configuration including MOSFETs, an 

experimental test was conducted on the circuit drawn in Figure 27. The MOSFET that was used throughout the 

experiments was a 1700 V, 5A CREE SiC MOSFET (C2M1000170D, [39]) which was triggered with a gate 

signal of 5 𝑉 at 1 𝑘𝐻𝑧 and 0.5 duty ratio by a signal generator (Agilent 30500DB) through a gate driver buffer 

(IXDD614 PI/SI). An external gate to source resistance of 6.8 Ω was inserted between the gate driver and the 

MOSFET’s gate. The load consisted of a 51 Ω resistor and the DC-voltage power supply was set to 20 𝑉. As a 

consequence, it could directly feed the signal generator in addition to driving the load. The base values of the 

snubber components are summarized in Table 3. 

 

Figure 27  Snubber testbed-circuit base-values. 

Table 3  Parameter values of the components in the snubber circuits in Figure 27. 

Component Value  Comment 

𝐿1 2.8 𝜇𝐻 Turn-on snubber inductor 

𝑅4 100 Ω Combined turn-on snubber and overvoltage snubber resistor 

𝐶1 151 𝑝𝐹 Turn-off capacitor base value 

𝑅3 560 Ω Turn-off resistor 

𝐶2 2.2 𝑛𝐹 Overvoltage capacitor 

 

As expected, the response of the MOSFET drain to source voltage to a turn-off signal exhibited a distinct 

overvoltage of 190 %, when no snubber circuits were connected. In addition, the voltage oscillated before it 

settled at the DC-voltage after 390 𝑛𝑠. The effect of adding a turn-on and turn-off snubber to the circuit is 

displayed in Figure 28, where the curves are plotted for different values of the turn-off snubber capacitance. As 

desired, the rise profile became less steep (recall that the snubber is used to provide a low voltage over the 

MOSFET while the current through it decreases). Moreover, the oscillatory behavior was damped and the 

overshoot was reduced, while not notably affecting the settling time. Adding an overvoltage snubber of 2.2 𝑛𝐹 

further improved the turn-off process, as depicted in Figure 29, by suppressing the overshoot to approximately 

20 %, while maintaining a settling time of less than 400 𝑛𝑠 and achieving a rise time of less than 230 𝑛𝑠. In 

comparison, the rise time without any snubbers can be read to 35 𝑛𝑠 in Figure 28. By augmenting the value of 



TRITA-EE 2016: 123     31/68 

the overvoltage snubber capacitance, it could further be verified that the overshoot could be completely 

eradicated at the expense of prolonged rise time. 

 

 

Figure 28  Voltage transient at turn-off for different 

values of turn-off snubber. 

 

Figure 29  Effect on the turn-off voltage transient of 

adding an overvoltage capacitor. 

2) Snubber Circuit Design 

In order to select appropriate values of the snubber components in Figure 26 a theoretical analysis can be carried 

out. To begin with, the turn-on snubber is considered. The components are chosen according to the 

recommendations in [32, pp. 688–689]. Firstly, the reduction in the voltage over the switch that turns on is given 

by  

 Δ𝑉𝐷𝑆 = 𝐿1
𝐼𝑜
𝑡𝑟𝑖
. (71) 

Thus, to compensate for the entire DC-link voltage, Δ𝑉𝐷𝑆 is set to 𝑉𝐷𝐶. Secondly, it should be recognized that the 

turn-on snubber will produce an overvoltage as the transistor turns off. This overvoltage is given by 

 Δ𝑉𝐷𝑆,𝑜𝑓𝑓
𝑚𝑎𝑥 = 𝑅4𝐼𝑜 . (72) 

Hence, (72) imposes a constraint on the maximum resistor value. Thirdly, for the calculated values of the turn-on 

snubber resistor and inductor it should be checked that the inductor current has time to decay to a low value, say 

0.1𝐼𝑜 , during the off-state of the transistor before the turn-on process commences. This means that 

 𝑡𝑜𝑓𝑓 > 2.3
𝐿1
𝑅4
.   (73) 

It is important to recognize from Figure 26 and (71) that the turn-on snubber inductor must conduct the entire 

current present on of the phase, which makes the inductor more expensive and potentially leads to excessive 

losses. It can therefore be wise to select Δ𝑉𝐷𝑆 conservatively to reduce the size of 𝐿1. 

Next, the turn-off snubber is considered. The components are chosen according to the recommendations in [32, 

pp. 682–686]. Let 𝐶𝑠 = 𝐶1 = 𝐶2 and 𝑅𝑠 = 𝑅1 = 𝑅2. Furthermore, let 𝐶𝑠,1be the value of 𝐶𝑠for which the voltage 

over the switch reaches 𝑉𝐷𝐶 precisely after the fall time of the current. This value may be computed as 

 𝐶𝑠,1 =
𝐼𝑜𝑡𝑓𝑖

2𝑉𝐷𝐶
 .  (74) 

The circuit of Figure 27 with the previously annotated values can serve as an example where 𝐶𝑠,1may be 

computed to 151 𝑝𝐹. The turn-off snubber resistor can now be chosen by considering the turn-on process of a 

switch in presence of the turn-off snubber. As the switch closes, the current through the freewheeling diode will 
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decay and charges will eventually be swept away with the reverse-recovery current. A common choice is to try 

to constrain this reverse-recovery current to approximately 0.2𝐼𝑜. Then, 𝑅𝑠should be chosen as 

  𝑅𝑠 =
𝑉𝐷𝐶
0.2𝐼𝑜

 .  (75) 

Akin to the procedure of selecting the components for the turn-on snubber, it should be checked that the turn-off 

capacitor is allowed to discharge properly to say 0.1𝑉𝐷𝐶  during the time the switch is conducting. Therefore, it 

should be ensured that the following inequality holds for the values of 𝑅𝑠 and 𝐶𝑠 computed from (74) and (75): 

 𝑡𝑜𝑛 > 2.3𝑅𝑠𝐶𝑠   (76) 

Lastly, the overvoltage snubber capacitor is selected, according to the recommendations in [32, pp. 686–688]. 

Assume that it has been recommended to limit the overvoltage due to the circuit’s stray inductances to 10 % of 

the DC-voltage. If the turn-off snubber capacitor has been selected as (74), a simple relation gives the value of 

the overvoltage snubber: 

 𝐶4 = 2𝑘𝐶𝑠,1   (77) 

 𝑘𝑉𝐷𝐶 =
𝐿𝜎𝐼𝑜
𝑡𝑓𝑖

   (78) 

In (77), 𝑘  is the percentage overshoot in the switch’s voltage at turn-off without the overvoltage snubber 

capacitor installed, which may be determined experimentally or, if possible, by using (78), where 𝐿𝜎  is the stray 

inductance, sometimes given in the transistor datasheet. The results displayed in Figure 28 can be used as an 

example where 𝑘 = 190 is determined experimentally. 

Assuming 𝑉𝐷𝐶 = 660 𝑉 , 𝐼𝑜 = 44 𝐴 , Δ𝑉𝐷𝑆 = 650 𝑉 , Δ𝑉𝐷𝑆,𝑜𝑓𝑓
𝑚𝑎𝑥 = 100 𝑉  and 𝑘 = 80 , numerical values of the 

snubber components as calculated from (71), (72), (74), (75) and (77) are compiled in Table 4 for a CREE half-

bridge module [40]. It is readily verified that (73) and (76) hold for these component values. 

Table 4  Numerical values of the snubber components in Figure 26. 

Component Value  Comment 

𝐿1 135 𝑛𝐻 Turn-on snubber inductor 

𝑅4 2.2 Ω Combined turn-on snubber and overvoltage snubber resistor 

𝐶1,  𝐶2 633 𝑝𝐹 Turn-off capacitors 

𝑅1, 𝑅2 75 Ω Turn-off resistors 

𝐶4 100 𝑛𝐹 Overvoltage capacitor 

 

To conclude this section, a practical recommendation will be given regarding the choice of snubber circuit 

capacitor. Since the current through the snubber capacitors is high at some instances (e.g in the turn-off snubber 

at the end of the turn-off process), the capacitor should have a low ESR and also be able to withstand the voltage 

that is present over the transistor it is supposed to protect during the transistor’s off state (i.e it should possess a 

high dielectric strength). On the other hand, the required capacitance is in general relatively low. According to 

Ioinovici [19, p. 67] the type of capacitor that best fulfil the outlined specifications is film capacitors. More 

comprehensive guidelines for choosing and comparing capacitors for power electronic circuits are given in [19, 

pp. 65–74]. 

E.   Case Study of the Hysteresis Controller Operation  

A straightforward way to control the phase current is to implement a hysteresis band current controller as has 

been done in for example [41] and [42]. This type of controller compares the measured phase current with the 

reference counterpart. Should the absolute value of the difference between the two be greater than some 

predefined tolerance, the controller will issue a command to the single phase VSC to switch to the opposite 



TRITA-EE 2016: 123     33/68 

voltage polarity at its output. Hence, modulation is inherent to this control technique. The principal functioning 

of a hysteresis band controller is depicted in Figure 30. 

 

Figure 30  Principal functioning of a hysteresis band controller. When the controlled quantity (blue line) hits one of 

the tolerance bands (dashed lines), the controller issues a command to the VSC to switch voltage polarity on its 

output. Thereby, the controlled quantity is forced to follow the reference trajectory (black line). 

In [42], a review of different control techniques for single-phase VSCs has been compiled. Here, it is pointed out 

that the filter inductance and average switching frequency should have high values to suppress the total harmonic 

current distortion that follows with this control strategy. Since both the leakage and coupling inductance of the 

machine are high in a TFPMSM, this filtering comes for free. 

Table 5 contains values for a system consisting of a single-phase 2L-VSC which interfaces a DC-link to a 

synchronous machine. The data for the switches were retrieved from [43]. With the static and dynamic 

characteristics of the chosen switch given in [43] and summarized in Table 5, the DC-link voltage was set to 900 

V (3𝑉𝐵𝑉/4) which is 35 % higher than the safety recommendations at 5𝑉𝐵𝑉/9 given in [19, p. 57]. The safety 

margins for voltage and currents are established to protect the semiconductors from voltage and current spikes 

when no snubbers are present. Therefore, the measures outlined in the previous section should be applied to 

avoid critical voltage violations in the described case.  

The phase current, 𝑖𝑎, is defined with generator convention, so the circuit equation reads 

 𝑒𝑎(𝑡) = 𝐿𝑠(𝑖𝑎(𝑡))
𝑑𝑖𝑎(𝑡)

𝑑𝑡
+ 𝑅𝑠𝑖𝑎(𝑡) + 𝑣𝑐,𝑎(𝑡) (79) 

, where 𝑒𝑎 is the induced generator EMF, 𝑣𝑐,𝑎 the output voltage of the single-phase VSC, 𝐿𝑠(𝑖𝑎(𝑡)) the current 

dependent synchronous inductance and 𝑅𝑠 the stator resistance. In the simulations, 𝑒𝑎 is defined by (3). Hence, 

attempting to control the current such that the produced power is maximized, means that the current reference 

waveform should be set to 𝑖𝑎
𝑟𝑒𝑓(𝑡) = 𝐼a

refcos (
𝜋𝑑

𝜆
𝑠𝑖𝑛(𝜔𝑤𝑎𝑣𝑒𝑡 )).  

Table 5  Simulation parameters 

Parameter Value Comment 
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𝑉𝐷𝐶 900 𝑉 Voltage level of the DC-link (assumed constant) 

𝑅𝑠 50 𝑚Ω Stator resistance 

𝐿𝑠 [200 60 20] 𝑚𝐻 

Synchronous inductance when the magnitude of the phase current 

is greater than 35, 20 and 0 𝐴 respectively, corresponding to a 

piecewise linear BH characteristic 

𝑓𝑤𝑎𝑣𝑒  0.7 𝐻𝑧 Frequency of incoming waves  

𝜆 0.11 𝑚 Magnetic wavelength 

𝑑 2 𝑚 Height of the incoming wave (peak to peak) 

𝑓𝑠 60 𝑘𝐻𝑧 Sampling frequency  

�̂�𝑝ℎ𝑎𝑠𝑒  300 𝑉 Peak phase EMF (no load voltage) 

𝑅𝐷𝑆,𝑜𝑛 5 𝑚Ω On-state resistance of the MOSFET 

𝑉𝐵𝑉 1200 𝑉 Rated MOSFET blocking voltage at 25℃ 

𝐼𝑠𝑤,𝑛𝑜𝑚 404 𝐴 Rated MOSFET continuous current at 25℃ 

𝑡𝑖,𝑓𝑎𝑙𝑙  43 𝑛𝑠 Current fall time 

𝑡𝑑,𝑜𝑓𝑓 168 𝑛𝑠 MOSFET turn-off delay time 

𝑉𝑓 1.7 𝑉 Forward voltage of the antiparallel MOSFET diode 

𝑡𝑜𝑙𝑖 1 𝐴 Tolerance for phase current offset from reference  

𝑡Δ 3(𝑡𝑑,𝑜𝑓𝑓 + 𝑡𝑖,𝑓𝑎𝑙𝑙) VSC blanking time 

Simulations were carried out over 2.5 seconds, corresponding to one period of the induced EMF and the 

differential equations were solved by means of the trapezoidal rule. The switches were only allowed to switch 

between +𝑉𝐷𝐶  and −𝑉𝐷𝐶 , similar to bipolar PWM switching. The results of a simulation carried out on the 

system characterized by the values in Table 5 are shown in Figure 31 to Figure 33.  

In Figure 31 it is perceived that the current is in phase with the induced EMF. In practice, this could be achieved 

for instance by sensing the position of the translator in relation to the stator, for example by means of a 

displacement sensor or Hall sensors (which measure the position indirectly by sensing changes in the polarity of 

the airgap flux). Following such measurements, an appropriate current reference could be fed to the regulator. 

The average switching frequency during the simulation was  41.7 𝑘𝐻𝑧. A portion of the VSC output voltage is 

found in the bottom picture of Figure 32, where the fast switching is made evident. The picture at the top 

illustrates the phase current and the current reference waveform. The peak to peak current ripple in the figure is 

as high as 11 𝐴. 

 

 

Figure 31  The square wave current is in phase with 

the induced EMF. 

 

Figure 32  Above: Current regulation. Below: Output 

voltage from the single-phase VSC.

 

From the obtained results, the power factor and converter losses were computed. Per definition, the power factor 

is 
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 𝑃𝐹 =
𝑃

𝑆
=

𝑃

𝑉𝑐,𝑎,𝑟𝑚𝑠𝐼𝑎,𝑟𝑚𝑠

 (80) 

, where 𝑃 is active power and 𝑆 is apparent power at the output of the VSC. During the simulation a power factor 

of 0.14 was achieved. The total losses in the VSC (see Table 6), including conduction losses of the 

semiconductors, switching losses of the MOSFETs and losses due to reverse recovery of the diodes were 

computed as proposed in [18, pp. 20–24] to 279 J. At this power factor and with these losses, the total active 

energy at the converter terminals amounted to 8500 J for the duration of the simulation, which rendered a 

converter efficiency of 96.7 %.  

As seen in Figure 33, the current and voltage energies are spread out over a wide range of low frequency 

components. Considering that the fundamental frequency of the current reference changes, this is not surprising. 

However, the converter voltage amplitude spectrum also contains non-negligible medium to high frequency 

components, which will have a deleterious effect on the power factor. This is well illustrated by the power 

spectrum (bottom picture of Figure 33), in which the mean DC-value (i.e. the active power) is indicated. It could 

be observed that a significant amount of the apparent power is shared between zero-mean components, which 

suggests that the power factor is low. This effect can be attributed to displacements between the fundamental 

frequency current and voltage components due to the inductive character of the circuit and voltage harmonics 

caused by the switchings. 

Table 6  Losses in the VSC during the 0.715 seconds (one half electrical period) simulation 

Loss Component Value [𝑊] Comment 

𝑃𝑠𝑤 336 MOSFET switching losses including 

reverse recovery of the diodes. 

𝑃𝑐𝑜𝑛𝑑 48 MOSFET conduction losses. 

𝑃𝑑𝑖𝑜𝑑𝑒  6 Diode conduction losses. 

𝑃𝑙𝑜𝑠𝑠 390 VSC total losses. 

 

 

Figure 33  Fourier spectra of the phase current (top), VSC output voltage (middle) and power (bottom).  
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V. PID CURRENT-CONTROL OF THE ACTIVE RECTIFIER 

In order for the hysteresis band controller to function properly and suppress current harmonics, a high switching 

frequency should be implemented, as pointed out in [42]. This is important, since current (time) harmonics 

induce iron losses in the magnetic core of the machine and do not contribute to any active power production, 

provided that the induced EMF is devoid of harmonics of the same frequency. However, as highlighted in 

section IV.D, switching losses increase linearly with the switching frequency, which makes it desirable to use an 

as low switching frequency as possible. 

One way to achieve a compromise between the two juxtaposed desires could be to place a low-pass filter (LP 

filter) at the active rectifier’s generator terminals, thereby reducing the voltage ripple, 𝑣𝑐,𝑟𝑖𝑝𝑝𝑙𝑒(𝑡), present over 

the generator’s synchronous inductance. If 𝑣𝑐,𝑎(1)(𝑡)  is the fundamental frequency component of the active 

rectifier’s output voltage and the series resistance of the generator is negligible, (81) clearly demonstrates the 

impact of the voltage ripple on the current ripple, 𝑖𝑟𝑖𝑝𝑝𝑙𝑒(𝑡). A motivation for the expression in (81) is given in 

[32, pp. 220–222]. 

 𝑖𝑟𝑖𝑝𝑝𝑙𝑒(𝑡) =
1

𝐿𝑠
∫ (𝑣𝑐,𝑎(𝑡

′) − 𝑣𝑐,𝑎(1)(𝑡′))𝑑𝑡′
𝑡

0

= 
1

𝐿𝑠
∫ 𝑣𝑐,𝑟𝑖𝑝𝑝𝑙𝑒(𝑡′)𝑑𝑡′

𝑡

0

  (81) 

Unfortunately, a LP filter incurs a delay (phase margin reduction) of the actuated control signal which prevents 

the use of a hysteresis regulator. Coherently, the LP-filter imposes hard constraints on the achievable regulator 

bandwidth. Moreover, the controlled system possesses non-linear characteristics with the synchronous 

inductance varying over a wide range spanning from a high non-saturated value to full saturation, where the 

synchronous inductance essentially equals the leakage inductance.  

Given the preliminaries stated above, an idea could be to erect a cascaded Proportional-Integral-Derivative (PID) 

controller. With the main objective to control the current from the generator and in turn realizing that this is most 

effectively done by controlling the capacitor voltage rather than the converter’s output voltage (c.f (79)), this 

controller structure is natural considering that the capacitor is reluctant to voltage changes and therefore is 

determinant to the speed with which the current can change. In addition, the non-linear behavior of the electric 

circuit could be addressed by means of gain-scheduling the controller’s parameters in the same way as in [16]. 

The upcoming sections will deal with the conception and evaluation of such a controller. 

A. Loop shaping 

As a starting point to the loop-shaping process inherent to the synthetization of any PID-regulator, an appropriate 

range of filter parameters should be decided upon.  

1)  Filter inductance 

To begin with, it is acknowledged that the nominal electrical frequency of the WEC is 𝑓𝑒,𝑛𝑜𝑚 = 50 𝐻𝑧 and that 

the maximum DC-link voltage is 900 𝑉 for the selected semiconductor components. Considering a capacitor 

settled at the negative DC-voltage, the required filter inductance to keep the maximum peak-to-peak current 

ripple below Δ𝑖𝐿  can be estimated by 

 𝐿𝑓 =
Δ𝑡

|Δ𝑖𝐿|
|(𝑉𝐷𝐶 − 𝑣𝑐𝑎𝑝(0))| =

Δ𝑡

|Δ𝑖𝐿|
2𝑉𝐷𝐶 . (82) 

Equation (82) is a reasonable (over-) estimation as long as the capacitor voltage does not change significantly 

during one switching period, Δ𝑡 = 𝑇𝑠𝑤 = 1/𝑓𝑠𝑤. To continue the reasoning, an acceptable switching loss level 

must be decided upon in order to arrive at a reasonable switching frequency.  

For 𝑃𝑠𝑤𝑊 of switching losses at a nominal, invariant operating point of 𝐼𝐷 = 300 𝐴 drain current and 𝑉𝐷𝐷 =

900 𝑉 drain potential, a rough estimation of the necessary switching period is given in (83) from the switching 

loss diagrams provided in the component datasheet [40], where the nominal switching losses, 𝐸𝑠𝑤,𝑛𝑜𝑚 , at a 

prescribed nominal power, 𝑃𝑛𝑜𝑚, can be retrieved. 
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 𝑇𝑠𝑤 =
𝐸𝑠𝑤,𝑛𝑜𝑚

𝑃𝑠𝑤
∙
𝐼𝐷𝑉𝐷𝐷
𝑃𝑛𝑜𝑚

 (83) 

In (83), it has been assumed that the switching losses scale bilinearly with 𝐼𝐷and 𝑉𝐷. Suppose that the switching 

losses are to be constrained to below 65 𝑊. (83) then implies a switching period of at least 𝑇𝑠𝑤 = 0.2 𝑚𝑠 or 

equivalently, a switching frequency of at most 𝑓𝑠𝑤 = 5 𝑘𝐻𝑧. When Δ𝑡 = 𝑇𝑠𝑤 is inserted into (82) and |Δ𝑖𝐿| ≤

70 𝐴 is set as a demand, it is found that 𝐿𝑓 should attain a value of at least 5 𝑚𝐻.  

In practice, it will not be possible to run the generator continuously at rated speed with a phase current of 300 𝐴, 

due to the large voltage drop over the synchronous inductance, (64). For a laboratory setup it could however be 

motivated to run the machine at lower speed or with a different winding configuration (less turns per phase). 

Therefore, the filter is slightly over dimensioned.   

a) Inductor Design Procedure 

The design process of a line filter inductor is primarily based on four requirements relating to (1) the maximum 

allowable flux density in the core, (2) the desired inductance, (3) the tolerable heat dissipation and (4) the 

occupied space by the windings [32, Ch. 30]. The goal of the design process is to obtain numerical values of 

geometrical quantities such as the air gap length/s/ (𝑙𝑔) and number of wire turns (𝑁) that comply with the 

requirements (1) to (4). 

This procedure is to a large extent a standardized process which may or may not be iterative depending on the 

access to core material data and dimensions. Chapter 30 in [18] is entirely dedicated to outlining such a 

procedure. The resulting step-by-step recipe is summarized in the flowchart of Figure 34 and the input 

parameters for this specific design are given in Table 7. 

Table 7  Input values to the inductor design procedure. 

Inputs Value  Comment 

𝐿𝑓 5 𝑚𝐻 Filter inductance 

𝐼𝑎 300 𝐴 Nominal peak current 

 𝐼𝑎 212 𝐴 Nominal RMS current 

𝑓 50 𝐻𝑧 Maximum fundamental current frequency 

𝑇𝑠 373.15 𝐾 Maximum inductor surface-temperature 

𝑇𝑎 308.15 𝐾 Maximum ambient temperature 
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Figure 34  Flowchart describing the inductor design process.  

1. Compute 𝐿𝑓𝐼𝑎𝐼𝑎. 

3. Compute the allowable 
specific losses 𝑃𝑠𝑝 

(dim(𝑃𝑠𝑝) =𝑊/𝑚3). 

4. Determine a maximum �̂� 
such that the specific core 

losses is lower than 𝑃𝑠𝑝 at the 

allowable 𝑇𝑠and nominal 𝑓. 

2. Select a core material along 
with a shape and size so that 

𝐿𝑓𝐼𝑎𝐼𝑎 < 𝑘𝐶𝑢𝐽�̂�𝐴𝑤𝐴𝑐𝑜𝑟𝑒 

 

𝐿𝑓𝐼𝑎𝐼𝑎 < 𝑘𝐶𝑢𝐽�̂�𝐴𝑤𝐴𝑐𝑜𝑟𝑒? 

𝐿𝑚𝑎𝑥 ≥ 𝐿𝑓 and  

 

5. Determine the allowable 𝐽 
such that the specific winding 

losses are lower than 𝑃𝑠𝑝. 

No 

7. Determine the air gap length, 
𝑙𝑔. 

8. Tune 𝑙𝑔 and 𝑁 to obtain the 

 desired 𝐿𝑓. 
Completed 

Input values of 𝐿𝑓, 𝐼𝑎, 𝐼𝑎 ,𝑓,𝑇𝑠 

and 𝑇𝑔. 

Yes 

6. Find 𝐴𝐶𝑢, 𝑁 and the 
maximum possible 
inductance, 𝐿𝑚𝑎𝑥. 

Look for a larger 
core, a core with 
higher saturation 
flux density or 

wire which allows 

for a higher 𝑘𝐶𝑢. 
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Pursuing the indicated steps of the pathway illustrated in Figure 34 rendered the following results. 

1. The stored energy value was computed to 𝐿𝑓𝐼𝑎𝐼𝑎 = 318.2 𝐽. Note that the required inductance should 

be multiplied by the product om the peak and rms value of the phase current.  

2. Since the prospective filter was designed for a low frequency application, a ferrite core could be 

avoided. As a consequence, the saturation flux density was expected to be much higher. On the 

contrary, the electrical resistivity is supposedly lower, but at low electrical frequencies this does not 

lead to any encumbering eddy current losses. Gaotune Co. Ltd. provides iron-based amorphous 

inductor cores of various shapes. The non-crystalline structure exhibited in amorphous alloys usually 

yields better loss properties (due to higher resistivity) than does magnetic steels and powdered iron 

cores, while still allowing for high magnetic flux densities [32, pp. 744–745]. An AFEC-240c 

(datasheet available at[44]) E-core from Gaotune was evaluated. Initially assuming a current density of 

𝐽𝑎 = 3 𝐴𝑟𝑚𝑠/𝑚𝑚2, a winding factor of 𝑘𝐶𝑢 = 0.4 and specifying �̂� = 1.5 𝑇, which is less than the 

tabulated saturation level ( 𝐵𝑠𝑎𝑡 = 1.56 𝑇 ), rendered 𝑘𝐶𝑢𝐽𝑎�̂�𝐴𝑤𝐴𝑐𝑜𝑟𝑒 = 334.8 𝐽 > 𝐿𝑓𝐼𝑎𝐼𝑎  by 

comparison to the stored energy value computed in step 1. 

3.  

a. The geometrical dimensions of the core served as a basis for the heat dissipation calculations 

of the inductor under construction. Furthermore it was assumed that a bobbin with the same 

relative dimensions to the core as in [32, pp. 750–751] could be used to wind the cable around 

the center leg of the E-core. Neglecting the conductive heat exchange to the air results in one 

convective, 𝑅𝜃,𝑐𝑜𝑛𝑣 ,  and one radiative, 𝑅𝜃,𝑟𝑎𝑑 , thermal resistance term (𝑅𝜃 = Δ𝑇/𝑃𝑑𝑖𝑠  is 

defined as the temperature gradient divided by dissipated heat power) between the inductor 

and the ambiance [32, pp. 739–741]: 

 𝑅𝜃,𝑐𝑜𝑛𝑣 =
1

1.34𝐴
(
𝑑𝑣𝑒𝑟𝑡
𝑇𝑠 − 𝑇𝑎

)
0.25

 (84) 

 

 

𝑅𝜃,𝑟𝑎𝑑 =
𝑇𝑠 − 𝑇𝑎

5.1𝜖𝐴 [(
𝑇𝑠
100

)
4

− (
𝑇𝑎
100

)
4

]

 
(85) 

Here, 𝐴 denotes the total surface area of the winding and the core facing free space, 𝑑𝑣𝑒𝑟𝑡  the 

vertical height of the inductor and 𝜖, the material emissivity, which was set to 0.9 to emulate 

a black object. The two thermal resistances are in parallel. Therefore, an equivalent heat 

resistance could be calculated to 𝑅𝜃,𝑒𝑞 = 0.135 ℃/𝑊  from (84) and (85), where 𝑇𝑠 =

100°𝐶, 𝑇𝑎 = 35°𝐶 and the geometrical dimensions are specified in the datasheet. 

b. In order to sustain the temperature of the inductor core to below 𝑇𝑠 = 100°𝐶 at all times for a 

maximum ambient temperature of 𝑇𝑎 = 35°𝐶, the maximum allowable heat dissipation in the 

inductor, 𝑃𝑑𝑖𝑠 ., could readily be found by applying Fourier’s heat transfer theorem, 

 Δ𝑇 = 𝑅𝜃𝑃𝑑𝑖𝑠 . (86) 

Inserting 𝑅𝜃 = 𝑅𝜃,𝑒𝑞 = 0.135 ℃/𝑊 and Δ𝑇 =  𝑇𝑠 − 𝑇𝑎 = 65°𝐶  yielded 𝑃𝑑𝑖𝑠 < 483.4. For a 

core volume of 𝑉𝑐𝑜𝑟𝑒 = 14557 𝑐𝑚3  and a winding volume of 𝑉𝑤𝑖𝑛𝑑. = 6401 𝑐𝑚3 the 

corresponding maximum specific heat dissipation amounts to 𝑃𝑠𝑝 =
𝑃𝑑𝑖𝑠

𝑉𝑐𝑜𝑟𝑒+𝑉𝑤𝑖𝑛𝑑.
=

23.0 𝑚𝑊/𝑐𝑚3.  

4. The manufacturer of the core under investigation does not provide any information about the specific 

core losses, 𝑃𝑚,𝑠𝑝 . However, this characteristic material property is of generic nature for all core 

materials and can be expressed in the form 

 𝑃𝑚,𝑠𝑝 = 𝑘1𝑓
𝑘2�̂�𝑘3  (87) 

, where 𝑘𝑖 , 𝑖 = 1,2,3  are material dependent constants [32, pp. 744–748]. In a lossy material these 

constants could be for example 𝑘1 = 4 ∙ 10−6 , 𝑘2 = 2  and 𝑘3 = 3  [32, pp. 744–748]. For these 

pessimistic values, the allowable peak value of the magnetic flux density in the core would assume the 
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value �̂� = 1.32 𝑇 which is more than 0.2 𝑇 below the nominal saturation level of the material at 25°𝐶. 

Hence, �̂� =  �̂�𝑚𝑎𝑥 = 1.32 𝑇 is likely to be within the safe operating area, limited by 𝑃𝑠𝑝. 

5. A similar calculation is carried out to adjust the current density in the windings as to match the 

allowable specific losses computed in step 4. It is claimed in [32, p. 762] that a uniform specific power 

dissipation is optimal in terms of maximizing the product 𝑘𝐶𝑢𝐽�̂�𝐴𝑤𝐴𝑐𝑜𝑟𝑒 in step 2 in the flowchart of 

Figure 34. 

 

To begin with, it is recognized that the specific winding losses (including the volume of the conductor 

as well as the insulation) in a copper wire at 100°𝐶 is given by  

 𝑃𝑤,𝑠𝑝 = 22𝑘𝐶𝑢𝐽
2 (88) 

, for a copper resistivity of 22 𝑛Ω ∙ 𝑚 [32, p. 753]. When 𝐽  is in the unit 𝐴/𝑚𝑚2 , 𝑃𝑤,𝑠𝑝  will be in 

𝑚𝑊/𝑐𝑚3 . By virtue of inversion of (88) and letting 𝑃𝑤,𝑠𝑝 = 𝑃𝑠𝑝 = 23.0 𝑚𝑊/𝑐𝑚3 , a feasible and 

optimal current density of 𝐽𝑎 = 1.62 𝐴/𝑚2 was found. This current density is equivalent to a copper 

area per conductor of 𝐴𝐶𝑢 = 𝐼𝑎/𝐽𝑎 = 131 𝑚𝑚2 . Therefore, the number of conductors crossing the 

winding window of the core is 𝑁 =
𝑘𝐶𝑢𝐴𝑤

𝐴𝐶𝑢
= 59.  

6. With the present core design, the upper limit of inductance was calculated using (89). 

  𝐿𝑓 ≤
𝑁𝐴𝑐𝑜𝑟𝑒�̂�

𝐼
 (89) 

Consequently, 𝐿𝑚𝑎𝑥 = 2.5 𝑚𝐻.  

This is indeed a very large inductor. Alas, it is not sufficient to retain the switching losses below 90 𝑊 and the 

current ripple below 70 𝐴 at a switching frequency of 5 𝑘𝐻𝑧 as realized when comparing to the result of section 

V.A.1). A direct reaction to this would be to increase the core size or to make the specifications more liberal. 

Another approach will be outlined in V.A.3), where it is found that a filter inductance of 2.3 𝑚𝐻 could be a 

better choice. If this inductor size was opted for, the current dimensions of the core (or possibly a smaller one) 

would be sufficient. To finish the design procedure, it will therefore be presumed that 𝐿𝑓 = 2.3 𝑚𝐻. 

7. The introduction of air gaps of total length 𝑙𝑔  to the inductor core serves two purposes, namely to 

permit a reduction of the copper losses and in the meanwhile sustain �̂� ≤ �̂�𝑚𝑎𝑥 [32, pp. 764–765]. To 

understand this, the effective permeability is first introduced and defined in (90), where 𝑙𝑔 is the total 

air gap length, 𝜇𝑟,𝑐𝑜𝑟𝑒  is the relative permeability of the core material, and 𝐴𝑔𝑎𝑝 is the effective air gap 

area estimated in (91), according to [32, pp. 757–758]. It is then recognized that air gaps change the 

effective permeability of the core and, as an effect, the stored energy value as well, which is shown by 

(92) and (93) [45]. These two expressions determine the maximum stored energy value as functions of 

the peak flux density, �̂�, and total allowable winding losses, 𝑃𝑠𝑝,𝑤𝑉𝑤, respectively. An optimal value of 

𝜇𝑒𝑓𝑓, where �̂� = �̂�𝑚𝑎𝑥 and 𝑃𝑠𝑝,𝑤 = 𝑃𝑠𝑝 can thus be equated by setting (92) equal to (93) and inserting 

�̂� = �̂�𝑚𝑎𝑥 and 𝑃𝑠𝑝,𝑤 = 𝑃𝑠𝑝. Since the stored energy value is fixed, deviating from this optimum value, 

𝜇𝑜𝑝𝑡, by increasing 𝜇𝑒𝑓𝑓 infers that �̂� must increase (up to at most �̂�𝑚𝑎𝑥) whereas 𝑃𝑠𝑝,𝑤 must go down. 

The opposite applies if 𝜇𝑒𝑓𝑓 is decreased below the optimum. These implications have been illustrated 

in Figure 35.  

 
𝜇𝑒𝑓𝑓 =

1

1
𝜇𝑟,𝑐𝑜𝑟𝑒

+
𝐴𝑐𝑜𝑟𝑒𝑙𝑔
𝐴𝑔𝑎𝑝𝑙𝑐

≈
1

1
𝜇𝑟,𝑐𝑜𝑟𝑒

+
𝑙𝑔
𝑙𝑐

 
(90) 

 𝐴𝑔𝑎𝑝 = (𝑎 +
𝑙𝑔

𝑁𝑔
)(𝑑 +

𝑙𝑔

𝑁𝑔
) (91) 

 

 
𝐿𝑓𝐼𝑎𝐼𝑎 =

√2

2
∙
𝐴𝑐𝑜𝑟𝑒𝑙𝑐�̂�

𝜇𝑒𝑓𝑓𝜇0
 (92) 
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 𝐿𝑓𝐼𝑎𝐼𝑎 = √2 ∙
𝜇𝑒𝑓𝑓𝜇0𝐴𝑐𝑜𝑟𝑒𝑁

2𝐴𝐶𝑢

𝜌𝐶𝑢𝑙𝑤𝑙𝑐
∙ 𝑃𝑠𝑝,𝑤𝑉𝑤 (93) 

 

Figure 35  Effect of varying 𝝁𝒆𝒇𝒇. Solid thick lines: optimum𝝁𝒆𝒇𝒇. Dashed lines: 𝝁𝒆𝒇𝒇 greater than optimum𝝁𝒆𝒇𝒇 and 

𝑩𝒔𝒂𝒕 is the limiting factor. Dotted lines: 𝝁𝒆𝒇𝒇 smaller than optimum𝝁𝒆𝒇𝒇 and 𝑷𝒔𝒑,𝒘 ∙ 𝑽𝒘 is the limiting factor.  

Since , 𝐿𝑚𝑎𝑥 > 𝐿𝑓 = 𝑁2/ℛ the reluctance of the magnetic path, ℛ, could be increased. This measure amounts to 

decreasing 𝜇𝑒𝑓𝑓 from its maximum value and the core flux would be less than �̂�𝑚𝑎𝑥. Alternatively, the number 

of turns can be decreased. This measure would instead amount to decreasing the copper losses and/or reducing 

the amount of copper. Exploiting 𝑁 ≥ 𝐿𝑓𝐼𝑎/(�̂�𝑚𝑎𝑥𝐴𝑐𝑜𝑟𝑒)  = 55, a gap length could be selected to finally adjust 

the core flux density to �̂�𝑚𝑎𝑥.  

In order to actually sustain the core flux density below its upper limit in presence of air gap fringing, (94) [32, 

pp. 764–765] might be invoked to find a minimum total air-gap length of 18.1 𝑚𝑚, distributed over 𝑁𝑔 = 3 air 

gaps. 

 
𝑙𝑔 =

𝐴𝑐𝑜𝑟𝑒

𝐴𝑐𝑜𝑟𝑒�̂�𝑚𝑎𝑥

𝜇0𝑁𝐼𝑎
−
𝑎 + 𝑑
𝑁𝑔

 
(94) 

When 𝑙𝑔 = 20 𝑚𝑚  was selected, 𝜇𝑒𝑓𝑓 = 60.5 . 𝜇𝑜𝑝𝑡  could for the selected (minimum) number of turns be 

computed to 59.2 , while 𝐿𝑓 = 2.3 𝑚𝐻 and �̂� = 1.31 𝑇. Hence, the copper losses amounts to 143𝑊. In turn, the 

core losses are estimated according to (87) to 328 𝑊 . Consequently, the total inductor losses computes to 

471 𝑊. This concludes the filter inductor design. 

2) Filter capacitance 

If unipolar modulation [32, pp. 215–218] is employed in the 2L single-phase VSC, an additional voltage level is 

introduced so that the switchings can be carried out not only between ±𝑉𝐷𝐶, but also 0 𝑉. In practice, this results 

in an apparent doubling of the switching frequency as compared to bipolar modulation [32, pp. 211–213]. For 
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the case of a high and even frequency modulation ratio, 𝑚𝑓 = 𝑓𝑠𝑤/𝑓1 (𝑓1is the desired fundamental frequency, 

which in this conception varies) and operation in the linear region where 𝑚𝑎 = �̂�𝑐,𝑎/𝑉𝐷𝐶 ≤ 1, the output voltage 

harmonics will be efficiently suppressed and located as sidebands around multiples of 2𝑚𝑓 as exemplified in 

Figure 36. For the choice of 𝑓𝑠𝑤 = 5 𝑘𝐻𝑧, 𝑚𝑓 = 100 at the nominal frequency which fulfills the requirements on 

a large and even frequency modulation ratio. 

Table 8-1 in [32, p. 207] compiles the harmonic attenuation factors for different values of 𝑚𝑎. Since both the 

amplitude and frequency modulation indices are varying quantities subject to the controller’s demands, there is 

no way to analytically deduce the harmonic spectrum on beforehand. It may however be instructive to reflect on 

the harmonic spectra in Figure 36, which graphically depicts the tabulated values in Table 8-1 in [32, p. 207] for 

𝑚𝑎.=1 along with their counterparts for square wave operation.  

 

Figure 36  Harmonic magnitudes for unipolar switching at 𝒎𝒂 = 𝟏.𝟎 and for square wave operation. 

From the picture, it can be deduced that the harmonics for linear operation are pushed into a high frequency 

region (c.f. Figure 33, where the harmoncis for the hysteresis controller are much more unevenly distributed), 

whereas the most prominent harmonics reside at low frequencies in the case of square wave operation. The 

former harmonics should consequently be easier to filter, which is a motivation for staying within the linear 

modulation region. The absolute frequencies that correspond to the three first harmonics with a modulus 

exceeding 0.01𝑉𝐷𝐶  are readily calculated as 𝑓ℎ=57,59,61 = {9.85, .995, 10.05} 𝑘𝐻𝑧. Hence, it is well motivated to 

install a filter with a cutoff frequency (refer to (95)) of at least 𝑓𝑐 = 9.85 𝑘𝐻𝑧  but a lower value could 

undoubtedly be sound if square wave operation is accepted and if the cost and phase margin deterioration of the 

larger filter is outweighed by efficiency improvements due to less iron losses in the machine and higher power 

factor.  

Square wave switching can definitely be reasonable to implement in order to better utilize the entire DC-link 

voltage, even though it does not allow for direct control of the fundamental output voltage amplitude (just like in 

all other cases when 𝑚𝑎 > 1.0). From (64), it is obvious that a high enough DC-link voltage guarantees that 

𝑚𝑎 ≤ 1  and ensures that the ac-current can be controlled. This guarantee is however costly when a high 

synchronous inductance is present after the converter’s terminals, as is the case in TFPMSMs. 
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 𝑓𝑐 =
1

2𝜋√𝐿𝑓𝐶𝑓
 (95) 

To obtain an attenuation of frequencies above 700 𝐻𝑧 (ℎ = 14 in Figure 36) when 𝐿𝑓 = 5 𝑚𝐻 , (95) yields 

𝐶𝑓 = 10 𝜇𝐹.  

3) Optimization of the Filter Size and Switching Frequency 

Thus far (82), (83) and Figure 36 have together been used as a decision basis for the choice of switching 

frequency and dimensioning of the filter components. Using these relations, it was concluded in section V.A.1)a) 

that the filter inductance would become bulky and contribute to a non-negligible amount of losses. A vexing 

question is therefore if 𝑓𝑠𝑤 and 𝐿𝑓 somehow could be varied conjointly to minimize the economic investment in 

the filter, 𝑊𝐼, and the economic losses imposed by the filter and switching action during operation, 𝑊𝐿and 𝑊𝑠𝑤:  

 𝑊𝑡𝑜𝑡 = 𝑊𝐼 +𝑊𝐿 +𝑊𝑠𝑤 (96) 

Loree and Loughlin show in [46] that the size, weight and investment cost of a LC-filter is a linear function of 

the combined stored energy value expressed as  

 𝑊𝐼 = 𝐾𝐶 (
𝐶𝑓�̂�

2

2
) + 𝐾𝐿 (

𝐿𝑓𝐼
2

2
) (97) 

, where 𝐾𝐶  and 𝐾𝐿 are proportionality constants in units of for instance $/𝐽, 𝑘𝑔/𝐽 or 𝑚3/𝐽. They further exploit 

that for frequencies, 𝑓, much higher than the cutoff frequency of the filter, 𝑓𝑐, the magnitude attenuation factor, 

𝛼𝑎𝑡𝑡may be approximated by 

 𝛼𝑎𝑡𝑡 = |
𝑉𝑜(𝑓)

𝑉𝑖(𝑓)
| ≈ (

𝑓𝑐
𝑓
)
2

 (98) 

, where 𝑉𝑜(𝑓)and 𝑉𝑖(𝑓) represent an output and input signal of a certain frequency, respectively. Here they 

denote voltages. When (95) is combined with (98), 𝐿𝑓 may be solved for and inserted into (97). Moreover, if the 

filter capacitance is kept constant, (97) becomes a function of merely 𝛼𝑎𝑡𝑡and 𝑓. Furthermore, the first term can 

be neglected as far as this investigation is concerned, since the variation in 𝑊𝐼 is not dependent on 𝐶𝑓. 

In the way presented above, the investment cost of the filter can be calculated for a desired attenuation and a 

corresponding frequency. Figure 36 can be used to decide upon an appropriate frequency where the attenuation 

should amount to a certain value. For example it may be chosen that 𝑓 = 2𝑚𝑓𝑓1 = 2𝑓𝑠𝑤  should be this 

frequency, since this is where the lowest salient harmonics appear during linear operation (note that the 

attenuation increases by a factor 40 𝑑𝐵/𝑑𝑒𝑐 for 𝑓 > 𝑓𝑐). However, choosing the frequency at which the specific 

attenuation occurs to a lower value could assist in attenuating harmonics appearing due to square wave 

operation. 

As explained in section IV.D, the switching losses increase linearly with 𝑓𝑠𝑤(refer to (68)-(70)). Therefore this 

term can easily be expressed as in (99), where the proportionality constant 𝐾𝑠𝑤 is the switching energy (the sum 

of (68) and (69)) and 𝐶𝑜𝑝 is the price of electricity multiplied with the time of rated operation of the generator. 

 𝑊𝑠𝑤 = 𝐾𝑠𝑤𝐶𝑜𝑝𝑓𝑠𝑤 (99) 

As for the operational losses of the inductor, it is assumed that the specific power dissipation is dictated by the 

maximum allowable dissipation determined from (84) through (86). For the same proportions of the inductor 

core as in V.A.1)a), the following relations hold: 
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 𝑅𝑟𝑎𝑑 ∝ 𝐴−1 ∝ 𝑉𝑐𝑜𝑟𝑒
−2/3

 (100) 

 𝑅𝑐𝑜𝑛𝑣 ∝ 𝑑𝑣𝑒𝑟𝑡
1/4

∙ 𝐴−1 ∝ 𝑉𝑐𝑜𝑟𝑒
−7/12

 (101) 

 𝑅𝑒𝑞 =
𝑅𝑟𝑎𝑑𝑅𝑐𝑜𝑛𝑣

𝑅𝑟𝑎𝑑 + 𝑅𝑐𝑜𝑛𝑣
∝
𝑉𝑐𝑜𝑟𝑒
−
2
3 ∙ 𝑉𝑐𝑜𝑟𝑒

−
7
12

𝑉𝑐𝑜𝑟𝑒
−
2
3 +𝑉𝑐𝑜𝑟𝑒

−
7
12

≈ 𝑉𝑐𝑜𝑟𝑒
−2/3

 (102) 

 𝑊𝐿 ∝ 𝑅𝑒𝑞
−1 ∝ 𝑉𝑐𝑜𝑟𝑒

2/3
∝ (𝐿𝑓𝐼

2)
2/3

   (103) 

Table 8 has been enclosed to present the necessary parameters to perform the cost calculation. Thanks to the 

direct (and in the case of (102); approximate) proportionality relations, the specific weights and specific inductor 

core losses have been calculated from the values obtained in section V.A.1)a). At last, (96) may now be 

expressed as 

 𝑊 ≈
𝐾𝐿𝐼

2

(4𝜋𝑓𝑠𝑤)
2𝐶𝑓𝛼

+ 𝐾𝑐𝑜𝑟𝑒𝐶𝑜𝑝 (
𝐼2

(4𝜋𝑓𝑠𝑤)
2𝐶𝑓𝛼

)

2/3

+ 𝐾𝑠𝑤𝐶𝑜𝑝𝑓𝑠𝑤 (104) 

, where 𝐾𝐿 = 𝑊𝑠𝑝,𝑐 ∙ 𝐶𝐹𝑒 +𝑊𝑠𝑝,𝑤 ∙ 𝐶𝐶𝑢. (104) is illustrated graphically in Figure 37. Note that each point on the 

surface also corresponds to a particular filter inductance. The constraint imposed by (82) defines the feasible 

points. The green surface indicate these points where the peak-to-peak current ripple entering the converter is 

restrained to below 60 𝐴 for a DC voltage of 900 𝑉. Additionally, the optimal operating point has been marked. 

This point corresponds to a filter inductance of 1.55 𝑚𝐻 and a switching frequency of 20.73 𝑘𝐻𝑧. 

Table 8 Assumed values for the cost calculation. 

Constant Value  Comment 

𝑊𝑠𝑝,𝑐 2.32 𝑘𝑔/𝐽 Specific inductor core weight (iron only)  

𝑊𝑠𝑝,𝑤 1.28 𝑘𝑔/𝐽 Specific inductor winding weight (copper only) 

𝐾𝑐𝑜𝑟𝑒  7.04 𝑊/𝐽2/3 Specific inductor core losses 

𝐾𝑠𝑤 0.012 𝐽 Switching loss per switching 

𝑇𝑜𝑛 35040 ℎ Operational time 

𝐶𝑒𝑙  1 𝑆𝐸𝐾/𝑘𝑊ℎ Price of electricity 

𝐶𝐹𝑒 1.02 𝑆𝐸𝐾/𝑘𝑔 Price of iron 

𝐶𝐶𝑢 42.50 𝑆𝐸𝐾/𝑘𝑔 Price of copper 

𝑓 1𝑓𝑠𝑤 Frequency at which the attenuation is calculated 

𝐶𝑓 10 𝜇𝐹 Filter capacitor 
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Figure 37  Sum of investment cost of the filter inductor and missed revenues due to losses in the converter and 

inductor. The green surface indicate the points at which the converter is not subject to a peak-to-peak current ripple 

above 𝟔𝟎 𝑨. 

 

4) The Cascaded PID Controller 

 

Figure 38  One phase circuit comprising the filter and a simple generator model. 

The analysis of the electrical open-loop system begins with deducing the state equations. 

 
𝑑𝑖𝑎(𝑡)

𝑑𝑡
=

1

𝐿𝑠(𝑖𝑎(𝑡))
(𝑣𝑐𝑎𝑝(𝑡) + 𝑅𝐶𝑓𝑖𝐶𝑓(𝑡) − 𝑒𝑎(𝑡) − 𝑅𝑠𝑖𝑎(𝑡)) (105) 

 
𝑑𝑖0(𝑡)

𝑑𝑡
=

1

𝐿𝑓
(𝑣𝑐,𝑎(𝑡) − (𝑣𝑐𝑎𝑝(𝑡) + 𝑅𝐶𝑓𝑖𝐶𝑓(𝑡) + 𝑅𝐿𝑓𝑖0(𝑡)) (106) 
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𝑑𝑣𝑐𝑎𝑝(𝑡)

𝑑𝑡
=

1

𝐶𝑓
𝑖𝐶𝑓(𝑡) =

1

𝐶𝑓
(𝑖𝑜(𝑡) − 𝑖𝑎(𝑡)) (107) 

Figure 38 has been drawn as a reference to the introduced variables in the expressions above. Note that filter 

non-idealities have been accounted for in the equivalent series resistances of the inductor, 𝑅𝐿𝑓, and capacitor, 

𝑅𝐶𝑓 .  

Assume that the capacitor voltage, 𝑣𝑐𝑎𝑝(𝑡), and generator current, 𝑖𝑎(𝑡), are measured. Then it makes sense to 

exploit these measurements in the quest to control the generator current. It could also be noted from (105) that 

the capacitor voltage rather than the active rectifier’s output voltage is the input signal with a direct impact on 

the generator current dynamics. Only through (106) and (107), the active rectifier’s output voltage is coupled to 

this input signal. Therefore, it would be desirable to be able to control the capacitor voltage with feedback of the 

measured capacitor voltage signal. 

Reasonably, the capacitor voltage reference value would be issued by an outer loop regulating on the control 

error signal of interest; namely the error in generator current. This control structure is depicted in Figure 39 as a 

block diagram, which shows the closed outer loop (current control) and the closed inner loop (capacitor voltage 

control). 𝑁𝑖(𝑠) and 𝑁𝑜(𝑠) are signals representing transducer noise. The blocks 𝐹(𝑠) and 𝐺(𝑠) correspond to the 

controllers and system processes respectively, whereas 𝐻(𝑠)  is a transfer function describing the load 

disturbance dynamics of the inner loop. The upcoming sections will deal more carefully with all of these signals 

and process blocks, but already now, some general and important remarks can be made without deriving the 

explicit transfer functions.  

 

Figure 39  Block diagram representation of the cascaded control system for the plant (105)-(107).  

Firstly, one could argue that if the inner loop is sufficiently fast, say at least three times faster than the outer 

loop, the capacitor reference value would pass unchanged through the inner loop without any significant delay 

with respect to the dynamics of the outer loop. A major challenge thus resides in achieving sufficiently large 

bandwidths in both the control loops while still maintaining a sufficient separation between the two.  

Secondly, Figure 39 makes it possible to derive four very important transfer functions which capture the 

quintessential properties of the control process [13, pp. 147–152]. Without further ado, these are presented 

below: 

 𝐺𝑐(𝑠) = 𝑇(𝑠) =
𝐺(𝑠)𝐹(𝑠)

1 + 𝐺(𝑠)𝐹(𝑠)
 (108) 

 𝑆(𝑠) = 1 − 𝑇(𝑠) =
1

1 + 𝐺(𝑠)𝐹(𝑠)
 (109) 

 𝐺𝑑𝑦(𝑠) = 𝐺(𝑠)𝑆(𝑠) =
𝐺(𝑠)

1 + 𝐺(𝑠)𝐹(𝑠)
 (110) 

 𝐺𝑛𝑢(𝑠) =
𝐹(𝑠)

1 + 𝐺(𝑠)𝐹(𝑠)
 (111) 
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Starting from the top, (108) is the closed loop transfer function taking the reference signal to the output. In a one 

degree of freedom controller [13, pp. 216–218] this is also the complementary sensitivity function, 𝑇(𝑠), which 

governs how measurement noise (𝑁(𝑠)in Figure 39) affects the actual output. An important result that involves 

the complementary sensitivity function is the robustness criterion, (112) [13, pp. 153–155]. Suppose that the 

process model 𝐺(𝑠) has a relative model error Δ𝐺(𝑠) compared to the true system. Then it is sufficient that the 

robustness criterion holds to ascertain that the true system is stable under feedback with the controller 𝐹(𝑠) [13, 

pp. 153–155].  

 |Δ𝐺(𝑗𝜔)| <
1

|𝑇(𝑗𝜔)|
, ∀𝜔 (112) 

 

The next transfer function, (109), is the sensitivity transfer function. The main interest in studying the frequency 

domain of (109) is to explore how measurement noise transfers to the measured output signal that is supplied to 

the microcontroller. A common rule of thumb is to require a small gain of 𝑆(𝑗𝜔) at low frequencies since high 

frequency noise is easier to filter. From the first equality in (109) such a choice normally also leads to the 

complementary sensitivity function rolling off at high frequencies which has two favorable implications. First, 

model errors are likelier to occur at high frequencies. From (112) it therefore seems natural to let |𝑇(𝑗𝜔)| fall off 

at high frequencies to ensure stability. Second, since the measurement noise in most practical cases can be 

assumed to be of high-frequency character, measurement noise for frequencies above the bandwidth of 𝑇(𝑠) 

becomes effectively attenuated. 

The third transfer function, (110), is the transfer function from load disturbance to output signal. If the load 

disturbance is well-known from for example measurements and the load disturbance is found to have a 

deleterious effect on the controlled system, a possible alleviation can be achieved by employing feedforward of 

the disturbance signal [47, pp. 142–144]. However, in a physical system |𝐺(𝑗𝜔)| rolls off at higher frequencies 

and, as was mentioned earlier, 𝑆(𝑠) is usually shaped to have a low gain at lower frequencies. Consequently, the 

load-disturbance transfer function itself may have a pleasingly low gain for all frequencies of interest. In this 

case, it would be unnecessary to add a feedforward controller.  

The fourth and last transfer function, (111), takes the measurement noise and reference signal to controller 

output signal. As such it is paramount to ensure from a frequency plane analysis of (111), that the control noise 

and reference signal does not become overly amplified by the controller.   

a) Inner Loop Controller Tuning 

To begin with, the inner loop is analyzed. In (107), solve for 𝑖𝑜(𝑡) and insert into (106). This renders a linear 

second order differential equation. By taking the Laplace transform and setting the load disturbance signal, 

𝐼𝑎(𝑠) = 0, the system transfer function, (113), is obtained. In (114) on the contrary, the input signal 𝑉𝑐,𝑎(𝑠) has 

been set to zero to render the transfer function describing the disturbance dynamics. 

 𝐺𝑖(𝑠) =
𝑉𝑐𝑎𝑝(𝑠)

𝑉𝑐,𝑎(𝑠)
=

𝑠𝑅𝐶𝑓𝐶𝑓 + 1

𝑠2𝐿𝑓𝐶𝑓 + 𝑠𝐶𝑓(𝑅𝐿𝑓 + 𝑅𝐶𝑓) + 1
 (113) 

 𝐻(𝑠) =
𝑉𝑐𝑎𝑝(𝑠)

𝐺𝑖(𝑠)𝐼𝑎(𝑠)
= −(𝑠𝐿𝑓 + 𝑅𝐿𝑓) (114) 

If the equivalent series resistances of the filter components are small, the filter can be assumed ideal. The pole 

polynomial of (113) suggests that the ideal filter (setting 𝑅𝐿𝑓 = 𝑅𝐶𝑓 = 0) acts as an undamped dynamic system 

with a resonant (cutoff) angular frequency of of 𝜔𝑟𝑒𝑠 = 2𝜋𝑓𝑐. The phase margin is in this case zero so in order to 

improve the dynamics, the parallel form ideal PD-controller in (115) is proposed as a starting point with the 

intent to place the poles of the idealized closed loop system in (116). The parameters 𝐾𝑃,𝑖, and 𝐾𝐷,𝑖  in (116) are 

the proportional and derivative gains, respectively. 

 𝐹𝑖(𝑠) = 𝐾𝑃,𝑖 + 𝐾𝐷,𝑖𝑠 (115) 
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 𝐺𝑐𝑖(𝑠) =
𝐺0𝑖(𝑠)

1 + 𝐺0𝑖(𝑠)
=

𝐾𝑃,𝑖 + 𝐾𝐷,𝑖𝑠

𝐶𝑓𝐿𝑓𝑠
2 + 𝐾𝐷,𝑖𝑠 + (1 + 𝐾𝑃,𝑖)

=
𝐾𝑃,𝑖 + 𝐾𝐷,𝑖𝑠

𝑠2 + 2𝜁𝜔𝑛 + 𝜔𝑛
2
 (116) 

The transfer function 𝐺0𝑖(𝑠)from current error to current output in (116) is the open-loop system, defined as  

 𝐺0𝑖(𝑠) = 𝐺𝑖(𝑠)𝐹𝑖(𝑠), (117) 

which contains indispensable information about the stability of the closed loop system.  

Equation (116) is in a familiar form. The parameters 0 ≤ 𝜁 and 0 < 𝜔𝑛 are referred to as the damping ratio and 

natural frequency. A value of 𝜁 < 1 results in an underdamped system whereas a damping ratio of one or above 

results in a critically damped (𝜁 = 1) or overdamped (𝜁 > 1) system. The natural frequency mainly determines 

the speed of the regulated system. The choice of the damping ratio, on the other hand, affects the degree of 

oscillations in the transient response as is clear from Figure 40, which shows step responses of the feedback 

controlled system (116) with 𝜁 as a parameter. Consequently, all the controller and plant parameters must be 

constant. For the more realistic situation of a sinusoidal reference signal, Figure 41 suggests that an overdamped 

system is necessary to achieve proper tracking. Equation (116) also makes clear that the derivative gain is 

determinant for the dampening of the system, whereas the proportional gain affects the natural frequency. 

 

 

Figure 40  A set of step responses to a new reference 

signal of (116) with varying values of the damping 

ratio. 

 

Figure 41  A set of sinusoidal reference signal 

responses of (116) with varying values of the damping 

ratio.  

 

With guidance from Figure 40 and Figure 41, 𝜔𝑛 was chosen to 70 𝑘𝑟𝑎𝑑/𝑠 whereas 𝜁 = 5. Importantly, with 

this choice of 𝜔𝑛 (𝜔𝑛 is closely related to the bandwidth frequency, at which the magnitude of the input signal 

becomes offset by 3 𝑑𝐵) it is also guaranteed that the closed outer loop can be designed to have a bandwidth 

well above the nominal current reference frequency (314 𝑟𝑎𝑑/𝑠). 

To continue with, it was acknowledged that a pure derivation as carried out in (115) is not practically feasible in 

a real controller since it would require access to infinite power and greatly amplify measurement noise. 

Therefore, a derivative control action needs to be filtered by a low pass filter as has been done in (118). In the 

selection of the LP-filter time constant 𝑇𝑓, a compromise must be found between derivative action and immunity 

to measurement noise. MATLAB provides useful assistance in tuning PID-controllers in a Graphical User 

Interface (GUI) which can be accessed by typing pidTuner(𝐺𝑖.). By exploiting this software tool, it was found 

that in order to achieve a sufficiently high bandwidth in the order of tens of 𝑘𝑟𝑎𝑑/𝑠 while maintaining stability, 

a low value of 𝑇𝑓  is necessary. Iterative tuning resulted in the controller parameter given  

Table 9. 
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 𝐹𝑖(𝑠) = 𝐾𝑃,𝑖 + 𝐾𝐷,𝑖
𝑠

𝑇𝑓𝑠 + 1
 (118) 

 

Table 9  Inner loop controller parameters (c.f (118)). 

Regulator Parameter Value  

𝐾𝑃,𝑖 109.9 

𝐾𝐷,𝑖 0.0166 𝑠 

𝑇𝑓 625 𝑛𝑠 

 

A Bode diagram of the resulting open loop system (Figure 42) confirms that there is an improvement in both the 

stability margins (the phase margin is no longer zero but 65.7° and the amplitude margin is infinite) and the 

speed of the regulated system (the crossover frequency has been increased from 7.2 to 120 𝑘𝐻𝑧).  

 

Figure 42  Transfer function of the open inner loop controlled by the regulator defined by (118) and the values in  

Table 9. 

It is now possible to study the transfer functions (108) to (111) introduced in section V.A.4). The magnitude 

Bode diagrams of Figure 43 suggest that the designed system will be quick to react to any changes in the 

reference signal and basically pass through reference signal components of frequencies up to 167 𝑘𝐻𝑧 unaltered. 

Of course, this comes at the price of aggressive control action as indicated by the bottom rightmost plot of 

|𝐺𝑛𝑢,𝑜(𝑗𝜔)|. It means that the converter must be able to quickly issue the control commands in terms of large 

output voltages. In practice, this will be limited by the inherent saturation in output voltage that is reached when 

the converter enters square-wave operation. Also, it becomes clear that noise in the capacitor voltage 

measurement signal must be kept down by means of a LP-filter beginning at frequencies above 1 𝑘𝐻𝑧 to avoid it 

from perturbing the control signal. The sensitivity function (upper rightmost plot) has been shaped to comply 

with the stated rules of thumb and the phase-current load-disturbance is attenuated for all frequencies as can be 

concluded from the bottom leftmost plot of Figure 43. 
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Figure 43  The four transfer functions (108) to (111) for the inner loop under feedback control with the regulator 

(118).  

a) Outer Loop Controller Tuning 

To obtain the differential equation that describes the current dynamics, solve for 𝑖𝑐𝑎𝑝(𝑡) in (107) and substitute 

into (105). A Laplace transformation shows that the capacitor voltage leaving the inner loop acts on the 

generator phase current through the simple first order transfer function 

 𝐺𝑜(𝑠) =
𝐼𝑎(𝑠)

𝑉𝑐𝑎𝑝(𝑠)
=
𝑠𝑅𝐶𝑓𝐶𝑓 + 1

𝑠𝐿𝑠 + 𝑅𝑠
 (119) 

where the load disturbance signal, constituted by the back EMF, has been set to zero. The left-half-plane zero 

should be very large and can be argued to have a negligible effect on the dynamics. Thus, the numerator can be 

replaced by a single gain of one. 

A more problematic concern is that the parameter 𝐿𝑠  for the machine under study varies substantially and 

quickly during normal operation. It thus represents an especially nasty nonlinearity [13, p. 454]. Recall that the 

primary design criterion for the outer loop controller is to retain the bandwidth of the closed outer loop between 

at least some tens of hertz above the rated electrical frequency (50 𝐻𝑧) and less than a third below the inner loop 

bandwidth. In the upcoming, it will be discovered that a bandwidth in the lower range is advisable.  

 𝐹𝑜(𝑠) = 𝐾𝑃,𝑜 +
𝐾𝐼,𝑜
𝑠
. (120) 

 

To begin with, a regular PI-controller, (120), with for fixed parameter values was elaborated. The sensitivity to 

parameter changes was then investigated. As a first approach, it was acknowledged that the stator resistance is 

much smaller than the synchronous reactance in all conceivable operating conditions. As a consequence, the 

approximation 𝐺𝑜(𝑠) ≈
1

𝑠𝐿𝑠
 may be justified. In a PI controller the integral action vanishes at high frequencies. 

Hence, the bandwidth is basically determined by the proportional gain, 𝐾𝑃,𝑜 , alone. The closed loop system 

under P-control solely is approximately 



TRITA-EE 2016: 123     52/68 

 𝐺𝑐,𝑜(𝑠) ≈
𝐾𝑃,𝑜

𝑠𝐿𝑠 + 𝐾𝑃,𝑜
=

𝐾𝑃,𝑜/𝐿𝑠
𝑠 + 𝐾𝑃,𝑜/𝐿𝑠

=
𝛼𝐵𝑊

𝑠 + 𝛼𝐵𝑊
. (121) 

 

For this first order system it is easy to identify the bandwidth as 𝛼𝐵𝑊 = 𝐾𝑃,𝑜/𝐿𝑠. To illustrate the effect of the 

nonlinearity, take for example 𝐿𝑠 = 100 𝑚𝐻 and 𝐾𝑃,𝑜 = 100. This results in a bandwidth of 1000 𝑟𝑎𝑑/𝑠, which 

meets the requirements. However, when 𝐿𝑠 > 318.5 𝑚𝐻 𝛼𝐵𝑊 < 314
𝑟𝑎𝑑

𝑠
⇔ 50𝐻𝑧, which does not fulfil the 

needs unless the additional integral gain is chosen to be high. In that case the integral term contribution is not 

negligible at such a low frequency as 50𝐻𝑧. A high value of this parameter intuitively seems sensible, since it is 

desired to remove any steady state error for all frequencies in a span of zero to 50𝐻𝑧. 

 𝐺𝑐,𝑜(𝑠) =
𝐾𝑃,𝑜

𝑠𝐿𝑠 + 𝐾𝑃,𝑜
=

𝑠𝐾𝑃,𝑜 + 𝐾𝐼,𝑜
𝑠2 + 𝑠(𝐾𝑃,𝑜 + 𝑅𝑠)/𝐿𝑠 + 𝐾𝐼

 (122) 

 

For controller parameter choices of 𝐾𝑃,𝑜 = 300 and 𝐾𝐼,𝑜 = 142000 the closed loop transfer function takes the 

form of (122). The resulting characteristic transfer functions (108) to (111) are displayed in Figure 44 for 

𝐿𝑠 = 200 𝑚𝐻. The resulting natural frequency and damping ratio are 𝜔𝑛 = 843 𝑟𝑎𝑑/𝑠 and 𝜁 = 0.9 (compare 

(116) and (120)). Although these frequency-plane magnitude plots do not suggest any immediate problems, the 

variations in 𝐿𝑠 should be addressed. This will be the topic of the next chapter. Already now, however, it should 

be acknowledged that a low gain of 𝑇𝑜(𝑗𝜔) (and thus also 𝐺𝑐,𝑜(𝑗𝜔)) already at modest frequencies might act 

beneficially. A low bandwidth of 𝑇𝑜(𝑗𝜔) would comply better with the robustness criterion and the known fact 

that the inductance varies substantially in normal operation, thus introducing severe modelling errors. The 

conclusion is that the closed loop bandwidth should be kept as low as possible, while still enabling the nominal 

frequencies (at least zero to 50 𝐻𝑧) of reference currents to pass the controlled system unchanged.  

 

Figure 44  The four transfer functions (108) to (111) for the outer loop under feedback control. 

b) Gain-scheduling the Outer Loop PI Controller  

The parameter sensitivity plot of Figure 45 provides two insights. Firstly, it emphasizes how much the variation 

in inductance affects the controller performance. For example, from the figure and (121), when 𝐾𝑃,𝑜 = 100 and 

𝐾𝐼,𝑜 = 0 the bandwidth varies by a factor of five when 𝐿𝑠  is varied from 40 (saturated electrical steel and 

leakage) to 200 𝑚𝐻  (unsaturated electrical steel and leakage). Secondly, the figure indicates that these 
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discrepancies may be somewhat suppressed by continuously varying the controller gains, for example according 

to some kind of interpolation curve.    

The proposed method for alleviating the incapability of the controller to adapt to the working point which can be 

exhibited by fixed-gain PI-controllers is a classical method in non-linear control referred to as gain-scheduling 

[13, p. 454]. In [16] a gain-scheduled PI speed-controller for a PMSM was shown to successfully improve the 

transient responses and disturbance rejection in steady-state. An intuitive approach is taken in [16] where the 

authors argue that the P- and I-gains should be varied such that the I-gain is dominant when the control error is 

small to ensure minimal offset. In the same time, the P-gain could be decreased. On the contrary, the P-gain 

should increase when the control error grows, whereas the I-gain should vanish in order to reduce any overshoot. 

 

Figure 45 Parameter sensitivity for different combinations of controller parameters and operating points. 

The gain-scheduling functions proposed in [16] ensues below. 

 𝐾𝑃,𝑜(𝑡) = 𝐾𝑃,𝑜
𝑚𝑎𝑥 − (𝐾𝑃,𝑜

𝑚𝑎𝑥 − 𝐾𝑃,𝑜
𝑚𝑖𝑛)𝑒−𝛼|𝑒(𝑡)| (123) 

 𝐾𝐼,𝑜(𝑡) = [1 − tanh(𝜂𝛽(𝑡))]𝐾𝐼,𝑜
𝑚𝑎𝑥 (124) 

 𝛽(𝑡) = {
|𝑒(𝑡)| − 𝜖,   𝑖𝑓 |𝑒(𝑡)| ≥ 𝜖 > 0
0,                               𝑜𝑡ℎ𝑒𝑟𝑤𝑖𝑠𝑒

 (125) 

In the expressions above, 𝐾𝑃,𝑜
𝑚𝑎𝑥 , 𝐾𝑃,𝑜

𝑚𝑖𝑛  and 𝐾𝐼,𝑜
𝑚𝑎𝑥  are the maximum and minimum proportional and integral 

gains. The minimum integral gain is zero. 𝛼 and 𝜂 are constant shape parameters, which decide how fast the 

transition is between maximum and minimum gains. 𝜖 is another constant, which dictates at which level of 

control error the integral gain should start to drop. Finally, 𝑒(𝑡) = 𝑖𝑎
∗(𝑡) − 𝑖𝑎(𝑡)  is the control error. The 

allocations given in Figure 46 were later used in the simulations. As is partly indicated by Figure 45 these 

allocations yield large variations in possible closed-loop behaviors and sufficient separation in bandwidth 

between the inner and outer control loops.  
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Figure 46  Gain-scheduled controller parameters. 

As a further addition to the controller, an integral anti-windup action [13] was added to avoid overshoots and 

unnecessary oscillations. The saturation limits were set to ±1.1𝑉𝐷𝐶  𝑉 and 1/𝐾𝑃,𝑜
𝑚𝑖𝑛 was chosen as the anti-windup 

feedback gain. 

Before the current controller performance is assessed in simulations, the controllers need to be adapted to digital 

implementation. The digitalization deteriorates the controller performance due to time lags in the filters and 

inexact approximations of the Laplace variable s (which is a differentiation operator), which is done through a 

difference approximation. This will be the topic of the next chapter, VI. 

B. Converter Efficiency Evaluation 

Having decided upon the converter design, it should now be possible to evaluate the losses incurred in the 

machine side converter. It can be verified from (64) that 𝐸𝑎,𝑚𝑎𝑥 = 353.6 𝑉 (maximum rms value in Figure 4) 

and 𝐼𝑎 = 95.7 at a peak electrical frequency of 22 𝐻𝑧 (corresponding to 𝑓𝑤𝑎𝑣𝑒 = 1 𝐻𝑧 and 𝑑 = 0.8 𝑚, according 

to (65)) and a synchronous inductance of 40 𝑚𝐻 (saturation) constitutes a feasible operating point in order to 

obtain a power per phase of 33 𝑘𝑊 when the DC-link voltage is set to 900 𝑉. Using these values and specifying 

a maximum MOSFET-module case-temperature of 80 °𝐶, a blanking time of three times the total turn-off delay 

and fall time, and a gate-to-source voltage of 16 𝑉, the adequate characteristics for the selected CREE MOSFET 

[40] have been summarized in Table 10. 

Table 10  Converter specifications for assumed operating point 

Design parameters Value  Comment 

𝑡Δ 633 𝑛𝑠 Blanking time 

𝑊𝑄,𝑡𝑜𝑡 7.0 𝑚𝐽 Total turn-on and turn-off loss per MOSFET 

𝑉𝐷𝑆(𝑜𝑛) 0.75 𝑉 MOSFET drain to source voltage 

𝑄𝐶  3.2 𝜇𝐶 Total capacitive diode charge  

𝑉𝑓,𝑑𝑖𝑜𝑑𝑒  1.25 𝑉 Diode forward voltage  

 

Apart from the losses described by (68)-(70), the conduction loss of one diode during a blanking interval and the 

subsequent reverse recovery loss have been computed as 

 𝑊𝐷,𝑐𝑜𝑛𝑑 = 𝑉𝑓,𝑑𝑖𝑜𝑑𝑒𝐼𝑎𝑡Δ  (126) 

 𝑊𝐷,𝑟𝑟 = 𝑄𝐶𝑉𝐷𝐶 (127) 

, assuming a completely capacitive reverse-recovery process. As a consequence, the total dissipated losses in the 

converter can be obtained as 

 𝑃𝑙𝑜𝑠𝑠 = (4(𝑊𝑄,𝑜𝑛 +𝑊𝑄,𝑜𝑓𝑓 +𝑊𝐷,𝑟𝑟) + 2(𝑊𝑄,𝑐𝑜𝑛𝑑 +𝑊𝐷,𝑐𝑜𝑛𝑑)) 𝑓𝑠𝑤 <̃ 1300 𝑊. (128) 
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This amount of dissipative losses is more than 50 % above the maximum allowed losses at the specified case 

temperature. Therefore, a suboptimal point in Figure 37 that meets the constraint 𝑃𝑙𝑜𝑠𝑠 ≤ 650 𝑊  has to be 

chosen. Thereby, there is also a margin of 150 𝑊 for higher phase currents at the same switching frequency and 

case temperature. The suboptimal point corresponds to an inductance of approximately 2.3 𝑚𝐻 and a switching 

frequency of 12.7 𝑘𝑊, which then gives rise to converter losses of 650 𝑊. 

Assuming further that the induced EMF is in phase with the phase current, the average generated active power 

can be calculated to 𝑃𝑔𝑒𝑛 = 3𝐸𝑎𝐼𝑎 = 71.74 𝑘𝑊, where 𝐸𝑎 can be found without difficulty using the definition of 

RMS and numerical integration, for example by using the MATLAB function integral(). Hence, the 

converter efficiency is 100(1 − 𝑃𝑙𝑜𝑠𝑠/𝑃𝑔𝑒𝑛) = 99.1 %  when the snubber and gate triggering losses are 

disregarded. 
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VI. DIGITAL IMPLEMENTATION  

Even with the best intentions, it is not possible to implement a continuous time representation of a regulator 

scheme in a microcontroller. The latter is inherently a digital device which collects trimmed analog or digital 

signals from peripheral transducers at given instants (so called sampling). Due to their finite processing 

capabilities and flaws in the transducers and the digital to analog conversions (and vice versa) some additional 

interfaces and modifications in the control laws need to be carried out. In this section, the digital conversion of 

the continuous time controllers and the measurement filtering will therefore be elaborated.  

A. The Sampled Data System and Conversion of the Continuous Time Controller 

There are two prevailing methods for approximating the differential operator s. The simplest one is Euler’s 

method which is a first order approximation. A better approximation (of second order) is Tustin’s method, which 

is sometimes called the trapezoidal rule. Tustin’s method corresponds to 

 𝑠 ≈
2

𝑇𝑠
∙
1 − 𝑞−1

1 + 𝑞−1
 (129) 

, where 𝑞−1  has been introduced as the shift operator so that for a continuous time signal 𝑢(𝑡), 𝑞−1𝑢(𝑡) =

𝑢(𝑡 − 𝑇𝑠). 𝑇𝑠 is in turn the sampling period. Thus, when the controller is digitized, the Laplace operator is simply 

replaced by the approximation in (129). 

B. Measurement Filtering  

In previous sections it has been recognized that the transducer noise should be filtered to ensure good controller 

performance. The choice of LP-filter cutoff frequency is however a reconciliation between noise immunity and 

allowable time delay of the measured quantity. For the inner control loop, the peripheral system (the one not 

involving the physical system to control) is allowed to have an aggregated time delay of 𝑇𝑑𝑒𝑙𝑎𝑦 <
φm

𝜔𝑐
≈ 9.5 𝜇𝑠 

before the phase margin, φm = 65.7° at the crossover frequency 𝜔𝑐 = 120 𝑘𝑟𝑎𝑑/𝑠 has been completely used. 

The maximum cutoff frequency is on the other hand dictated by the aliasing effect. From the Nyquist theorem, it 

is necessary to filter frequency components higher than the Nyquist frequency, 𝜔𝑁 = 𝜋/𝑇𝑠to avoid aliasing [47, 

pp. 217–220].  

A simple way to quickly design and analyze an analog Butterworth filter is provided by the MATLAB functions 

butter() and freqz(). The first function swiftly provides the transfer function coefficients for a Butterworth filter 

of desired order and cutoff frequency. The second function displays its resulting transfer function, where the 

phase margin deterioration can be analyzed. A short MATLAB code of how this can be done follows below. 

%Create the Butterworth filter 
Ts = 1e-6; %[s] Sampling period 

Wn = 1.5*2*pi*1e3; %[rad/s] Passband edge frequency 
Wn = Wn*Ts; %[rad/sample] Normalized passband edge frequency 
nf = 4; %Filter order 
[bf,af] = butter(nf,Wn); %bf is the numerator polynomial and af the 

denominator polynomial of the filter  
ButterFilter = tf(bf,af); %Provides the Butterworth coefficient 

freqz(bf,af); %Displays the filter gains and phase delays 

 

For the capacitor voltage measurement, it was concluded in section V.A.4)a) that the noise amplification could 

become troublesome for frequencies in the order of some kHz and above. Also the current measurements will be 

subject to noise. Therefore, a fourth order Butterworth filter was created with a cutoff frequency of 1.5 𝑘𝐻𝑧 <

𝜔𝑁 that could be used for both of the measured signals. 

In practice, such a filter can be assembled by cascade connecting two second-order LP Sallen-Key filter stages 

[48, pp. 799–811] (refer to Figure 47). Should a higher order filter turn out to be necessary, several Sallen-Key 

stages can be series connected without loading the circuit [48, pp. 799–811]. The second order stage of Figure 47 

has the transfer function 
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𝑉𝑜(𝑠)

𝑉𝑖(𝑠)
=

𝑘𝜔𝑐
2

𝑠2 + 𝑠2𝜁𝜔𝑐 + 𝜔𝑐
2
 (130) 

, where 𝑘 is the DC gain and 𝜔𝑐 is the desired cutoff frequency. As before, 𝜁 denotes the damping ratio. The 

fourth order Butterworth filter consists of two such stages in series, with 𝜁1 = 0.3825 and 𝜁2 = 0.924 [48, p. 

795]. Referring to Figure 47, the components of the Sallen-Key filter should be selected such that [48, p. 799] 

 𝜔𝑐 =
1

𝑅𝐶
 (131) 

 𝜁 =
3 − 𝐴

2
 (132) 

 𝑘 = 𝐴 (133) 

An additional amplifier (see the rightmost circuit in Figure 47) possibly needs to be added to achieve the desired 

DC-gain. The component values of a filter-capacitor voltage-measurement filter that fulfills the presented 

requirements is reported in Table 11. This filter was later used in simulations to attenuate assumed white noise in 

the current measurements. 

             

Figure 47  Left: A Sallen-Key second-order filter stage for implementation of a LP Butterworth-filter. Right: An 

inverting amplifier stage. 

Table 11  Design parameters for the fourth order Butterworth filter, implemented as two cascaded Sallen-Key filters.  

Design parameters Value  Comment 

𝜔𝑐 3000𝜋 Filter cutoff frequency 

𝐶1 2.7 𝑛𝐹 Capacitor, stage one 

𝑅1 39.3 𝑘Ω Resistor, stage one 

𝐴1 2.235 Amplifying factor, stage one 

𝐶2 2.7 𝑛𝐹 Capacitor, stage one 

𝑅2 39.3 𝑘Ω Resistor, stage one 

𝐴2 1.152 Amplifying factor, stage one 

|𝑘| =
𝑅𝑓

𝑅𝑖
 

1

𝐴1𝐴2

 Inverting amplifier gain (DC-gain correction) 

 

C. Current Controller Assessment 

Having reached this point, all the prerequisites have been laid out to perform a simulation of the cascaded current 

regulator controlling the machine phase current. To this end, the machine model presented in II.B.1)a) was used 

to emulate the machine dynamics. As for the controller elaborated in section V.A.4), it was digitized using 

Tustin’s method for a sampling period of 1𝜇𝑠. The current reference was set to achieve maximum active power 

per unit current at an amplitude of 95.7 𝐴. After 0.3 𝑠 the current amplitude was first increased with 10 % from 

the initial value. Then, after 0.4 𝑠, the current amplitude was decreased by 10 % of the initial value. Modulation 
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of the one-phase 2L-VSC was carried out with unipolar switching at the close to optimal switching frequency 

12.7 𝑘𝐻𝑧 calculated in section V.A.3) with the modifications of section V.B and a blanking time of three times 

the sum of the turn-off delay time and turn-off fall time of a Cree CAS300M12BM2 module [40]. The line filter 

parameters were coherently set to 𝐿𝑓 = 2.3 𝑚𝐻 and 𝐶𝑓 = 10𝜇𝐹, in accordance with the suboptimum. Lastly, the 

peak induced EMF in (3) was set to 500 𝑉. 

A quick look at Figure 48-Figure 50 seems to confirm that the two controllers perform satisfactory. The 

generator phase current strictly tracks the reference signal in Figure 49, which would not have been possible 

unless the inner loop had been able to quickly command the necessary converter voltages as issued by the outer 

loop. The suddenly rocketing voltage commands in Figure 48 arise from the machine entering an unsaturated 

operating zone (around the zero-crossings of the current), thus requiring a much larger capacitor voltage in order 

to change the current (whose reference in addition attains a maximum derivative at the zero-crossings). A look at 

Figure 50 also reveals that the gain scheduling dynamically reacts to the rapidly changing operating conditions, 

which in the end leads to an effective current regulation. 

 

 

Figure 48  Inner control loop performance (capacitor voltage control). 
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Figure 49  Outer loop control (phase current control). 

 

Figure 50  Gain-scheduled control-parameters varying throughout the simulation.   
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VII. C-CODE GENERATION FOR THE DIGITAL CONTROLLERS 

In the Embedded Coder, MATLAB provides support for generating C/C++ code directly from a Simulink model. 

This feature can be helpful when a controller has been integrated previously in a Simulink model and proved 

successful in achieving its goals in simulations. The next step is then to implement the control laws in a 

microcontroller, which usually reads C/C++. 

The first step in creating the code is to identify the controller in the original Simulink model along with its input 

and output signals and place it in a dedicated Simulink model. The final code is thereafter created in an iterative 

process where checks and improvements are made in several systematic steps following the guidelines given in 

e.g. [49]. The generated code can be verified on the host computer in a so called software in the loop (SIL) 

simulation and/or on the processor it should run on. The latter case represents a so called processor in the loop 

(PIL) simulation. The upcoming sections will outline how to generate the code for the current controller and 

present the results from a SIL simulation.  

A. Using Simulink to Produce Executable C-Code 

When the initial proper settings and configurations have been established for the code generation [49], a model 

check could be carried out. The resulting report includes advice on how to improve the model in order to achieve 

certain code generation goals, for example efficient execution or ROM efficiency. Repeating this procedure, a 

code generation optimized model will eventually result. A screenshot from the code generation pane is seen in 

Figure 51. The model check is started by pushing the bottom encircled with the red ellipse.  

 

Figure 51  Screenshot of the Configuration parameters/Code Generation-pane. The system target file (marked in 

green) should be set to ert.tlc. Before generating the C-code by pushing the bottom marked in blue, a model check 

could be carried out to ensure that the Simulink target is properly elaborated in accordance with the code generation 

objectives.  

The code generation can be started by clicking the ‘Generate Code’-button encircled by a blue ellipse in Figure 

51. Alternatively, the MATLAB command rtwbuild() can be used. This will start the building process and 

finally deliver the code. If settings have been made previous to the code generation, the code generation report 

will include metrics that can be evaluated to evaluate and further improve the automatically generated code.  
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B. Code Verification from SIL Simulations 

 

Figure 52  Test harness model. 

The final step before hardware implementation is to verify that the created code can be executed. When doing 

this on the host computer, the verification process is referred to as a SIL simulation. In a so called test harness 

model [50] the code execution outputs are compared to the outputs of the source Simulink model. Such a system 

has been set up for the current controller in Figure 52. The input signals can be arbitrary signals supplied from 

the Test Inputs box which should be created using the MATLAB command slvnvmakeharness(). For the 

SIL simulation to be reported further down, signals from an old, out of date Simulink simulation were issued. 

Note that in order to assess the C-code, the signals of interest must be logged to the simulation data inspector. 

The active loggings are indicated by the blue antennas in Figure 52.  

The SIL simulation involving the code generated for the current controller showed a 0 % discrepancy between 

the Simulink model outputs and the outputs rendered by the C-code. A screenshot of the status report from the 

comparison evaluation is shown in Figure 53.  

 

Figure 53  Comparison between SIL and normal simulation outputs. The discrepancy is reported to 0 % (bottom). 
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VIII. PTO-SYSTEM OPERATION 

In this section, the electrical PTO is put under test in simulations where the machine is interfaced with a simple 

electric power system as depicted in Figure 54. It comprises a DC-link connected to a three-phase low voltage 

AC-line through a 2L-VSC, which in turn is electrically isolated from a higher voltage network through a Yg-D1 

transformer. The higher voltage network consists of a stiff voltage at 600 𝑉  line-to-line. The system is a 

modified version of the SimScape Power test system,”power_microturbineDT” [51] developed by MATLAB in 

cooperation with Hydro Quèbec. The therein appended (discrete) PI-controller originally implemented to control 

the DC-link voltage was used as a base-line controller to which the feedback linearization controller could be 

compared.  

 

Figure 54  Small electrical system used to test the developed PTO system. 

Initially, the controller defined by (42) through (49) was tested from a cold-start of the DC-link until the DC-

voltage reached steady state. It was assumed that the power input to the DC-link was quasi-constant throughout 

the simulation time interval and emanating from a balanced three-phase generator. As long as the time scale is 

small and the three phases of the generator are symmetrical the generator could then be modeled as a current 

source. The latter follows from the implications of the previous assumptions that the incoming wave power 

during a short time window should be as good as constant and that the DC-link current in addition would be an 

almost perfect DC-quantity containing merely higher order switching-harmonics [32, p. 234]. 

In steady state operation, the total harmonic distortion (THD) of the voltage at bus B2, as defined in (134), is 

studied when varying the blanking time of the grid-side VSC. 𝑉𝐵2,(ℎ) is here the h:th harmonic in one of the 

phase voltages at bus B2 (the THD definition can also be applied to currents). The values or methodology could 

be used to assess the available alternatives in order to comply with the existing grid codes at the grid connection 

point.  

 
𝑇𝐻𝐷 [%] =

√∑ 𝑉𝐵2,(ℎ)
2∞

ℎ=2

𝑉𝐵2,(1)
∙ 100 

(134) 

Grid codes are regionally applied regulations that define the technical requirements on users connecting to and 

operating on a national grid [52]. It can be a comprehensive set of documents specifying everything in between 

data sharing and provision of ancillary services to stern technical requirements. Connection rules generally 

comprise a subset of the grid codes and usually depend on several parameters such as the short-circuit current 

rating at the point of common coupling and the voltage level. They can also be very precise in terms of limiting 

the injection of currents of specific harmonic orders, making an evaluation of the controller performance difficult 

without knowledge about the connection point. Explanations and summaries of for example present British grid 

codes can be found at the British transmission system operator’s webpage [52]. [32, Ch. 18] provides excerpts 

from some older standards (e.g. the IEEE 519-1992) and the rationales behind the regulations. As an example, at 

the weakest connection points (i.e. those with the lowest short-circuit current ratings), the maximum allowed 

current THD is 5.0 % in IEEE 519-1992.  
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If actions are required to decrease the THD, one could for example install additional filters or choose transistors 

which can switch at higher frequencies. The latter would, following the basic logic behind PWM, push the 

harmonics up to higher frequencies and, in addition, decrease their magnitude.  

The premises for the simulations are tabulated in Table 12, whereas the base quantities for per-unit (pu) 

conversions are given in Table 13. The controller was discretized using Tustin’s method, assuming a sampling 

period of 50 𝜇𝑠. 

Table 12  Simulation parameters for the power system in Figure 54. 

Parameter Value  Comment 

𝑉𝐷𝐶
∗  900 𝑉 Reference DC-link voltage 

𝑃𝐷𝐶  100 𝑘𝑊 Generated power entering the DC-link 

𝐶𝐷𝐶 10 𝑚𝐹 DC-link capacitance 

𝑓𝑠𝑤 15 𝑘𝐻𝑧 Switching frequency of the grid-side three-phase 2L-VSC 

𝑅𝐷𝑆,𝑜𝑛 1 𝑚Ω Drain to source on-state (channel) resistance per IGBT 

𝑉𝐷𝑆 1 𝑉 Drain to source forward-bias voltage per IGBT 

𝑉𝑓,𝑑𝑖𝑜𝑑𝑒  0.8 𝑉 Forward-bias voltage drop over the anti-parallel diodes 

𝑅𝑙 9 𝑚Ω Line resistance 

𝐿𝑙 3 𝑚𝐻 Line inductance 

𝑉𝐵2,𝑛𝑜𝑚 480 𝑉𝑟𝑚𝑠 Nominal line-to-line voltage at bus B2 

𝐸 600 𝑉𝑟𝑚𝑠 Line-to-line voltage of the infinite bus 

𝑓1 50 𝐻𝑧 Nominal fundamental grid frequency 

𝑆𝑡,𝑛𝑜𝑚 125 𝑘𝑉𝐴 Transformer nominal power rating 

𝑁 1.25 Step-up transformer turns-ratio 

𝐿1′ 0.352 𝑚𝐻 Transformer winding inductance referred to the primary.  

𝑅𝑚 184 Ω Transformer magnetization resistance 

𝐿𝑚 0.587 𝐻 Transformer magnetization inductance 

𝐼𝑞
∗ 0 𝐴 q-axis current reference at bus B2 (i.e. unity power factor)  

𝑇𝑠 1 𝜇𝑠 Sampling period 

𝐾𝑝𝑢 90  

𝐾𝑖𝑢 2000  

𝐾𝑑𝑢 0.2  

𝐾𝑓𝑓,𝑢 0.2 𝑉𝐷𝐶
∗  feedforward gain 

𝐾𝑝𝑞 300  

𝐾𝑖𝑞  70000  

𝐾𝑑𝑞  0.5  

𝐾𝑓𝑓,𝑞 0.1 𝐼𝑞
∗ feedforward gain 

𝑇𝑐𝑑  0.1 𝑠 Derivative filter constant 

𝐾𝑃,𝑃𝐿𝐿 60 PLL proportional gain 

𝐾𝐼,𝑃𝐿𝐿 1400 PLL integral gain 

 

Table 13  Base values for pu conversions. 

Base Quantity Value  Comment 

𝑆𝑏,𝐷𝐶  100 𝑘𝑉𝐴 DC base power 

𝑉𝑏,𝐷𝐶 900 𝑉 DC base voltage 

𝑆𝑏,𝐵1 125 𝑘𝑉𝐴 Base power at bus B1 

𝑉𝑏,𝐵1 480 𝑉𝑟𝑚𝑠 Line-to-line base voltage at bus B1 

𝑆𝑏,𝐵2 125 𝑘𝑉𝐴 Base power at bus B2 

𝑉𝑏,𝐵2 600 𝑉𝑟𝑚𝑠 Line-to-line base voltage at bus B2 

 

A. Cold Start Simulation 

In this simulation, the DC-link was brought from an entirely discharged state up to rated steady-state operation. 

Figure 55 provide compelling indications on stellar performance of the feedback linearization scheme (denoted 
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FBL in the figures) under dynamic and steady operation. Although the PI controller (denoted PI in the figures) 

might not have been optimized, its performance in the carried-out simulation is clearly overcome by the 

proposed controller. In light of the two control objectives to track the DC-link reference voltage and to supply 

power to the grid at unity power factor (or equivalently; track the q-axis current reference at 0 𝐴 at bus B2), the 

FBL controller achieves a settling time of 115 𝑚𝑠 for the q-axis current and 105 𝑚𝑠 for the DC-link voltage. 

Additionally, the DC-voltage overshoot is found to 11 %. These values respectively correspond to 15, 27 and 39 

% of the baseline controller counterparts. 

 

Figure 55  Left: Charging of the DC-link. Right: dq-current at B2. 

In practice, a blanking time would need to be introduced between the switching instances. In light of the 

discussion in section IV.C it therefore appears natural to investigate the effect of blanking time on the grid 

connection point at bus B2.  

Table 14 compiles simulation results for different blanking times for two performance indices, namely the THD 

content of the line current at bus B2 and the steady-state amplitude modulation index. The clearly augmenting 

amplitude modulation index suggests that the utilization of the DC-link voltage deteriorates as the blanking time 

increases. The THD content is affected in the same apparent way and the distortion grows with the blanking 

time. Importantly, the prolonged blanking time affects the lower order harmonics corresponding to ℎ = 5 and 7 

most significantly, which could be explained by the fact that the modulation leaves the linear region as the 

blanking time increases above 2 𝜇𝑠. It can be seen that for this particular system configuration and at a blanking 

time of 10 𝜇𝑠, the THD contents could become problematic when considering the 5 % THD limit discussed in 

the previous section.  

Table 14  Harmonic content of 𝑰𝒂,𝑩𝟐 and amplitude modulation index of 𝑽𝒂,𝑩𝟐 at steady state. 𝒉 = 𝟐𝟗𝟖 and 𝟑𝟎𝟐 

correspond to frequencies of 𝒇𝒔𝒘 ± 𝟐𝒇𝟏. 

Blanking 

Time [𝜇𝑠] 
THD [%] 

Harmonic modulus of h:th harmonic  

[% of fundamental] 

Amplitude modulation index, 

𝑚𝑎 = √𝑀𝑑
2 +𝑀𝑞

2 
3 5 7 298 302 

0 0.42 0.01 0.02 0.01 0.27 0.27 0.95 

1 0.74 0.04 0.24 0.15 0.27 0.27 0.98 

2 0.96 0.05 0.19 0.57 0.28 0.28 1.01 

3 1.25 0.05 0.33 0.93 0.29 0.28 1.03 

4 1.46 0.06 0.51 1.03 0.29 0.29 1.06 

10 5.64 0.14 4.18 2.18 0.33 0.32 1.20 
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IX. CONCLUSIONS AND SUGGESTIONS FOR FUTURE WORKS 

In this report, power electronic stages and related control systems for a grid connected novel linear TFPMSM for 

wave power applications have been proposed. The analysis has focused on the non-linear effects of the machine 

in order to reach a feasible design. Moreover, to prevent excessive and possibly destructive iron-loss heat 

dissipation in the interior of the machine while limiting the switching frequency, a LP filter was designed. It was 

shown that an optimal filter size (2.3 𝑚𝐻) and VSC switching frequency (12.7 𝑘𝐻𝑧) could be found that 

minimizes the economic investment of the filter inductor and loss of monetary income due to switching losses at 

linear unipolar modulation of the one-phase VSC. It was calculated that the efficiency of the converters would 

amount to 99.1 %. 

To enable application of asymmetric phase-currents, each phase of the machine was suggested to be connected to 

a DC link at 900 𝑉 through a 2L one-phase VSC. To protect the switches, it was shown how snubber circuits 

could be designed to suppress the current and voltage spikes that occur at turn-on and turn-off. A cascaded PID 

controller was proposed to control the current phase and magnitude. The controller uses a gain-scheduled outer 

loop, which makes use of phase-current measurements as a feedback signal. The inner loop is responsible for the 

control of the filter output voltage. Consequently, it exploits measurements of the filter-capacitor voltage as a 

feedback signal. Simulations verified that the synthesized controller could track a variable frequency and 

amplitude current-reference signal in presence of a noise corrupted measurement signal and magnetic saturation 

of the machine. 

The DC link was connected to the grid through a 2L three-phase VSC. By means of a feedback linearization 

control scheme, it was shown that the reactive power flow to the grid could be controlled as well as the DC-link 

voltage. A fault scenario for a loss of one machine phase was examined as well as the startup from zero voltage. 

Both scenarios were handled effectively by the feedback linearization controller. 

During the course of this thesis, many insights have been gained regarding the conception of the power 

electronic systems required in a direct drive WEC PTO system. As usual, efficiency is crucial and it is admitted 

that more complex converter topologies could achieve higher efficiencies than does a 2L VSC. Resonant 

converters and multilevel converters all have the potential to outperform the suggested converter topology.  

Another issue that has not been addressed thoroughly in this report is the thermal stresses on the converter 

components. Particular interest should be direct towards the thermal cycling of the switch modules. When the 

phase currents are controlled to have varying amplitude, the semiconductors will experience a temperature swing 

which may dramatically decrease the lifetime [53]. Thermal cycling affects the lifetime differently depending on 

amplitude and frequency. The temperature swings in wave power applications appear at the low frequencies of 

the incoming waves manifesting itself as the envelope of the EMF in Figure 4. On top of this, a faster thermal 

cycling would be present due to the waveform inside of the EMF envelope and due to any ripple in the current 

converter output current. Good starting points for an investigation into this topic could be for example [53], [54]. 

Finally, there is a need to know how the iron losses of the machine behave in order to properly select the 

switching frequency and to dimension a prospective filter once the machine is assembled. It is possible that the 

skin effect effectively shields the interior of the machine from sufficiently high frequency flux-harmonics 

induced by the current ripple that emanates from the converter switchings. Therefore, the eddy current and 

hysteresis losses due to these components might be of little concern in practice. In this case the filter could be 

disposed of. On the other hand, if the iron losses grow too large, the effects on the machine might become 

devastating. In general, experimental testing is required for all of the proposed control schemes and power 

electronic stages proposed in this report. 
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