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Sammanfattning: 

Etablerade klimatförändringar och ett ökat antal regler för fossila bränslen gör det viktigt att 

utforska olika alternativ för elproduktion från förnybara energikällor. År 2015 hade Sverige den 

högsta andelen förnybar energi i EU och elproduktionen bidrar mest till andelen förnybar 

energi. En intressant möjlighet till ytterligare förbättringar av antalet förnybara energikällor är 

vågkraft. Vågkraft är baserad på omvandling av energi som finns i vågornas rörelse till elkraft. 

Elkraftproduktion från vågkraftverk har studerats sedan 1970 och de största hindren för dess 

utveckling har varit de höga kostnaderna för kraftverket och låg effektivitet. KTH-forskaren 

PhD Anders Hagnestål har utvecklat en ny typ av vågkraftgenerator med betydande 

förbättringar av maskinens effektivitet. Detta examensarbete behandlar elenergiomvandlingen 

av elenergin som generatorn tillhandahåller. Designen och konstruktionen av enfasig switch-

mode effektomvandlare som används för den elektriska omvandlingen AC/DC och DC/AC av 

den genererade elenergin diskuteras och förklaras. Den konstruerade enfasomvandlaren hade 

en bra elektrisk design. Ändå behövs väsentliga förbättringar i den använda mikroprocessorns 

hastighet. 

  



Summary: 

Established climate changes and increasing regulations on fossil fuels makes it important to 

explore different options for electric power generation from renewable energy sources. In 2015 

Sweden had the highest proportion of renewable energy in the European Union and electricity 

generation contributes the most to the proportion of renewable energy. An interesting 

opportunity to a further improvement on the number of renewable energy sources is wave 

power. Wave power is based on the conversion of energy available in the motion of the waves 

to electric power. Electric power generation from wave power plants has been studied since 

1970 and the major obstacles for its development have been the high costs of the plants and low 

efficiencies. The KTH researcher PhD Anders Hagnestål, has developed a new type of wave 

power generator with significant improvements on the machine’s efficiency. This master thesis 

deals with the electrical energy conversion of the electric power provided by the generator. The 

design and construction of single-phase switch-mode converter used for the electrical 

conversion AC/DC and DC/AC of the generated electric power is discussed and explained. The 

constructed single-phase converter showed a good electrical design. Nevertheless, important 

improvements are needed in the operating speed of the used microcontroller. 
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I. Introduction 

Established climate changes due to the utilization of fossil fuels makes it important to change 

to a more sustainable energy system and increase the production from renewable energy 

sources. The European Union’s (EU) renewable energy directive sets a binding target of 20 % 

final energy consumption from renewable sources by 2020. In order to achieve this goal, the 

EU countries have committed to reach their own national targets, varying from 10 % in Malta 

to 49 % in Sweden. Today, renewable energy sources play a major role in energy security in 

the EU. The estimated contribution of renewable in savings of fossil fuel imports in was €16bn 

in 2015 and it is expected to increase to €58bn by 2030. In 2015, renewables contributed to 

reductions of greenhouse gases emissions equivalent to the emissions of Italy. Renewable 

energy can be produced from a wide variety of sources such as wind, solar, hydro, geothermal, 

biomass and wave power. Wave power appears as an interesting source due to huge magnitudes 

of energy in seas and oceans. Wave power is based on the conversion of the energy available 

in the motion of the waves to electric power. Energy stored in waves is the type of ocean energy 

that has the highest deployment potential in European waters, associated with global potential 

higher than that of tidal energy [1]. Electric power generation from wave power plants has been 

studied since 1970 and the main obstacles for the wave power industry has been the complexity 

of the topologies (requiring expertise of multiple disciplines) and high cost of the produced 

energy. Nevertheless, wave power has the advantages of being able to be forecasted several 

days ahead, is an abundant resource with high-energy fluxes and has a low visual and acoustic 

impact [2] [3].  

Anders Hagnestål has developed a linear Transverse Flux Permanent Magnet Synchronous 

Machine (TFPMSM) in a research project carried out at the Royal Institute of Technology. The 

developed TFPMSM has the virtue of achieving low resistive power losses at low speeds. 

Therefore, the development of this machine is expected to increase the amount of power 

possible to be extracted and improve the profitability of wave power. On the other hand, the 

TFPMSM exhibits a low power factor and to enable an efficient use of the generator an active 

rectifier is needed in order to achieve a power factor correction.  
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According to  [4], the connection of the TFPMSM to the utility grid is as shown by Fig. I-1. 

From the dc-link to the utility grid, the chosen power electronics device is a 3-phase Two-Level 

Voltage-Source Converter (2L-VSC).  

 

Fig. I-1 Connection of the TFPMSM to the utility grid [4]. 

In the case of the connection between the TFPMSM and the dc-link, one single-phase Switch-

Mode Converter operating as a rectifier is going to be used in each phase of the TFPMSM. This 

depends on the fact that the phase currents are unsymmetrical with respect to each other. 

Therefore, a 2L-VSC cannot be used as in the case of the dc-link and grid connection. In order 

to achieve the lowest rating of the converter’s component, it is important to have the phase 

currents of the generator in phase with the output voltages of the single-phase converters. This 

means that the power factor is set to unity power factor [4] [5].  

During the laboratory tests of the machine, the arrangement shown in Fig. I-2 is going to be 

used. In this arrangement, the output power from the motor is going to be reinjected and the 

losses will be compensated. As shown by Fig. I-2, the generator and the motor will be 

interconnected and the extracted power of the motor will be injected into the generator.  

 

Fig. I-2 Laboratory set-up for the TFPMSM 
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This thesis focuses on the construction and design of the single phase switch-mode converter. 

The design and construction takes into account the fact that converter must be able to operate 

both as a rectifier and an inverter. When the switch-mode converter operates as a rectifier 

between the TFPMSM and the dc-link power factor correction is required. The operation of the 

switch-mode converter as an inverter is expected to take place during the laboratory tests of the 

machine.  

II. Background  

2.1 Wave Power Generator  

2.1.1 Transverse Flux Machine 

The main benefit of having Transverse Flux Machine (TFM) is the possibility to achieve high 

torque-density values. This is achieved by increasing the number of poles (taking into account 

the dimensions and a current loading of the machine), which leads to a higher machine rating. 

With today’s available technology, values of current loading of 300 kA/m and force densities 

of 140 𝑘𝑁/𝑚3 have been reported. Another interesting characteristic of TFMs is that it gives 

the possibility of a more compressed construction. This is possible due to the machine’s 

magnetic circuit and armature winding are not competing for the same space. This is achieved 

by the fact that a high degree of independency between the magnetic loading and current 

loading. The magnetic loading of the machine is determined by pole length while the current 

loading is determined by the width of the machine. Anyway, TFMs face problems with poor 

powers factors caused by a high amount of flux leakage, produced in the direction of the 

movement. This leakage flux can be reduced by increasing the pole width which also reduces 

the torque density, reducing the power rating of the machine. Therefore, there is a trade-off 

between the machine performance (high torque density) and the utilization of active materials 

[6]. 

The basic topology of TFM varies depending on its expected implementation. Nevertheless, a 

basic topology for a TFM is shown by Fig. II-1. The geometry shown in Fig. II-1 corresponds 

to a single-sided TFM consisting of a C-shape stator core, a mover core with permanent magnets 



4 
 

and the winding placed in the stator slots. As it can be observed, the magnets are aligned with 

alternated polarity on the rotor surface which causes an alternating flux in the stator iron [6].  

 

Fig. II-1 Basic topology of a TFM [6] 

 

Fig. II-2 Up-front view of basic topology of TFM [6] 
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The three phase layout of a TFM with a basic topology consists of having 3 single-phase units, 

displaced by 120 electrical degrees is depicted in Fig. II-2. The cross section of three-phase 

TFM is shown by Fig II-2 and the arrangement has no common rotating magnetic field as radial 

flux synchronous machines. Instead, three independent alternating magnetic fields shifted 120 

electrical degrees exist. The shifting of the magnetic fields is achieved by the mechanical layout 

of the magnets on the rotor. The advantage of shifting the magnets rather than the rotor is that 

stator cores can be joined together. In Fig. II-2 𝑣𝑚 shows the direction of the movement of the 

rotor (translator) [6]. 

2.1.2 Description of PMTF generator’s electrical 

characteristics and scheme 

The behavior of marine waves can be modelled as shown by (2.1) where h the crest amplitude 

of the wave. The motion of the waves has an impact on the velocity of the translator in the 

Transverse Flux Permanent Magnet Synchronous Machine (TFPMSM) which is normally not 

greater than 2 m/s. Taking this into account, the flux linkage between translator and stator is 

given by (2.2) resulting in an induced EMF given by (2.3) and depicted by Fig. II-3 [5] [4]. 

 
z(t) =

h
2
sin(ωwavet)  

 

(2.1) 

 
 

   𝛹(𝑡) = �̌� 𝑠𝑖𝑛 (
2𝜋
𝜆
𝑧(𝑡)) 

 

(2.2) 

 

 𝐸(𝑡) =
𝑑𝛹
𝑑𝑡

= �̌� 𝑐𝑜𝑠(𝜔𝑤𝑎𝑣𝑒𝑡) 𝑐𝑜𝑠 (
𝜋ℎ
𝜆
𝑠𝑖𝑛(𝜔𝑤𝑎𝑣𝑒𝑡)) 

 

(2.3) 

 
Normally, the values of the variables constituting equation (2.3) are the wave frequency 

𝑓𝑤𝑎𝑣𝑒 ≅
1
10
𝐻𝑧,  the peak value of the induced EMF �̌� = Ψ̌ℎ𝜋

𝜆
𝜔𝑤𝑎𝑣𝑒 and 𝜆 is the magnetic wave 

length.  
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Fig. II-3 Induced EMF of single-phase TFPMSM [4] 

 

 

Fig. II-4 Single-phase scheme of TFPMSM 
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The single phase model of the TFPMSM is shown by Fig. II-4 where the induced EMF is given 

by 𝐸𝑎, the synchronous resistance is given by 𝑅𝑠, the synchronous inductance is given by 𝐿𝑠 

and the phase voltage is given by 𝑉𝑎. This model is limited if any frequency deviation, magnetic 

saturation and/or flux linkage harmonics occur. Therefore, a more credible model of the 

machine is based on (2.4) giving the fundamental electromagnetic description the machine [7].  

𝐸𝑎𝑏𝑐 = 𝑅𝑠𝑖𝑎𝑏𝑐 +
𝑑
𝑑𝑡
(𝚿𝑎𝑏𝑐,𝑃𝑀 + 𝑳𝒂𝒃𝒄𝒊𝒂𝒃𝒄) = 𝑅𝑠𝒊𝒂𝒃𝒄 +

𝑑
𝑑𝑡
𝚿𝒂𝒃𝒄  

(2.4) 

 

𝑳𝒂𝒃𝒄 = [
𝐿𝑠𝑒𝑙𝑓,𝑎 + 𝐿𝜆,𝑠,𝑠𝑙𝑜𝑡 𝐿𝑚𝑢𝑡,𝑎−𝑏 𝐿𝑚𝑢𝑡,𝑎−𝑐

𝐿𝑚𝑢𝑡,𝑏−𝑎 𝐿𝑠𝑒𝑙𝑓,𝑏 + 𝐿𝜆,𝑠,𝑠𝑙𝑜𝑡 𝐿𝑚𝑢𝑡,𝑏−𝑐
𝐿𝑚𝑢𝑡,𝑐−𝑎 𝐿𝑚𝑢𝑡,𝑐−𝑏 𝐿𝑠𝑒𝑙𝑓,𝑐 + 𝐿𝜆,𝑠,𝑠𝑙𝑜𝑡

] 
(2.5) 

 

Where 𝒗𝒂𝒃𝒄 = [𝑣𝒂𝒏 𝑣𝑏𝑛 𝑣𝑐𝑛] is the terminal voltages referred to the neutral point n, 𝒊𝒂𝒃𝒄 =

[𝑖𝒂 𝑖𝑏 𝑖𝑐] is the phase current vector, 𝚿𝒂𝒃𝒄,𝑷𝑴 = [Ψ𝑎,𝑃𝑀 Ψ𝑏,𝑃𝑀 Ψ𝑐,𝑃𝑀] is link flux vector from 

the permanent magnets linking the three phases. 𝑳𝒂𝒃𝒄 is the inductance matrix including the 

self-inductance, mutual inductances and the stator-slot leakage inductance for the three-phase 

TFPMSM [4].  

Important to notice, is that the mutual inductances in the TFPMSM (e.g. 𝐿𝑚𝑢𝑡,𝑏−𝑎) are small in 

comparison with sum between the self-inductances and stator-slot leakage inductance (e.g. 

𝐿𝑠𝑒𝑙𝑓,𝑎 + 𝐿𝜆,𝑠,𝑠𝑙𝑜𝑡). This means that there is no strong magnetic coupling between the phases.  

Also, the size link flux 𝚿𝒂𝒃𝒄,𝑷𝑴 depends on the position of the magnets on the translator of the 

machine. Therefore, the variation in the flux linkage depends on position of the stator tooth 

with respect to the translator. Thus, it has been assumed that each phase current is a function of 

the position-dependent flux as given in (2.6) for phase a where x is the translator position [8]. 

𝑖𝑎 = 𝑓(Ψ𝑎(𝑥)) 

 

(2.6) 

 A FEM Mapping is shown in Fig. II-5 giving the current of phase a with respect to link flux as 

a function of the translator position [4] [8] [7].  
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Fig. II-5 Phase current as a function of translator position and flux [4] [7] 

For each phase of the TFPMSM the values shown by Table 1 are expected [4]. 

Table 1: Expected values for one phase of the TFPMSM 

Parameter Value Unit 

Peak EMF, �̂� 300 V 

Peak phase current, �̂�𝒑𝒉𝒂𝒔𝒆 506 A 

Synchronous resistance, 𝑹𝒔 2.2 mΩ 

Maximal synchronous inductance, 𝑳𝒔 14 mH 
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2.2  Switch-mode Converter 

A switch-mode converter can be operated as an inverter or as a rectifier (from dc to ac and vice 

versa) and consists of transistors with anti-parallel diodes. This converter is also known as H-

bridge converter or full-bridge converter.  When converter operates as an inverter it has a dc-

input, then an adjustable in both amplitude and frequency, ac-output is possible to achieve. The 

reversible power flow in the switch-mode converter is achieved due to the transistors with the 

anti-parallel diodes. This means that it also can operate as a rectifier when the input is an ac-

current/voltage having an adjustable dc-output. The single phase, is shown in Fig. II-6. 

consisting of two single-leg converters (leg A: transistors A+ A- and leg B: transistors B+ B-) 

[9]. 

 

Fig. II-6 Single-phase switch-mode converter 

Under the assumption that input is a constant dc-voltage source, the inverter can be referred to 

be a Voltage Source Inverter (VSI). Also, the inverter is assumed to be a Pulse-width-modulated 

(PWM) inverter, meaning that both the frequency and the magnitude of the output can be 

regulated. The block representation of the inverter is shown in Fig. II-7a. The application of the 

inverter on a strongly inductive load (e.g. motor operation of the TFPMSM) is shown by Fig. 

II-7b with a lagging phase current. This means that during the intervals 1 and 3 the 

instantaneous power will be positive coming from the dc side to the ac side. During the intervals 

4 and 2 the instantaneous is negative meaning that the power flows from the ac side to the dc 
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side. Therefore, the switch-mode inverter must be able to operate in all 4 quadrants of the 𝑖0 vs 

𝑣0 plane shown in Fig.II-7c . This means that the required converter must be full-bridge able to 

handle reversed polarities of both current and voltage. This is achieved by having PWM on 

each leg of the inverter [9]. 

 

Fig. II-7 Characteristics of single-phase switch-mode converter [9] 

The theoretical aspects of the switch-mode converter are explained next by analyzing the device 

as an inverter and as a rectifier. Important concepts such as Pulse Width Modulation and 

blanking time are explained when the converter is analyzed as an inverter. Anyhow, these 

concepts are also of importance when the converter operates as a rectifier.  

2.2.1 H-Bridge as an Inverter 

It is desirable to have a sinusoidal waveform as output of the inverter with a controllable 

frequency and amplitude. This is achieved by implementing Pulse Width Modulation (PWM) 
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techniques. In order to obtain this output, a sinusoidal control signal (𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙) at the desired 

frequency is compared with a triangular waveform (𝑣𝑡𝑟𝑖), as shown by Fig. II-8. The switching 

frequency of the inverter (𝑓𝑠𝑤) is determined by the frequency of the triangular waveform. The 

switching frequency is the frequency at which the transistors are turned on and off. The switch-

duty ratio, also known as frequency modulation ratio, 𝑚𝑓 (determines the time for which the 

switch will be on) is modulated by the control signal having a frequency 𝑓1 known as the 

modulating frequency. The frequency modulation ratio is given by (2.7). The amplitude 

modulation ratio 𝑚𝑎, is given by (2.8) where �̂�𝑐𝑜𝑛𝑡𝑟𝑜𝑙 and  �̂�𝑡𝑟𝑖 are the amplitudes of the control 

and triangular signals [9]. 

 

Fig. II-8 Comparison of control signal and triangular wave [9] 

 

With the representation of one leg (leg A) of the inverter shown by Fig. II-9, the transistors 𝐴1 

and 𝐴2 are controlled by comparing the control and the triangular signal. For the ease of 

explanation, it will be assumed that the single leg, the midpoint “0” of the dc input voltage is 

available, although in the single-phase converter’s final application it is not available. The 

transistors will be switched in accordance with the conditions presented by (2.9) and (2.10) [9]. 

 
𝑚𝑓 =

𝑓𝑠𝑤
𝑓1

 
(2.7) 

 

 
𝑚𝑎 =

�̂�𝑐𝑜𝑛𝑡𝑟𝑜𝑙
�̂�𝑡𝑟𝑖

 
(2.8) 
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Fig. II-9 Single leg of single-phase switch-mode converter 

     𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 > 𝑣𝑡𝑟𝑖             𝐴1 𝑖𝑠 𝑜𝑛, 𝑣𝐴0 =
1
2
𝑉𝑑 (2.9) 

   𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 < 𝑣𝑡𝑟𝑖         𝐴2 𝑖𝑠 𝑜𝑛, 𝑣𝐴0 = −
1
2
𝑉𝑑 (2.10) 

From equations (2.9) and (2.19) it can be deduced that the transistors constituting the single leg 

are never switched simultaneously. Therefore, the output voltage varies between 1
2
𝑣𝑑 and 

−1
2
𝑣𝑑 as it can be observed in Fig. II-10 showing the unfiltered output voltage 𝑣𝐴0 and its 

fundamental frequency component (𝑣𝐴01) . The unfiltered output voltage of the inverter has a 

high harmonic content [9]. 
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Fig. II-10 Unfiltered output voltage of single leg [9] 

Harmonics are present in the output voltage and current of the inverter and other power 

electronic devices having transistors. Harmonics result in unwanted phenomena such as 

pulsations in motor torques or overheating of the electrical equipment connected to the 

converter. Therefore, in the case of of the H-bridge inverter it is desirable to don’t have any 

harmonics but not possible due to its switching nature. On the other hand, it is possible filter 

out a big part of the harmonics and try to achieve the first harmonic component as the output 

signal 𝑣𝐴01which forms part of 𝑣𝐴0. The harmonic spectrum of the output voltage is given by 

Fig. II-11 showing the harmonics amplitude with respect to their frequencies [9]. Regarding the 

harmonics of the output voltage  𝑣𝐴0, under the presented conditions the following conclusions 

can be done under the assumption that the amplitude modulation ratio is less than 1:  

 

Fig. II-11 Harmonic spectra output voltage leg A [9] 



14 
 

x There is relation between peak amplitude of the fundamental frequency component for 

the output voltage of leg A (�̂�𝐴01) and the modulation ratio  𝑚𝑎  as shown by (2.11). 

Also, it can be noticed that the averaged output voltage (𝑉𝐴0) over one switching period 

(𝑇𝑠𝑤 = 1/𝑓𝑠𝑤)  depends on the control signal, the triangular waveform and the input dc-

voltage as shown by (2.12). 

x Under the assumption that the switching ratio 𝑚𝑓 is high,  giving the possibility to see 

the control signal as a constant, the fundamental frequency component (𝑣𝐴01) is in phase 

with 𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 and is given by (2.13) 

 
𝑣𝐴01 =

�̂�𝑐𝑜𝑛𝑡𝑟𝑜𝑙
�̂�𝑡𝑟𝑖

sin (2𝜋𝑓1𝑡
𝑉𝑑
2
) = 𝑚𝑎 sin (𝜔1𝑡 𝑉𝑑

2
),       𝑚𝑎 ≤ 1 

(2.13) 

x By taking (2.13) into consideration, the relation between the amplitude of the 

fundamental frequency component of the output voltage varies linearly with 𝑚𝑎 as 

shown by (2.14) 

        �̂�𝐴01 = 𝑚𝑎
1
2
𝑉𝑑 ,       𝑚𝑎 ≤ 1 

(2.14) 

As it can be observed in Fig. II-11 the harmonics in the output voltage appear as sidebands. 

These have the center around the switching frequency and its multiples that is around harmonics 

𝑚𝑓, 2𝑚𝑓, 3𝑚𝑓 and so on as long as 𝑚𝑎 ≤ 1. Furthermore, the amplitudes of the harmonics are 

in the majority of the cases depending on the switching modulation ratio 𝑚𝑓. A low 𝑚𝑓 results 

in higher harmonic amplitudes.  Also, 𝑚𝑓 should be an odd integer which results in an odd 

symmetry and half-wave symmetry leaving only the odd harmonics having the even harmonics 

                �̂�𝐴01 = 𝑚𝑎
1
2
𝑉𝑑 

(2.11) 

  𝑉𝐴0 =
𝑣𝑑 𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙
2�̂�𝑡𝑟𝑖

       𝑓𝑜𝑟  𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 ≤ �̂�𝑡𝑟𝑖 (2.12) 
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disappeared from 𝑣𝐴0. Important to realize previous the decision of the switching frequency of 

the system, is the fact that it is relatively easy to filter out harmonics at high frequencies. 

Therefore, it would be desirable to have a high frequency modulation ratio. On the order hand, 

a high switching frequency means high switching losses and a lower efficiency of the converter. 

The situation can be seen a trade between high order harmonics and efficiency. Furthermore, 

depending on the application it would be beneficial to have a switching frequency which is not 

in the hearable range of humans (𝑓𝑠𝑤 > 20𝑘𝐻𝑧). Assuming that the amplitude modulation ratio 

𝑚𝑎 is less than 1 the following observations can be done regarding the size of 𝑚𝑓 [9]. 

Small 𝑚𝑓 (𝑚𝑓 ≤ 21, low switching frequency) [9]: 

x When having a small 𝑚𝑓 then it is recommended to have the triangular signal 

synchronized with the control signal. This is known as synchronous PWM and requires 

that 𝑚𝑓 is an integer. The main advantage of this modulation technique is that 

subharmonics can be avoided which arise when PWM is of asynchronous nature (when 

𝑚𝑓 is not an integer). Synchronous PWM implies that the triangular signal’s frequency 

varies with the desired inverter frequency.  

x 𝑚𝑓 should be an odd integer in order to avoid harmonics. On the other hand, this is not 

true for a single-phase inverter with unipolar PWM.  

Large 𝑚𝑓 (𝑚𝑓 ≥ 21 high switching frequency) [9]: 

x When asynchronous PWM is being implemented having a large 𝑚𝑓, then the 

subharmonics are small. This means that by having a large 𝑚𝑓, then asynchronous PWM 

can be implemented where 𝑓𝑠𝑤 is kept constant while 𝑓𝑐𝑜𝑛𝑡𝑟𝑜𝑙 varies resulting in a non-

integer 𝑚𝑓. If the inverter is supplying a e.g. ac-motor, then the subharmonics close to 

0 frequency will result in undesirable large currents. Therefore, asynchronous PWM 

should be avoided if the inverter is designed to supply an ac-motor.  

Until this point the theoretical review has been based on the idea of having a amplitude 

modulation ratio 𝑚𝑎 < 1, having a linear variation of the fundamental’s amplitude with respect 

to 𝑚𝑎. Under these conditions the harmonics were pushed into a high frequency region. In order 

to an achieve a further increase of the fundamental’s amplitude, 𝑚𝑎 is increased to be greater 
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than one. In this case the harmonics are moved to a low frequency region and the amplitude of 

the fundamental doesn’t increase linearly anymore [9]. 

There are different PWM-switching techniques that can be applied in order to achieved the 

desired output voltage/current waveform. This paper has focused on two different switching 

schemes: bipolar PWM and Unipolar PWM. The PWM techniques are analyzed for a switch-

mode converter with two legs.  

Bipolar PWM on H-bridge as inverter: This idea of switching is exactly the same as the 

presented for the single leg converter of the converter. Here, the transistors are depicted by Fig. 

II-6 are switched such that the switch-couples 𝐴1, 𝐵2(𝑝𝑎𝑖𝑟 1) and 𝐴2, 𝐵1(𝑝𝑎𝑖𝑟 2) are switched 

respectively at the same time. Therefore, when pair 1 is on then pair 2 is off and vice versa. 

This is done by having the comparison of a control signal against a triangular signal as shown 

in Fig. II-12. The output of leg B is the opposite of the output of leg A. This results in an 

increment by a factor two of the amplitude of the possible inverted signal’s fundamental as 

shown by (2.15). Also, the amplitude of the output’s fundamental depends on the amplitude 

modulation ratio as shown by (2.16) [9]. 

      𝑣𝑜(𝑡) = 𝑣𝐴0(𝑡) − 𝑣𝐵0(𝑡)    →   𝑣01(𝑡) = 𝑣𝐴01(𝑡) − 𝑣𝐵01(𝑡) = 2𝑣𝐴01 (2.15) 

 
    �̂�01 = 𝑚𝑎𝑉𝑑         𝑓𝑜𝑟 𝑚𝑎 < 1    

𝑉𝑑 < �̂�01 <
4
𝜋
𝑉𝑑      𝑓𝑜𝑟 𝑚𝑎 > 1    

(2.16) 

 

Unipolar PWM on H-bridge as inverter: This switching process is based on the idea of having 

the two legs of the converter controlled separately. Here, the legs A and B are control by 

comparing the triangular signal 𝑣𝑡𝑟𝑖 with 𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 and −𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 as shown by Fig. II-12.  This 

result in the control signal to leg A given by (2.17) and (2.18). For leg B the control signals are 

given by (2.19) and (2..20) [9].  
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Fig. II-12 Unipolar PWM technique [9] 

 

Fig. II-13 Output voltages by having unipolar PWM [9] 
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      𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 > 𝑣 𝑡𝑟𝑖                         𝐴1 𝑂𝑁 𝑎𝑛𝑑 𝑣𝐴𝑁 = 𝑉𝑑 (2.17) 

     𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 < 𝑣 𝑡𝑟𝑖                         𝐴2 𝑂𝑁 𝑎𝑛𝑑 𝑣𝐴𝑁 = 0 (2.18) 

 −𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 > 𝑣𝑡𝑟𝑖                           𝐵1 𝑂𝑁 𝑎𝑛𝑑 𝑣𝐵𝑁 = 𝑉𝑑 (2.19) 

 −𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 < 𝑣𝑡𝑟𝑖                         𝐵2 𝑂𝑁 𝑎𝑛𝑑 𝑣𝐵𝑁 = 0 

 

(2.20) 

As it can be observed from Fig II-13 the voltages for leg A and leg B results in the output 

voltage obtained in accordance with 4 possible voltage level given by (2.21) -(2.24). 

 𝐴1, 𝐵2 𝑂𝑁:    𝑣𝐴𝑁 = 𝑉𝑑,   𝑣𝐵𝑁 = 0;    𝑣0 = 𝑉𝑑 (2.21) 

 𝐴2, 𝐵1 𝑂𝑁:    𝑣𝐴𝑁 = 0,   𝑣𝐵𝑁 = 𝑉𝑑;    𝑣0 = −𝑉𝑑 (2.22) 

 𝐴1, 𝐵1 𝑂𝑁:    𝑣𝐴𝑁 = 𝑉𝑑,   𝑣𝐵𝑁 = 𝑉𝑑;    𝑣0 = 0 (2.23) 

 𝐴2, 𝐵2 𝑂𝑁:    𝑣𝐴𝑁 = 0,   𝑣𝐵𝑁 = 0;    𝑣0 = 0 

 

(2.24) 

 

 As it can be observed by (2.23) and (2.24), when the upper or lower switches are ON, then the 

output voltage is 0. In the case of the upper switches ON at the same time, the output current 

circulates trough the transistors and the antiparallel diodes [9].  During the unipolar switching 

process, when a switching occurs the output voltage changes between zero and 𝑉𝑑 or−𝑉𝑑. This 

gives the advantage of effectively doubling the switching frequency in comparison with bipolar 

switching. The advantage of doubling the switching frequency is a reduction of harmonics in 

the output waveform where the lowest harmonics appears as sidebands of twice the switching 

frequency [9].  

Blanking Time  

The transistors in each legs are switched such that when the upper is in OFF state, the lower is 

ON and vice versa. In order to avoid a short-circuit situation previous change of state, both of 
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the transistors are OFF for a short time. The short time both of the switches in the same leg are 

turned OFF is known as blanking time. The effect of blanking time on the output voltage of a 

full-bridge converter can be described by analyzing one leg of the converter under one single 

switching period as shown in Fig. II-14-a. As mentioned before the comparison between the 

control signal 𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 and 𝑣𝑡𝑟𝑖 determines the switching. As it can be seen in Fig. II-14b the 

transistors turned ON and OFF ideally at the same time. In order to avoid a “shoot through” 

through the leg,  blanking time is introduced as it can be seen in Fig. II-14c where it has been 

denoted as 𝑡∆. The blanking time is chosen to be just some microseconds in fast switching 

devices such as MOSFETs or IGBTs [9]. 

Since both of the transistors are turned off during the blanking time, the voltage seen on the ac-

side of the converter (𝑣𝐴𝑁) is going to depend on the direction of the current 𝑖𝐴. The voltage for 

a positive current is shown in Fig. II-14d and for a negative current is shown in Fig.II-14e. 

Equation (2.25) is obtained by comparing the ideal 𝑣𝐴𝑁voltage having an ideal switching with 

the real 𝑣𝐴𝑁 when blanking time is implemented, and  averaging over one switching period. As 

it can be deduced from (2.25) the implementation of blanking time introduces a voltage drop. 

The same analysis applies for leg B as shown by (2.26) and the output voltage drop is given by 

(2.27) [9]. 

 
 ∆𝑣𝐴𝑁 =

{
 

 +
𝑡Δ
𝑇𝑠
𝑉𝑑    𝑖𝑎 > 0

−
𝑡Δ
𝑇𝑠
𝑉𝑑    𝑖𝑎 < 0

 

 

(2.25) 

 

 

 
 ∆𝑣𝐵𝑁 =

{
 

 +
𝑡Δ
𝑇𝑠
𝑉𝑑    𝑖𝑎 > 0

−
𝑡Δ
𝑇𝑠
𝑉𝑑    𝑖𝑎 < 0

 

 

(2.26) 

 

 

 
 ∆𝑉0 =

{
 

 ∆𝑣𝐴𝑁 − ∆𝑣𝐵𝑁 =
2𝑡Δ
𝑇𝑠
𝑉𝑑        𝑖0 > 0

−
2𝑡Δ
𝑇𝑠
𝑉𝑑             𝑖0 < 0

 

 

(2.27) 
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The instantaneous output voltage and current is shown by Fig. II-15 and as it can be seen the 

distortion  of the output voltage 𝑉𝑜(𝑡) at the current zero crossings results in a greater content 

of a low order harmonics such as third, fifth or seven.  

 

Fig. II-14 Blanking time effects on leg voltages [9] 
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Fig. II-15 Effects of Blanking time [9] 

2.2.2 H-bridge as a Rectifier 

As mentioned previously, the switch-mode converter is also capable of rectifying 

voltage/current from ac to dc. The voltage rectification can be explained by the analysis of a 

conventional Diode Bridge Rectifier (BDR) shown by Fig. II-16. The BDR consists of four 

diodes: D1, D2, D3 and D4. When the 𝑉𝑎𝑐 voltage is positive then diodes D1 and D2 are forward 

biased (ON) while D3 and D4 are reverse biased (OFF) as shown by Fig. II-17. On the other 

hand, when the input voltage 𝑉𝑎𝑐 is negative then the diodes D3 and D4 are forward biased 

while diodes D1 and D2 are reverse biased as shown by Fig. II-18. Therefore, the voltage 

experienced by the connected loads is always greater than or equal zero and therefore rectified 

[9].  

 In order to have a constant 𝑉𝑑𝑐 level across the connected load, a capacitor connected in parallel 

is included as shown by Fig. II-19. The capacitor is going to charge when the voltage from the 

rectifier rises above the voltage across the capacitor. When the voltage from the rectifier is less 

that then capacitor voltage, then it will discharge into the load. The phenomenon is shown by 

Fig. II-20 [9].  
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Fig. II-16 Diode Bridge Rectifier 

 

Fig. II-17 DBR with positive ac-voltage 

 

Fig. II-18 DBR with negative ac-voltage 
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Fig. II-19 DBR with dc-capacitor 

 

Fig. II-20 Rectified voltage across dc-capacitor 

In a similar way, the switch-mode converter can use its transistors in order to fulfil the function 

of the diodes and use the same rectification process. But as a difference from the DBR’s diodes 
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the transistor in the switch-mode converter are allowed to switch. The switching of the 

transistors will determine either the capacitor will charge or the discharge. Furthermore, the 

phase current can be controlled by the switching of the transistor. The configuration of the 

switch-mode converter as a rectifier connected to the single-phase scheme of a synchronous 

machine is shown by Fig. II-21. On the ac-side of the switch-mode converter a synchronous 

machine is connected with the synchronous inductance 𝐿𝑠 and synchronous resistance 𝑅𝑠. On 

the dc-side the capacitor is connected in series with the small resistor 𝑅𝑐 and will rectify the 

current and voltage across the resistive load 𝑅. The dynamic model of the system can be 

represented by (2.28) and (2.29) where 𝑖𝑝ℎ𝑎𝑠𝑒, 𝐸𝑎 and 𝑣𝑐 are the phase current, induced EMF 

and capacitor voltage.  In (2.28) and (2.29) 𝑢𝑠 is the switching function which takes the values 

in the set {0,1}. If the transistors A1 and B2 are ON while A2 and B1 are OFF, then the 

switching function has the value 1. On the other hand, if the transistors A2 and B1 are ON while 

A1 and B2 are OFF, then the switching function is equal to 0 [10]. 

 

Fig. II-21 Switch-mode converter as a rectifier 

 
𝐿𝑠
𝑑𝑖𝑝ℎ𝑎𝑠𝑒
𝑑𝑡

= −𝑖𝑝ℎ𝑎𝑠𝑒(𝑅𝑠 + (𝑅 ∥ 𝑅𝑐) − (2𝑢𝑠 − 1) (
𝑅

𝑅 + 𝑅𝑐
) 𝑣𝑐 + 𝐸𝑎   

 

(2.28) 

 

  𝑑𝑣𝑐
𝑑𝑡

= (2𝑢𝑠 − 1)  
𝑅

𝐶(𝑅𝑐 + 𝑅)
𝑖𝑝ℎ𝑎𝑠𝑒 −

𝑣𝑐
𝐶(𝑅 + 𝑅𝑐)

 

 

(2.29) 
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By setting 𝑅𝑒𝑞 = 𝑅𝑠 + (𝑅 ∥ 𝑅𝑐) and 𝛿0 =
𝑅

𝑅+𝑅𝑐
 and manipulating (2.28) and (2.29) the change 

of the phase current and capacitor voltage is given by (2.30) and (2.31). As it can be observed 

in (2.30), the switching function 𝑢𝑠 determines if the slope of the capacitor voltage is positive 

or negative and therefore the charging or discharging of the capacitor [10].  

 𝑑𝑖𝑝ℎ𝑎𝑠𝑒
𝑑𝑡

= −𝑖𝑝ℎ𝑎𝑠𝑒
𝑅𝑒𝑞
𝐿𝑠

− (2𝑢𝑠 − 1)
𝛿0
𝐿𝑠
 𝑣𝑐 +

1
𝐿𝑠
𝐸𝑎 

 

(2.30) 

 

  𝑑𝑣𝑐
𝑑𝑡

= (2𝑢𝑠 − 1)
𝛿0
𝐶
𝑖𝑝ℎ𝑎𝑠𝑒 −

𝑣𝑐
𝐶(𝑅 + 𝑅𝑐)

 

 

 

(2.31) 

   

2.3 MOSFET  

The circuit symbol of a n-channel Metal Oxide Semiconductor Field Effect Transistor 

(MOSFET) is given by II-22a showing the Gate, Source and Driver channels. This transistor is 

the key component in high frequency, high efficiency switching application across the industry. 

The FET technology was invented in 1930, previous the bipolar transistor. The first signal level 

FET transistor were built in the late 1950 while power MOSFETs have been available since the 

mid 70’s. The switching of the transistor is done by applying the required gate-to-source voltage 

𝑉𝐺𝑆. When 𝑉𝐺𝑆 is applied, the transistor will be turned ON and a the drain current 𝐼𝐷 will flow. 

The drain-current against voltage characteristics are shown by Fig. II-22b next to the idealized 

switching behavior of a switch shown by Fig. II-22c.  As it can be observed, the device is fully 

on and has almost the same behavior as the idealized as a closed switch when the gate-source 

voltage is below the threshold value 𝑉𝐺𝑆. In order to be ON-state, the MOSFET requires a 

continuous application of Gate-Sources voltage above the threshold value 𝑉𝐺𝑆 [9]. 

Both MOSFET and bipolar transistors are operated on the same principle. These transistors are 

charge-controlled which means that output currents are proportional to the charged established 

in the semiconductor by the control electrode. When the MOSFET is used as a switch, then it 

has to be driven from a low impedances source able to provide the required current needed for 

the fast insertion and extraction of controlling charges. In theory, the switching speed of the 

MOSFET is determined by the times required for the charge carries to travel across the 
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semiconductor region. The typical values are approximately 20 to 200 picoseconds depending 

on the physical characteristics of the device.  An important characteristic of the MOSFET to be 

mentioned, is that the semiconductor’s electrode is isolated from the conductive silicon. This 

allows to the possibility of avoiding a high on-state current, which is only required in the initial 

state of the switching [9]. 

 

Fig. II-22MOSFET characteristics [9] 

The on-state resistance of standard Silicon MOSFETs (Si-MOSFETs) is dependent on the 

device’s blocking voltage as shown by (2.32) where k is a constant depending on the geometry. 

Because of this, MOSFETs are only common as devices with small voltage ratings where the 

resistive losses do not increase in a significant way with the increasing on-state resistance [9].  

 𝑟𝐷𝑆(𝑜𝑛) = 𝑘𝐵𝑉𝐷𝑆𝑆2.5−2.7 

 

(2.32) 

 

 From a total power loss standpoint, 300-400V MOSFETs compete with bipolar transistors only 

if the switching frequency is in excess of 30-100 kHz. Anyhow, Si-MOSFETs are available in 

ratings in excess of 1000V but with small current ratings up to 100 A [9]. 

A useful MOSFET model must describe all the important properties of the devices from the 

application’s point of view. This task can be very complicated since different results want to be 

obtained depending on the analysis of the application. Therefore, the three models shown by 

Fig. II-23. The model shown by Fig. II-23a is based on the actual structure of the MOSFET and 

is normally used on dc-analysis. The channel resistance is represented by the MOSFET symbol 
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and the JPET corresponds to resistance of the epitaxial layer. The model shown in Fig. II-23b 

is used to analyze the dv/dt induced breakdown characteristics of the MOSFET. This model 

shows both the main breakdown mechanism (turn-on turn-off parasitic bipolar transistor) and 

the dv/dt turn-on turn-off as a function of the terminating impedance.  Modern MOSFET are 

almost always immune to dv/dt triggering of the parasitic transistor and the analysis of this 

model is not as important as it was before. The model presented in Fig. II-23c is the switching 

model of the MOSFET and the most important parasitic components influencing the switching 

are presented on this model. Their respective roles and some of the critical parameters are 

discussed next [11]. 

 

Fig. II-23 MOSFET models [11] 

Analyzing the switch-mode operation of the MOSFET, the goal is to switch between the highest 

and the lowest resistance states of the device in the shortest time possible. Since the practical 
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switch time of the MOSFET is at least two or three time longer than the theoretical (10-60 ns 

in practice, 3-20 ns in theory), it is important to understand the difference. As shown in Fig. II-

23 all the three models presented three capacitors connected to the three terminals of the 

MOSFET. Therefore, the performance of the MOSFET will be determined by the capacity of 

the device to quickly change the voltages across the capacitors. Therefore, on high switching 

application the most important parameters are the parasitic capacitances of the device. Two of 

these capacitances, the 𝐶𝐺𝑆 and 𝐶𝐺𝐷 capacitors correspond to the actual geometry of the device 

while the 𝐶𝐷𝑆 is the capacitance of the base collector diode of the parasitic bipolar transistor. 

The 𝐶𝐺𝑆 is caused by the overlap of the source and channel region by the gate electrode. Its 

value remains linear under operating conditions and is defined by the actual geometry of this 

region.  The 𝐶𝐺𝐷is the result of two different effects caused by the overlap of the JFET and the 

gate electrode in addition to the capacitance of the depletion region. The value of 𝐶𝐷𝑆 is linear. 

The 𝐶𝐷𝑆 is caused by the junction of the body diode and has a non-linear behavior. Normally, 

none of the above mentioned capacitance are directly given on datasheets. Their values can be 

indirectly found as shown by (2.33). Anyhow, these value are voltage depend and are only valid 

under the specified test conditions [11].  

 
𝐶𝐺𝐷 = 𝐶𝑅𝑆𝑆 

𝐶𝐺𝑆 = 𝐶𝐼𝑆𝑆 − 𝐶𝑅𝑆𝑆 

𝐶𝐷𝑆 = 𝐶𝑂𝑆𝑆 − 𝐶𝑅𝑆𝑆 

(2.33) 

Other important parameters such as the source inductance 𝐿𝑆 and drain inductance 𝐿𝐷 exhibit 

significant restriction on switching performances. These inductances are typically depending 

on the package type of the transistor. Their effects can be investigated together with external 

parasitic components usually related with the layout of the external circuit’s elements. These 

inductances are normally listed on the datasheets. Another important parameter is the mesh 

resistance, 𝑅𝐺,𝐼. This parasitic resistance describes the resistance related to the gate signal 

distribution in the device. Therefore, the existence of this resistance is very important in high 

switch application because it is placed between the driver and the input capacitor of the 

MOSFET. This means that a high value of the mesh resistance is directly impeding a high 

switching speed [11].  
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III. Configuration of single-phase converter 

The components forming the single-phase H-bridge converter are illustrated by Fig. III-1 [4]. 

The PWM microcontroller has the mission of sending the PWM-signal to each transistor in the 

converter, required to follow the desired control signal. These signals will be received by the 

drivers in each leg of the converter and will be reinforced to achieve the voltage and current 

levels needed at the transistors’ gate-source channels. A brief description of the choices done 

for the selection of PWM microcontroller, transistors and drivers for the construction of the 

converter is given next. 

 

Fig. III-1Layout of Switch-mode converter 

3.1  Microcontroller BeagleBone Black ® 

In recent years, there has been an ongoing attempt to implement the forgoing explained types 

of controls by means of digital controllers. This kind of controllers, in comparison with analog 

controllers, have the advantages such as: 

x Having a lower sensitivity to the changes in the environment such as temperature, 

supply voltage fluctuations, aging components, etc.  
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x A possibility of a lower parts count which improves the reliability of the system   

Due to these advantages the decision was taken to use a digital PWM-microcontroller during 

the execution of the project. During the initial part of this project the created algorithms for the 

generation of PWM-signals were tested in an Arduino One® microcontroller-board. 

Subsequently, the tested algorithms were implemented in a BeagleBone Black® (BBB) 

microcontroller [9]. 

BeagleBone Black is a low-cost development platform for developers and hobbyists. The 

microcontroller’s processor is a AM335x 1GHz ARM Cortex-A8. The integrated RAM 

memory is 512 MB DDR3 [12]. A comparison of BBB with the similar low-cost 

microcontrollers RaspBerry Pie® and Arduino® is given in Table 2. The main advantages of 

BBB with respect to similar microcontrollers are the bigger processor capacity, the amount of 

GPIO-, PWM- and Analog-inputs-pins and the possibility to expand its flash-memory. The 

selection of this microcontroller was partly based on these advantages [12] [13] [14]. 

Table 2: Comparison Between Micro-controllers [12] [13] [14] 

Micro-Controller Arduino Uno R3 Raspberry Pi Model B BeagleBone 

Processor ATMega 328 ARM11 1 GHz ARM Cortex-A8 

RAM 2 KB 256 MB 512 MB 

Digital GPIO pins 14 8 65 

Analog Input 5 10-bit N/A 7 12-bit 

PWM pins 6 N/A 8 

Clock speed 16 MHz 700 MHz 1000 MHz 

Flash 32 kB SD card 512 MB and Micro SD 
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The different parts and connection ports of the BBB are shown in Fig. III-2. The layout of the 

BBB’s pins is given by Fig. III-3.  The amounts of possible GPIO-, PWM- and analog-pins up 

to 65, 8 and 7 respectively. The BBB even allows 4 UARTS-, 1 TX-, 2 I2C- and 2 SPI-pins. 

The HIGH voltage level of the GPIO pins is 3.3 V and the LOW level is 0V. 

 

Fig. III-2BeagleBone Black physical construction and ports [12] 

 

Fig. III-3 Pins of BeagleBone Black [12] 
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3.2 Choice of Transistors  

The controllable switch category includes several devices such as bipolar junction transistors 

(BJTs), Metal-Oxide-Semiconductor Field Effect Transistors (MOSFETs), gate turn off 

Thyristors (GTO) and insulated gate bipolar transistors (IGBT).  Because of the voltage and 

current levels expected to be faced by the single converter, MOSFETs and IGBTs are analyzed 

with respect to Fig. III-4 [9]. 

 

Fig. III-4 Comparison between transistors [9] 

IGBT Vs MOSFET: 

An interesting transistor worth to be analyzed for this application is the IGBT.  The symbol of 

the IGBT is shown by Fig III-5a and the current vs voltage characteristics compared to the ideal 

switch is given by Fig. III-5b. The terminals for the IGBT are the Collector (C), The emitter 

(E) and the Gate (G).  The switching signal (𝑉𝐺𝑆 Gate-Source Voltage) is applied between the 

G and E terminals. Both MOSFETs and IGBTs have a high gate impedance which means that 

a small amount of energy is required to switch. In the case of the IGBT, it has a small on-state 

voltage even in devices with large blocking voltage ratings and can even be designed to block 

negative voltage as shown in Fig. III-5c. In comparison with MOSFETs, the switching time of 
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IGBTs is less but these transistors are available in module ratings as large as 1700 V and 1200 

A [9].  

 

Fig. III-5 Characteristics of IGBT [9] 

Important to notice is that MOSFETs are able to conduct currents in both directions through 

their DS channel as long as the gate voltage is applied. On the contrary, IGBT never allows 

reverse currents and forces antiparallel diodes into conduction. Another remarkable benefit of 

the MOSFET is that its semiconductor’s electrode is isolated from the conductive silicon. This 

advantage allows to the possibility of avoiding a high ON-state current, which is only required 

in the initial state of the switching process (at G and S terminals) making the operation of the 

MOSFET simpler in comparison with the operation of the IGBT. The fact that the MOSFET 

does not need a high ON-state current means that it is mainly controlled by the gate-source 

voltage. Due to this advantage, the controlling charge and therefore the storage time in the 

transistor can be reduced. This means that the trade-off existing in other transistors between 

ON-state voltage drop and turn-off time is eliminated, lowering the requirements on the gate-

driver circuit (Transistor Driver) [11].  
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As mention in Section II. Background, the development of controllable switches has been based 

on Silicon-based semiconductor substrates (also known as Si-based). The earlier descriptions 

of the MOSFET and IGBT characteristics correspond to Si-based semiconductors. Anyhow, 

during the last years, controllable switches based on Silicon Carbide (SiC) substrates have 

emerged, increasing the performance of the transistors. SiC-MOSFETs offer a very low on-

state resistance allowing a higher blocking voltage in comparison with Si-MOSFET. These 

characteristics of SiC-MOSFETs create a new possibility to implement MOSFETs in 

applications formerly reduced to IGBTs with higher voltage/power ratings but lower switching 

frequencies. Therefore, the choice of transistor for this designed converter is decided to be SiC 

MOSFET [11]. 

According to [4]the chosen SiC- MOSFET which fits the requirements of this project, is a 

Cree® CAS300M12BM2.This transistor has lower switching losses in comparison with respect 

to other IGBTs with similar breakdown voltages between 1200-1700V at 𝑓𝑠𝑤𝑖𝑡𝑐ℎ𝑖𝑛𝑔 = 1.5 𝑘𝐻𝑧 

and 𝑇 = 250𝐶 [4]. According to [15], VSI simulations showed that a similar SiC MOSFET 

module (100A SiC module), is capable to replace 150, 200 and even 300 A Si IGBT while 

delivering higher performance, lower losses, and the potential for higher reliability. The most 

important parameters for Cree CAS300M12BM2 SiC module are given by Table 3.  One 

module (also referred as power modules) consists of one leg (2 SiC-MOSFETs) and the 

schematics are shown by Fig. III-6 and Fig. III-7. The schematic for the single phase H-bridge 

converter, using MOSFETs as transistors is shown by Fig. III-8.  

 

Fig. III-6 Physical lay-out of MOSFET modules [16] 
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Fig. III-7 Terminals of MOSFET modules [16] 

 

Fig. III-8 Switch-mode converter with MOSFETs as transistors 
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 Table 3: Technical Specifications 

 CAS300M12BM2 SiC-MOSFET Module [16] 

Name Nomenclature Rated value Test Conditions 

Drain-Source 

voltage 

𝑽𝑫𝑺𝑺  
 

1.2 𝑘𝑉 𝑉𝐺𝑠 = 0, 𝐼𝐷 = 2 𝑚𝐴 

Gate Threshold 

Voltage 

𝑽𝑮𝑺(𝑻𝑯) 2.5 𝑉 𝑉𝐷𝑆 = 10 𝑉 𝐼𝐷 = 15𝑚𝐴 

Gate-source 

Voltage 

operational value 

𝑽𝑮𝑺,𝒐𝒑 

 

−5/+20  𝑉  

Maximal drain 

current 

𝐼𝐷,𝑚𝑎𝑥 423 𝐴 𝑉𝐺𝑆 = 20, 𝑇𝐶 = 250𝐶 

On state 

resistance 

𝑹𝑫𝑺 4.2 𝑚𝑂ℎ𝑚𝑠 𝑉𝐺𝑆 = 20 𝑉, 𝐼𝐷𝑆 = 300𝐴 

Input-, output-, 

reverse 

Capacitance 

𝑪𝒊𝒔𝒔, 𝑪𝒐𝒔𝒔, 𝑪𝒓𝒔𝒔 
 

19.3 𝑛𝐹, 2.57 𝑛𝐹, 

0.12 𝑛𝐹 

𝑉𝐷𝑆 = 600𝑉, 𝑓 = 200𝑘𝐻𝑧, 

𝑉𝐴𝐶 = 25 𝑚𝑉 

Stray inductance 𝑳𝒔𝒕𝒓𝒂𝒚 

 

15 𝑛𝐻 𝑀𝑒𝑎𝑠𝑢𝑟𝑒𝑑 𝑏𝑒𝑡𝑤𝑒𝑒𝑛  

𝑇𝑒𝑟𝑚𝑖𝑛𝑎𝑙𝑠 2 𝑎𝑛𝑑 3 
(𝑠𝑒𝑒 𝐹𝑖𝑔. 𝐼𝐼𝐼 − 3 ). 

Turn-on, turn-

off switching 

energy 

𝑬𝒐𝒏, 𝑬𝒐𝒇𝒇 

 

5.8, 6.1 𝑚𝐽 𝑉𝐷𝐷 = 600 𝑉, 𝑉𝐺𝑆
= −5/20𝑉 ,

𝐼𝐷 = 300 𝐴, 𝑅𝐷(𝑒𝑥𝑡)

= 2.5 𝑜ℎ𝑚𝑠 
Thermal 

Resistance 

Junction to Case 

for MOSFET 

𝑹𝒕𝒉𝑱𝑪𝑴 

 

0.0700𝐶/𝑊 𝑇𝑐 = 900𝐶, 

𝑃𝐷 = 150𝑊 

Maximal 

junction 

temperature 

𝑻𝒋𝑴𝒂𝒙 1500𝐶  
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3.3 Choice of Transistor Driver  

The transistor driver is the interface between the PWM microcontroller and the power modules 

(MOSFETs). The primary function of a driver is to switch the transistor from the OFF state to 

the ON state and vice versa. When the transistor is on the ON-state the driver must provide the 

required drive power, which in the case of MOSFETs is the gate-source voltage 𝑉𝐺𝑆 and an 

initial large gate-source current.  As the transistor turns on, then for the rest of the ON-state 

interval the driver merely provides gate-source voltage at low current levels [11]. In order to do 

so, the driver amplifies the control signals to the required levels and provide electrical isolation 

when required between the power module and the PWM controller. Also, the driver has 

significant greater power capabilities in comparison with the PWM controller and requires an 

external power supply. An important design consideration with respect to the driver, is that the 

traversing process from ON to OFF and vice versa, must be as short as possible in order to 

reduce the switching losses [9]   

The choice of the transistor driver was based on the chosen SiC-MOSFET power module. The 

chosen driver’s technical reference name is Wolfspeed Cree® CGD15HB62P1 and is shown by 

Fig III-9. The driver is a Dual Channel SiC MOSFET driver with two output channels, 

integrated isolated power supply and has been developed for industrial applications and DC 

voltages up to 1000 V. One of the presented driver is used in each leg of the converter and the 

driver is equipped with protection routines such as short circuit- and under voltage protections.  

The block diagram of the driver is shown by Fig. III-10 and the technical specifications are 

given Table 4.  

 

Fig. III-9 MOSFET driver CGD15HB62P1 [17] 
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Fig. III-10 Schematic of the MOSFET driver [17] 

Table 4: Technical Specifications MOSFET  

Driver Cree CGD15HB62P1 [17] 

Parameter Value [Unit] 

Supply Voltage 15 [V] 

Input signal voltage on/off 5/0 [V] 

Supply Current 72 mA (no load), 300 mA (max) 

𝒕𝒅,𝒐𝒏, 𝒕𝒅,𝒐𝒇𝒇 300 [ns], 300 [ns] 

Mean time between failure 1.5𝑥106  [hours] 

𝑽𝑮𝒂𝒕𝒆 𝑶𝑵, 𝑽𝑮𝒂𝒕𝒆 𝑶𝑭𝑭 20 𝑉, −5 V 
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IV. Hysteresis-band Control with PF-Corrections  

By analyzing a single phase of the TFPMSM, it can be deduced that the active power to be 

delivered is going to be determined by the power factor as shown by (4.1) [5] [4]. The power 

factor angle is given by the difference between the EMF-phase angle and the phase angle of the 

phase current (𝜃𝐸𝑀𝐹 − 𝜃𝐼𝑝ℎ𝑎𝑠𝑒). If the power factor angle is greater than 0 then it is a lagging 

and if it is less than 0 then it is called leading. In order to extract the maximum power from the 

generator, the phase current must be in phase with the no-load induced EMF [5]. Indeed, the 

phase current is PWM-controlled such that it follows the reference signal 𝐼𝑟𝑒𝑓. The reference 

signal 𝐼𝑟𝑒𝑓  is phase with the EMF with the peak value of the current as a multiple of the peak 

value of the EMF as shown by (4.2) [5].  

𝑃𝑠𝑖𝑛𝑔𝑙𝑒−𝑝ℎ𝑎𝑠𝑒 = 𝐸𝑅𝑀𝑆𝐼𝑝ℎ𝑎𝑠𝑒,𝑅𝑀𝑆 𝑝𝑓 

𝑝𝑓 = cos (𝜃𝐸𝑀𝐹 − 𝜃𝐼𝑝ℎ𝑎𝑠𝑒) 

 

 

(4.1) 

 
   𝐼𝑟𝑒𝑓(𝑡) = 𝐼 cos(𝜔𝑡) cos (

𝜋𝑑
𝜆
𝑠𝑖𝑛(𝜔𝑡)),   𝐼 ∝ �̌� 

 

(4.2) 

 

4.1 Power Factor correction and PWM-Technique 

Hysteresis-band-current control is a technique used as a power factor correction method. This 

technique is executed by controlling the characteristics of the phase current 𝐼𝑝ℎ𝑎𝑠𝑒 by making 

it to follow the reference signal 𝐼𝑟𝑒𝑓. The switching of the converter’s MOSFETs pairs A1, B2 

and A2, B1 will determine the shape and phase angle of the phase current. The first hysteresis 

band B1 is defined with a lower level (𝑖𝑟𝑒𝑓−𝐵1) and a upper level (𝑖𝑟𝑒𝑓+𝐵1).  In order to 

exemplify the execution of the hysteresis-band-current controller Fig IV-1a and Fig. IV-1b and 

the equivalent schema of the TFPMSM shown by Fig. II-4 can be taken into analysis [18]. If 

the synchronous resistance is neglected, then the slope of the phase current is given by (4.3) 
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where 𝑉𝑝ℎ𝑎𝑠𝑒 is equal to the rectified voltage 𝑣𝑐 on the dc-side of the switch-converter 

(neglecting series resistor 𝑅𝑐). The switching MOSFET pairs must keep the phase current inside 

the band 𝐵1. When the nominator of (4.3) formed by induced EMF 𝐸 and phase voltage 𝑉𝑝ℎ𝑎𝑠𝑒,  

is positive then the  phase current increases and hits point A. In order to keep the phase current 

within the limits for B1, a negative nominator in (4.3) is required.  This is achieved by the 

switching of the MOSFETs pairs such that the slope of the phase current becomes negative. 

Therefore, the polarity and momentary value of the EMF as well as the voltage level of 𝑉𝑐, will 

determine the switching of the MOSFET pairs. Notice that real slope of the phase current as a 

function of the switching of MOSFET pairs is given in Sec.II by equation (2.30). 

 𝑑𝑖𝑝ℎ𝑎𝑠𝑒
𝑑𝑡

=
𝐸 − 𝑉𝑝ℎ𝑎𝑠𝑒

𝐿𝑠
  

(4.3) 

 A second hysteresis band B2 is important in order to avoid instability issues is necessary. The 

main reason for the implementation of B2 is that it guarantees a fast switching of MOSFET 

pairs insuring a fast change of the phase current. The limits for this band are 𝑖𝑟𝑒𝑓+𝐵2 and 𝑖𝑟𝑒𝑓−𝐵2 

[18] [4]. 

 

Fig. IV-1 Hysteresis-band-current controller [18] 
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Choice of PWM Technique (FFT)  

In order to check the proper PWM strategy to be used, a simulation was done in order to 

compare bipolar and unipolar PWM presented in [19]. The simulation was done by applying 

the hysteresis-band-current control on the phase current during 1 second. The hysteresis-

controller was done by using bipolar and unipolar PWM-strategies separately under the same 

conditions. Afterwards, the FFT (Fast Fourier Transform) analysis of the phase currents for the 

two cases was done. The parameters for the simulation are given by Table 5.  During the 

implementation of the bipolar PWM the phase voltage (𝑉𝑝ℎ𝑎𝑠𝑒) is going to vary between the 

positive and negative values of the dc-voltage side as described in Sec. II. When unipolar PWM 

is applied, a zero-voltage level is going to be implemented by switching A1 and B1 or A2 and 

B2 at the same time as described in [4].  

Table 5: Parameters Used in PWM Simulation with Different Techniques [19] 

Parameter Value Unit 

𝒕𝒔𝒊𝒎𝒖𝒍𝒂𝒕𝒊𝒐𝒏 1 S 

𝒊𝒓𝒆𝒇(𝒕) 300sin (𝜔𝑡) A 

𝝎 2𝜋50 rad/sec 

𝒊𝒓𝒆𝒇+𝑩𝟏, 𝒊𝒓𝒆𝒇−𝑩𝟏 ±1 A 

𝒊𝒓𝒆𝒇+𝑩𝟐, 𝒊𝒓𝒆𝒇−𝑩𝟐 ±2 A 

𝑬𝒑𝒉𝒂𝒔𝒆 �̂�𝑝 cos(𝜔𝑤𝑎𝑣𝑒𝑡) cos (
𝜋𝑑
𝜆
𝑠𝑖𝑛(𝜔𝑤𝑎𝑣𝑒𝑡)) 

V 

�̂�𝒑, 𝝎𝒘𝒂𝒗𝒆, 𝒅, 𝝀 1, 2𝜋0.7, 0.11 V, rad/sec, m 

𝑳𝒔 0.0200 [H] 
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By comparing unipolar and bipolar PWM it was possible to observe that the Total Harmonic 

Distortion (THD) was reduced when unipolar PWM was implemented. Furthermore, the 

spectrum of harmonics for these two PWM strategies were compared and it was possible to 

observe that the content of low order harmonics was reduced by implementing unipolar PWM. 

Due to these advantages the chosen PWM strategy was unipolar [19].  

The Chosen Algorithm: 

The unipolar PWM strategy is implemented on the switch state (ON or OFF) of the MOSFETs 

as shown by Fig. IV-2. In Fig. IV-2, it is shown that the hysteresis current bands 𝑖𝑟𝑒𝑓±𝐵1 and 

𝑖𝑟𝑒𝑓±𝐵2 are arbitrarily chosen and their magnitudes will partly determine the switching 

frequency. Another factor influencing the switching frequency is the how fast the hysteresis-

control loop is executed. It can also be observed that for each iteration of the algorithm the 

EMF, 𝐼𝑝ℎ𝑎𝑠𝑒, 𝐼𝑟𝑒𝑓 and the state of the MOSFETs are measured/reported. After each iteration 

the new switch state of the MOSFETs will be implemented and used in the next iteration.  

 

Fig. IV-2 Implementation of hysteresis-band-current controller 
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Simulations Result (Simulink of the single phase): 

In order to check the behavior of a single phase converter with the unipolar PWM-strategy and 

hysteresis-band-current controller, the converter has been simulated by using the software 

Simulink Mathworks£. The schemes of the simulation are shown by Fig. IV-3. The specific 

used parameter-values are given by Table 6. Detailed calculations for the dc-link such as sizing 

of the capacitance, current levels, etc. are avoided and explained later on this report. The 

simulation is based on the idea of supplying a resistive load of 200 ohms. The implementation 

of the PWM-strategy presented by the algorithm shown by Fig. IV-2 has been done by using 

the function block in Simulink. Since the code of the simulation loops and controls the phase 

current, the switching frequency depends on how fast the phase current is controlled and the 

values for the current bands.  

The results of the power factor correction are shown by Fig. IV-4 and Fig. IV-5. As it can be 

seen the phase current and EMF are in phase with each other. The chosen frequency for the 

EMF in the presented simulation was 3 Hz and even other frequencies have been simulated 

with similar results. The switching of leg A of the converter is shown by Fig. IV-9 in which the 

application of blanking time can be observed. 

 

Fig. IV-3Simulink simulation of switch-mode converter with PF correction 
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Table 6: Parameters for Simulation of PF-Correction on Simulink 

Parameter Value 

𝑺𝒂𝒎𝒑𝒍𝒊𝒏𝒈 𝑻𝒊𝒎𝒆 1/60000 

𝑹𝑳𝑶𝑨𝑫 200 Ω 

𝑳𝑳𝑶𝑨𝑫 0.010 

𝑪𝑫𝑪 0.3 mF 

𝑹𝑫𝑪 2 2.2 𝑚Ω 

𝑬𝑴𝑭 100 sin(2𝜋3𝑡) [V] 

𝑰𝒓𝒆𝒇 100sin (2𝜋3𝑡) [A] 

𝑰𝒓𝒆𝒇±𝑩𝟏 2 [A] 

𝑰𝒓𝒆𝒇±𝑩𝟐 6 [A] 

𝑩𝒍𝒂𝒏𝒌𝒊𝒏𝒈 𝑻𝒊𝒎𝒆 3𝜇𝑆 

𝑹𝒔 2.2 𝑚Ω 

𝑳𝒔 10 𝑚𝐻 

𝒇𝒔𝒘 1700 [Hz] 

𝒇𝒔𝒘 5000 [Hz] 
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Fig. IV-4 PF-correction with switching frequency 1.7 kHz 

 

Fig. IV-5 PF-correction with switching frequency 5 kHz 
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Fig. IV-6 Current ripple with switching frequency 1.7 kHz 

 

Fig. IV-7 Ripple current with switching frequency 5 kHz 
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Fig. IV-8 Switching of MOSFET A1 and A2 

4.2 Implementation of Hysteresis control  

This section attempts to explain the implementation of the described hysteresis-current-band 

controller in the chosen equipment for the construction of the switch-mode converter. For this 

purpose, the main task of the BeagleBone Black is to implement the hysteresis-current band-

control algorithm such that the proper signals are sent to the MOSFET drivers. Consequently, 

the BBB reads the value of the phase current 𝐼𝑝ℎ𝑎𝑠𝑒 by the utilization of a current-sensor and 

analog-input pins. The measured 𝐼𝑝ℎ𝑎𝑠𝑒 is compared with the reference current and the 

hysteresis bands in order to generate the switching signals to be sent to the drivers. Afterwards, 

the drivers will give the proper gate source voltage and current such that the switching of the 

MOSFETs takes place.  

The first segment (4.2.1 Signal Generation) of this section describes the procedures for the 

signal-generation between the BBB and the MOSFET drivers. The second part (4.2.2 Current-

Sensor Implementation) is assigned to the implementation of the current-sensor and analog-

input pins in order to obtain phase current readings at real time.  
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 4.2.1 Signal Generation 

The procedure for the signal generation is described next by describing: the code-environment 

for the implementation of the described hysteresis-current-band controller (Sec. BeagleBone 

Black: Code Environment and Libraries), the chosen pins for the reproduction of the signal 

(Sec. BeagleBone Black: Pins (GPIO and PWM), The level shifting of the signal (Sec. MOSFET 

Driver: Level Shifting and Driver Input) and the filtering of the signal (Sec. MOSFET Driver: 

RC-filter). Finally, a simulation of the presented hysteresis-current-band controller with 

unipolar PWM-strategy is run on the chosen equipment attempting to observe if the switching 

of the MOSFETs occurs in a proper way (Sec. Switching Simulation Results). 

BeagleBone Black: Code Environment and libraries 

The BBB boards are originally equipped with Ångström Distribution Operating System (OS). 

This OS has been developed for its application on a variety of embedded systems. The pre-

booted Ångström Distribution OS (with Kernel 3.8) has [20]and Ubuntu pre-installed. Ubuntu 

is a predominantly desktop-oriented Linux distribution based on Debian Linux and focused on 

straightforward usability. Due to the advantages of the pre-booted OS, the BBB includes coding 

languages such as C, C++, Perl and Python [21] [20]. Because of the limited time for the 

execution of this project, the chosen code language was Python which is an object-oriented, 

high-level programming language. During the initial state of the project, the communication 

routine with the BBB over the Linux terminal from a Mac OS computer, was perhaps the most 

time-consuming part of the project. Therefore, in order to reduce the time to get-in-contact (ssh-

routine) with BBB the proper routine has been added in the Appendix.  

The types of pins used on BBB for the signal generation from the BBB to the drivers were 

General-Purpose Input/output (GPIO) pins and PWM pins. Also, Analog input pins and VCC 

pins were used for the incorporation of the current sensor (Sec 4.2.2).  In order to reduce the 

coding time required to utilize the pins of the BBB, Adafruit has developed Python based 

libraries as part of the project Adafruit_BBIO. The name of the library used for the GPIO pins 

is Adafruit_BBIO. GPIO. This library allowed to determine input/output pins, send/read digital 

signal (HIGH/LOW or 0V/3.3V)) and reset the activated GPIO pins (clean up) [22]. In the case 

of PWM pins, the used library has the name Adafruit_BBIO.PWM. This PWM library allowed 

to determine the default switching frequency of the PWM pins, determine the duty cycle of the 



49 
 

pins (0-100%) for a HIGH signal (3.3 V) and reset the activated PWM pins [23] [12]. For the 

analog-input pins, the utilized library has the name of Adafruit_BBIO.ADC. ADC means 

Analog to Digital Conversion and the library has been utilized for the reading of the sensor 

values. This library allowed to get voltage reading from the current sensor with a maximal 

voltage of 1.8 V [24] [12].   

Since the code of the hysteresis-band-current controller is iterative, the switching frequency 

depends partly on the runtime of the code implementing the hysteresis-band-current controller. 

This means that the time it takes for the BBB to measure the phase current and execute the 

generation of the switching signals will determine the switching frequency.  

BeagleBone Black: Pins (GPIO and PWM) 

Several advantages are can be obtained by having a high switching frequency. Therefore, it is 

desirable to have a high switching frequency in the implementation of the hysteresis-band-

current controller. For this purpose, the BBB’s GPIO and PWM were compared and used 

separately as output pins for the generation of the MOSFET driver signals. These signals will 

determine the switching frequency experienced by the switch-mode controller. After applying 

the codes for the simulation of the presented hysteresis controller (see Appendix), it was 

empirically shown that the PWM pins had a higher switching frequency in comparison with 

GPIO pins. The PWM pins achieved switching frequencies in the range of 4 to 6 kHz while 

GPIO only exhibited switching frequencies within the range on 1.0-1.2 kHz. Therefore, the 

PWM pins were chosen for the generation of the signals from the BBB to the MOSFET drivers.  

The chosen pins for each switching signal are shown by Table 7. 

MOSFET Drivers: Level Shifting and Driver Input 

According to [12], the BBB pins utilized for the generation of the signals sent to the MOSFET 

drivers have a HIGH-voltage level of 3.3 V and a LOW voltage level of 0V. According to [17], 

the required input HIGH and LOW voltages of the MOSFET drivers are 5 and 0V respectively. 

Therefore, in order to implement the signals from the BBB on the drivers, the BBB’s HIGH 

signal voltage needed to be reinforced. This was done by using a voltage-level translator 

between the BBB and the MOSFET drivers. The product name of the chosen voltage-level 

translator is TXB0108 shown by Fig. IV-9.  This voltage-level translator is an 8-bit bidirectional 
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voltage-level translator with auto-direction sending and a ±15 𝑘𝑉 protection. The translator 

allows to transform voltage between 1.2 V and 3.6 V to voltages between 1.7 V and 5.5 V.  This 

is done by having the port A capable to track 𝑉𝐶𝐶𝐴 (in this case 3.3V) and port B capable to 

track the voltage 𝑉𝐶𝐶𝐵 (in this case 5 V). This allows to transform the 3.3 V signals to 5.0 V 

HIGH signals [25]. The equivalent signals connected to the A-port (from A1 to A8) are 

respectively found in the pins at the B-port (from B1 to B8) as shown by Fig. IV-10.    

Table 7: Used BBB pins for PWM Signal generation 

Pin Signal to the driver for the MOSFET: 

 

P9_14 A1 

P9_16 A2 

P9_21 B1 

P9_22 B2 

 

 

Fig. IV-9 Voltage-level translator [25] 
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Fig. IV-10 Typical operation of voltage-level translator [25] 

MOSFET Driver: RC-Filtering  

The utilization of the BBB PWM-pins resulted in undesired high-frequency random signals 

(voltage peaks). As a consequence of this, it was necessary to implement a low-pass filter for 

each amplified signal between the level-shifter and the MOSFET drivers. The transfer function 

H of an ideal low pass filter is given by (4.4) where the amplitude and phase of the filtered 

signal (the output) are equal to those of the input signal until the cut-off frequency 𝑓𝑐. If a signal 

with a frequency high than the cut-off enter the ideal filter, then the output of this signal will be 

zero. The cut-off frequency separates the frequency range 𝑓 < 𝑓𝑐 called the pass-band from the 

frequency range 𝑓 > 𝑓𝑐 called the stop band [26].  

 𝐻 = {1∟0      𝑓 < 𝑓𝑐0          𝑓 > 𝑓𝑐
 (4.4) 



52 
 

The chosen low-pass was a first order RC low-pass filter shown by Fi. IV-11 The cut-off 

frequency of a RC-filter is given by (4.5). Due to the power characteristics of the output signals 

coming from the BBB, the size of the resistor in this filter has been determined to be 1000 Ω. 

The size of the capacitor has been determined by empirically comparing the effects on the 

switching signal an was determined to be 62 𝑝𝐹. The transfer function of the RC-filter is given 

by (4.6). In comparison with the ideal low pass filter, the magnitudes of the output signals with 

a frequency higher than the cut-off gradually decrease gradually and not directly to zero as 

shown by Fig. IV-12.  

 

Fig. IV-11 RC- filter schematic 

  𝑓𝑐 =
1

2𝜋𝑅𝐶
 (4.5) 

  
𝑉𝑜𝑢𝑡(𝑠)
𝑉𝑖𝑛(𝑠)

=
1

1 + 𝑅𝐶𝑠
  

 

(4.6) 
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Fig. IV-12 Bode-plot of RC-filter 

 Switching Simulation of PF-Correction Algorithm   

In order to ensure that the different parts involved in the signal generation from the BBB to the 

MOSFET drivers (Sec. 4.2.1) are working properly, a simulation attempting to study the 

behavior of the different parts has been done. The parameters for the simulation are given by 

Table 8 and the utilized is given in the Appendix. The simulation is based on a fictive EMF 

(coded in the BBB) and a specific reference current which is in phase with the EMF. The 

switching of the MOSFET attempts to make the phase current follow the reference current 

within the hysteresis bands. It has been assumed that if the MOSFET pair A1 and B2 are closed 

(ON-state), then the change in the of the phase current will be 2.5 A during one iteration of the 

hysteresis controller. On the other hand, if the MOSFETs pair A2 and B1 are close then the 

change of the phase current will be -2.5 A during the iteration of the hysteresis controller. Also, 

if the EMF is positive and the MOSFETs A1 and B1 are closed then the change in the of the 

current will still be 2.5 A. Under the same logic, if the EMF is negative and the MOSFETs A2 

and B2 are closed then then change of the phase current will be equal to -2.5 A. These were 

arbitrary assumption since in the real application of this converter the changes in the phase 

current are are not expected to be constant during time and will be measured by a current sensor. 

In order to generate the fictive EMF (assumed to be measured in reality), the python libraries 
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math and time have been used. Also, RESET-values required by the MOSFET drivers have 

been sent as a constant 5V signals (HIGH signals).  The schematic for the connections between 

the BBB, the voltage-level translator, the RC-filters and MOSFET drivers used in the 

simulation are shown by Fig. IV-13. The physical layout is shown by Fig. IV-14 which includes 

the one MOSFET module (leg A). 

 

Fig. IV-13 Schematic of the equipment for PWM signal generation 
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Fig. IV-14 laboratory set-up for switching of the MOSFETs 
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Table 8: Parameters for Switching Simulation with PF-Correction  

Parameter Given Value 

𝑬𝑴𝑭 300 cos(2𝜋0.7𝑡) cos ( 2𝜋
0.11

𝑠𝑖𝑛(2𝜋0.7𝑡)) [V] 

𝑰𝒓𝒆𝒇 150 cos(2𝜋0.7𝑡) cos ( 2𝜋
0.11

𝑠𝑖𝑛(2𝜋0.7𝑡)) [A] 

𝚫𝑰𝒑𝒉𝒂𝒔𝒆 ±2.5 [A] 

𝑰𝒓𝒆𝒇±𝑩𝟏 0.3 [A] 

𝑰𝒓𝒆𝒇±𝑩𝟐 2 [A] 

As an attempt to not be repetitive, the result for the signals sent to the MOSFET driver of the 

MOSFET A1 and A2 are illustrated. The signals for the MOSFET B1 and B2 behave in the 

exact same way and therefore not presented in this paper.   

The effects of the Voltage Level Translator TXB0108 is shown by Fig. IV-15 and Fig IV-16 

for signal A1 and A2. From the figures the level shifting from 3V to 5V can be observed. In 

these figures, it is also possible to observe the influence of the BBB PWM-pins by finding 

undesired, randomly generated voltage peaks. In Fig. IV-16 both signals A1 and A2 are plotted 

and it is possible to observe the applied blanking time. 
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Fig. IV-15 Voltage-level translator 
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Fig. IV-16 Voltage-level translator signals A1 and A2 

The unfiltered and filtered level-shifted (5V) signals coming from the voltage-level translator 

are shown by Fig. IV-17 and Fig. IV-18 for signal A1 and and signal A2 respectively. In Fig. 

IV-17 and Fig. IV-18 it is possible to observe how the undesired peaks are reduced in 

magnitude. In Fig. IV-19 both filtered signals A1 and A2 are plotted and it is possible to observe 

how the blanking time is applied.  
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Fig. IV-17 Effect of RC-filter on signal A1 
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Fig. IV-18 Effect of RC-filter on signal A2 
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Fig. IV-19 Effect of RC-filter on signals A1 and A2 

The interactions between the filtered signals (coming from the RC-filters) and the MOSFET 

drivers are shown by Fig. IV-20 for signal A1 and A2. It can be observed than when the filtered 

signals are 0 V (LOW), then the Gate-Source signal is -5V. On the other hand, when the filtered 

signals are 5 V (HIGH) then the Gate-Source signals are around the required voltage of 20 V. 

The Gate-Source Voltage signals for MOSFET A1 and A2 are shown by Fig. IV-21. From Fig. 

IV-21 it can also be observed that the blanking time is being applied.   
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Fig. IV-20 Voltage MOSFET drivers 
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Fig. IV-21 MOSFET driver voltages 
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4.2.2 Current-Sensor implementation: 

As mentioned before, the reading of the phase current 𝐼𝑝ℎ𝑎𝑠𝑒 in the final application of the 

converter will be done by a current sensor. In this section the chosen sensor is described and 

the details for its integration in the process of signal generation for the MOSFET drivers are 

given.  

Chosen Current Sensor 

The choice of the current sensor has been done by taking into account the high phase-currents 

expected to come from the TFPMSM generator with peak values up to 506 A [Gustaf]. The 

chosen current sensor is a Current Transducer HAIS 400-P. The current sensor has been 

developed for electronic measurements for different kinds of currents such as dc-, ac- and pulse-

currents. The maximum and minimum currents that the sensor is able to measure is 600 A and 

-600 A respectively.  The current sensor operates such that the reference voltage 𝑉𝑟𝑒𝑓 is set as 

the middle point for the output voltage 𝑉𝑜𝑢𝑡. This means that if 𝑉𝑟𝑒𝑓 is set to 2.5 V and the 

measured currents (𝐼𝑃𝑀) are 600 A, 0 A and -600 A, then the output voltages 𝑉𝑜𝑢𝑡 will be to 5 

V, 2.5 V and 0 V respectively [27]. The sensor is non-invasive and is equipped with galvanic 

isolation between the primary circuit (phase current) and the secondary circuit (BBB). The pin-

layout of the sensor is shown by Fig. IV-22 and the most important parameters are given in 

Table 9.  

 

Fig. IV-22 Chosen current sensor [27] 
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Table 9: Technical Parameters of Current Sensor [27] 

Terminal Pin Identification 

𝑷𝒊𝒏 𝟏 𝑉𝑐𝑐 = + 5𝑉 

𝑷𝒊𝒏 𝟐 𝐺𝑟𝑜𝑢𝑛𝑑 

𝑷𝒊𝒏 𝟑 𝑂𝑢𝑡𝑝𝑢𝑡 [𝑉] 

𝑷𝒊𝒏 𝟒 𝑉𝑟𝑒𝑓 

𝑷𝒊𝒏 𝟓 𝐶𝑜𝑟𝑒 𝐸𝑎𝑟𝑡ℎ 

𝑷𝒊𝒏 𝟔 𝑁𝐶 

Electrical Data 

Characteristic Value Unit 

Primary current measuring range, 𝑰𝑷𝑴 ± 600 𝐴 

Reference Voltage, 𝑽𝒓𝒆𝒇 2.5 ± 0.024 𝑉 

Supply Voltage 𝑽𝒄𝒄 5.0 𝑉 

𝑽𝒐𝒖𝒕𝑴𝒂𝒙 5.0 𝑉 

General Data 

Ambient Operating Temperature,  𝑻𝑨 −40… . 85 °𝐶 
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BeagleBone Black: Integration of the Current Sensor (Code Libraries and Voltage-level 
shifting) 

In order to improve the stability of the output voltage 𝑉𝑜𝑢𝑡, it is required to solder capacitor 

between the pins of the current-sensor as shown by Fig. IV-23.  

As mentioned in Sec. 4.2.1BeagleBone Black: Code Environment and Libraries, the python 

library Adafruit_BBIO.ADC was used in order to use the BBB’s Analog-Input pins. It was also 

remarked that the maximum voltage allowed by the Analog Input pins is 1.8 V [12]. 

Nevertheless, the maximum output voltage 𝑉𝑜𝑢𝑡𝑀𝐴𝑋 from the current sensor is 5 V. 

Consequently, some kind of voltage step-down transformation between the sensor and the BBB 

was required. The solution proposed for this problem was the implementation of a voltage 

divider which is presented by Fig. IV-24. The design of the voltage divider took into 

consideration that a maximum voltage of 5 V (𝑉𝑜𝑢𝑡𝑀𝐴𝑋) needed to be transformed to a 

maximum voltage of 1.6 V after the voltage divider (0.2 V below the maximum voltage for the 

BBB analog-input pins). The voltage post the voltage divider decreases linearly with the 

measured current 𝐼𝑃𝑀. When the 𝐼𝑃𝑀 is 600 A, 0A and -600A the output voltage of the voltage 

divider 𝑉𝑉𝐷𝑖𝑣 will be 1.6 V, 0.8 V and 0 V respectively.  

 

Fig. IV-23 Stabilization of current sensor [27] 
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Figur IV-23 Voltage divider implemented on current sensor 

Calibration of The Sensor 

The calibration of the current censor is crucial in order to get the right value of the measured 

current. This procedure was done by measuring the output voltage of the sensor when it was 

measuring a dc-current provided from a variac while it connected to a 12 Ohms resistor. The 

variac in question had the name Power 3000 and had a maximum dc-current output of 2,5 A at 

20 V. The variac was equipped with a screen showing the amperes of the provided current 

which was also controlled by an external current multimeter. The used multimeter had the 

technical reference name: Fluke 85 Multimeter. As mentioned earlier, the sensor is capable of 

measuring primary (𝐼𝑃𝑀) currents between ±600 𝐴. In order to get a greater variation of 

currents to be measured and as consequence a greater of output voltages (𝑉𝑜𝑢𝑡) from the sensor, 

the conducting cable was coiled 13 times around the sensor. Also, in order to get a reference 

voltage (𝑉𝑟𝑒𝑓) value of 2.5 V a voltage divider was used having an input voltage of 3.3 V from 

a GPIO pin from the BBB. The laboratory set-up is shown by Fig. IV-25. The measured dc-

current from the variac was magnified 13 times (number of loops of the cable around the sensor) 

and the corresponding output-voltage values were measured. Afterwards, the equation for the 

sensor was obtained by using the polynomial-curve fit function available in MATLAB. The 

equation for the sensor was afterwards implemented for the reading of the of the phase current 
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𝐼𝑝ℎ𝑎𝑠𝑒 as a function of the current sensor’s output voltage 𝑉𝑜𝑢𝑡. The Measured current, output 

voltages and the calculated sensor equation are given in Fig. IV26. 

 

Fig. IV-24 measured values and tuning equation for the current sensor 

 

Fig. IV-25 Laboratory set-up for tuning of current-sensor 
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V. Module Configuration  

5.1  High Current and single leg module configuration  

As mentioned in Sec. 3.2, the rated current for the continuous drain current for each half-bridge 

SiC MOSFET module (CAS300M12BM2) is 423 A at a case temperature of 250 C [17]. 

Anyhow, the magnitude of the allowed continuous drain current 𝐼𝐷 decreases as the case 

temperature increases. By having a case temperature of 900C the allowed drain current has a 

value of 293 A  (DC) as shown by Fig. V-1. Due to the high levels of power expected to come 

from the TFPMSM generator, episodes with high case temperature and high phase currents are 

expected. Consequently, a value for a continuous drain current around 300 A has been adopted 

for each MOSFET module. The peak current expected to come from the TFPMSM generator 

has an amplitude around 509 A. Therefore, in order to have a switch-mode converter able to 

handle this high current levels, the configuration shown by Fig. V-2 has been adopted. 

 

 

Fig. V-1 Darin current characteristics of MOSFET module [17] 



70 
 

As shown by Fig. V-2, each MOSFET of the converter (A1, A2, B1 and B2) are reinforced with 

an extra MOSFET connected in parallel. Under the assumption that the inductances of the 

electrical connections are the same, then the phase current is going to be divided equally 

between the two MOSFETs. Therefore, by having a peak phase current of 509 A then the 

instantaneous 𝐼𝐷 current experienced for each of the MOSFET is 509
2

 A. The presented layout 

needs twice as many MOSFET modules and drivers. As shown in Fig. V-2, the Gate-Source 

switching signal coming from the hysteresis-band-current controller will be the same for each 

of the parallel-connected MOSFETs.  

 

Fig. V-2  Switch-mode converter for higher currents 

5.2  Heat sink: 

The internal temperature of power semiconductors is fundamental for their proper operation. 

The power dissipation in power semiconductors normally increases with the internal 

temperature, and the losses become excessively high even at temperatures of 2000𝐶 .Therefore, 

it is important to keep the junction temperature of the MOSFET modules within reasonable 

bounds. This is partly done by the manufacturer by having a low thermal resistance between 
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the interior of the device where the power is dissipated and the outside case enclosing the 

MOSFETs. Additionally, heat sinks can be used in order to reduce the junction temperature by 

cooling the MOSFETs. If the heat sinks are cooled by natural convection, the distance between 

each heat sink should be at least 10-15 mm. Also, a coating of black oxide results in a reduction 

of the thermal resistance by 25 %. Normally, the thermal time constant of a conventional heat 

sink is around 4-15 minutes.  If a fan is added into the system, the thermal resistance decreases 

and the sink can be made lighter and smaller. As a consequence of this, the thermal-time 

constant of force-cooled heat sinks is around 1 minute [9].The choice of a proper heat sink has 

been done by analyzing the thermal equivalent circuit of one SiC-MOSFET module as shown 

in Fig. V-3. The thermal resistance of the required heat sink was calculated as shown by (5.1). 

In (5.1)  𝑅𝑇ℎ,𝐺𝑟𝑒𝑎𝑠𝑒  is the thermal resistance of the cooling grease, 𝑅𝑇ℎ,𝑀𝑜𝑑𝑢𝑙𝑒 is the junction-

to-case thermal resistance for the SiC module, 𝑇𝑗,𝑚𝑎𝑥 is the highest allowable junction 

temperature, 𝑇𝑜𝑝𝑒𝑟𝑎𝑡𝑖𝑛𝑔 is the operating temperature and 𝑃𝑑𝑖𝑠𝑠𝑖𝑝𝑎𝑡𝑒𝑑 is the dissipated power for 

the SiC module. The calculations for the thermal resistance of the cooling grease 𝑅𝑇ℎ,𝑔𝑟𝑒𝑎𝑠𝑒 are 

given by (5.2) where 𝜎𝑇ℎ is the thermal conductivity of the cooling grease, 𝐴 is the contact area 

of the cooling grease and the module and 𝑙 is the thickness of the grease [9]. For the calculations 

of (5.3)-(5.5) the values of Table 10 were used. 

 

Fig. V-3 Thermal equivalent circuit of MOSFET module 
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Table 10: Parameters Heat-Sink Sizing calculations [16] 

𝑷𝒂𝒓𝒂𝒎𝒆𝒕𝒆𝒓 𝒗𝒂𝒍𝒖𝒆 

𝑻𝒋,𝒎𝒂𝒙 150 𝑜𝐶 

𝑻𝒐𝒑𝒆𝒓𝒂𝒕𝒊𝒏𝒈 20 0𝐶 

𝑹𝑻𝒉,𝑴𝒐𝒅𝒖𝒍𝒆 0.070   0𝐶/𝑊 

𝝈𝑻𝒉 1 W/mK 

𝑨 65,436 𝑐𝑚2 

𝒍 0.1 𝑚𝑚 

𝑹𝑫𝑺(𝒐𝒏) 7.7 𝑚Ω 

𝑰𝑫 506
2√2

   𝐴 

𝒇𝒔𝒘 6 𝑘𝐻𝑧 

𝑬𝒕𝒐𝒕𝑶𝑵−𝑶𝑭𝑭 12 𝑚𝐽 

 
     𝑅𝑇ℎ,𝐻𝑒𝑎𝑡𝑆𝑖𝑛𝑘 =

𝑇𝑗,𝑚𝑎𝑥 − 𝑇𝑎𝑚𝑏𝑖𝑒𝑛𝑡
𝑃𝑑𝑖𝑠𝑠𝑖𝑝𝑎𝑡𝑒𝑑

− 𝑅𝑇ℎ,𝑔𝑟𝑒𝑎𝑠𝑒 − 𝑅𝑇ℎ,𝑀𝑜𝑑𝑢𝑙𝑒 
(5.1) 

 
     𝑅𝑇ℎ,𝐺𝑟𝑒𝑎𝑠𝑒 =

𝑙
𝜎𝑇ℎ𝐴

 
(5.2) 

 𝑃𝑑𝑖𝑠𝑠𝑖𝑝𝑎𝑡𝑒𝑑 = 𝑃𝑜𝑛−𝑠𝑡𝑎𝑡𝑒−𝑙𝑜𝑠𝑠𝑒𝑠 + 2𝑃𝑠𝑤𝑖𝑡𝑐ℎ𝑖𝑛𝑔 (5.3) 
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It was shown that the required thermal resistance of the heat sink for one module in this 

application was strongly related to the size thickness of the applied thermal paste. The chosen 

heat sink for for each module was the model 12VDC, LA12V Fischer Elektronik with an 

integrated fan. This model is an active cooling heat sink with an included fan and has a thermal 

resistance 𝑅𝑇ℎ,𝐻𝑒𝑎𝑡𝑆𝑖𝑛𝑘= 0.17  𝑜𝐶/W [28]. The required thermal resistance of the heat sink as a 

function of the thickness of the thermal grease and the thermal resistance of the chosen heat 

sink are shown by Fig. V-4. By observing Fig. V-4, it can be deduced that the thickness of the 

thermal paste must be less than 0.8 mm in order to use the chosen heat sink.  

 

Fig. V-4Thermal resistance as a function of thermal grease thickness 

 𝑃𝑜𝑛−𝑠𝑡𝑎𝑡𝑒−𝑙𝑜𝑠𝑠𝑒𝑠 = 𝑅𝐷𝑆(𝑜𝑛)𝐼𝐷2  

 

(5.4) 

    𝑃𝑠𝑤𝑖𝑡𝑐ℎ𝑖𝑛𝑔 =  𝑓𝑠𝑤𝐸𝑡𝑜𝑡𝑂𝑁−𝑂𝐹𝐹 (5.5) 
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5.3 Snubber circuit 

The main idea of including a snubber circuit is to protect the MOSFETs by improving the 

switching trajectory. This is done by the analysis of three different types of snubber circuits: 

Turn-off, Overvoltage and Turn-on snubbers. The necessity of having snubbers arises from the 

fact that during the turn-off the voltage across the MOSFET starts to rise having a final value 

of 𝑉𝑑,but the drain to source current remains initially almost the same. The current starts to 

decrease when the anti-parallel diode starts to conduct. During the turn-on of the MOSFET, the 

drain to source current begins to rise and the voltage seen by the MOSFET doesn’t drop to zero 

directly. This means that during the turn-on and turn-off processes the MOSFET experiences 

both high currents and high voltage simultaneously resulting in high stresses and high power 

dissipation. The turn-off turn-on process is shown in Fig. V-5 where the dotted line represents 

the ideal process [9].  

 

Fig. V-5 Switching procedure of MOSFET [9] 

Turn-off Snubber 

the idea of a turn-off snubber is to provide a zero voltage across the MOSFET while the current 

decreases. This is done by connecting a RCD across the MOSFET as shown by Fig. V-6. Prior 

to turn-off, the drain to source current is 𝐼0 and the voltage across MOSFET is essentially 0. At 

turn-off in the presence of this snubber, the drain to source current decreases with a constant 

𝑑𝑖/𝑑𝑡 and the current (𝐼0 − 𝑖𝑐) flows into the capacitor trough the diode 𝐷𝑠. The presence of 
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the capacitor allows to avoid the initial situation of having a large currents and voltages. The 

importance of the size of the capacitor and how it influences the turn-off trajectory has been 

depicted in Fig. V-7 where the desired capacitance is denoted by 𝐶𝑠1. During the turn-on process 

the stored energy will be dissipated in the resistor [9].  

 

Fig. V-6 Turn-off Snubber [9] 

 

Fig. V-7 Effect of capacitor on tur-off snubber [9] 

Overvoltage Snubber 

 A common phenomenon is to have over-voltages across the MOSFET as a consequence of 

stray inductances. These over-voltages can be minimized by having the overvoltage snubber 

circuit. This snubber has been exemplified on a step-down converter as shown in Fig. V-8. 

Initially the MOSFET is conducting and the voltage 𝑣𝐶,𝑂𝑉 across the over-voltage capacitor 

equals 𝑉𝑑. During the turn-off process, the current through 𝐿0 is 𝐼0 when the MOSFET drain to 

source current decreases to zero and the diode 𝐷𝑓 is conducting.  During this stage the energy 
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stored in the stray inductances is transferred to the overvoltage  Δ𝑉𝐶𝐸 across the MOSFET and 

the equation (5.6) can be deduced. As it can be observed in by choosing a proper overvoltage 

capacitor then the overvoltage Δ𝑉𝐶𝐸 can be minimized [9].  

 

Fig. V-8 Overvoltage snubber [9] 

 𝐶𝑂𝑉Δ𝑉𝐶𝐸,𝑚𝑎𝑥2

2
=
𝐿0𝐼02

2
 

(5.6) 

Turn-On Snubber 

 This kind of snubber is used in order to reduce turn-on switching losses at high switching 

frequencies and for limiting the maximum diode reverse recovery current. This is achieved by 

lowering the voltage across the MOSFET as the current builds-up. The circuit of the turn-on 

snubber is exemplified while it is connected to a step-down converter as shown in Fig. V-9. 

The reduction of the voltage is given by equation (5.7) where 𝑡𝑟𝑖 is the current rise time [9]. 

 Δ𝑉𝐶𝐸 =
𝐿𝑠𝐼0
𝑡𝑟𝑖

 
(5.7) 
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Fig. V-9 Turn-on snubber circuit [9] 

Undeland Snubber:  

These three different types of snubbers (turn-off, overvoltage and turn-on) can be combined 

into one single snubber which is a known as the Undeland snubber [9]. During the spring of 

2016 Gustav Falk made the calculations for the parameters an Undeland snubber that was going 

to be implemented in one leg of the switch-mode converter [4]. 

 

Fig. V-10 Undeland snubber [4] 
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The calculations were done under the assumption of having 𝑉𝐷𝐶 = 660𝑉, 𝐼𝐷 = 44𝐴,

Δ V𝐷𝑆,𝑜𝑓𝑓𝑚𝑎𝑥 = 100 𝑉. The obtained values for the component are summarized in table 11. 

Table 11: Values for The Designed Undeland Snubber 

Component Value Part of: 

𝑳𝟏 135 𝑛𝐻 Turn-on snubber 

𝑹𝟒 2,2 Ω Turn-on and Overvoltage snubber 

𝑪𝟏, 𝑪𝟐 633 𝑝𝐹 Turn-off snubber 

𝑹𝟏, 𝑹𝟐 75 Ω Turn-on snubber 

𝑪𝟒 100 𝑛𝐹 Overvoltage capacitor 

Implemented Snubber Solution 

During the initial stage of construction of the switch-mode converter, it was decided to start 

utilize an over-voltage capacitor instead of the designed Undeland snubber. The chosen 

capacitor was a 330 pF film-capacitor connected in parallel with each of the converter leg as 

shown by Fig. V-11 [19]. The main reason for this decision was that it is a simpler solution and 

the available time was limited. Nevertheless, it is of interest to analyze the benefits of the 

Undeland snubber with respect to the overvoltage capacitor.  
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Fig. V-11 Implemented overvoltage capacitor 

VI.  Dc-Link: 

This section attempts to give a theoretical review for the construction of the DC-link structure 

of the converter. The first par Sec. 6.1 Inductance Reduction, explains the methodology used to 

achieve a reduction of the inductances in the connections between the MOSFET modules and 

the 𝑉𝑑𝑐 side. The second part Section 6.2 Capacitor Sizing, explains how the sizing of the dc-

link capacitor was done and how the lab set-up for the three-phase converter is expected to be 

constructed.  

6.1 Inductance Reduction (copper plates bus) 

In order to reduce the risk for overvoltages when the MOSFET pairs are switched, it was 

perceived  as necessary to reduce the inductance between 𝑉𝑑𝑐 connection of the modules. The 

mention 𝑉𝑑𝑐 connections are the openings 3 and 2 for each MOSFET module as shown Fig. VI-

1. The connections are between the modules but also between the modules and the dc-side of 

the converter. 
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Figur VI-1Schematic of the MOSFET module openings [17] 

Inductance can be explained by considering two neighboring closed loops, C1 and C2 bounding 

the surfaces S1 and S2 as shown by Fig. VI-2. The current 𝐼1  is flowing in the loop C1 and 

creates a magnetic field 𝑩𝟏. A part of the magnetic flux from the created magnetic field 𝑩𝟏, 

will link loop C2 generating the mutual magnetic flux Φ12 shown by (6.1) [29].  

 

Fig. VI-2 Schematic for inductance 
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    Φ12 = ∫ 𝑩𝟏
 

𝑺𝟐
∙ 𝑑𝑺𝟐 (6.1) 

From Biot-Savart’s law it is known that the created magnetic field 𝑩𝟏 is proportional to 𝐼1. 

Therefore, the mutual flux Φ12 is also proportional to the current 𝐼1. The proportionally constant 

is known as the mutual inductance and is given by (6.2) where N is the number of turns (N=1 

in this case). The mutual inductance between two circuits can be interpreted as the magnetic 

flux linkage with one circuit per unit current in the other [29].  

      𝐿12 = 𝑁
𝛷12
𝐼1

 (6.2) 

Some of the magnetic 𝑩𝟏 flux produced by the current 𝐼1links only the loop C1 itself and creates 

the magnetic flux 𝛷1. The size of the magnetic flux is also proportional the size of the current 

and the proportionality constant is known as the self-inductance given by (6.3) [29].  

 𝐿11 = 𝑁
𝛷1
𝐼1

 (6.3) 

A conductor shaped in a convenient way to supply a certain amount of self-inductance is known 

as an inductor. Just as a capacitor is capable of storing electric energy, an inductor stores 

magnetic energy. Therefore, self-inductance is a reference for the amount of magnetic energy 

capable to be stored and it is what normally is referred as inductance if no adjectives included. 

The total self-inductance is the sum of internal self-inductance 𝐿𝑖 and external inductance 𝐿𝑒. 

The internal self-inductance 𝐿𝑖, arises from the internal magnetic flux coming from the 

conductor under analysis. The external inductance 𝐿𝑒 comes from the linkage of the magnetic 

flux that exists between the conductor being analyzed and outer conductors [29].  

Initially, the 𝑉𝑑𝑐 connections (opening 3 and opening 2 of the modules) were analyzed under 

the assumption that cables would be used as conductors to make the connections. The schematic 

is shown by Fig. VI-3 where one of the cable has a current flowing is a positive y-direction 

while the other cable has the same current flowing in the opposite y-direction. The cables have 

the radius r and are placed at a distance d from each other. The total self-inductance per unit 
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length according to [29], for this arrangement is given as the sum of the internal self-inductance 

(per length) and the external inductance (per length) as shown by (6.4) where 𝜇0 is assumed to 

be the air permeability constant equal to 4𝜋10−7 𝐻/𝑚   (𝜇𝑎𝑖𝑟 ≈ 1).  Under the assumption that 

𝑉𝑑𝑐 connections require cables with a radius of 0.7 cm and are placed in parallel 2 cm from each 

other, then the total self-inductance is equal to 5,2 𝜇𝐻/𝑚. 

 

Fig. VI-3 Inductance calculation for parallel lines 

 
 𝐿′ =

𝜇0
𝜋
(
1
4
+ ln (

𝑑
𝑟
))       [

𝐻
𝑚
] 

(6.4) 

Different possibilities aiming to reduce the inductance at the 𝑉𝑑𝑐 connections are possible. The 

most interesting of the solutions due to its simplicity was to replace the cables by parallel-plates 

terminals. This solution consists of two parallel conduction plates separated by a dielectric slab 

of a uniform thickness as shown by Fig. VI-4. According to the analysis of the electro-magnetic 

characteristics for this set-up done by [29], the total self-inductance per length-unit for the 

parallel-plates terminals is given by (6.5). In equation (6.5) w is the plate width, d is the distance 

between the plates and 𝜇 is the permittivity constant of the dielectric material. The permeability 

constant is defined as 𝜇 = 𝜇𝑟𝜇0 where 𝜇𝑟 is the relative permittivity constant for the material. 
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    𝐿′ =  𝜇

𝑑
𝑤
       [

𝐻
𝑚
] 

(6.5) 

The chosen dielectric material was the insulation paper Nomex 410. The chosen thickness of 

the insulation paper for the analysis of the described solution was 0.25 mm. The isolation paper 

is rated for 33 kV per mm [30]. By having a thickness of 0.25 mm and assumning for relative 

permeability to be 𝜇𝑟 = 1.0 , the width w to be 1 meter and the separation between the plates d 

to be 0.25 mm, the inductance per per length unit calculated by (6.5) was equal to 3.15 𝑛𝐻/m.  

As shown, the parallel plates reduced the inductance by a factor of 1000. Therefore, this solution 

was chosen for the construction of the converter and the connections of the 𝑉𝑑𝑐. The layout for 

a single phase converter, with the arrangement of two MOSFET modules per single leg and the 

parallel plates 𝑉𝑑𝑐 connections is shown by Fig. VI-5 and Fig. VI-6 [19]. 

 

Fig. VI-4 Inductance of parallel plates 
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Fig. VI-5 View of switch-mode converter with parallel plates [19] 

 

Fig. VI-6 View of dc-link of switch-mode converter [19] 

 



85 
 

6.2 Capacitor Sizing  

The choice of dc-link capacitor is partly based on the study the ripple current that the dc-link 

capacitor will experience. In order to determine the right size of capacitance, the ripple current 

experienced by the dc-link capacitor has been determined when all the three single-phase-

switch-mode converter are connected to the dc-link. After determining the ripple current at the 

dc-link, a proper capacitor was chosen and the size of the capacitance was calculated. The 

number of required capacitor needed to achieved the required capacitance was calculated in 

two different ways: 

1) The capacitor size was determined under the assumption that all the power will pass 
through the dc-link with no external connection to any compensation feeder. 
 

2) An external feeder was connected in parallel with the dc-link aiming to compensate the 
electrical losses of the TFPMSM and reduce the required size of dc-link capacitance.  

 
 
 
Ripple Current: Three phase-machine: 

The capacitor must be able to handle the ripple current coming from the discussed arrangement 

as shown in Fig. VI-7. The power flow in the dc-link is given by equation (6.6) Where 𝑃𝑜𝑢𝑡 =

𝜂𝑔𝑒𝑛𝑒𝑟𝑎𝑡𝑜𝑟/𝑚𝑜𝑡𝑜𝑟𝑃𝑖𝑛 and 𝑃𝑖𝑛 = 𝑃𝑟𝑎𝑡𝑒𝑑. Under the assumption that the rated powers of the 

generator and motor are 300 kW, efficiencies of both the generator and the motor are 0.98 and 

the power dissipated by each MOSFET power module is 640 W (24 modules in total) then the 

power in the capacitor of the dc-link is given by equation (6.7) [31].  

 

Fig. VI-7 Schematic for power flow in dc-link 
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  𝑃𝑖𝑛 = 𝑃𝑐 + 𝑃𝑜𝑢𝑡 (6.6) 

  𝑃𝐶 = (1 − 𝜂𝑔𝑒𝑛𝑒𝑟𝑎𝑜𝑡/𝑚𝑜𝑡𝑜𝑟)2𝑃𝑟𝑎𝑡𝑒𝑑 + 𝑃𝑚𝑜𝑑𝑢𝑙𝑒𝐿𝑜𝑠𝑠𝑒𝑠 

 

(6.7) 

 

  

 

 𝜂𝑔𝑒𝑛𝑒𝑟𝑎𝑡𝑜𝑟/𝑚𝑜𝑡𝑜𝑟 = 0.98 

 

(6.8) 

 

    𝑃𝑚𝑜𝑑𝑢𝑙𝑒𝐿𝑜𝑠𝑠𝑒𝑠 = 24 ∙ 640 𝑊  

 

(6.9) 

 

 By having the power passing through the capacitor, the RMS value of the ripple current seen 

by the capacitor can be obtained under the assumption that the dc-link voltage is given by 

𝑉𝐷𝐶=1000 V as shown by (6.10). Anyhow, it is important to mention that (6.10) is used as a 

rough estimate of the expected current ripple. The actual ripple current will be determined by 

factors such as the switching speed of the single-phase converter and the sum of ripple currents 

from the different phases. Therefore, the presented ripple current given by (6.10) must be taken 

with a pinch of salt. 

  𝐼𝑟𝑖𝑝𝑝𝑙𝑒,𝑅𝑀𝑆 =
𝑃𝑐
𝑉𝐷𝐶

= 27.36 𝐴 (6.10) 

Choice of Capacitor 

After analyzing the level of the ripple current and the chosen dc-voltage level, the capacitor 

Electronic Concepts Unlytic Type UL30S, 150 𝜇𝐹 +-10%, 1000 VDC was chosen. The 

characteristics of this capacitor are shown by Table 12. The layout of the dc-link capacitance 

was determined after analyzing the required capacitance at the dc-link with and without an 

external feeder. Since the RMS value of the ripple current is 27.36 A, the capacitor is at the 

boundary case for the allowed ripple current. Also, the given ripple current values in Table 12 

are given at a frequency of 44 kHz and this RMS-value should be less at lower frequencies [31]. 

By comparing the ripple current of the same series tested at lower switching frequency, the 

allowed ripple current decreased but not in a dramatic manner.    Nevertheless, the RMS ripple 

current of the capacitor will be increase by connecting the capacitors in parallel as shown in 

Fig. VI-8. This connection will also increase the size of the dc-link capacitance.  
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Table 12: Technical Characteristics of Capacitor:  

EC Part Number UL30BL0150 [32] 

Parameter Value 

𝑽𝒅𝒄 1000 [V] 

𝑪𝒂𝒑𝒂𝒄𝒊𝒕𝒂𝒏𝒄𝒆, 𝑪𝟏 150 𝜇𝐹 

𝑰𝒓𝒊𝒑𝒑𝒍𝒆,𝑹𝑴𝑺 36.4 𝐴 @ 250𝐶, 30.3 𝐴 @ 50𝑜𝐶, 22.6 𝐴 @ 75𝑜𝐶   

𝑰𝒑𝒆𝒂𝒌 2220 A @44kHz [A] 

𝑭𝒓𝒆𝒒𝒖𝒆𝒏𝒄𝒚 44 𝑘𝐻𝑧 

 

 

Fig- VI-8 Dc-link layout 

  𝐶𝑡𝑜𝑡 = 𝐶1 + 𝐶2 + ⋯+ 𝐶𝑁 (6.11) 

  𝐼𝑅𝑀𝑆,𝑡𝑜𝑡 = 𝑁𝐼𝑟𝑖𝑝𝑝𝑙𝑒,𝑅𝑀𝑆 

 

(6.12) 
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No External Feeder 

Under the assumption that all the power coming from the switch-mode converter will be 

rectified by the dc-link capacitor, the following method has been used in order to determine the 

size of the capacitor. Assuming an ideal monochromatic wave, the translator will experience a 

sinusoidal motion as shown by equation (6.13) caused by the wave having an amplitude d.  

Assuming that there is no flux linking the coils occurs at x=0, the variation of the flux as a 

function of time is given by (6.14) [5].  

 
   𝑥(𝑡) =

𝑑
2
sin (𝜔𝑡) 

(6.13) 

 
∅(𝑡) = ∅̂ sin (

2𝜋
𝜆
𝑥(𝑡)) 

 

(6.14) 

The induced voltage (EMF) in accordance with Faraday’s law is given by (6.15). The peak 

phase-voltage of the induced EMF is given by (6.16). In the other phases the induced voltages 

are displaced 120 electrical degrees from each other. In order to obtain the maximum power, 

the phase currents must be in phase with the induced EMF [5]. Therefore, hysteresis-band-

current controller is used and the phase currents follow the same waveform as the EMF as 

shown by (6.18). 

 
    𝐸𝑗(𝑡) = 𝑁

𝑑∅
𝑑𝑡

= �̌� cos(𝜔𝑡) cos (
𝜋𝑑
𝜆
𝑠𝑖𝑛(𝜔𝑡) + 𝑗

2𝜋
3
) , 𝑗 = 1,2,3 

(6.15) 

 
 �̌� = 𝑁∅̂𝜔𝜋

𝑑
𝜆
  

 

(6.16) 

 
�̂�𝑒 =

2𝜋
𝜆
(
𝑑𝑥
𝑑𝑡
)
𝑚𝑎𝑥

= 𝜋𝜔
𝑑
𝜆

 

 

(6.17) 

 
𝑖𝑟𝑒𝑓(𝑡) = 𝐼 cos(𝜔𝑡) cos (

𝜋𝑑
𝜆
𝑠𝑖𝑛(𝜔𝑡) + 𝑗

2𝜋
3
) , 𝑗 = 1,2,3 

 

(6.18) 
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The instantaneous power for each phase are given by (6.19) and are displaced 120 electrical 

degrees from each other. The total instantaneous power from the generator into the dc-link is 

the sum of the powers for the three phases (j=1,2,3) given by (6.20). Notice that as shown by 

Fig. VI-9 the power flow is unidirectional from the generator to the dc-link. Under the 

assumption that the translation of the generator is an integer multiple of the magnetic 

wavelength, then the average power into the dc-link is obtained by integrating (6.20) as shown 

by (6.21). The average of the power of a single phase is given by (6.22) [5]. In (6.25) it is shown 

that the extracted power has a cyclical fluctuation at twice the frequency of mechanical 

oscillation from (6.20) and (6.21) [5]. 

 
𝑝𝑗(𝑡) = �̌�𝐼 cos2(𝜔𝑡) cos2 (

𝜋𝑑
𝜆
𝑠𝑖𝑛(𝜔𝑡) + 𝑗

2𝜋
3
) , 𝑗 = 1,2,3 

 

(6.19) 

   𝑝𝑖(𝑡) = 𝑝1(𝑡) + 𝑝2(𝑡) + 𝑝3(𝑡) =
3
2
�̌�𝐼 cos2(𝜔𝑡) 

 

(6.20) 

   𝑃𝑖 =
3
4
�̌�𝐼 

 

(6.21) 

 
𝑃1∅ =

�̌�𝐼
4

 
(6.22) 

 𝐼𝑝ℎ𝑎𝑠𝑒,𝑅𝑀𝑆 =
𝐼
2
             𝐸𝑅𝑀𝑆 =

�̌�
2
 (6.23) 

 𝑝𝑖(𝑡) = 𝑃𝑖(1 + cos(2𝜔𝑡)) (6.24) 

The value of the capacitance necessary in order to absorb the energy pulsations at twice the 

mechanical frequency, can be calculated by analyzing the instantaneous power flow into the 

capacitor. The circuit shown Fig. VI-9 results in equation (6.25) showing the instantaneous 

power received by the capacitor. The constant output power 𝑃𝑜 must be the same as the average 

generated power in order to avoid any net cyclic gain in the dc-link voltage. Therefore, 𝑃𝑜 is 

given by (6.26) [5]. 
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Fig. VI-9 Dc-link instantaneous power flow 

 𝑝𝑐(𝑡) = 𝑝𝑖(𝑡) − 𝑃𝑜 (6.25) 

 𝑃𝑜 = 𝑃𝑖 =
3
4
�̌�𝐼 

 

(6.26) 

By manipulating (6.24), (6.25) and (6.26) equation (6.27) is obtained. Equation (6.27) is 

afterwards integrated with respect to time having t=0 as an staring point, in order to obtain the 

capacitor voltage at any time giving (6.28). In equation (6.28), �̅�𝑐 is the average capacitor 

voltage which is the same as the voltage when t=0.  

 

𝐶 𝑑𝑣𝑐(𝑡)
𝑑𝑡

𝑣𝑐(𝑡) = 𝑃𝑜(1 + cos(2𝜔𝑡)) − 𝑃𝑜Æ  

𝑣𝑐(𝑡) = √�̅�𝑐2 +
𝑃𝑜
𝜔𝐶

sin (2𝜔𝑡) 

(6.27) 

 

(6.28) 

The peak-to-peak voltage voltage ripple is given by (6.29) and obtained by having the 

maximum and minimum instantaneous voltages. The size of the capacitor can then be deduced 

for a known generated power, known mechanical frequency, known capacitor set point and 

desired voltage ripple as shown by (6.30). The values used in order to determine the size of the 

dc-link capacitor are given in Table 13. 
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∆𝑉 = √�̅�𝑐2 +

𝑃0
𝜔𝐶

 − √�̅�𝑐2 −
𝑃0
𝜔𝐶

   
(6.29) 

   𝐶 =
2𝑃𝑜

𝜔Δ𝑉√4�̅�𝑐2 − Δ𝑉2 
 (6.30) 

Table 13: Values for the Capacitor Calculations 

Parameter Value 

Peak phase-current �̌� 506 [A] 

Peak phase-voltage �̌� 300 [V] 

Mechanical oscillation frequency 𝝎 2𝜋0.8 rad/sec 

Desired voltage ripple 𝚫𝑽 200 (20 %) [V]  

Voltage set point �̅�𝒄 1000 [V] 

 

Under the assumption that the rated power for the machine (300 kW) was used in order to 

determine the dc-link capacitance, then the required capacitance is 300 mF (2000 capacitor of 

the kind UL30S 150 𝜇𝐹). This is of course a really expensive solution. Therefore, an external 

feeder has been analyzed in order to reduce the required required number of capacitors. Anyhow 

this method is of relevance under the simulations of active rectifier with hysteresis-band-current 

controller showed in Sec. 4.1. For the values presented in Table 6, the calculated capacitance 

of 300 𝑚𝐹 was simulated during 0.5 seconds. The capacitor voltage is shown by Fig. VI-10. 

This is a proper method for the experimentation of the switch-mode converter at tested at low 

rated power from the TFPMSM.  
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Fig. VI-10 Rectified dc-link voltage 

External Feeder: 

The incorporation of the external feeder is shown by Fig. VI-11. The main function of the feeder 

is to maintain the voltage across the dc-link capacitor at the pre-determined 𝑉𝑑𝑐 level reducing 

the voltage ripple while the ripple of the current is handled by the capacitor 𝐶. Also, the feeder 

will supply the losses from the whole system which will vary with respect to the mechanical 

frequency and power. The layout of the capacitor connection is shown by Fig. VI-12 having 8 

capacitors Electronic Concepts Unlytic Type UL30S connected in parallel as shown in Fig. VI-

12 having a total capacitance of 1,2 mF.  
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Fig. VI-11 dc-link with external feeder compensation 

 

 

Figur VI-12 Dc-link layout with external feeder compensation 

VII.  Measurements 

In order to control the construction and design of the switch-mode converter, the single-phase 

converter was tested as an inverter and as a rectifier with PF-correction. The details for the 

converter tested as an inverter are given by Sec. 7.1. In the case of the converter operating as a 

rectifier with PF-correction, it was shown that the execution of the code implementedted in the 

BBB had a sampling frequency for the measuring of the phase current below an acceptable 

level. This resulted to be a hazard and the test of the switch-mode inverter as a rectifier with 

PF-corrected was avoided until a proper solution to this problem is on place. The measurements 

of the measured phase current of the BBB are explained and given in Sec. 7.2. 
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7.1  Measurements having the switch-mode converter as 

an inverter  

The switch-mode converter was tested as a inverter by having a constant 𝑉𝑑𝑐 input voltage of 

40 V. The dc-voltage was provided by the variac with the reference name Power 3000. The 

converter as an inverter was tested by having an open-circuited ac-side (no load) and also by 

having a 24 Ω resistive load. The MOSFETs of the switch-mode converter as an inverter were 

switched by using unipolar PWM modulation accordantly to the presented theory given at Sec. 

2.21. The laboratory set-up for these experiments is shown by Fig. VII-1. 

 

Fig. VII-1 Laboratory set-up for switch-mode converter tested as inverter 
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Open-circuited ac-side  

The input dc-voltage and voltage across the ac-terminals of the switch-mode converter 

operating as an inverter with no load connected is shown by Fig. VII-2. The implemented 

amplitude and frequency modulation ratio 𝑚𝑎 and 𝑚𝑓 were equal to 1 and 25 respectively. The 

control signal control signal for was 𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 = sin (2𝜋50𝑡) . The switching signals for the 

MOSFETs A1 and A2 are shown by Fig. VII-3 and the switching signals for the MOSFETs B1 

and B2 are shown by Fig. VII-4.  

 

Fig. VII-2 Inverted voltage and input dc-voltage with no loads connected 



96 
 

 

 

Fig. VII-3 Gate-Source MOSFET drivers signals A1 and A2 for test with no load 
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Fig. VII-4 Gate-source MOSFET drivers signals B1 and B2 for test with no load 

Inverter Supplying a 24 𝛀 Resistor 

The input dc-voltage and voltage across the ac-terminals of the switch-mode converter 

operating as an inverter supplying a 24 Ω resistor is shown by Fig. VII-5. The implemented 

amplitude and frequency modulation ratio 𝑚𝑎 and 𝑚𝑓 were equal to 1 and 25 respectively. The 

control signal control signal for was 𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 = sin (2𝜋50𝑡).  
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Fig. VII-5 Inverted output voltage and input dc-voltage 

7.2  Measurements having the switch-mode converter as a 

rectifier with PF-correction  

In order to check the sampling frequency of the current sensor utilization on the BBB nn ac-

voltage source with a voltage amplitude of 24V and a frequency of 50 Hz was connected to a 

24 Ω resistor. The generated ac-current and the measured values are shown by Fig. VII-6. The 

sampling frequency of the BBB was shown to be 450 Hz. This low sampling frequency was 

expected to result in uncontrolled increments of the phase current which jeopardized the ripple 

current expected to be experienced by the dc-link capacitor. 
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Fig. VII-6Sampled values by BeagleBone Black and test ac-current 

VIII. Discussion and Conclusions   

Switch-Mode Converter as Inverter 

The results obtained from the experiments of the switch-mode converter operating as inverter 

showed positive results regarding the signal generation from the BBB to the MOSFETs, 

electrical connections between the MOSFETs and dc-link copper plates and PWM technique. 

The execution of the inverter experiment showed that the signal generation from the BBB, the 

operation of the Voltage-level translator and the RC-filter accomplished the generation of the 

switching signals to the MOSFET drivers. Also, the switching of the MOSFET were electrically 

tested by having a dc-voltage and a flow of electric power. No case of short-circuit in any of 

the converter legs were detected suggesting that the application of the blanking time was 

executed properly. Furthermore, the electrical connections between the MOSFET modules and 
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the dc-link copper plates operated properly and the insulation provided by the NOMEX 

insulation paper showed no problems. Also, it was possible to observe the proper behavior of 

the unipolar PWM strategy having the unfiltered inverted voltages varying between  𝑉𝑑𝑐 , 0 and 

−𝑉𝑑𝑐.  

Nevertheless, some important remarks are needed to be done. By observing the Fig. VII-2 and 

Fig. VII-5 the unfiltered inverted voltages get wider the closer the pulses are to the amplitude 

of its fundamental. During the each quarter of period, the inverted voltages remain for a long 

time at either 𝑉𝑑𝑐 or −𝑉𝑑𝑐. According to [9], this a common sign of over-modulation cause by 

having an amplitude modulation ratio 𝑚𝑎 greater than 1 but less than 10. Over-modulation 

increases the content of harmonics which affects the size of the filters required for obtaining a 

clean inverted voltage from the fundamental-frequency component. More important, with over-

modulation, the amplitude of the fundamental-frequency component does not vary linearly with 

the amplitude modulation ratio. In the code used for the implementation of the inverter, the 

given amplitude modulation ratio was equal to 𝑚𝑎 = 1. Anyhow, by observing the output 

voltages it would be interesting to reduce the amplitude of the control signal 𝑣𝑐𝑜𝑛𝑡𝑟𝑜𝑙 in the 

code in order to reduce 𝑚𝑎. Regarding the switching frequency of the inverter, it is important 

to remark that the observed switching frequency was equal to 700 Hz but the proposed 

frequency modulation ratio 𝑚𝑓  was equal to 25 attempting to impose a switching frequency of 

1250 Hz. The low switching frequency is partly a consequence of the over-modulation but when 

higher values of  𝑚𝑓 were tried, the switching frequency did not increase which can be seen as 

an indication of a slow operation of the BBB. 

Switch-Mode Converter as Rectifier with Hysteresis-Band-Current Controller 

As it is possible to observe in Fig. VII-6, the BBB’s sampling frequency of the current measured 

by the sensor was around 500 Hz. Furthermore, when the current sensor was integrated in the 

code for the implementation of the hysteresis-band-current controller (see Appendix) the 

switching frequency to a value around 400 Hz. Due to this low switching frequency, the slope 

of the phase current was expected to increase uncontrolled and jeopardize dc-link capacitor by 

having ripple current beyond the acceptable limits. High and uncontrolled changes on the phase 

current were seen as a hazard and possible to result in an explosion of the dc-link capacitor and 

due to lack of time no further experiments were done. The effect of the switching frequency on 

the phase-current changes and therefore the health of the dc-link capacitor can be analyzed by 
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(7.1). If Euler’s forward method is applied on (7.1) the equation (7.2) is obtained where h is the 

time step. By having the ripple current analyzed in a worst-case-scenario with bipolar PWM-

technique (meaning that the phase voltage seen by the rectifier is 𝑉𝑑𝑐 or −𝑉𝑑𝑐 increasing the 

slope of the current) by using (7.2) and having the values given by Table 14, the results showed 

in Table 15 was obtained. As shown by Table 15, considerable improvements on reduction of 

the ripple current are possible to achieve for the single-phase converter by increasing the 

switching frequency. The achieved switching frequency when the current sensor was integrated 

into the hysteresis-band-current controller was too low. Therefore, significant improvements 

are necessary in order to ensure a safe operation of the switch-mode converter and don’t hazard 

the dc-link capacitor.  

Table 14: Parameters for Estimation of Ripple Current  

in Single-Phase Converter 

Parameter Value 

Switching frequency  𝒇𝒔𝒘 6 kHz and 20 kHz 

Synchronous 𝑹𝒔 2.2 𝑚Ω 

Synchronous inductance 𝑳𝒔 [4 𝑚𝐻 8 𝑚𝐻 14 𝑚𝐻] 

𝑬𝑴𝑭 300 cos(2𝜋0.7𝑡) cos ( 2𝜋
0.11

𝑠𝑖𝑛(2𝜋0.7𝑡)) [A] 

𝑰𝒓𝒆𝒇 150 cos(2𝜋0.7𝑡) cos (
2𝜋
0.11

𝑠𝑖𝑛(2𝜋0.7𝑡)) [𝐴] 

𝑰𝒓𝒆𝒇±𝑩𝟏 0.1 [A] 

Mechanical frequency 𝝎𝒎𝒆𝒄𝒉 0.8 [rad/sec] 

Dc-link Voltage 1000 [V] 
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𝐿𝑠
𝑑𝑖𝑝ℎ𝑎𝑠𝑒(𝑡)

𝑑𝑡
= −𝑖𝑝ℎ𝑎𝑠𝑒(𝑡)𝑅𝑠 + 𝐸(𝑡) − 𝑉𝑝ℎ𝑎𝑠𝑒(𝑡) 

(7.1) 

 
𝐼𝑝ℎ𝑎𝑠𝑒,𝑁+1 = 𝐼𝑝ℎ𝑎𝑠𝑒,𝑁 (1 −

ℎ𝑅𝑠
𝐿𝑠
) +

ℎ
𝐿𝑠
(𝐸𝑝ℎ𝑎𝑠𝑒,𝑁 − 𝑉𝑝ℎ𝑎𝑠𝑒,𝑁) 

(7.2) 

 

Table 15: Simulation Results for Ripple Current of  

Single-Phase Converter 
Switching frequency Biggest ripple (Pk to Pk) Ripple current RMS 

6 kHz 152.1 A 29.3 A 

20 kHz 45.4 A 8.61 A 

 

Moreover, by observing the results obtained by the simulation of hysteresis controller in 

Sec.4.2.1, before the incorporation of the current sensor, it was noticed that the average 

switching frequency was between 3 and 4 kHz. This switching frequency is low in comparison 

with values expected to be implemented on MOSFETs [9]. This low switching frequency is 

expected to cause a high harmonic content of low frequency harmonics of the hysteresis-

controlled phase current. Anyhow, the content of harmonics will decrease by the adding a low 

pass filter with the design recommendations specified by [4]. By having a high content of low-

frequency harmonics the required size of the filter components increases which also aggregates 

complexity to its construction.  From these simulations it was also possible to observe an 

applied blanking time of 10 𝜇𝑠. The applied blanking time was about 10 times the 

recommendation of around 1 𝜇𝑠 given by [9]. An unnecessary long blanking time results in a 

greater distortion by increasing the content of odd harmonics. The application of the blanking 

time was done by utilizing the minimal possible time it required for the BBB to read one line 

of code containing a command from the python library Time. This means that the applied 

blanking time as well as the switching frequency also depends on the runtime of the line of 

code.  
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Conclusions 

Regarding the physical construction of the switch-mode converter it can be concluded that the 

connection between the BBB, Voltage-level translator, RC-filter, drivers and MOSFET 

modules operated properly. Also, the provided insulation by the NOMEX paper and the 

connections between the MOSFETs and the 𝑉𝑑𝑐 terminals worked correctly.  

An important conclusion for the switch-mode converter operating as rectifier with power factor 

correction, is that the runtime of the code implementing the hysteresis-band-current controller 

must be improved. By improving the runtime of the hysteresis-controller implementation a 

higher switching frequency can be achieved and also the applied blanking time can be reduced. 

A possibility for a faster runtime is to evaluate the effects of that the used libraries have on the 

runtime. This is based on the fact that when the BBIO.ADC-library was used for the 

incorporation of the sensor, then the switching frequency decreased by a factor of 10. Therefore, 

it would be of interest to evaluate the possibility of direct communication with the pins instead 

of using libraries. Another option is the evaluation changing the programing language from 

Python to C. According to [33], C has a faster runtime in comparison with Python and should 

therefore lead to higher switching frequencies and shorter blanking times. Another possibility 

is the option to keep Python as the programing language but evaluate the utilization of Cython. 

Cython is an optimizing static compiler for both the Python programming language and the 

extended Cython programming language (based in Pyrex) making the C coding process as easy 

as Python. Cython language is a superset of Python language that additionally supports calling 

C functions and declaring C types on variables and attributes improving the runtime [34].  

Anyhow, if the possibility of having direct communication with the pins is possible, then the 

signal generation procedure from the BBB to the MOSFET drivers should be reviewed. When 

the GPIO pins were used for the generation of the signals the switching frequency had a value 

around 1 kHz. If the direct communication achieved either by avoiding the Python libraries or 

by using C as the coding language, it would be of interest to see if a higher switching frequency 

is possible by the utilization of GPIO pins. The main benefit of obtaining the switching signals 

from the GPIO pins is that the presented RC-filter can be avoided reducing the steps between 

the BBB and the MOSFET drivers. Another important remark related to switching signal 

generation, is the fact that during the incorporation of the current sensor a voltage divider based 

on resistor was used for its interaction with the BBB. This was done in order to reduce the 
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voltage level of the sensor’s output signal to an acceptable voltage level within the limits for 

the analog pins of the BBB. According to [26] the utilization of voltage dividers adds a degree 

of slowness to the readable values of the output signals. Therefore, there is a possibility that the 

presented solution is not the most adequate for this application and if so, other options should 

be evaluated.  

IX. Future Work  

Improve runtime 

When a faster runtime and therefore higher switching frequency are achieved, the laboratory 

set-up shown by Fig. IX-1 can be used in order to check the efficiency of hysteresis-band-

current controller. In the laboratory set-up the input voltage E (EMF) is obtained from an ac-

voltage source and the dc-link capacitor is placed under the plates and connected in parallel 

with a 24 Ω resistor. As mentioned in Sec 6.2, the laboratory set-up with just a dc-link capacitor 

and no external feeder is only feasible at low power rates. Therefore, the size of dc-link 

capacitor should be adapted depending on the rated power expected and dc-link voltage level. 

In order to emulate the TFPMSM, an inductor should be connected in series with the ac-voltage 

source representing synchronous inductance of the machine. The most important parameter to 

be measured are the input voltage, the phase current 𝐼𝑝ℎ𝑎𝑠𝑒 and the capacitor voltage 𝑉𝑐. The 

phase efficiency of the controller should be measured by observing the phase difference 

between the input voltage and the phase current. Furthermore, it is of interest to observe the 

behavior of the rectified voltage in order to verify if the sizing procedure of the capacitor sizing 

has been done correctly.  

Snubbers 

As mentioned previously, a Undeland-snubber circuit was designed for its application of the 

switch-mode converter. The implementation of this circuit was avoided due to lack of time and 

overvoltage capacitors were used instead. Anyhow, it would be of interest to compare the 

efficiencies of these two solutions with respect to the expected final application of the switch-

mode converter.  
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Reference current code  

After achieving the power factor correction with the presented experiment, the next step is to 

implement the hysteresis-band-current controller in the TFPMSM. In order to do this the 

reference current in the hysteresis controller must be determined as a function of the position 

of the translator with respect to the stator. The reading of the position of the stator could be 

done by using displacement sensors or Hall sensors [4].  

 

Fig. IX-1 Proposed laboratory set-up for test of rectifer with PF-correction 

Filter 

After achieving a right implementation of the hysteresis-band-current controller at higher 

switching frequencies, a trade-off between switching losses and harmonic must be done. A 

lower switching frequency is possible to implement by adding a low-pass filter. According to 

[4] by adding a low-pass filter at the ac-terminals of the switch-mode converter when it is 

operating as a rectifier. Nevertheless, the integration of this filter affects negatively the 
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hysteresis controller by incurring a phase shift of the control signals. By taking these factors 

into account [4] presents the design and PID-control of a low-pass filter. 

Voltage control  

When the three phases of the TFPMSM are connected to the common dc-link attempting to be 

connected either to the grid or the laboratory set-up, the dc-link capacitor voltage must be 

controlled. In [4] a feedback linearization control scheme has been designed for its application 

on the dc-link voltage of the three-phase system.  Furthermore, the option for the compensation 

of the dc-link capacitor with an external feeder must be studied in detail. 
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