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Abstract

This thesis considers problems related to the design and the analysis of wide-
angle scanning phased arrays. The goals of the thesis are the design and analysis
of antenna elements suitable for wide-angle scanning array antennas, and the study
of scan blindness effects and edge effects for this type of antennas. Wide-angle
scanning arrays are useful in radar applications, and the designs considered in the
thesis are intended for an airborne radar antenna. After a study of the wide-angle
scanning limits of three candidate elements, the tapered-slot was chosen for the
proposed application. A tapered-slot antenna element was designed by using the
infinitive array approach and the resulting element is capable of scanning out to
60◦ from broadside in all scan planes for a bandwidth of 2.5:1 and an active reflec-
tion coefficient less than -10 dB. This design was implemented on an experimental
antenna consisting of 256 elements. The predicted performance of the antenna was
then verified by measuring the coupling coefficients and the embedded element pat-
terns, and the measurements agreed well with the numerical predictions. Since the
radar antenna is intended for applications where stealth is important, an absorbing
layer is positioned on top of the ground plane to reduce the radar cross section
for the antenna’s cross-polarization. This absorbing layer attenuates guided waves
that otherwise lead to scan blindness, but does not adversely affect the antenna
performance for the desired scan directions and frequencies. The highest frequency
limit of the tapered-slot element is set by scan blindnesses. One of these scan
blindnesses is found to be unique to tapered-slot elements positioned in triangular
grids. This scan blindness is studied in detail and a scan blindness condition is
presented and evaluated. The evaluation of the experimental antenna shows that
edge effects reduce the H-plane performance of the central elements. These edge
effects are further studied and characterized, by comparing the scattering param-
eters for finite-by-infinite arrays and infinite arrays. In this way it is possible to
divide the edge effects into two categories: those caused by finite excitation, and
those caused by perturbed currents due to the geometry of the edge. A finite dif-
ference time domain code with time shift boundaries is used to compute the active
reflection coefficients needed to compute the scattering parameters, but this code
cannot directly compute the active reflection coefficient for all the required phase
shifts. Hence, an additional method is presented that makes it possible to compute
arbitrary phase shifts between the elements using any numerical code with limited
scan directions.
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Chapter 1

Introduction

1.1 Background

Phased array antennas consist of multiple fixed antenna elements, which can be
excited differently in order to control the radiation pattern. In a basic phased array
the elements are fed coherently and at all elements phase shifters or time-delays
are used to scan the beam to desired directions in space. Uniformly excited arrays
with a linear phase shift will create a directive beam that can be repositioned
electronically by changing the phase shifts. If the amplitude and phase of each
element can be controlled individually the beam of the array can be formed to
more general patterns. This technique is called beamforming and can be used to
suppress side lobes, to create radiations pattern nulls in certain directions, or to
create application specific patterns [1].

Phased array antenna systems can be used in numerous applications, where one
of the oldest is radar systems. The first phased array radar system dates back to the
second world war, and today phased array radar systems are increasingly used on
naval ships and aircrafts. Modern phased array radar systems can perform several
tasks simultaneously, like keeping track of ground and air targets while at the same
time communicating with other units.

The second oldest application is radio astronomy, where phased arrays can be
used by themselves or as a feed for a large reflector antenna. An ongoing project
that may use phased arrays in both these configurations is the Square Kilometre
Array (SKA) [2, 3]. SKA will probe the gaseous component of the early Universe,
thereby addressing fundamental questions in research on the origin and evolution
of the Universe. This is an enormous international project in which the largest
radiotelescope in the world will be built.

An application on the rise is mobile communication systems, where beamform-
ing can be used for avoiding overlap between communication cells, changing the
coverage during the day or to increase the range for a single base station. Phased
arrays are also used for synthetic apertures, broadcasting, and radio frequency
identification (RFID) readers.
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2 CHAPTER 1. INTRODUCTION

1.2 Some phased array antenna issues

Phased array antennas are cumbersome to analyze directly due to their large size
in terms of wavelengths. An additional problem is that the arrays often are densely
packed, which yields strong coupling between the elements. As a consequence
of the strong coupling the active reflection coefficient changes with excitation, and
therefore multiple calculations with different excitations are always required to fully
characterize an antenna. To design a phased array antenna one is usually required
to either disregard the coupling between the elements or to assume that the antenna
elements behave as if they were positioned in an infinite array. The infinite array
approximation is usually the best choice for analyzing large dense arrays, for which
the approximation is good for the central elements. Several textbooks on the subject
are available for the antenna engineers, and the author’s personal favorites are [4–7].

A recent progress in phased array research is to solve the fields for the whole
antenna in one simulation, either using clever numerical codes that utilize char-
acteristic currents to reduce the number of unknowns, or using a method that
approximates the finite array with a finitely excited infinite array with corrections
for the edges [8–15]. Another approach is to solve the numerics by brute force,
using large clusters of computers [16,17], or by dividing the array into subdomains
which are linked together by the boundary conditions [18, 19]. All these methods
allows the engineer to solve larger and more complex problems, and the increased
accuracy of the numerical methods reduces the need for measurements.

1.3 Main contribution of the thesis

In this thesis, the emphasis has been on reducing the complexity of the phased
array antennas, and on trying to answer why specific elements work the way they
do and how different design solutions affect the antenna parameters. Much of the
work is done by using the infinite array approximation. The choice is partly made
out of necessity, due to limited numerical resources, but also since it is a powerful
method that fits the aim of the thesis.

The aim was to design and study wide-angle scanning wide-band planar phased
arrays, and a specific goal was to design an antenna element for a phased array
radar antenna. This antenna was intended to be carried by a military aircraft,
which requires low radar cross section and lightweight construction.

In order to reach the goal, a number intermediate goals were determined, which
can be summarized as:

• Investigate and find suitable antenna elements for wide-angle scanning arrays.

• Design an antenna element for a wide-angle scanning phased array radar
antenna.

• Build an experimental antenna based on the design of the wide-angle scanning
antenna element.
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• Investigate and model scan blindnesses and surface waves for the chosen de-
sign.

• Investigate and characterize edge effects for the chosen design.

1.4 Thesis outline

Chapter 2 gives a brief overview of the basic phased array theory for finite and
infinite arrays.

In chapter 3, three types of elements for wide-angle scanning arrays are described
and discussed, namely: the waveguide aperture element, the fragmented aperture
element, and the tapered-slot element. The tapered-slot element is chosen for the
experimental antenna and the outline for the design of this element is given.

The experimental antenna consists of 256 elements. It was built by Saab Mi-
crowave Systems and the evaluation of the results is given in chapter 4. The per-
formance of the experimental antenna is shown to agree well with the numerical
results and the active return loss and embedded element patterns are presented.

The tapered-slot element designed for the experimental antenna displays three
types of scan blindnesses. It is important to characterize these scan blindnesses since
they limit the bandwidth and wide-angle scanning performance of the antenna. In
chapter 5 a brief description is given of the scan blindness phenomena and the
different scan blindnesses types.

In chapter 6 the edge effects are studied for an antenna similar to the experi-
mental antenna. The arrays studied are finite in one direction only, which simplifies
the analysis and makes it possible to study the effect of a single edge. The edge
effects are studied by comparing the coupling coefficients for a finite-by-infinite ar-
ray and an infinite array. At the end of this chapter a method, based on a finite
difference time domain code using time shift boundaries, is presented on how to
compute the active reflection coefficient for a phase shift that moves the main beam
outside visual space. These phase shifts are crucial for computing the infinite array
coupling parameters.

Chapter 7 contains a summary of the thesis and general conclusions, and chapter
8 contains a summary of the individual papers.





Chapter 2

Array theory

This chapter provides an introduction for readers unfamiliar with the basic concepts
of planar phased array antennas and infinite arrays. The focus will be on two
questions that are of key importance. The first is: how does the antenna radiate,
and the second, how efficient is the antenna. There are many other questions that
are also interesting to answer, regarding the ease and cost of manufacturing, the
radar cross section, the size and weight of the antenna, but without an answer to
the two first questions one cannot evaluate the performance of an antenna.

In the idealized antenna design case, we consider antennas in free space. For
such a case we can partition the surrounding space of an antenna into two regions,
the near field region and the far field region. The far field region is the region
where the angular field distribution of an antenna is essentially independent of
the distance from a specified point in the antenna region [20]. A prerequisite for
this condition is that the fields in the far field region are the radiated fields from
the antenna. A radiated field from a finite antenna is a wave whose amplitude is
proportional to the inverse of the distance from the source. That means that the
power density of the field decreases as inverse of the square of the distance to the
source, and that the power of the radiated fields passing through a sphere enclosing
the element is constant, regardless of the radius of the sphere. In the far field region
the field distribution of an antenna is called the radiation pattern, which can be
expressed in several ways depending on how the surroundings of the antenna are
treated. One type of radiation pattern is the embedded element pattern, which is
practical when the antenna consists of a group of antenna elements. The embedded
element pattern is the radiation pattern of an element in a system of several elements
when this element is connected to a generator with internal impedance equal to the
characteristic impedance of the port of the element and all other element ports are
terminated with their characteristic impedance.

An important usage of the embedded element patterns, fn, is that they can
be used to describe the electric far field, E, of an array antenna. The electric far
field in a field point, r, from a sequence of antenna elements, at the positions rn,

5



6 CHAPTER 2. ARRAY THEORY

n = 1, 2..., has the form

E(r) =
N∑
n=1

Anfn(θn, φn)
e−jkRn

Rn
. (2.1)

Here, N is the number of elements, An is the incident voltage at the port of element
n, θn and φn are the individual elements spherical local description to the field point
r, and k is the free space wavenumber. Furthermore the distance between element
n and the field point is denoted Rn, where

Rn = |r − r′
n| . (2.2)

In Eq. (2.1), r, has to be in the joint far field region, which is the intersection of
the far field regions of all the antenna elements. From the field obtained in Eq.
(2.1) we can compute the radiation pattern of the antenna elements as a group.
The radiation pattern expresses in which direction the array antenna radiates and
where zeros or non-radiation directions are localized. However, it is not sufficient
to describe the efficiency or the matching properties of the array antenna.

The efficiency of an antenna is partly determined by how much of the incident
power that is reflected at the antenna port, and partly by the material properties of
the antenna array. The first type of loss is quantified by the active reflection coef-
ficient, Γm, the amplitude of the reflected wave at port m, which can be calculated
from quantities called the scattering parameters (S-parameters). An S-parameter,
Smn, relates the amplitude of an incident wave at port n, An, to the the amplitude
of the outgoing wave at port m. It is usually the preferred quantity to measure in
experimental antennas and is therefore chosen to represent coupling in this thesis.
The relation between Γm and An is expressed as

Γm =
N∑
n=1

SmnAn. (2.3)

With the knowledge of fn and Smn we can obtain estimates of the array per-
formance. However, for large arrays it is computationally costly to determine the
embedded element patterns and the S-parameters. A way to circumvent this prob-
lem is to simplify the theory. A simplification can be obtained for the E-field in
the far field region of the array antenna. The electric-field given by Eq. (2.1) is
valid for a region that is larger than the far field region for the antenna elements
as a group. In Figure 2.1 this is illustrated for four elements, where the boundary
between the far field region and the near field region of the individual elements are
conceptually depicted as circumscribing circles. To achieve a radiation pattern for
this antenna the field point must be farther away from the elements, so that the
fields emitted from the antenna elements seem to come from the same direction
thus, θn ≈ θ and φn ≈ φ. This approximation holds when the antenna elements are
located much closer to the origin than the field point, in which case the distance Rn
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Figure 2.1: The field point r is in the far field regions for the individual antenna
elements but not in the far field region of the antenna elements as a group.

between the source and field point can be approximated with a Taylor series. In the
far-field zone the exponential terms in Eq. (2.1) describes how the phase changes
with position in space. Here the difference in phase between elements is important,
which requires two terms in the Taylor series. The distance is then simplified to

Rn ≈ r − r̂ · r′
n =

{
r̂ =

k

k

}
= r − k

k
· r′

n, (2.4)

where k is defined as

k = kxx̂ + kyŷ + kz ẑ, (2.5)
kx = k sin θ cosφ,
ky = k sin θ sinφ,

kz = k cosφ.

The denominator of the last term in Eq. (2.1) describes how the amplitude of
the far field decreases with distance. In the far field zone the different distances to
the elements will have a negligible effect on the magnitude of the individual element
contributions, whereby it is sufficient to approximate

1
Rn

≈ 1
r
. (2.6)

The array antenna can be seen as an aperture where the elements are sample
points. An efficient way to sample the aperture is to use identical elements placed
in a periodic pattern, which yields similar embedded element patterns for the el-
ements in the center of the antenna. Hence, for large array antennas it is a good
approximation that the embedded element patterns are identical for all elements.

fn(θ, φ) = f0(θ, φ) (2.7)
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Using approximation (2.4), (2.6), and (2.7) we can in Eq. (2.1) move out the element
pattern from the summation, by which the far-field becomes a product of an element
pattern, a spherical wave emitted from the origin, and a factor depending only on
the inter element spacing. This factor is called the array factor and unlike the
element pattern it varies rapidly with the direction for large arrays.

E = f0(θ, φ)︸ ︷︷ ︸
element pattern

e−jkr

r

N∑
n=1

Anejk·r′
n

︸ ︷︷ ︸
array factor

(2.8)

Equation (2.8) is a considerable simplification of Eq. (2.1) from the analytical
and computational perspective, since we only need to know one embedded element
pattern.

To change the radiation pattern we use the excitation, An. The number of
available synthesis techniques for the excitation is large, and the best choice depends
on the application. One of the most basic excitations is when the amplitude of the
excitation is uniform |An| = A and only the phase is changed to form a radiation
pattern. This type of excitation can produce directive narrow beams suitable for
many applications. Let’s derive such an excitation for an array where one of the
elements is positioned at the origin with its excitation set to A, then term in the
array factor corresponding to this element is equal to A. To maximize the array
factor for a specific direction, say k0, the phase of An must be chosen so that all the
remaining terms in the array factor in this direction are equal to A. An excitation
that fulfills this requirement is

An = Ae−jk0·r′
n . (2.9)

For the case when all the elements have identical element patterns, Eq. (2.9) is the
optimal excitation to achieve the maximum gain. This excitation is a special case
of the more general maximum-array-gain theorem, which holds for nonidentical
elements, see e.g. [7, Ch. 1]. For the excitation given by Eq. 2.9, the far field
becomes

E = f0(θ, φ)
e−jkr

r
A

N∑
n=1

ejk′·r′
n , (2.10)

where k′ = k − k0.
Let’s consider an example, where a linear array antenna with N elements and

an element spacing a is excited with the excitation (2.9). Then the antenna’s main
beam will be directed π/2−θ0 from the array axis, see Fig. 2.2. For this direction the
phase shifts between the elements compensate for the difference in phase caused by
the different lengths the waves travel to the far field point. These phase shifts can be
realized either by delaying the signal between the elements or by using phase shifters
that change the phase of the excitation. A time delay between elements n and n+1
is equal to the time the wave travels the distance k0 ·r′

n−k0 ·r′
n+1 = a cos θ0. The
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a

k0 r
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θ0

θ0
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2.k0 r
'1.

z

x

wavefront

Figure 2.2: Linear array with N elements steered out to θ0 from broadside scan.

time delay for a specific scan direction is frequency independent unlike the phase
shift that changes with frequency. Therefore, if phase shifters are used the direction
θ0 of the beam will also be a function of the frequency. This effect is unsuitable
for broadband applications, but could be used to steer the beam in narrow band
applications.

We have above introduced the basic key quantities, the embedded element pat-
tern, the excitation, the S-parameters, and the active reflection coefficient. These
key parameters will play an important role in this thesis. We will know continue to
study the excitation of the planar array and then study how the active reflection
coefficient is linked to the embedded element pattern for an infinite array.

2.1 Planar arrays

The antennas studied in this thesis are planar and the element spacing is periodic.
Planar arrays with periodic spacing will have a periodic excitation, and in this
section we explain the periodicity of the excitation and show how it affects the
radiation pattern.

The elements in the array are positioned in the xy-plane with the normal, n̂,
chosen in the positive z-direction. Two primitive vectors called a1 and a2 are used
to describe the element positions in the grid. The first of the primitive vectors,
a1, is chosen to be parallel to the x-axis and the second primitive vector, a2, is
directed with the angle γ from the x-axis in the xy-plane, see Fig. 2.3. These
primitive vectors are denoted

a1 = ax̂,

a2 = cx̂ + bŷ, (2.11)

c =
b

tanγ
.
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x

y

a1

a2

γ

Figure 2.3: General planar array structure given by the primitive vectors a1 and
a2. The circles represent antenna elements.

We will now show that when the elements are configured in periodic patterns
there are several different excitations that have identical radiation patterns. Con-
sider that the element positions are given by Eq. (2.11), then the term in the array
factor corresponding to element n becomes

Anejk′·r′
n = Anejk′·(p(n)a1+q(n)a2), (2.12)

where q and p are integers that together with the primitive vectors describe the
position of element n.

As concluded above, the array factor has a maximum when the exponential
terms are equal for all values of n. This occurs when k0 = k but also for other
values of k0. All vectors k′ such that

ejk′·(p(n)a1+q(n)a2) = 1 (2.13)

will result in the same radiation pattern, due to the periodicity of the grid and the
exponential function. The orthogonal components of k′ with respect to the normal
can be expressed as

k′
⊥ = p′b1 + q′b2, (2.14)

where

b1 = 2π
a2 × n

a1 ·(a2 × n)
= 2π

(
1
a
x̂ − c

ab
ŷ

)
(2.15)

b2 = 2π
a1 × n

a2 ·(a1 × n)
= 2π

1
b
ŷ. (2.16)
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The vectors b1 and b2 are the reciprocal primitive vectors of the array grid, and q′
and p′ are integers. A linear phase shift of any excitation will translate the array
factor in the kxky-plane, and since the array factor is periodic the far field pattern
will be unchanged, e.g. if k0 = 0 is changed to k0 = p′b1 + q′b2. In Fig. 2.4 a phase
diagram is shown for k, this diagram is usually called a grating lobe diagram. The
dot in the center of the solid circle represents the main beam direction when k0 = 0,
and the dot in the center of the dashed circles are the other maxima directions, due
to the periodicity. The dot denoted k0,0 corresponds to the main beam direction

kx

ky

b1

b2

k

k0,0

k1,0

k2,1

k1,1

k2,2

k1,2

Figure 2.4: Grating lobe diagram for the array grid depicted in Fig 2.3.

when k0 = kx0x̂ + ky0ŷ, and is similarly translated for the other maxima. The
solid circle has a radius equal to k and encloses the directions corresponding to
visual space. Phase shifts outside this circle corresponds to directions for which
θ is imaginary and the element pattern is zero. The dashed circles represent the
possible locations of the other array factor maxima when (kx0, ky0) are in visual
space.

For high frequencies the circles in the grating lobe diagram will overlap and
it is possible to position more than one array factor maxima in visual space. The
additional radiating beams are called grating lobes. The occurrence of grating lobes
decreases the directivity of the antenna, and can also cause sudden changes in the
active impedance and thereby further reduce the absolute gain of the antenna.
Grating lobes are an aliasing effect due to a too sparse sampling of the surface
covered by the antenna.
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2.2 Infinite array

The previous theory describes the periodicity of the excitation of a planar array
antenna and how it radiates. To put this theory to work, one needs to know
the embedded element patterns and S-parameters for an array antenna, and to
compute these quantities numerical methods are required. Due to the size of the
computational domain it is difficult to analyze large planar arrays by numerical
methods. Therefore, simplifications are needed, and a good starting point is the
infinite array. When the infinite array is fed with a uniform amplitude and a
linear phase shift the geometry can be reduced to a unit cell with quasi-periodic
boundaries. This is a result of the Floquet theorem and the excitation used is
referred to as the Floquet excitation.

In this section we will study the sources in the infinite array, when it is excited
with a Floquet excitation, and show that the radiated field consists of a limited
number of plane waves propagating from the antenna. Furthermore, we will discuss
the relationship between the active reflection coefficient and the S-parameters and
the relationship between the active reflection coefficient and the embedded element
pattern for an infinite array.

Let’s start with the source terms for an infinite array. Consider that element n
is excited with a unit amplitude, which yields a source term in the array of the form
f (x−xn, y−yn). Furthermore, if the array is excited with a Floquet excitation, the
source term will be a superposition of all the element contributions i.e. a current
component can be written as

i (x, y) =
∑
p,q

f (x−xpq, y−ypq) e−jkx0xpq−jky0ypq , (2.17)

where

xpq = (pa1 + qa2) · x̂ (2.18)
ypq = (pa1 + qa2) · ŷ. (2.19)

As a consequence of the Floquet theorem the source terms and fields in the array
have the same periodicity as the Floquet excitation. The array structure can be
divided into unit cells, which if translated using integers of the primitive lattice
vectors, reproduce the infinite array. The fields at one boundary of the unit cell
will be identical to the fields at the opposing boundary multiplied with the phase
shift in that direction. In numerical codes using periodic boundaries with phase
shifts, this periodicity is imposed explicitly.

As an introduction to the Floquet modes we will derive the Floquet series ex-
pansion of a the current component i(x, y). The Fourier transform of the source
current is

ĩ (kx, ky) =
1

4π2

∫ ∞

−∞

∫ ∞

−∞
i (x, y) ejkxx+jkyy dxdy (2.20)
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with inverse transform

i (x, y) =
∫ ∞

−∞

∫ ∞

−∞
ĩ (kx, ky) e−jkxx−jkyy dkx dky. (2.21)

Inserting Eq. (2.17) into (2.20) gives

ĩ (kx, ky) = f̃ (kx, ky)
∑
p,q

ejk′·(pa1+qa2). (2.22)

The sum in Eq. (2.22) is the array factor for an infinite array, which is equal to zero
except at discrete scan angles. This can be shown by using Poisson’s summation
formula, whereby the sum becomes

∑
p,q

ejk′·(pa1+qa2) =

4π2
∑
p,q

δ
(
k′ · a1 + 2πp

)
δ
(
k′ · a2 + 2πq

)
=

4π2

ab

∑
p,q

δ(kx−kxpq) δ(ky−kypq) (2.23)

where δ(x) is the delta Dirac function and

kxpq = kx0 + (pb1−qb2) · x̂ (2.24)
kypq = ky0 + (pb1−qb2) · ŷ. (2.25)

Now, if Eq. (2.22) and (2.23) are inserted into Eq. (2.21), we obtain the Floquet
series expansion

i (x, y) =
4π2

ab

∑
p,q

f̃ (kxpq, kypq) e−jkxpqx−jkypqy. (2.26)

Sources of this form excite an electric field that can be written in the following form
for positive z above the sources [7, Ch. 2]

E(x, y, z) =
∑
pq

Cpqe−j(kxpqx+kypqy+kzpqz), (2.27)

where Cpq is a complex vector and

kzpq =
√
k2 − k2

xpq − k2
ypq. (2.28)

The terms in Eq. (2.27) are called Floquet modes. These modes can be divided
into TE and TM-modes but here they are for brevity denoted Cpq. These modes
are plane waves that propagate from the plane of the array when kzpq is real, and
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are evanescent when kzpq is imaginary, which leads to some interesting results.
For example, it is possible to choose a phase shift for the array where no beam
propagates, which happens when (kx, ky) are outside of all circles in the grating
lobe diagram in Fig. 2.4. With such a phase shift, the incident power applied at the
ports of the antenna elements must be reflected back to the ports or dissipated in
the antenna due to losses. This effect would be impossible if the antenna elements
within the array did not couple to each other [21].

The active reflection coefficient for an element in an infinite array is closely
related to the set of S-parameters, since if one of the two are known the second can
be calculated. Given that the array is excited with a Floquet excitation the active
reflection coefficient for element m is

S′FL(ψ1, ψ2) =
∑
p,q

Sm,n(p,q)e−jpψ1−jqψ2 , (2.29)

where

ψ1 = k · a1 = kxa (2.30)
ψ2 = k · a2 = kxc+ kyb. (2.31)

This is a two dimensional Fourier series in which the Fourier coefficients, the scat-
tering parameters, are given by

Sm,n(p,q) =
1

4π2

∫ π

−π

∫ π

−π
S′FL(ψ1, ψ2)ejpψ1+jqψ2 dψ1 dψ2. (2.32)

The active reflection coefficient, S′FL, is almost always calculated numerically using
periodic boundary conditions with phase shifts. By the above Fourier transform
we can calculate the S-parameters for the infinite array. Once the S-parameters are
known, we use Eq. (2.3) to calculate the active reflection coefficient for arbitrary
excitations.

As mentioned earlier, for a specific phase shift the scan direction will change
with frequency. Therefore, when analyzing the performance of an element it is
usually more convenient to express the active reflection coefficient as a function of
the scan direction.

ΓFL(θ, φ) = S′FL(ψ1, ψ2). (2.33)

The active reflection coefficient, ΓFL, is related to the power gain pattern (also
known as absolute gain pattern) for an element in the infinite array [22]. A pre-
requisite is that the elements are lossless and positioned in a sufficiently dense grid
in terms of wavelength, so that only one Floquet mode at a time can be excited.
Then the power gain pattern is given by

g(θ, φ) =
4πAuc

λ2
cos (θ)

(
1 − ∣∣ΓFL(θ, φ)

∣∣2) , (2.34)
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where Auc is the area of the unit cell, and λ is the wavelength in free space. The
power gain pattern is equal to the square of the absolute value of the embedded
element pattern

|f(θ, φ)| =
√
g(θ, φ). (2.35)

In most synthesis of antenna patterns, one is interested in a power pattern, whereas
the phase changes within the pattern are of minor interest. Since for the infinite
array all elements have the same embedded element patterns, the phase information
is basically redundant. By using Eq. (2.32) and Eq. (2.35) for frequencies when
only one Floquet mode can propagate, it is possible to answer the two fundamental
questions for the infinitive array.

When the array is finite both the coupling coefficients and the embedded element
patterns change with respect to the infinite array case. Such perturbations of the
infinite array solution are called edge effects. Sources in the infinite array consists
of superimposed element sources f (x−xn, y−yn) that represent the source in the
array when only one element is excited with An = 1. The element sources extend
over many antenna elements and are responsible for the coupling between elements
and the embedded element patterns. When the array is truncated, so are these
source terms; one could see this as making the effective radiating aperture for the
edge antenna element smaller. A smaller aperture will in general result in a broader
element pattern and therefore the edge element element patterns will in general be
broader than the infinite array patterns.





Chapter 3

Wide scan elements

In this thesis three types of elements are studied, waveguide aperture elements,
fragmented aperture elements, and tapered-slot elements. These elements have dif-
ferent properties. Compared to the other elements the waveguide aperture elements
are narrow band but have been shown to be capable of wide scan angles. The frag-
mented aperture antenna is a thin wide-band antenna, but lacks the wide-angle
performance. The tapered-slot element is a broad-band element that has shown
good scan angle performance, but it is bulky. In this chapter the elements are
assumed to be positioned in a very large array so that the central elements can be
approximated by an element in an array antenna of infinite extent. This simplifies
the design since only a unit cell with periodic boundaries needs to be considered.

In the first project, NFFP3+, the goal was to find an array element that was
capable of scanning out to 75◦ from broadside with a bandwidth of 1.4:1. Here,
bandwidth is defined as fh/fl:1, where fh and fl are the highest and lowest fre-
quency limit for which the active reflection coefficient is less than -10 dB for all
scan directions within the scan cone defined by θmax.

A literature study was made [23] and three types of elements were chosen as can-
didates: waveguide aperture elements, stacked patch elements and tapered-slot ele-
ments. There were no elements that fully met the desired characteristics. However,
there exist element designs that fulfill the bandwidth condition or the wide-scan
condition but not both. Bandwidth and maximum scan-angle are conflicting design
criteria and in the literature most elements that are capable of wide-scan angles
are designed for a small frequency band; there are even cases when the chosen per-
formance parameters, e.g. the active reflection coefficient or the active impedance,
are only calculated for a single frequency. Phased array elements that are consid-
ered mainly as broadband elements may be suitable for wide angle scanning if the
bandwidth is reduced; the tapered-slot element is such an element.

An apparent problem when we evaluated the existing elements is that there
are no objective performance measure for wide-angle scanning phased array ele-
ments. In the technical report [24] three performance measures were compared

17
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for waveguide apertures. We found that the average reflected power over the scan
range normalized to unit input power was a good measure to evaluate wide-angle
scanning performance. The average reflected power over the scan range is defined
as

Rpw(f) =
1

2π (1 − cos θmax)

∫ 2π

0

∫ θmax

0

|Γ(θ, φ, f)|2 sin θ dθ dφ, (3.1)

where θ and φ denote the scan direction in spherical coordinates, θmax the maximum
scan angle, and |Γ|2 the return losses, i.e. the power reflected back into the antennas
port relative the incident power.

3.1 Waveguide aperture element

Waveguide aperture element can with irises, dielectric slabs above the apertures,
and dielectric loading be match for very wide-scanning. During the 60’s and 70’s the
waveguide aperture elements and their wide-scanning performance were the subject
of many papers, see e.g. [4, 25–28], but these elements have also been studied in
more recent papers [29–31]. A circular waveguide design capable of scanning out
to 70◦ from broadside was presented in [31], and a square waveguide element with
irises [25] has been shown to be capable of 60◦ scan from broadside. The main
problem with these elements is that they have small bandwidths.

εr εr

Ground plane

x
y

z

z
y

xa

b

Figure 3.1: The small square waveguide aperture element.

In paper I [32], which is a condensed version of the technical report [24], we stud-
ied the performance of the basic waveguide aperture element. Three apertures were
chosen for this purpose, two square waveguides capable of dual polarization and a
single polarized rectangular waveguide. The elements are positioned in a square
grid with the element spacing a = b = λh/2 where λh is the free space wavelength
at fh the highest frequency considered. To reduce the size of the waveguide it is
filled with a dielectric material. The size of the waveguide and the value of dielectric
constant are chosen so that the second waveguide mode starts to propagate when
f = fh. The cross section of the square waveguides are chosen so that for the first
waveguide the cross section is close to the size of the unit cell and for the second
waveguide the cross section is one fourth of the unit cell area, see Fig. 3.1. The
cross section of the rectangular waveguide is chosen so that the width is the same
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as the large square waveguide, and the height is chosen slightly smaller than the
small waveguide. The elements are excited with the first waveguide mode and this
mode is matched by choosing a susceptance (conceptually) placed a distance λ/2
from the aperture and by changing the transmission line characteristic impedance
(or more correctly wave impedance) to a new value. For the square waveguides
the orthogonal mode is terminated by a load with the same value as the chosen
characteristic impedance, again a distance λ/2 from the aperture. The susceptance
and impedance were then chosen by minimizing the average reflected power (3.1)
for one frequency using nonlinear programming.

Before the matching the largest waveguide was the best matched element for
all scan directions. However, after the matching the smallest waveguide was better
matched and had lower average reflected power over the scan range, see Fig. 3.2.
The reason for the worse match of the large waveguide was that when the beam
was scanned out in the diagonal plane the excited mode was to a greater degree
reflected back to the orthogonal mode. The active reflection coefficients for the
small waveguide and the rectangular waveguide were very similar, and the average
reflected power was essentially the same. For these elements the active reflection
coefficient was, after matching, similar to that of an infinite magnetic current sheet
[33] that is perfectly matched for broadside scan.
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Figure 3.2: Contour plots of |Γ| for the waveguide apertures matched by minimizing
Rpw, f = 2.6 GHz. The antennas are considered to be well matched when |Γ| <
0.3 ≈ −10 dB.

3.2 Fragmented aperture element

The average reflected power, as given in Eq. (3.1) would work well as a cost function
to design wide-angle scanning array elements. However, it requires that Γ is known
for many scan directions. For complex antenna elements it is time consuming to
compute the average reflected power, which makes it practically impossible to use
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this quantity as a cost function to design an element. A simplified procedure for
design is to choose a few scan directions that are assumed to give a good picture
of the performance of the antenna. The directions chosen are often broadside
scan θ = 0◦ and the maximum chosen scan angle θ = θmax for the E plane and
H plane. This strategy often works well because the active impedance for the
maximum scan angle for the E plane and the H plane is close to the highest and
lowest active impedance values for the antenna, e.g. for an infinite current sheet
[33] ZE−plane(θ)/Z0 = (ZH−plane(θ)/Z0)−1 where Z0 is the active impedance for
broadside scan.

In [34] fragmented aperture elements were designed using a genetic algorithm.
The genetic algorithm is used to find the antenna geometry with the minimum
reflected power for broadside scan and the maximum chosen scan angle for the E
plane and H plane. The basic geometry of the fragmented aperture element is a
pattern consisting of metal pixels, see Fig. 3.3. This pixel pattern is positioned
on top of a dielectric slab backed by a ground plane and fed in the middle of the
element with a discrete point source. Björn Thors et al. designed antenna elements
by using the method presented in [34] which were capable of bandwidths of at least
one octave when scanned within 45◦ from broadside. In paper II the same type of
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"r,2

Dielectric superstrate

Figure 3.3: Geometry of the fragmented aperture antenna.

element was studied, with the intent to solve three specific problems: the numerical
accuracy of the method, how to simplify the manufacturing of the antenna, and the
wide-angle scanning performance. For the analysis, a finite-difference time-domain
(FDTD) code with periodic conditions (PBFDTD) was used [35]. The model in [34]
used a coarse mesh, with only one FDTD-cell to represent a metallic pixel, see Fig.
3.3. This was too few cells to guarantee that the difference between the cost function
for two elements is not caused by numerical error. To improve the accuracy of the
results the mesh was refined to 4 × 4 FDTD-cells per pixel. The accuracy of these
results was evaluated by comparing it with results computed using a mesh with
12 × 12 FDTD-cells per pixel. In Fig. 3.4 the active reflection coefficient is shown
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for different mesh resolutions, and even if the agreement between the 12 × 12 and
4 × 4 results are far from perfect the accuracy was found to be acceptable.
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Figure 3.4: Active reflection coefficient for broadside scan for different mesh and
critical corner solutions.

A problem with the metallic pattern of these elements were that the diagonal
adjoining pixels could cause large current densities that would lead to ohmic losses.
To prevent such losses two options were considered. The first option was to add
a smaller pixel over the corners and the second was to make the pixels slightly
larger so that they are overlapping, see Fig. 3.5. The two options were evaluated
and the solutions are shown in Fig. 3.4, where small patch option is denoted
(12× 12+2× 2) and the overlapping patch is denoted (13× 13). In FDTD a metal

(a) (b) (c)

Figure 3.5: (a) Critical diagonal pixel contact (12 × 12). (b) Small patch covering
the critical corner (12 × 12 + 2 × 2). (c) overlapping pixels (13 × 13).

edge is slightly larger than the FDTD-cell that the material properties are assigned
to, which causes the solutions to converge slowly when the mesh is refined. But if
this effect is considered when the model is made, it is possible to compensate to a
small degree for this effect. As a consequence the 4 × 4 pixel model better agrees
with the overlapping pixel model due to that they correspond to the same physical
pixel width. The conclusion is that the overlapping pixel model is the best choice
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to avoid the ohmic loss problems, since it is a simple solution, and it is also the
model that corresponds best to the model that the genetic algorithm evaluates.

In [34] the dielectric constants were continuous variables whereby the final de-
signs could result in non-available dielectric materials. To overcome this problem
the algorithm was restricted to a list of commercially available materials. Further-
more, the maximum scan angle θmax was changed from 45◦ to 60◦. Two designs
were made using this method, one element with a superstrate above the metallic
pattern and one element without. The goal was a wide-band wide-scan design. The
bandwidth for the resulting elements are good, ∼ 2: 1 for |Γ| < −10 dB, for scan
angles within 45◦ scan from broadside, especially if the low profile of the element is
considered, see Fig. 3.6. Not that the performance can be improved if the maximum
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Figure 3.6: Active reflection coefficient for antenna element with a superstrate.

height of the elements is allowed to increase. However, a more important problem
is that in all simulations the feed of the antenna is a discrete point source, and
the ideal characteristic impedance of a transmission line connected to this source
is usually much higher than the often preferred value of 50 Ω. It is not trivial to
design a practical feed for this element without impairing its performance. A simi-
lar element with excellent bandwidth and wide-scan range is the dipole with arms
that are strongly capacitively coupled between elements, almost physically overlap-
ping [36]. Such an element has basically the same problem with the feed, and it
has been suggested by the inventor that it could be fed by two probes through the
ground plane with two connectors at the backside. However, dual probe feeds can
cause scan blindness [37] and require more complex transmit and receive modules.

For the fragmented aperture antenna the largest problem is the ground plane. It
is basically the ground plane that motivates many of the design choices for this ele-
ment. In [34] it was shown that the fragmented aperture antenna without a ground
plane has performance similar to self-complementary arrays. A self-complementary
antenna of infinite extent has no lowest frequency limit and therefore the antenna



3.3. TAPERED-SLOT ELEMENT 23

has an infinite bandwidth [38–41]. When a ground plane is added to the antenna it
will introduce a frequency dependence to the active impedance [42]. This phenom-
ena is caused by that the wave emitted from the antenna is reflected by the ground
plane and depending on the frequency cause constructive or destructive interference.
Since an infinite array only radiates in limited directions the destructive interfer-
ence can prevent any energy to leave the antenna, which means that the antenna
cannot accept any incident power. To improve the bandwidth of elements with
a ground plane, both fragmented aperture antennas and the self-complementary
antennas use dielectric slabs on top of the antenna and in between the antenna
and the ground plane, e.g. this was done in paper II and in [3, 43]. An alternative
approach is to use a ferrite loaded ground plane, which improves the bandwidth
at the cost of the radiation efficiency. These designs are usually good for antennas
that require a low profile, which is practical if the antenna is to be carried by an
airplane and the frequencies are ∼ 1 GHz and lower. For these frequencies the
element spacing is large enough to leave room for the extra connectors required for
dual point feeds. However, for this type of elements the element spacing is in terms
of wavelength often less than λ/2 for the highest frequency, which is unacceptable
in some applications.

 feed 

point

Figure 3.7: A basic tapered-slot element.

3.3 Tapered-slot element

The final class of elements to consider is the tapered-slot element, also known as the
flared notch element, or, if the taper is exponential, the Vivaldi element. Tapered-
slot elements, which can be used as a single element or in arrays, have been found
to have excellent bandwidth [44, 45]. In arrays the elements have been found to
have a good wide-scan performance, but they can suffer from resonances and scan
blindness effects that limit both bandwidth and scan performance [46–49].

The basic tapered-slot element is a slot line that is gradually widened in one
direction and terminated with an open circuit stub in the other, see Fig. 3.7. If
the slotline is excited by a potential difference over the slot it creates two waves
traveling along the slotline from this point. One of these waves is reflected by
the open circuit, ideally without changing its sign. This reflected wave will if it
is induced close to the open circuit add constructively with the other wave and
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gradually leak from the slotline. There are several variants of this element that
are all based on the above mentioned interference principle. The elements can
either be made from a solid metal sheet or by etching a metallic pattern on a
dielectric substrate. Dielectric substrates have the useful property that the feed
of the element can be made on the same substrate as the tapered-slot. To shield
the feeding network, two substrates are usually bonded together so that there is
a tapered-slot pattern on both sides of the element. The two tapered-slot metal
layers create a cavity within the substrate, which may cause resonances. To prevent
these resonances vias are usually introduced between these layers [50]. The vias
reduce the size of the cavities, which in turn increases the corresponding resonance
frequencies so that they are moved outside the antennas frequency band. The design
of the open circuit stub, feed, and the shape of the tapered-slotline vary much
between different designs. Most designs are two dimensional and made from sheets
of different materials, but there are also elements that are three dimensional [51–53].
The tapered-slot elements are usually used when the elements are longer than half
a wavelength, which is too long for certain applications. The flared dipole [54, 55]
and double-mirrored balanced antipodal Vivaldi antennas [56] are close relatives to
the tapered-slot. They are shorter and do not need electrical contact between the
elements, which is especially practical in dual polarized applications.

a

b

h

z

x
y

Figure 3.8: Array of tapered-slot elements positioned in a triangular grid.

In this thesis a bilateral tapered-slot fed by a microstrip line is studied. Detailed
parameter studies for such elements have been made in [57–59]. The difference
between the element presented in this thesis and in previous work is that the present
element is designed for large arrays with the elements positioned in equilateral
triangular grids, see Fig. 3.8, while previously published designs have been intended
for rectangular grids; another difference is that the focus is on wide-angle scan
performance rather than bandwidth. In most papers the focus is to maximize the
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Band freq. (GHz) |Γ| (dB) θmax (Deg)
1 9.0 − 10.0 −12 60◦

2 8.5 − 10.5 −10 60◦

3 4.5 − 11.5 −8 60◦

Table 3.1: Requirements for the tapered-slot design.

ratio fh/fl, where fh and fl are the highest and lowest frequency limit for the
element using some sort of definition of bandwidth (there are many). The highest
frequency limit is set by the element spacing, i.e. grating lobes, and therefore the
most important factor to minimize is the low frequency limit.

Requirements and mechanical design

Instead of minimizing the low frequency limit the goal has been to match the
element as well as possible for a radar band and fairly well for other frequencies.
For the waveguide elements the goal was a very wide-scan element with moderate
bandwidth. However, due to wishes from our collaboration partner Saab Microwave
Systems, the goal was changed, since the expected performance of the frequency
selective surface (FSS) required that the antenna would absorb most of the incident
power for a certain frequency band. This requirement demands that the antenna
is well matched for a much wider frequency band, see Tab. 3.1. Since bandwidth
and scan performance are conflicting requirements the maximum scan angle was
reduced to 60◦ for both the E and H planes.

The limitations of the budget for manufacturing the antenna system led to the
requirement that the antenna was restricted to a single polarization. However, with
no reception of the second polarization the ground plane increases the backscattered
field for cross polarized incidence. To reduce this effect, an absorbing layer is
positioned on top of the ground plane, wherefore the antenna element needs to be
extended from the ground plane by the same length as the absorber is thick. Even
though an absorber may reduce the radiation efficiency of the antenna, it is not a
problem in the present case. The substrates create a parallel waveguide structure
that is below cutoff for the antenna’s co-polarization and operational frequencies.
However, the absorber will cause losses when guided modes, that otherwise would
lead to scan blindnesses, are excited between the substrates. Furthermore, to add
extra stability to the array, the space between the elements is filled with a foam
material with a dielectric constant close to unity. Finally, a thin glass fibre layer
was mounted on top of the foam for mechanical protection.

It is preferable to have as few elements as possible in the antenna. A conflicting
requirement, however, is that the antenna has to be free of grating lobes up to a
certain frequency, which requires a dense grid. This is important for the perfor-
mance at large scan angles, and for the radar cross section (RCS). The highest
frequency for which the antenna is required to be free of grating lobes is set to
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Figure 3.9: Geometry of a unit-cell of the phased array. Figure (a) depicts the
antenna element without the absorber, foam and, the glass fiber layer. Figure (b)
depicts the antenna element as it is in the phased array. The dimensions for the
experimental antenna are l = 36.4 mm, h = 64 mm, a = 14.3 mm, b = 12.5 mm
and, ht = h+ 2.3 mm. Tapered-slot opening rate R = 0.06 mm−1 [58].

fh = 12 GHz. The sparsest grid for a grating lobe free antenna is the equilateral
triangular grid also known as the hexagonal grid. The sides of the equilateral trian-
gle are λh/

√
3, where λh is the wavelength at the grating lobe frequency fh. Thus

a = λh/
√

3 � 14.3 mm, b = λh/2 = 12.5 mm, c = a/2 in Eq. (2.11).

Electrical design

The electrical design process was divided into three steps. The first step was to
create a slotline to stripline transition, the second step was to design the tapered-
slot shape, and the third step was to add a stripline impedance transformer. The
stripline to slotline transition is a standard transition for this type of element,
using a circular short stub for the slotline and a feather shaped open stub for
the stripline [57], see Fig. 3.10. Due to manufacturing tolerances the stripline
impedance is chosen to 70 Ω. Hence, a stripline impedance transformer is needed
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Figure 3.10: Illustration of the stripline to slotline transition. Sl = 0.3 mm R = 2.6
mm D = 2.9 mm θ = 90◦.

to get a 50 Ω interface.
The shape of the element is an exponential taper [58], and its most important

parameter in this design is its length l. The tapered-slot element works basically
as a tapered transmission line transformer. Because of the taper the absolute value
of the active reflection coefficient will oscillate as a function of frequency. For
large scan angles the local maxima of the active reflection coefficient are difficult
to suppress. Therefore, the length of the tapered-slot is tuned so that a local
minimum of the active reflection coefficient will be positioned at band 1, see Tab.
3.1. Furthermore, the local minimum is made sufficiently wide to match the width of
band 1 for the largest scan angle in the E plane. Note, if the tapered-slot is made
longer it will result in a decreased width of the minima of the active reflection
coefficient. Furthermore, the maxima and minima will move with scan angle, but
the antenna will be better matched for smaller scan angles.

The glass fibre layer that protects the antenna improves the electrical design.
The layer acts as a wide-angle impedance matching layer (WAIM) and improves
the match for the H plane [60]. The layer works as a susceptance that depends
on the scan direction. The susceptance increases with scan angle in the H plane
and decreases in the E plane. The dielectric constant determines the angle for
which the susceptance is zero in the E plane, which makes it possible to first design
an antenna for a maximum scan angle in the E plane. Then a WAIM layer is
chosen that does not affect the maximum E-plane scan angle. Finally, the H-plane
performance is tuned by alternating the thickness of the layer as well as the height
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above the element.
The last step in the design process is to add an impedance transformer that

changes the impedance interface from 70 Ω to 50 Ω, see Fig. 3.10. To avoid short
period oscillations for the active reflection coefficient, the transformer is positioned
close to the stripline to slotline transition.

Numerical results

An antenna element was designed using primarily PBFDTD, the same code that
was used to analyze the fragmented aperture antenna. The resulting antenna design
were well within the requirements set by Saab. In Figure 3.11 the active reflection
coefficient is shown for the antenna element without the absorbing layer. In this
figure one can observe impedance anomalies for E-plane scan for frequencies above
11 GHz. These anomalies are caused by a scan blindness effect that will be discussed
in chapter 5. To verify the design of the element a commercial finite element method
code (HFSS) was used and the agreement between the HFFS and PBFDTD-model
was considered to be good. In Figure 3.12 the power losses in the antenna are
shown for the HFSS model when the absorbing layer is added to the numerical
model. With this layer the guided waves are attenuated and the active reflection
coefficient is reduced, but at the cost of the radiation efficiency. At these high
frequencies the amplitude of the backscattered fields are in general lower when the
absorber is included in the array, which was the primary reason why the bandwidth
was increased and the absorber was added to the design.
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Figure 4.1: A substrate with 16 elements.

Chapter 4

Experimental antenna

A 16 × 16 element experimental array was built to verify the design made with
the infinite array approximation. The geometry of the final element design and the
dimensions are given in Figs. 3.9–3.10. The antenna consists of 16 rows; one such
row is shown in Fig. 4.1. These rows protrude through the ground plane and are
fastened on the backside of the ground plane, see Fig. 4.2

In Figure 4.3 the antenna array is shown without the absorbing layer and the
protective foam layers. To avoid unnecessary interaction with the edges, the foam
layer extends approximately one unit cell outside the elements. Furthermore, the
absorbing layer covers both the top and sides of the ground plane, see Fig. 4.4.

A rule of thumb for finite antenna arrays is that the infinite array approximation
is valid for the center antenna elements when the array is larger than 5λ× 5λ [16].
For the experimental antenna this corresponds to 7.5 GHz, but measurements have
shown that the agreement is pretty good for frequencies below that limit. The
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Figure 4.2: Backside of the antenna.

Figure 4.3: Array without the absorbing and protective layers.

experimental array was evaluated by measuring the coupling coefficients and by
measuring the embedded element pattern for the central element in the array. The
coupling coefficients were used to compute the active reflection coefficient using
Eq. (2.3) and (2.9), with the amplitude of all elements set to unity. In Figs. 4.5(a)
and 4.5(b), the contours of the active reflection coefficients are shown for the finite
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Figure 4.4: Assembled antenna with absorbing and protective layers.

array. The contours are symmetric, which is a good indication that the antenna is
well built and that the surrounding elements are fully functional. For comparison,
the active reflection coefficient is shown for the infinite array computations in Figs.
4.5(c) and 4.5(d). The largest difference between the measured and computed
values are for the H plane, where for large angles the active reflection coefficient
is larger than for the infinite array. This is a finite array effect due to a diffracted
wave caused by the truncation of the infinite array.

In this case, where the antenna includes losses, the coupling coefficient data
is not sufficient to answer whether the antenna radiates well, since it can be well
matched due to dissipation in the absorbing layer. Therefore, it is important to
verify the antenna by measuring the radiation characteristics. In Figure 4.6 the
embedded element patterns are shown for two cut planes, the E plane cut and the
H plane cut, for the co- and cross-polarizations. Also shown in these figures are the
maximum gain for an infinite array and the embedded gain computed using Eq.
(2.34) with the measured active reflection coefficient. Equation (2.34) is valid for
the lossless infinite array, but in Fig. 4.6 the radiation efficiency is not equal to 1
for 12.5 GHz.

For 6.5 GHz and 9.5 GHz the agreement between the measured results is fairly
good, although for the latter frequency the measured element pattern fluctuates for
unknown reasons. These fluctuations could be caused by diffraction from the edges
or by the measurement range.
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Figure 4.5: Contours of the active reflection coefficient (dB).
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Figure 4.6: Embedded element patterns for the central element.





Chapter 5

Scan blindness

One of the observed effects in the previous chapters is that when scanned in the E
plane the tapered-slot antenna is mismatched for frequencies close and above the
high frequency limit. This type of impedance mismatch is caused by three types
of scan blindness, which are discussed and modeled in papers III-V. Similarly, the
fragmented aperture element with a superstrate is also mismatched for large scan
angles, which is also caused by a type of scan blindness.

All these scan blindnesses have in common that they depend on the frequency as
well as the phase shift between the elements. If the phase shift is changed, so is the
frequency for which the scan blindness occurs. These scan blindness effects appear
when guided modes are excited in the antenna structure, which occurs when the
propagation constant of the guided mode coincides with that of a Floquet mode.
The scan blindness condition depends on the array grid and the polarization of the
guided mode.

5.1 Dielectric slab on top of a ground plane

The most well known cause of scan blindness is the excitation of a surface wave in
a dielectric substrate on top of a ground plane [61–63]. A surface wave is a slow
wave that travels along the boundary between two different media. This wave has
a phase velocity that is less than the phase velocity of a wave in an unbounded
medium with the same electromagnetic properties. In the surrounding media the
amplitude of the surface wave decreases exponentially in the direction away from
the boundary. Let’s consider an example with a dielectric slab on top of a ground
plane that is positioned in the xy-plane with the air/dielectric boundary at z = 0.
In the air region the relation between the wave numbers for the surface wave are

k2 = β2
x + β2

y + β2
z (5.1)

Im(βz) > 0
z ≥ 0
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which gives

β2
su = k2 − β2

z = β2
x + β2

y (5.2)

where βsu is the longitudinal wave number of the surface wave. To compute the
transverse wavenumber, βz , a dispersion relation needs to be solved that depends on
the thickness and the electromagnetic properties of the dielectric slab [64,65]. The
surface wave couples very strongly to the array when the wavenumber coefficients
coincide with the Floquet excitation, e.g.

βx = kxpq

βy = kypq

(5.3)

This scan blindness condition is depicted in the grating lobe diagram in Fig. 5.1.
The surface wave longitudinal wavenumbers in Eq. (5.2) lie on a circle with a radius
|βsu|, depicted in the figure as a red dot dash circle. The (p=-1,q=-1) Floquet mode
is in the figure steered so that it coincides with the surface wave circle, and if the
antenna can couple to this surface wave it will cause scan blindness.

It follows from Eq. (5.2) and (5.2) that the radius of the circle depicting the
scan blindness condition in the grating lobe diagram in Fig. 5.2 is larger than the
visible region circle. This means that the surface wave will cause the antenna to
be mismatched before a grating lobe enters visual space, which leads to that an
element designer must use smaller element spacing than required by the grating
lobe condition.

5.2 Tapered-slot triangular grid scan blindness

In paper IV the scan blindness condition in Eq. 5.3 was used for taped-slot arrays
with the elements positioned in triangular grids [49]. In this type of antenna the
excited guided wave is a leaky mode that propagates in between the substrates. A
leaky mode is a fast wave, and would normally radiate from the aperture. However,
when the array is scanned in the E-plane the electric fields of the leaky modes are
directed from the substrates, due to the symmetry of the element and excitation,
and are therefore odd in the transverse direction to the E plane, see Fig. 5.2. The
odd field distribution causes the radiated fields to interfere destructively for E-plane
scan directions, and hence the leaky modes will not radiate unless a grating lobe
directed from the E plane enters visual space. The leaky mode can be described
as a TE-mode with wavenumber βlw in the direction along the substrates and with
a phase shift between the substrates of φy = kyb = π in the transverse direction
of propagation. The lower frequency limit is set by the element spacing in the E
plane, where the leaky mode ceases to propagate for a spacing smaller than λ/2.
For these leaky modes the phase progression coincides with the Floquet modes
with index p = ±1, q = n, in a triangular grid array, where n is any integer.
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Leaky mode

Surface wave

Figure 5.1: Grating lobe diagram that shows the longitudinal wavenumbers for a
surface wave in a dielectric slab and the longitudinal wavenumbers for the leaky
mode that causes scan blindness in the tapered-slot arrays in triangular grids. The
scan blindness condition is fulfilled when the longitudinal wave numbers of a Floquet
mode coincide with the longitudinal wavenumbers of the guided mode.

This type of scan blindness cannot occur for a rectangular grid tapered-slot array
steered in the E plane due to the imposed symmetry of the elements and the
rectangular grid. In rectangular grid arrays scanned in the E plane the fields lines
must be in the same direction between two substrate regions. However, that is
impossible since the symmetry of the elements and the excitation requires that the
field lines have opposite directions from the substrates in the transverse direction.
If βlw = kx for the triangular grid array for other scan directions than the E plane,
there is no guaranty that scan blindness will occur, since then the leaky mode could
theoretically radiate. However, this relaxed conditions often leads to that the active
reflection coefficient changes rapidly and the antenna becomes mismatched. The
relaxed scan blindness condition can be illustrated in the same way as the surface
wave scan blindness condition, see Fig. 5.1. In this figure the Floquet modes with
(p = −1, q = n) fulfil the relaxed scan blindness condition when the element spacing
in the E plane is larger than λ/2. At the lowest frequency, the relaxed scan blindness
occurs for θ0 = 90◦, φ0 = 0 and the scan blindness angle decreases with increasing
frequency, see Fig. 5.3. For this guided mode the field intensity is high close to
the ground plane and therefore the absorbing layer over the ground plane in the
experimental antenna will attenuate the wave, as could be observed by comparing
Fig. 3.11 and 3.12. This effect is also shown in Fig. 5.3(b) where the dissipated
power in the absorbing layer relative to the incident power applied at the port of the
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Figure 5.2: Electric field distribution of the leaky mode for the tapered-slot trian-
gular grid scan blindness.

element is shown as a function of the scan angle in the E-plane and the frequency.

5.3 Broadside scan blindnesses

In both rectangular and triangular grid tapered-slot arrays there exist two types of
scan blindness that have the opposite frequency behavior to the previously discussed
scan blindness. These scan blindnesses occur for the lowest frequency for broadside
scan and the scan blindness angle increases with the frequency, see Fig. 5.3. Instead
of using the scan blindness condition in Eq. (5.3), to fit a known guided mode to a
Floquet mode, a Floquet mode is used to calculate the guided mode. For this type
of guided mode the phase progression along the E-plane is arbitrary and can be
chosen equal to any Floquet-excitation. The scan blindness condition can be derived
from a transmission-line circuit for propagation along the z-axis. The guided modes
propagate downwards, as seen from the top of the antenna, and are reflected back
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Figure 5.3: The three scan blindnesses types that occur for the experimental an-
tenna tapered-slot design when scanned in the E-plane.

either by the ground plane or by the tapered-slot, and the scan blindness occurs
when the impedance at the aperture is equal to the Floquet mode wave impedance,
see Fig. 5.4. In Figure 5.4 the wave impedance of the mode in the antenna is denoted
Za and the wave impedance of a Floquet mode is denoted ZFL. Furthermore, the
antenna transmission-line is terminated with an impedance Zl at the length h from
the aperture.

Za ZlZFL

h

aperture

Figure 5.4: Transmission line model used for the broadside parallel plate scan
blindness

Broadside parallel plate scan blindness

The most well known of the broad side scan blindness types mentioned above occurs
when the spacing between two substrates is larger than λ/2 [46]. The antenna is
modeled as a parallel plate waveguide and a TMz-mode can be supported by this
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structure. The mode propagates between the parallel plates and is reflected by the
ground plane. The resonance condition with appropriate Za, ZFL, and Zl in Fig.
5.4 above for this scan blindness is

βa
z tan(βa

zh) = −jkzpq. (5.4)

Here βa
z is the wavenumber along the z-axis for the guided mode and h is the

height of the substrate, see Figs. 3.9 and 5.4. Equation (5.4) has solutions for the
Floquet modes with index (p = 0, q = ±1). These Floquet modes are the same for
rectangular and triangular grids, since they do not depend on the element spacing
along the E-plane. In the experimental antenna the spacing between the substrates
is 10.9 mm and the scan blindness occurs for frequencies higher than 13.8 GHz.
This is not a problem in the experimental antenna, since the maximum frequency
requirement is 11.5 GHz. Note that this scan blindness interacts with the ground
plane and the use of an absorbing layer covering the ground plane will dissipate the
guided wave. This phenomenon can be seen in Fig. 5.3(b) where the scan blindness
condition for the broadside parallel plate scan blindness is shown as a green line.

Broadside tapered-slot shape scan blindness

The last scan blindness depend on the shape of the tapered-slot, and for the element
design presented in paper V it limits the upper frequency bound for many scan
angles in the E-plane. This scan blindness is not as well studied as the previous
two [46, 49], and there is no known analytical model for the guided mode. Like
broadside parallel plate scan blindness, the broadside tapered-slot scan blindness is
not affected when changing between triangular and rectangular grids, from which
it is likely that it also couples to the same Floquet modes as the previous scan
blindness. Numerical calculations have shown that the scan blindness can be moved
up in frequency if either the H-plane spacing is reduced, the slot is made shorter,
the slot is made narrower, or the dielectric constant is decreased. The field intensity
of the guided mode is low close to the ground plane, since the fields are reflected by
the slot instead of the ground plane. This lower field intensity at the ground plane
is the reason that the absorbing layer covering the ground plane has little or no
effect on this scan blindness. In Figs. 5.3(a) and 5.3(b) the broadside tapered-slot
scan blindness is shown as a pink dotted line, and it is clear in Fig. 5.3(b) that the
dissipated power in the absorber is negligible for this scan blindness.



Chapter 6

Edge effects

In Chapter 4 we saw that the measured active reflection coefficient agreed fairly
well with the active reflection coefficient for the infinite array. The absolute value
of the measured active reflection coefficient usually oscillates around the infinite
array result. However, for large scan angles in the H plane the measured active
reflection coefficient will oscillate around a mean curve above the active reflection
coefficient for the infinite array. Both these effects can be classified as edge effects.
An edge effect is basically anything that causes the finite array element results to
deviate from the infinite array results.

The edge effects are caused mainly by three factors: 1. the excitation is spatially
truncated compared with the Floquet excitation, 2. the geometry close to an edge
affects the electrical properties of the elements, 3. unattenuated guided waves are
reflected by the edges and create a standing wave pattern over the aperture [66].
These three effects can be hard to distinguish from each other, but all of them must
be included in an accurate calculation of the coupling coefficients of the array.

The coupling coefficients can be computed for the infinite array using Fourier
series expansion, see Ch. 2.2 and [7, Ch. 4]. By using the coupling coefficients for
the infinite array we can effectively model the truncated excitation. This is not the
case for the perturbation of the current caused by the edge. To compute the edge
perturbation of the currents, the finite array problem needs to be solved. The cou-
pling coefficients can be calculated for the finite array directly if the computational
resources are available. However, to analyze large finite arrays one usually require
computational recourses such as computer clusters. To simplify the problem one
can consider arrays that are finite in only one of the two directions. Then the
computational domain is reduced and the effects of a single edge can be isolated if
the finite-by-infinite array is large enough [11].
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Figure 6.1: The linear arrays are chosen so that they are parallel to the edge in the
finite-by-infinite array.

6.1 Finite-by-infinite arrays

Antennas that are finite in only one direction can be analyzed by using periodic
boundaries in the infinite direction, which is equivalent with analyzing an infinite
linear array of finite arrays, see Fig. 6.1. The S-parameters computed using periodic
boundaries represent the coupling between a single element and an infinite linear
array excited with a one dimensional Floquet excitation. The S-parameters can
be calculated for the infinite array by calculating the coupling to an element by
exciting the same infinite linear array as in the finite array case. In this way Eq.
(2.32) can be simplified and the active reflection coefficient needs to be known for
fewer scan directions. In paper VII this simplification is used to study the edge
effects in a triangular grid tapered-slot array. The S-parameters are computed for
infinite arrays and finite-by-infinite arrays for two types of edges. These edges are
modeled after the edges in the experimental array in paper V.

We consider an N × N finite array and will try to model it with infinite × N
or N × infinite array models. The respective models will be denoted “the E-plane
edge model” and “the H-plane edge model” as explained below.

The antenna elements are oriented so that the E-plane coincides with the zx-
plane and the H-plane with the yz-plane. The phase difference between two ele-
ments along the x-axis, or a1, is ψ1 = ψx and the phase difference between two
elements along the other lattice axis a2 can be written ψ2 = 1

2ψx + ψy. Note that
the analysis becomes easier if the phase differences are divided into their x and y
components, since the edges are parallel to the x- and y−axis. Therefore, denote the
active reflection coefficient for the infinite array with SFL(ψx, ψy) = S′FL(ψ1, ψ2).
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The simplest truncation is an edge perpendicular to the H-plane. It is denoted
as “the H plane edge” since, when scanning in the H-plane, the beam is scanned
towards or away from that edge, see Fig. 6.1(a). The S-parameters for this edge
model can be calculated using Eq. (2.32).

Sq =
∞∑

p=−∞
Sm,n(p,q)e−jpψx0 =

1
2π

∫ π− 1
2ψx0

−π− 1
2ψx0

SFL(ψx0 , ψy)e
jqψy dψy, (6.1)

where ψx0 = ka sin θ0 cosφ0 is the phase shift of the excitation along the x-axis.
The other edge is “the E plane edge”, when the array is truncated perpendicular

to the E-plane, see Fig. 6.1(b). This edge is more difficult to analyze, since the
elements are shifted half an element spacing every other element row along the
edge. For this edge, two linear arrays are needed to calculate the S-parameters for
the corresponding finite-by-infinite array. Along the y-axis the array is excited with
a phase shift ψy0 = kb sin θ0 sinφ0. Then, the S-parameters for the first linear array
with separation distance pa to the element are

Sp =
∞∑

p′=−∞
Sm,n(p+p′,−2p′)ej2p′ψy0 =

1
4π

∫ π

−π
ejpψx

(
SFL(ψx, ψy0) + SFL(ψx, ψy0 +π)

)
dψx, (6.2)

and the S-parameters for the second array with the separation distance (p+ 1/2)a
to the element are

Sp+ 1
2

=
∞∑

p′=−∞
Sm,n(p+p′,−2p′+1)ej(2p′−1)ψy0 =

1
4π

∫ π

−π
ej(p+ 1

2 )ψx
{
SFL(ψx, ψy0) − SFL(ψx, ψy0 +π)

}
dψx. (6.3)

The S-parameters were computed numerically for the two edge models for the infi-
nite array and the finite-by-infinite array, with the phase shift along the common
infinite direction set to zero. The agrement between the finite and infinite array
results is good for elements far from the edge, and poor for elements close to the
edge, see Fig. 6.2.

To evaluate the finite and the infinite array S-parameters, the active reflection
coefficient can be calculated using Eq. (2.3). The excitation is chosen to be uniform
in amplitude with a linear phase shift φ between the elements in the finite direction.
In the infinite array the excitation was truncated to the corresponding elements in
the finite array. In Fig. 6.3 we display the active reflection coefficients computed for
four cases, namely: the truncated excitation of the infinite array, the infinite array
with Floquet excitation, the finite array, and a combined solution to be discussed
later. As expected, the agrement between the different cases is best for elements far



46 CHAPTER 6. EDGE EFFECTS

q [−]

|S
q| [

−
]

0 2 4 6 8 10 12 14 16 18 20 22
0

0.05

0.1

0.15

0.2

0.25 Infinite
Finite

q [−]

Ph
as

e(
S q) 

[r
ad

]

0 2 4 6 8 10 12 14 16 18 20 22
−3.14

−1.57

0

1.57

3.14

(a) element 1

q [−]

|S
q| [

−
]

−6 −4 −2 0 2 4 6 8 10 12 14 16
0

0.05

0.1

0.15

0.2

0.25 Infinite
Finite

q [−]

Ph
as

e(
S q) 

[r
ad

]

−6 −4 −2 0 2 4 6 8 10 12 14 16
−3.14

−1.57

0

1.57

3.14

(b) element 7

Figure 6.2: The scattering parameters for the H-plane edge model, f = 8 GHz.
The finite array consists of 24 elements.
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Figure 6.3: Active reflection coefficient as a function of phase shift along the y-axis,
φ = kb sin θ, b = 12.4 mm, f = 8 GHz. The finite array consists of 24 elements.
The active reflection coefficient were computed using four methods, namely: the
infinite array with Floquet excitation (Infinite), the truncated excitation of the
infinite array (Finite excitation), the finite array (Finite), and a combined solution
(Combined).

from the edges. Furthermore, the active reflection coefficient varies similarly for the
finite array and the truncated infinite array, the local maxima and minima in Fig.
6.3 are basically located at the same phase shift. These oscillations in the truncated
array results are caused by the missing contributions from the elements that are not
excited or not present. The small oscillations in the amplitude are caused by the
edge far from the element, and larger oscillations with a longer period are caused
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by the closest edge.
The currents are perturbed by the edges of the array, which causes the difference

between the finite and finitely excited infinite array. Part of this perturbation
can be added to the infinite array result, thereby making it possible to accurately
calculate the active reflection coefficient for an arbitrary sized array. If the finite
array is sufficiently large, the edge elements will not be affected by the opposite
edge and the finite array S-parameters could be combined with the infinite array
S-parameters. This is done by using the finite array S-parameters for coupling
from elements close to an edge and the infinite array S-parameters for coupling
from elements farther away from the edge. This method seems to work pretty well
and reduces the largest discrepancies between the finite array and finitely excited
infinite array, see Fig. 6.3.

6.2 Infinite array data

To calculate the S-parameters one must know the active reflection coefficient for all
scan directions. Due to the periodicity of the Floquet excitation, the scan directions
can be limited to the phase shifts along the primitive vectors −π < ψ1 < π and
−π < ψ2 < π, and if these parameters are sampled close enough the required
values to calculate the integral in Eq. (2.32) can be found by interpolation. Some
of these phase shifts correspond to invisible space, when no beam radiates from the
antenna. These scan directions cannot be computed directly using FDTD-codes
based on unit-cell approaches with time shifts between the boundaries, i.e. a time-
domain version of the Floquet theorem [48,67]. In paper VI a method is presented
that describes how to calculate arbitrary phase shifts for an infinite array using a
numerical code that is restricted to phase shifts that correspond to visible space.

x

y

a1

a2

a1

a2

'

'

Figure 6.4: The computational domain of the unit cell compared with the larger
computational domain used to compute additional phase shifts.
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The basic idea is that a computational domain, with a phase shift between
its boundaries, that contain more than one element can be used to calculate sev-
eral different linear phase shifts for the infinite array. This can be done if the
S-parameters are calculated for the elements in the computational domain and
then weighted together to calculate the active reflection coefficient. This method
was used to calculate the active reflection coefficient, needed for the calculation of
the S-parameters for the infinite tapered-slot array. Four elements were included
in the computational domain, to be able to span the required phase shift space and
to keep the triangular grid, see Fig. 6.4. The computational domain containing
four elements is a new unit cell of a rectangular grid, with the primitive vectors
a′

1 = 2ax̂ and a′
2 = 2bŷ. The phase shifts between the boundaries of this compu-

tational domain are ψ′
1 and ψ′

2, and they correspond to four different phase shifts
for the original unit cell defined by a1 and a2. In this case the relations between
the four phase shifts for the original unit cell and the new unit cell are given by
ψx = ψ′

1/2 + πm and ψy = ψ′
2/2 + πn, where m and n are arbitrary integers. This

means that the phase shifts spanned with the standard method, i.e. the phase shifts
enclosed by the visible space circle, are translated π/a along the kx-axis and π/b
along the ky-axis in the grating lobe diagram. The translated visual space circles
are the same as the grating lobe circles for the larger unit cell, see Fig. 6.5.

kx

ky

b1

b2

b1

b2'

'

Figure 6.5: The green square represent the phase shifts that need to be spanned
to compute the scattering parameters for the infinite array and the purple dashed
circles represent the phase shifts that can be spanned by using the larger compu-
tational domain.
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Given that the grating lobe circles of the larger computational domain cover all
the possible phase shifts, it is possible to compute all phase shifts for the infinite
array. However, for low frequencies there will be phase shifts that are in between
these grating lobe circles. In Figure 6.6(a) the active reflection coefficient in the E-
plane, for the tapered-slot element in paper VII, is shown as a function of frequency
and phase shift. The white areas in this figure are the phase shifts that were outside
the grating lobe circles and for which the active reflection coefficient is unknown.
To solve this problem one can either expand the computational domain or use a
numerical code that is capable of arbitrary phase shifts.

There are FDTD-codes that use fix phase shifts between the boundaries [68]. A
fix phase shift between the boundaries means that the scan direction changes with
frequency. This is perfect when calculating S-parameters, but cumbersome when
one wants to design an array element for a maximum scan angle. In Figure 6.6(b)
a code TFDTD, described in [69] with the periodic boundaries described in [70],
was used to calculate the active reflection coefficient for the same case as in Fig.
6.6(a). Due to limited access, this code was primarily used for verification of the
method described in paper VI. However, in paper VII the active reflection coefficient
computed using TFDTD was used for the frequencies and phase shifts not spanned
by the enlarged computational domain. The results computed using PBFDTD and
TFDTD agree very well, most of the discrepancies between the results shown in
Fig. 6.6 are due to interpolation errors caused by there being fewer scan directions
used for the TFDTD computations.
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(a) Time shift boundaries with four elements in the computational
domain. (PBFDTD + extended domain algorithm)

(b) Phase shift boundaries. (TFDTD)

Figure 6.6: Active reflection coefficient as a function of frequency and phase shift
along the x-axis, φ = ka sin θ, a = 14.1 mm.



Chapter 7

Conclusions
The subject of the thesis is planar phased arrays capable of wide-angle scanning.
Part of the thesis work was to design an antenna element for a phased array radar
antenna. To find suitable candidates for the application a literature study was made
in our report [23] to identify antenna elements with good wide-angle performance.

At the beginning of this thesis work the goal for the radar antenna to be designed
was an element capable of scanning 75◦ from the aperture normal. The antenna
was supposed to be a planar array antenna that was easy to manufacture and which
consisted of as few elements as possible. To simplify the analysis, the array was
assumed to be large enough to be modeled as an infinite structure. The requested
bandwidth of the antenna was moderate, in the order of half an octave, and it was
supposed to be well matched with an active reflection coefficient that was less than
−10 dB for all scan angles out to 75◦ from broadside.

Starting from these requirements, the wide-angle scanning limits were studied
for waveguide elements in a ground plane. The elements were matched conceptually
using a simple circuit model, in which parameters were chosen by minimizing the
reflected power for the intended scan range. It was found with this matching method
that the waveguide elements were capable of large scanning angles but required
additional scan improving techniques to be able to fulfill the requirement for even
a single frequency.

These difficult requirements was changed during the thesis due to the expected
performance of the frequency selective surface (FSS) that will cover the antenna. A
well matched antenna works as an absorber for an incident plane wave. Therefore, a
wide-band antenna was preferred to reduce the radar cross section for the frequency
bands for which the FSS is transparent. However, wide-angle scan performance is
related to the bandwidth of the antenna and if one requirement is increased the
other needs to be decreased. The new requirements were for a single polarized
element capable of a 2.5:1 bandwidth for scan angles out to 60◦ from broadside.

An element that could potentially fulfill these requirements was the fragmented
aperture element. The fragmented aperture element is a novel design and it was
considered as a backup element in case the other option, the tapered-slot element,
did not work out. A couple of practical problems related to building and analyzing
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fragmented aperture elements were considered and solved. The fragmented aperture
element still has some unsolved deign problems; one is the design of a practical feed.

The element that was chosen for the radar antenna was the tapered-slot element.
This element has two main advantages: it is easy to fabricate and it has excellent
broadband qualities. The idea was that part of the broadband performance could
be traded in the design to achieve a better scan performance. To improve the
mechanical stability of the array, the elements are encapsuled by a foam layer
that is in turn covered by a glass fibre layer. The glass fibre layer acts both as a
protection and as a wide impedance matching layer that improves the performance
for the H-plane scan directions. The final design was an element that fulfilled the
requirements and incorporated an absorbing layer covering the ground plane, to
reduce the radar cross section for the antenna’s cross polarization.

The tapered-slot element design was the basis for an experimental antenna built
by Saab Microwave Systems. This antenna proved to agree well with the numerical
calculations, but also gave ideas for further studies. The active reflection coefficient
for the H-plane scan direction is worse for the central elements in the experimental
array than in the infinite array calculations. This is shown to result from the
truncation of the infinite array, i.e. an edge effect.

Phased arrays often suffer from an effect called scan blindness. This effect,
which impairs the performance, is caused by a guided wave in the array structure.
In the experimental antenna design, there occur three types of scan blindnesses.
One of these scan blindnesses occurs only for triangular grid tapered-slot elements
and cannot be excited in a rectangular grid. This scan blindness sets the maximum
element spacing and therefore reduces the benefit of the otherwise optimal equi-
lateral triangular grid. The other scan blindnesses occur for the same frequencies
for triangular and rectangular grids and appears first in frequency for broadside
scan. The most problematic of these broadside scan blindnesses depends on the
shape of the tapered-slot, and unlike the two other scan blindnesses there is today
no analytical expression for the scan blindness condition. It is a challenge to find
such an expression, but it would be a useful tool for an engineer when designing
this type of element.

An infinite array element behaves similarly to an element within a large array.
The difference between the infinite array solution and the finite array solution is
usually referred to as edge effects. In this thesis edge effects for tapered-slot in
triangular grids were considered. The edge effects were studied by comparing the
scattering parameters for finite-by-infinite arrays with those for infinite arrays. The
active reflection coefficient for a finite excitation was calculated for these two cases
and showed good agreement for the central elements. The thesis ends with the
description of a method that was developed for the use of finite difference time
domain codes with time shift boundaries to calculate active reflection coefficients
for scan directions in invisible space. This method was used to compute the raw
data required to calculate the scattering parameters.



Chapter 8

Summary of papers

8.1 Paper I

Rectangular waveguide elements in infinite planar arrays are analyzed with respect
to wide-angle scanning, and results for three types of waveguide apertures are pre-
sented. The goal was to find a wide-angle scanning array element with moderate
bandwidth that can excite two polarizations. The dual polarization requirement
leads to the cross section of the waveguides being either circular or square shaped.
Dual polarization elements can have problems due to coupling between the two
polarizations. Therefore, a single polarized element was chosen as a reference. A
goal was to be capable of scanning out to 75◦ from broadside. For such a large scan
angle, a small element spacing is required to avoid the appearance of grating lobes,
which requires that the waveguides are filled with a dielectric material to reduce
the size of the waveguide cross section.

The elements were evaluated by computing the average reflected power over
the scan range. Before the elements were matched, the waveguide with the largest
cross section was the best element in terms of the average reflected power. The
elements were then matched using a simple matching scheme which minimized
the average reflected power. After the matching procedure, the waveguide with the
smallest cross section achieved the best result but was similar to the single polarized
waveguide. The reason why the large waveguide could not be as well matched was
that when the element was steered out in the diagonal plane a large part of the
incident power was reflected back in the orthogonal polarization.

8.2 Paper II

Fragmented patch elements for infinite planar arrays are studied in this paper.
The shape of this element is obtained by using a genetic algorithm to minimize
the average reflected power over a frequency band for three scan directions. The
elements consist of small metal pixels and the optimization algorithm chooses the
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pattern of these pixels. Like for an idealized dipole the element is fed in the middle
with a point source. At the time of the paper these elements were a new design
and several issues needed to be resolved to improve the designs and to simplify the
manufacturing.

Three improvements were addressed in this paper. First, the new designs were
done with 4× 4 FDTD-cells per pixel, to describe the geometry, instead of a single
FDTD-cell. Furthermore, the 4 × 4-model was evaluated by comparing the results
with results for grids with a 12×12 resolution. The second item that was addressed
was the electrical contact between corners of two adjacent pixels. To avoid problems
during manufacturing with reduced electrical contact, two solutions were proposed
and evaluated. The first solution was to put a small patch over the problematic
corners. The results computed using this method were identical to the results
without the small patch, which shows that this is a good practical solution to avoid
the reduction of electrical contact across corners. The second solution is to make
the metal pixel slightly larger so that a small overlap is created. Since metal edges
are effectively slightly wider than the grid in an FDTD-model, the overlapping pixel
model agree better with the 4×4 optimization model than the corner patch model.
The last addressed item was a wide-angle design, in which a thin array element
was designed for scan angles out to 60◦ from broadside scan. Two designs were
considered, one with a dielectric superstrate on top of the metallic pattern and one
without.

8.3 Paper III

In this paper we studied the effect of an absorbing layer covering the ground plane
in an array of tapered-slot elements. The tapered-slot elements are configured in
a triangular grid and designed for a radar application. To reduce the radar cross
section of the polarization that is orthogonal to the antenna element, an absorber
is positioned above the ground plane. The absorbing layer does not affect the an-
tenna performance much, since fields with the same polarization as the antenna
cannot reach the absorbing layer. The antenna structure works as a parallel plate
waveguide structure that is under cutoff for these waves. However, there is a scan
blindness effect in this array caused by a guided mode that is excited in between
the elements. The absorbing layer will attenuate the guided mode that causes the
scan blindness and the antennas radiation efficiency is reduced instead of becoming
mismatched. An additional scan blindness is discussed, which is not affected by the
absorbing layer; in this thesis it is denoted as the broadside tapered-slot scan blind-
ness. This scan blindness is incorrectly identified in paper III as the scan blindness
presented in [46], which still occurs for this antenna but for higher frequencies. The
scan blindness in this paper is very similar, but unlike the scan blindness in [46] it
depends on the shape of the tapered-slot. Parts of the results in this paper are also
published in paper V.
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8.4 Paper IV

This paper describes a scan blindness that exists in triangular grid tapered-slot
arrays. A simple model for the scan blindness is presented and the model is eval-
uated. This scan blindness is important because it will for some designs set the
maximum frequency limit for the antenna. The maximum unit cell size is 15%
larger for triangular grids than for rectangular grids. However, the larger unit cell
cannot be utilized completely due to this scan blindness.

The scan blindness depends primarily on two element parameters, the height
of the element and the width of the tapered-slot element along the E-plane. The
scan blindness occurs when the width is longer than half a wavelength and the scan
blindness angles decreases when the frequency increases. If the element height above
the ground plane is increased, the scan blindness angle occurs for a lower frequency.
In the limit when the height of the element goes to infinity the scan blindness occurs
for the same angle and frequency as the grating lobe in a rectangular grid with the
same element spacing.

8.5 Paper V

This paper describes a design of a triangular grid tapered-slot array. The main
focus was on the design of an array element suitable for radar applications. This
element needs to be well matched for a wide frequency band but also to have a
low radar cross section for the antenna’s orthogonal polarization. The wide-scan
performance is met due to careful modeling of the tapered-slot shape and a wide-
angle impedance matching layer. To reduce the radar cross section an absorbing
layer is positioned above the ground plane. This layer interferes little with the
antennas performance with the exception that it reduces the scan blindness effects
that exist for this design. This antenna element has three scan blindness effects, of
which two are affected by the absorbing layer.

An experimental antenna consisting of 16×16 elements was built and evaluated.
The measured active reflection coefficient for the center element was compared with
the active reflection coefficient for an element in the infinite array. The agreement
was good for broadside scan as well as E-plane scan. The results for the H-plane scan
deviated more than expected from the infinite array result. This has been shown
to be a finite array effect and it does not occur from incorrect manufacturing of the
antenna.

8.6 Paper VI

In this paper a method is presented that describes how to calculate arbitrary phase
shifts for an infinite array using a numerical code that is restricted to phase shifts
that correspond to visible space. This is a problem with finite difference time
domain codes that use time shifts between the periodic boundaries.
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The basic idea is that a computational domain, with a phase shift between
its boundaries, and containing more than one element, can be used to calculate
several different linear phase shifts for the infinite array. This can be done if the
S-parameters are calculated for the elements in the computational domain and then
weighted together to calculate the active reflection coefficient.

Two numerical examples are given in this paper. In the first example a compu-
tational domain with three dipole elements is used to calculate the three different
linear phase shifts for the infinite array in a single run. The second example com-
pares the results computed using the method with results from another numerical
code.

8.7 Paper VII

In this paper the edge effects in tapered-slot arrays are studied and modeled using
coupling coefficients. The arrays were chosen to be infinite in one direction and
finite in one direction, since this reduces the size of the problem and the number
of edges in the array. S-parameters for the finite-by-infinite arrays are compared
with S-parameters for the infinite array for two types of edges. The edge shape was
chosen to be the same as in the experimental antenna in paper V. These edges are
parallel to either the E plane or the H plane.

It is shown how the S-parameters change with element position. The active
reflection coefficients are computed using these S-parameters for the finite array and
the infinite array by using a truncated excitation. The active reflection coefficient
for these two cases is very similar but differ from the infinite array that is uniformly
excited. It is therefore concluded that the dominant cause of the edge effects is the
truncated excitation of the array. The difference between the coupling coefficients
for the finite array and the infinite array is more prominent close to the edges. This
is a secondary effect caused by the currents being perturbed by the finite array
edge.
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