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Abstract 

The development of the transistor and its continuous down-scaling has allowed during the 
last decades the appearance of cheap wireless communication systems targeting consumer 
products. The complexity of these systems has increased dramatically during the last years, 
mainly fueled by both the Moore law and improvements in communication theory. 
Originally, the radio transceivers were composed of only a few transistors, and supported 
simple analog modulation schemes. Currently, radio transceivers are composed of 
thousands of transistors including not only radio/analog blocks but also a huge amount of 
digital circuitry as well. These radios use advanced digital modulation schemes, channel 
coding, and multiple access schemes.  

Despite the fact that digital circuits currently offer an impressive performance, pure digital 
signal processing of radio signals remains limited for relatively low frequencies below a 
few hundred MHz. On the other hand, frequency bands used in current mobile applications 
span from around 800MHz up to 6 GHz and hence demand the use of analog circuits to 
down-convert the radio signals to lower frequencies that are suitable for digital processing. 
The group of circuits that form this part of the receiver is known as the radio receiver 
front-end. 

The design of modern radio receiver front-ends has many challenges. One requirement is 
support of a multitude of standards with bands that are scattered all along the mobile radio 
spectrum. Accordingly, the noise and linearity specifications for these front-ends are very 
stringent. Also, these specifications have to be accomplished using low-power, low-cost, 
highly integrated circuit solutions. 

This thesis presents the design of multi-band multi-standard receiver front-ends for fourth 
generation mobile communications. A novel methodology that speeds up the development 
of multi-band multi-standard RF blocks by automating some steps in the design is shown. 
Examples of submicron and nanometer CMOS wideband receiver front-ends targeting 4G 
mobile applications are presented. New techniques for inductorless wideband front-ends 
using current-mode technology are presented. Finally, novel RF calibration techniques to 
cope with process, voltage, and temperature variations in modern CMOS processes are 
demonstrated.  
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CHAPTER 1 

INTRODUCTION 

The wireless communication systems have evolved so dramatically during the last decades 
that they have changed many aspects of how society currently works. In particular, the 
prices of mobile subscriber units are affordable to a large amount of the population 
facilitating the communication and causing an explosion of available information. This 
evolution has been mainly possible by the invention of the transistor and the continuing 
downscaling of its feature sizes. Several other disciplines have also contributed to this 
progress and others have emerged in the meantime.  

In the 60s, the radios available for consumer applications were mainly devices working at 
bands from a few hundreds of kilohertz to perhaps a few hundred megahertz and using 
narrowband channels of only a few kilohertz. Nowadays, half a century later, we forecast 
consumer products working above 60GHz with channel bandwidths of more than 
500MHz. Going up in frequencies brings the opportunity of using large channel 
bandwidths and thus increasing the capacity of a communication system, that is, an 
increase in the amount of information that can be transferred. Working at high frequencies 
entails however drawbacks, for instance, severe attenuation due to path loss and oxygen 
absorption which is naturally technology independent (Fig.1.1). For these reasons, higher 
frequencies above several gigahertzs are preferred for short distance communications such 
as personal area networks. Low frequencies, on the other hand, benefit from a low 
attenuation, but the available spectrum is very limited and hence the information capacity 
is reduced. Moreover, the optimal size of the required antenna is directly related to the 
wavelength and therefore working at low frequencies demands antenna sizes that cannot 
be easily embedded into consumer mobile devices (Fig.1.2). Low frequencies are preferred 
in applications that require large area coverage, for instance, in air control radar 
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surveillance systems, TV and radio broadcast. In the middle of the spectrum, there is a spot 
of frequencies that span from around 600MHz to 6GHz that are particularly interesting for 
mobile applications, for several practical reasons [1]. These frequencies suffer from 
moderate attenuation which permits connections from a few hundred meters to a few 
kilometers. Also, the channelization of the bands allows assigning user bandwidths from a 
few hundred kilohertz to several megahertz. At these frequencies the size of the antenna is 
small enough to be integrated in a handheld device. These are the main reasons why this 
part of the electromagnetic spectrum has been heavily populated with licensed and 
unlicensed bands for mobile applications during the last decades. 

 
Figure 1.1: Attenuation and its dependence on frequency 

 
Figure 1.2: Antenna size and its dependence on frequency 
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The implementation of the radio circuits that form the physical layer in these wireless 
communication systems have been traditionally limited to narrow band solutions due to 
both market needs and technology limitations. The explosion of wireless standards, 
however, has created the need of multi-band multi-standard capability in the radio 
transceiver. This is particularly important for the coming fourth generation wireless 
standards, that require not only operation in their bands but also backward compatibility to 
legacy standards from previous generations. At the same time, the constant appetite of 
increased monolithic integration in silicon opened the door to an exciting research area in 
which reusability and reconfigurability of radio circuits is exploited in order to provide 
multi-band functionality.  

The performance improvement in digital computing has suggested that the signal 
processing for mobile applications at the receiver may eventually be done solely in digital 
domain. This concept is known as software radio and consists of directly converting the 
radio signal to the digital domain. In practice, the requirements on the analog to digital 
converter and also the digital processor are so high that this solution is unsuitable for these 
applications. As a result, the processing of mobile bands requires the use of analog (radio) 
circuits that perform at least one frequency down-conversion before the signal is suitable 
for digital processing. The analog circuits working at radio frequencies and performing 
this operation represents the RF front-end or radio receiver front-end. Traditionally, these 
circuits were made of discrete components using microwave techniques. The development 
of the transistor and its continuing scaling led to RF front-ends that are monolithically 
integrated with other radio blocks in the same package. These solutions are called radio 
frequency integrated circuits.  

1.1 Radio Frequency Integrated Circuits 
The origins of the silicon radio, as we know it today, date back to the early 60’s when the 
first patents for integrated circuits were granted to Noyce and Kilby. This event was 
followed by a rapid and amazing development and struggle to reduce the size of the 
integrated circuits, increase their functionality, and reduce the cost. Only a few years later 
in 1965, Gordon Moore conducted a survey of the trends in the field and predicted that the 
number of transistors in an integrated circuit approximately doubles every second year. By 
the time of writing this thesis, the CMOS scaling has made possible to integrate one billion 
CMOS transistors in the same die. 

Radio circuits implemented using integrated transistors developed at the same time. 
Technologies such as GaAs, and InP allowed the design of radio circuits at very high 
frequencies. The integration of these radio circuits in a common substrate resulted in the 
birth of monolithic microwave integrated circuit (MMIC), also known as radio frequency 
integrated circuits (RFIC). SiGe entered a few years later, when improvements in SiGe 
technology also allowed these materials to be used in radio applications. Lately, the 
scaling of CMOS devices has resulted in speed improvements that made this technology 
suitable for MMIC [1]. CMOS is attractive since it allows system integration of analog, RF 
and digital circuits, enabling compact solutions at potentially low costs. 
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One of the main consumer applications of RFICs is wireless mobile systems. These 
applications demand tough requirements on the mobile subscriber units in particular 
because they are battery powered and therefore require low power consumption. The 
improvement in performance of CMOS during the last decades has made possible that 
many of these requirements can be met with this technology. Nowadays, most of the radio 
blocks inside subscriber units supporting second (2G) and third generation (3G) cellular 
wireless are made with CMOS technology. Subscriber units supporting next generation 
mobile standard will be also built using CMOS. 

1.2 Fourth Generation Mobile Applications 
Fourth generation (4) of cellular wireless are wireless internet protocol (IP) based solutions 
that are expected to provide the end user with voice, data, and streamed multimedia at 
higher data ranging from 100Mbps to 1Gbps. Some of the target applications are wireless 
broadband access, multimedia messaging service, video chat, mobile TV, high definition 
TV, and digital video broadcasting.  

From system point of view, 4G transceivers should provide seamless hand-over operation 
to available networks, which offer the performance required by the user's application. In 
this context, the receiver should be able to support metropolitan area networks (MAN), 
wireless local area networks (WLAN), and personal area networks (PAN). Current pre-4G 
examples of MAN networks that will be required to be supported are Worldwide 
Interoperability for Microwave Access [2] (WiMAX) and Long Time Evolution [3]  (LTE) 
which take advantage of high-spectral efficiency OFDMA modulations schemes. In 
addition to these standards, the 4G transceiver needs to have backward compatibility to 
current legacy standards such as GSM, UMTS, WLAN, and Bluetooth. One implication of 
this is that a transceiver which targets all these standards should support both time division 
duplex (TDD) and frequency division duplex (FDD). Another implication is that a 4G 
radio must be able to support a large number of bands that span from 700MHz to around 6 
GHz and also a large number of channel bandwidths that vary from 200KHz (GSM) to 
30MHz (WiMAX). Finally, the 4G transceivers will benefit from the use of MIMO 
technology which increases the data throughput by introducing spatial diversity. 

1.3 Scope of this thesis 
The RFIC field is entering in a new era. The Ft of CMOS transistors is predicted to reach 
300GHz in 2013 and maybe 600GHz around 2019 [4]. This increase in performance 
allows radio designs at several gigahertz without inductors, something totally unthinkable 
only a few years ago. At the same time there are many challenges to be solved. Wireless 
consumer products are currently required to cover many standards with different spectrum 
allocations in the same handheld device. The number of standards to be covered increases, 
but the physical area that is allocated for the implementation of the radio parts either 
remains the same or decreases. Accordingly, there is currently room for innovative ideas 
and opportunities for both industry and academia. The near future of RFIC indeed looks 
bright, and exciting. 
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The design of 4G receiver front-ends covering all the mobile bands presents many 
challenges. A successful monolithic implementation of a receiver front-end requires 
nowadays very careful tracking of all the requirements from different design aspects such 
as: system level, block level, circuit level, and technology. This thesis presents the design 
of fourth generation mobile receiver front-ends based on all these premises. 

The first part of this thesis deals with the design of low-noise amplifiers and down-
converter stages used in modern radio front-ends. The objective of this research is to 
search for a methodology that permits the automation of radio circuits in a similar way 
than the digital synthesis is done.  

The second part of this thesis deals with the design of receiver front-ends for 4G 
applications using deep-submicron and nanometer technologies. Challenges such as low 
power supply voltages and short-channel effects are addressed, and novel circuit design 
techniques to cope with these effects are proposed. These techniques permit to exploit the 
speed advantage of nanometer transistors and reach the radio requirements of 4G mobile 
receivers. 

Process, power supply voltage, and temperature variations (PVT) have a strong impact on 
the performance of analog circuits. Modern CMOS processes are in particular affected as 
the feature sizes are currently in the nanometer range and tolerances are getting closer to 
molecular dimensions. The last part of this thesis concentrates on novel techniques to 
control and correct the PVT effect on radio receiver blocks. 

1.4 Author Contributions 
The thesis is based on the publication list presented previously. The main contributions of 
the author are: 

In [1] and [2] the author proposes a novel design methodology that speeds-up the 
development of radio blocks for multi-band multi-standard receivers. ARCHER, an 
EDA/CAD tool that facilitates the design of receiver front-ends is designed and 
implemented  

In [3] the author uses ARCHER in order to design LNA and mixer solutions for a WiMAX 
RF Receiver Front-End using 0.18um CMOS technology. 

In [4] and [5] the author describes the issues, challenges, and opportunities of designing 
modern RF front-ends targeting 4G standards in low-voltage nanometer CMOS 
technologies. An inductorless WiMAX/LTE receiver is designed in 1.2V 90nm CMOS 
technology.   

In [6] the author extracts the receiver and block specifications for WiMAX mobile 
standard. 

In [7] the author proposes current-mode wideband RF front-ends and its advantages over 
traditional voltage-mode front-ends. A novel 0.9V WiMAX/LTE receiver is designed in 
65nm CMOS. 
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In [8] the author proposes a novel technique for the calibration of second order 
nonlinearity in CMOS down-converters. 

In [9] and [11] the author proposes calibration techniques for gain, second and third order 
nonlinearity and noise figure for CMOS downconverters 

In [10] the author proposes a novel built-in-self test technique to calibrate CMOS 
downconversion mixers. 

1.5 Thesis Organization 
Chapter 2 gives a brief introduction to radio receivers and their main characteristics and 
problems. Fundamental ideas in radio design such as sensitivity and selectivity are 
explained. The different receiver architectures are shown and their advantages and 
disadvantages discussed. 

Chapter 3 introduces ARCHER, an EDA tool for automation of RF blocks. The challenges 
of automating the designs of RF blocks are discussed. The structure of ARCHER is 
detailed and examples of automatic LNA and mixer designs are presented. 

Chapter 4 presents receiver front-end designs for 4G wireless applications. An overview of 
the physical layer characteristics of 4G mobile systems is presented. Possible receiver 
front-end circuit solutions using CMOS technology are explained. A receiver front-end 
targeting WiMAX/WLAN is presented. 

Chapter 5 introduces RF design in low-voltage nanometer technologies. Two WiMAX/ 
LTE receiver front-ends are presented. Different circuit techniques that enable inductorless 
wideband front-end design in nanometer CMOS are proposed and employed. Novel 
current-mode wideband design techniques targeting low-voltage applications are proposed. 

Chapter 6 introduces the calibration of RFIC blocks. The impact of process, power supply, 
and temperature variations in RF circuits is examined. The concept of RFIC calibration is 
explained and examples are given. A novel technique for calibrating down-converter 
mixers is presented 

Chapter 7 closes this thesis with conclusions and gives an overview of the future 
developments in the field. 

  

 
 
 
 



 

7 

CHAPTER 2 

RADIO RECEIVERS 

The objective of a radio receiver is to process a particular radio signal that has been 
transmitted and to extract the information that it contains. This task is basically limited by 
two issues.  First, all the noise sources present in the signal path compete with the received 
signal and define the signal-to-noise ratio (SNR) at the output of the receiver. The correct 
demodulation of a signal requires a minimum SNRmin, and therefore, a minimum RF input 
power at the antenna is needed in order to recover the information. The minimum RF input 
power level that satisfies this condition is called the sensitivity of the receiver. Second, the 
electromagnetic spectrum is a shared resource that is used by many users at the same time. 
A radio receiver should only process a desired radio signal but in practice it also picks up 
signals from nearby radio transmitters, or even undesired signals generated inside the 
radio. In general, these interfering signals can be much stronger than the desired signal and 
demand the implementation of mechanisms of filtering and isolation, and very linear 
signal processing. The capability of the receiver to process a weak signal in presence of 
these interferers is called selectivity. The sensitivity and selectivity requirements define the 
main performance specifications of the whole radio receiver. 

2.1 Performance Metrics 

2.1.1 Sensitivity and Noise Figure 
The effect of the noise sources present in a circuit can be quantified by using the noise 
factor concept. Noise factor (F) is the measure of the SNR degradation that a signal suffers 
from the input of the receiver to the output: 
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Receivers are composed of cascaded blocks and therefore it is useful to calculate the total 
noise factor of cascaded blocks as a function of the individual noise factor and the power 
gain. The total noise factor FT is defined as: 
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Where Fi represents the individual noise factor of each block and Gi is the power gain. 

The noise figure (NF) of a receiver is defined as: 

 ( )TFNF log10=      (2.3) 

The sensitivity of the receiver, the minimum power of a detectable signal, is defined as:  

 NFSNR(B)kTRX SENS +++= minlog10    (2.4) 

Where k is the Boltzmann constant, T is the absolute temperature, and B is the noise 
bandwidth. kT represents the power spectral density of the thermal noise delivered to a 
matched load which takes a value of approximately -174dBm/Hz at room temperature. 

Sometimes the performance curves of modulation and coding schemes are not expressed in 
SNR but are frequently expressed in Eb/No (energy per bit to noise power spectral density 
ratio). Also the NF is divided in a part strictly defined by the degradation produced by 
noise and insertion losses at the RF part (NFRF), and another that accounts for the 
imperfections at baseband (NFBB) such as dynamic estimation of channel, noise folding, 
etc. Accordingly (2.4) is rearranged to: 
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    (2.5) 

Where Ts represents the symbol time. For instance, the value of kT/Ts at 25°C for 
WCDMA is -108.0 dBm, and the minimum Eb/No is -8.4dB. Assuming that the whole RF 
front-end including printed circuit boards (PCB), filter, and switch losses and NF of the 
receiver has a total NFRF of 7.5dB and that NFBB is 1dB, then the sensitivity of the receiver 
is -107.9 dBm. 

2.1.2 Nonlinearities 
The received signal in RF receivers passes through several amplification stages. Weak 
signals may require as much as 90dB of total amplification before they can be 
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demodulated. Ideally, a magnified replica of the input signal should appear at the output of 
the amplifying stages. In practice, the implementation of the amplifiers limits the quality 
of the amplification due to nonlinearities. Nonlinearities are the cause of many problems in 
receivers and hence require careful consideration. Nonlinearities in receivers are 
commonly modeled using a polynomial expression: 

 3
3

2
210 xaxaxaay(x) +++=     (2.6) 

When a sinusoidal signal passes through a nonlinear system the output is composed of 
harmonics located at frequencies that are multiples of the input signal. In fully differential 
circuits, the even order components appear as common-mode signal and ideally cancel 
each other. In practice, mismatches reduce this cancellation and some even order distortion 
leaks to the output. 

Besides harmonics, nonlinerities are the cause of gain compression, desensitization, 
cross-modulation, and intermodulation distortion [5]. The performance metrics of the 
linearity are found by applying two test tones to the input of the amplifying stage and 
analyzing the spectral components at the output. The intercept points at which the 
magnitude of the desired output signal has the same level as the intermodulation products 
define the performance metrics. They are called third and second order interception points 
and are defined as follows: 
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Third order nonlinearity is also a source of gain compression. The decrease in gain is 
quantified by the 1dB compression point (P1dB) which is defined as: 
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The total IIP3 linearity performance of cascaded stages can also be approximated in a 
similar way as the total noise factor:  
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The total IIP2 linearity performance takes the same form of (2.10). However, its 
application in radio receivers is somewhat different than for IIP3. This happens because 
third order intermodulation products may fall directly in the desired channel and 
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accompany the signal all along the path through the receiver. Second order 
intermodulation products, on the other hand, fall either close to DC at baseband or at 
higher frequencies. Normally, the ones appearing at baseband are the main concerns since 
they can interfere with the desired signal if it is downconverted to the same frequency. 
Accordingly, the last downconversion stage is commonly the primary source of second 
order intermodulation. Low-frequency second order intermodulation products coming 
from stages before the last down-conversion are ideally multiplied in frequency and fall 
outside the desired channel. In practice, mismatches and finite isolation between blocks 
cause some leakage.  

2.2 Receiver Front-End 
The radio receiver front-end is responsible of processing the radio frequency signal 
coming from the antenna (RF) and converting it to an intermediate frequency (IF) where 
demodulation is feasible. The selection of the IF frequency is an issue that depends on both 
application and technology. Several trade-offs exist and different solutions have been 
developed along the time introducing different radio receiver architectures. Independently 
of the architecture, each radio receiver front-end is composed of amplifiers, mixers, and 
filters. Due to the high frequencies that are involved, these radio blocks are prone to many 
problems and therefore their design requires careful consideration of many trade-offs. The 
characteristics of the selected receiver architecture have a strong impact on the 
requirements of the front-end blocks. A good understanding of those characteristics is 
required to guarantee a successful design. Accordingly, it is necessary to review the 
receiver architectures and summarize their advantages and disadvantages.  

2.2.1 Heterodyne Receiver 
The conversion of RF frequencies to IF frequencies were introduced by Fessenden and 
Armstrong at the beginning of the 20th century. The technique consisted of mixing the RF 
signal with a periodic signal generated by a local oscillator (LO) in the receiver. The 
mixing process results in generation of new IF frequencies in accordance to the properties 
of sinusoidal signals:  one located at the sum (RF+LO) and another at the difference (RF-
LO). Working at a fixed IF simplifies the amplifiers and filters design since they are tuned 
only to one frequency. Unfortunately, due to the same properties of sinusoidal signals, any 
RF signal located at LO-IF is also mixed and converted to the IF frequency. This undesired 
signal is known as image signal and its presence causes sensitivity degradation. Rejection 
of the image can be done by filtering the image signal before it enters the mixing stage or 
by using complex signal processing [6] in the form of Hartley/Weaver Architecture [5]. 
Generally, the image rejection pre-filtering is easier when a large IF is used. On the other 
hand, a large IF makes difficult the filtering of nearby interferers, for instance, users in 
adjacent channels. In many cases, this trade-off is so complicated that other mixing stages 
may be used in order to relax the filtering requirements. An example of this technique is 
the dual conversion heterodyne receiver shown in Fig.2.1. A low-noise amplifier (LNA) 
with very good NF performance follows the interface to the antenna. The LNA is required 
since the frequency mixing is normally a very noise process that can degrade the NF and 
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sensitivity. Recent advances in technology suggest that it may be possible to avoid the use 
of LNAs and still obtain reasonable good noise performance [7]. However, most of current 
mobile applications have tough sensitivity requirements and the use of LNAs remains as a 
requirement. The filtering of the image is commonly done using SAW components that 
cannot be integrated on silicon, and hence, force the use of external components. Receivers 
working on this principle are known as heterodyne receivers and have been used virtually 
in all radio applications until the appearance of homodyne receivers. Heterodyne receivers 
present very good sensitivity and selectivity characteristics. Unfortunately, they are not 
amenable for fully monolithic integration. 

 

Figure 2.1: Dual conversion heterodyne receiver 

2.2.2 Zero IF Receiver 
The disadvantages of heterodyne receivers can be avoided by downconverting the signal 
directly to baseband as can be seen in Fig.2.2. Called homodyne, direct conversion, or 
simply zero-IF receiver, its invention is attributed to Colebrook in the year 1924. This 
architecture uses zero IF frequency and low pass filters (LPF) to reject interferers. This 
solution requires fewer components, lower complexity, and opens the opportunity of 
increased level of integration and lower power consumption. Despite its simplicity, this 
kind of receiver entailed a number of issues that had no easy solution.  Among the 
problems that it faced, the stability of the LO was the main issue until the development of 
phase-locked loop synthesizers (PLL). In addition, due to limited isolation between the LO 
and RF ports, the LO signal experiences self-mixing and causes DC-offsets at the output of 
the mixers. These offsets are amplified by the following baseband stages and can easily 
saturate the receiver. The requirement of I and Q paths for phase and frequency 
demodulation (omnipresent in modern digital modulation schemes) also entails the 
problem of amplitude and phase mismatches. As a consequence, the LO requires 
quadrature and phase outputs with low phase and amplitude error, a requirement that is 
difficult to achieve at very high frequencies. Also, 1/f noise appears immediately after the 
downconvertion and can strongly degrade the sensitivity, in particular for narrow band 
channels. Finally, even order distortion not only contributes to the DC-offset, but it is also 
a source of sensitivity degradation due to intermodulation since two interferers located 
very close have a second order intermodulation product falling in baseband [8]. These 
problems found solutions with the development of integrated RFICs, and current modern 
wireless communications make extensive use of this architecture. 
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Figure 2.2: Zero -IF direct conversion receiver 

2.2.3 Low-IF Receiver 
An intermediate solution between the heterodyne and direct conversion receiver is the low-
IF receiver which is shown in Fig.2.3. This architecture relaxes the issues of the Zero-IF 
receiver by downconverting the signal to an IF close to DC whose magnitude is normally 
from half channel to a few channels. The disadvantage of this architecture is that now an 
interferer located in one of the adjacent channels is also downconverted to the negative 
frequencies and hence it requires complex image rejection [9]. The requirements for 
adjacent channel rejection vary from one standard to another, and in many cases can be 
extremely difficult to achieve. The implementation of polyphase filters that perform the 
complex filtering normally requires amplifiers with gain-bandwidth products larger than 
those used for the LPF in Zero-IF architectures, and therefore, there is an increase in 
power consumption. The I/Q mismatches in these stages reduce considerably the 
achievable image rejection. Also, the narrow band nature of the polyphase filters makes it 
difficult their usage in wideband applications. Accordingly, low-IF receivers have mainly 
found their use in standards with narrow band channels. 

 
Figure 2.3: Low-IF Receiver 
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2.3 Summary 
The zero-IF and low-IF receiver are the most popular architectures found in modern 
mobile radio applications since they are suitable for highly-integrated monolithic 
solutions. Therefore, they are the preferred choices for modern mobile RFIC 
implementations. The receiver front-end in both architectures is exactly the same. The 
interface to the antenna depends on the duplexing scheme that is used. FDD systems have 
different up-link and down-link frequencies working simultaneously. These systems use a 
duplexer in order to isolate the receiver input and the output of the power amplifier in the 
transmitter. In TDD systems, on the other hand, the transmission and reception occurs at 
different times. Different time slots are assigned for transmitting and receiving voice or 
data. Accordingly, the interface to the antenna is done by using an RF switch. Both the 
duplexer and the RF switch are normally implemented as external discrete components. 
An LNA follows the duplexer/switch. This amplification of the signal before 
downconversion is necessary since the mixing process reduces the SNR either by adding 
large amounts of noise (active mixers) or by reducing the amplitude of the desired signal 
(passive mixers). I/Q mixers are used to down-convert the signal to either zero-IF or low-
IF frequencies depending on the receiver architecture. After down-conversion, the 
interferers are filtered by low-pass filters or poly-phase filters and the signal is amplified, 
converted to the digital domain, and demodulated. The performance of the whole receiver 
depends on its sensitivity and selectivity. Accordingly, a systematic design must define the 
receiver specifications and study the impact that each block has on the sensitivity and 
selectivity. 

The receiver design starts by extracting target specifications of gain (G), noise figure (NF) 
and linearity (IIP3, IIP2) for each block of the whole receiver chain. This is done after a 
receiver budget analysis that includes sensitivity and selectivity tests that are required by 
each standard. The receiver budget has many trade-offs and the most important issue for 
assigning a target specification is the feasibility of using a particular circuit topology with 
the available technology. Many combinations of G, NF, and IIP3/IIP2 in each block may 
provide a solution for the receiver budget, but in practice not all are possible to implement 
at circuit level. The designer experience is important in this stage. Once the specifications 
are fixed, the circuit designers can start to work on the circuits. 
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CHAPTER 3 

AUTOMATED RX FRONT-END CIRCUIT 
DESIGN 

3.1 Introduction 
The continuous scaling of device sizes in CMOS technologies has fueled the development 
of very complex SoC platforms.  The ever-growing complexity of these systems has been 
addressed by designers with new methodologies that exploit the intellectual property (IP) 
reuse and automated cell design techniques.  Important advances in EDA/CAD tools have 
resulted in a high level of automation and synthesis of digital circuits [10].  On the other 
hand, the development of tools that automate the design of RF/analog mixed signal circuits 
is quite different.  The RF/analog circuit performance is susceptible to process variations 
and operating conditions. Also, the characteristics and performance of the analog blocks 
do not benefit from the technology scaling to the same extent as the digital circuits do.  
Passive components such as inductors and capacitors depend on the target application and 
do not scale with the technology.  Accordingly, the reusability of RF/analog IP blocks has 
been limited in most cases to the circuit topology. 

Progress in the automation of analog blocks has been reported in [11] and [12].  This 
proposed method requires the development of a high-quality layout template that is resized 
and simulated until it meets the new specifications.  A similar method based on template 
retargeting for RFIC circuits has been proposed in [13]. This technique addresses the 
problem of optimization at the block level and does not consider the design challenges 
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encountered during the system level integration of radio architectures, such as block 
interconnection and packaging.  

Radio front-end design makes extensive use of passive devices, and the performance is 
strongly dependant on parasitics.  Hence, the modifications that are made on one radio 
block affect the performance of other blocks as explained by the cascaded two-port 
microwave network theory.  The solutions to all these problems have many trade-offs, 
which makes the use of automated layout IP blocks very difficult in radio front-ends 
designs. 

3.2 Methodology for automated Rx Front-End 
circuit design 

In this chapter, a novel methodology for automated RF IC receiver front-end extraction 
(ARCHER) is presented. This methodology consists of generating an optimized circuit 
solution at the schematic level based on specifications obtained from a receiver budget 
analysis [14].  This approach targets the automatic creation of robust RF front-end circuits 
at the schematic level which accomplish the system specifications.  The schematics that 
are generated include ideal passive inductors and capacitors. The power-constrained 
optimization algorithms are used to co-design the LNA and mixers and find solutions for 
both circuits that meet the specifications while consuming the minimum possible power.  
Once the circuit is created, it is automatically read by Agilent ADS where it can be easily 
modified to include real passive models.  There, the circuit is co-simulated in ADS with 
the package/ESD models and fine-tuned so that resonant frequencies and gains are correct.  
After that, the circuit is ready for layout. The whole design flow is shown in Fig. 3.1. 

 
Figure 3.1: Design Flow using ARCHER 
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The target system is a direct conversion receiver front-end as in Fig. 3.2, which is suitable 
for Zero-IF/Low-IF applications.  

 
Figure 3.2: Direct Conversion Receiver Front-End 

The circuits are composed of a dual-gain inductive source degenerated differential LNA 
connected to two double balanced Gilbert Cell mixers with resistive source degeneration 
and charge injection.  

The dual gain in the LNA is implemented by using PMOS switches at the loads as shown 
in Fig. 3.3.  When active, these switches reduce the effective output resistance of the tank 
circuit, and hence reduce the total voltage gain of the amplifier.  

 
Figure 3.3: Dual-Gain LNA with Inductive Source Degeneration 

The Gilbert Cell mixers make use of resistive source degeneration in order to linearize the 
differential transconductor M1, M2 as shown in Fig. 3.4.  The current bleeding technique 
is used to reduce the noise contribution from the switches.  The switches M3-M6 are 
implemented using folded PMOS transistors since they introduce less flicker noise than 
NMOS-based switches. 
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Figure 3.4: Double Balanced Folded Gilbert cell Mixer 

3.3 Structure of ARCHER 
ARCHER is a Matlab-based tool that takes as input a technology file and block-level 
specifications as shown in Fig. 3.5.   

 
Figure 3.5: ARCHER Concept 

The technology file includes specific information of the process that is used. It includes for 
instance the supply voltage (Vdd), thickness of the gate oxide (Tox), carrier mobility (μo), 
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threshold voltage (Vto), velocity saturation (Vsat), etc.  These parameters are obtained 
from the SPICE models that normally accompany any design kit.  The block-level 
specifications include frequency of operation, gain, noise figure, IIP2 and IIP3 linearity.  
Internally, ARCHER is composed of three parts: 

• A library of first order static device equations for short channel MOSFETs.  

• A library with functions to create LNAs, and mixers. 

• A vector-space noise and linearity power constrained optimization algorithm. 

The library of device equations and the technology file allow us to estimate the 
performance of the analog circuits without having to do any simulations.  These equations 
are used to calculate large and small-signal transistor parameters that are used during the 
generation of the LNA and mixers.  They provide for instance information of drain current 
(ID), transistor transconductance (gm), second and third order transistor nonlinearities.  
Despite the fact that these expressions are only first-level approximations of the transistors 
behavior, it is possible to achieve very satisfactory results without having to execute time-
consuming simulations.  As we will see later, this advantage allows us to obtain a huge 
amount of valuable data that helps us to quickly select the optimal solution.  

A library of functions is used to create different circuit topologies based on different 
design parameters.  The following sections will explain how the space-vector algorithms 
use these functions to create the differential LNA and the double balanced folded Gilbert 
Cell Mixer. 

The tool flow is shown in Fig. 3.6. The tool gets a set of specifications from the user such 
as the input impedance of the front-end, the frequency of operation, the gain, noise figure, 
IIP2 and IIP3 of the LNA and mixers.  Then, it finds a solution for the LNA using a 
vector-space algorithm.  Afterwards, the tool finds a solution for the mixers based on a 
similar vector-space algorithm.  Finally, the optimum interconnection between the output 
of the LNA and the input of the mixer is calculated based on some practical constraints.  
The main constraint is that the inductive output of the LNA has to resonate with the 
capacitive input of the mixer at the operating frequency.  Here, a solution for the size of 
the peaking inductor and a dummy capacitor to ground is found so that the size of the 
inductor is not exceeding a practical value. 

The design of the inductive source-degenerated (LSD) LNA and the Gilbert Cell Mixer is 
characterized by several trade-offs. Both the block specifications and the technology 
ultimately limit the feasibility of implementing these circuits. In the LNA for instance, 
both the Ft of the transistors and the quality factor of the passives (in particular the 
inductors) can cause a serious degradation of gain and noise figure performance at high 
frequencies. In the case of the mixer, there is a limitation in the IIP3 linearity improvement 
due to the large voltage overheads when series feedback is used for linearization. 
Likewise, the size of the resistive loads is limited by the voltage overhead. The technology 
used in this study is TSMC 0.18um CMOS; Vdd =1.8V, and the block specifications in the 
examples are for wireless applications whose bands range from 1.9GHz-5.7GHz. 
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The design methodology and the tool are explained starting from the LNA followed by the 
mixer. 

 
Figure 3.6: ARCHER Tool flow 

3.4 LNA Design 
The LNA has to meet the specifications of gain, noise figure, IIP3, and IIP2.  The design 
methodology for the LNA will concentrate on gain, noise figure and IIP3.  The IIP2 is not 
considered a high priority since the differential implementation of the LNA guarantees 
very good suppression of even-order intermodulation products and makes its contribution 
to the total IIP2 negligible.  This can be better understood by noticing that differential and 
common-mode second order intermodulation signals produced at the transconductor of the 
LNA will fall at low frequencies in baseband.  These components are nevertheless highly 
suppressed since the differential LNA shown in Fig. 3.3 uses inductive peaking at the 
output, and hence, it has a very small gain close to DC.  The double balanced mixer up-
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converts these components and only a very small amount is transferred to the output due to 
RF-IF leakage in the switches. The differential LNA is designed using two identical single 
ended LNAs. The following section describes the noise figure and linearity analysis of the 
single ended LNA and extends the results to the differential LNA. 

3.4.1 Single-Ended LNA 
The noise figure of the single ended LSD LNA due to the transconductor M1 only can be 
expressed using the following expressions [15]: 
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where γ, δ, and c are the drain, gate, and correlation noise coefficients.  The variable α is 
the degradation of the transconductance due to short channel effects.  Qs represents the 
quality factor of the input, Rs the source resistance, Cgs the gate-source capacitance of M1 
and Gopt the optimal source conductance that results in minimum NF (assuming 
cancellation of the noise susceptance).  From [15] the value of Qs that results in power-
constrained minimum noise figure is Qsp = 4.5.  Larger values of Qs result in smaller 
transistors and lower power consumption at the expense of a higher noise figure.  

We notice from (3.1)-(3.4) that the value of the NF is ultimately defined by three 
parameters: noise constants that are technology dependent, the size of M1 (which can be 
found from Cgs in (3.4)), and the overdrive voltage.  Also, the use of Qsp allows us to 
achieve the required NF for a power budget, but it does not guarantee that the linearity 
requirements are met.  Generally speaking, Qsp only guarantees that the NF will be as 
close as possible to NFmin for any power budget, and nothing else.  

The linearity of the LNA is defined by the linearity of M1 and Qs.  When properly 
designed and biased, the cascode transistor should not degrade the linearity noticeably.  
The linearity of a short channel CMOS transistor depends mostly on the voltage overdrive 
and the channel length, and it is independent of the width.  The third order intercept point 
input voltage (squared) of the short channel CMOS transistor can be analyzed using 
Volterra series and is expressed as [16]: 
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where VIIP3 represents the input voltage at the gate and source terminals of M1 (Vgs).  
Although (3.5) captures quite well the behavior of the linearity for large overdrive 
voltages, it unfortunately fails to track the linearity for small overdrives since the short 
channel effects become weak.  As low power operation is normally achieved with small 
overdrive voltages, we require a small modification that makes (3.5) more suitable for our 
application.  We add a fitting factor K that takes values between 0.9 for small overdrives 
and 1 for large overdrives.  Also, we notice that the input of the LNA forms a series RLC 
circuit and hence the input voltage to the LNA appears at the terminals of M1 multiplied 
by Qs at the resonance frequency [15].  This results in linearity degradation since Qs takes 
values larger than 1.  We account for that and modify (3.5) to express the third order 
interception point input voltage of the LNA as: 
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From (3.6) we conclude that the design variables which affect the linearity of the LNA 
depend on the voltage overdrive (Vod) and Qs.  

3.4.2 Vector-Space Design Algorithm 
From (3.3) and (3.6) we can see that the solutions that accomplish the NF and IIP3 
specifications (NFS and IIP3S) can be represented as part of vector spaces ψ1{NF,Vod,Qs} 
and ψ2{IIP3,Vod,Qs}. Also, we notice that there are multiple solutions that accomplish 
NFS and IIP3S. These solutions are easily found by selecting the vector subspaces that 
accomplish the specifications: ψS1{NF < NFs, Vod, Qs} and ψS2{IIP3 > IIP3s, Vod, Qs} 
as in Fig. 3.7.  

Now, we can avoid the difficulty of working with two different vector subspaces by 
noticing that the values of Vod and Qs that accomplish ψS2 also provide solutions for ψ1.  
Therefore we rename these values as VodIP3 and QsIP3 and create the subspace ψS3{NF, 
VodIP3 , QsIP3} that contains all the solutions for linearity.  The solutions that accomplish 
both NF and IIP3 are the intersection of the two vector subspaces ψTS = ψS1 ∩ ψS3.  
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Figure 3.7: Vector-Space Representations of NF and IIP3 

 
As ψTS is another subspace, we should find another constraint to select the optimum Vod 
and Qs. Since keeping the power consumption as low as possible is the next priority, we 
select the solution that consumes the lowest current.  

We could also define a vector space for the current consumption since it depends on Vod 
and Qs, and refer the previous solutions to this one, but we will simplify the analysis 
noticing that lower currents occur for larger Qs and lower voltage overdrives.  From ψ1TS 
we can see that the solution resides exactly on the intersection curve that cuts the 
subspaces ψS1 and ψS3 since these points are the closest to Vod = 0 and Qs = ∞.  Now 
what is left is to calculate the current consumption for all the points on the curve, and find 
a minimum which is the final solution for the LNA as shown in Fig. 3.8.  

0

0.5

1 0
10

20
30

0

2

4

6

8

10

N
F

Overdrive Voltage Quality Factor

ψ1

0

0.5

1 0
10

20
30

0

1

2

3

N
F

Overdrive Voltage Quality Factor

ψS1

0

0.5

1 0
10

20
30

0

2

4

6

8

10

N
F

Overdrive Voltage Quality Factor

ψ1

0

0.5

1 0
10

20
30

0

2

4

6

8

10

N
F

Overdrive Voltage Quality Factor

ψ1

0

0.5

1 0
10

20
30

0

1

2

3

N
F

Overdrive Voltage Quality Factor

ψS1

0

0.5

1 0
10

20
30

0

1

2

3

N
F

Overdrive Voltage Quality Factor

ψS1

0

0.5

1 0
10

20
30

0
1
2
3
4
5

Overdrive Voltage Quality Factor

N
F

ψS3

0

0.5

1

0

10

20

30
-10

0

10

20

30

40

50

Overdrive Voltage
Quality Factor

IIP
3 

(d
Bm

)

ψS2

0

0.5

1 0
10

20
30

0
1
2
3
4
5

Overdrive Voltage Quality Factor

N
F

ψS3

0

0.5

1 0
10

20
30

0
1
2
3
4
5

Overdrive Voltage Quality Factor

N
F

ψS3

0

0.5

1

0

10

20

30
-10

0

10

20

30

40

50

Overdrive Voltage
Quality Factor

IIP
3 

(d
Bm

)

ψS2

0

0.5

1

0

10

20

30
-10

0

10

20

30

40

50

Overdrive Voltage
Quality Factor

IIP
3 

(d
Bm

)

ψS2



24 CHAPTER 3.  AUTOMATED RX FRONT-END CIRCUIT DESIGN
 

 

 
Figure 3.8: Vector-Space Solution and Minimum Current Solution 

Once Qs and Vod are defined, the values of gm and Cgs of M1 become known.  With these 
values, it is possible to derive the sizes of all the components.  The size of the M1 is found 
from Cgs.  The size of the cascode transistor is assumed to be the same M1.  The 
expression for the input impedance of the LNA is: 
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=   (3.7) 

where the first term is purely resistive and proportional to Ls.  The degeneration inductor 
LS is selected so that this term matches Rs at the resonance frequency.  Once LS has been 
found, Lg is calculated to make the tank resonate at the desired frequency by using: 

 
)2C).(CL(L

1ω
gdgsgs

0 ++
=     (3.8) 

A consideration has to be made here.  Small transistor sizes may require very large values 
of Lg in order to resonate at the correct frequency.  Large inductors occupy a lot of silicon 
area, have poor quality factors, and their internal resistance degrades the noise figure 
substantially.  Therefore, their use is avoided as long as it is possible.  The value of Lg can 
be relaxed by adding a small capacitor in parallel with Cgs.  Although the small capacitor 
itself does not add any noise, it degrades a little bit the noise figure since it affects (3.2).   

Finally, a suitable value for the output resistor is calculated so that the gain of the LNA is: 

 outmsLNA .R.gQGain =      (3.9) 

The size of the peaking inductor Ld is not calculated at this point since the load presented 
by the mixer is still unknown.  
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3.4.3 Differential LNA 
The design methodology explained in the previous sections is also used to design the 
differential LNA.  However, the following additional considerations need to be taken into 
account. 

For the differential LNA, the circuit produces twice the amount of noise compared to the 
single ended LNA, but now the differential source resistance is equal to 2Rs.  
Consequently, the noise figure of the differential LNA is the same as that of the single 
ended assuming all the other parameters constant.  

The differential LNA has twice the amplification capacity of the single ended LNA, but 
again since the input voltage is divided evenly between the positive and negative input, the 
total voltage gain is the same as that of the single ended. 

The linearity of the differential LNA is on the other hand improved since the input voltage 
that each single ended LNA sees is only half of the total input differential voltage.  This 
results in an improvement of the VIIP3

2 by a factor of 4 in (3.6) for the differential LNA. 

3.5 Mixer Design 
The mixer design follows a similar methodology as the LNA.  The objective is also to find 
the quality factor Qs and overdrive voltage Vod of the transconductor M1 (Fig. 3.4) that, 
in addition to a specific amount of resistive source degeneration, will allow the mixer to 
accomplish the specifications of gain, noise figure, and IIP2/IIP3 linearity requirements.  
The next section will show the expressions that are used to estimate the performance of the 
mixer.  Afterwards, the design algorithm that balances all the trade-offs and finds a 
solution is presented.  

3.5.1 Double-Balanced Gilbert cell mixer 
The gain of the double balanced mixer with source degeneration can be expressed as: 

 
Dm

L
MIX Rg

R
π

Gain
+

⋅=
1

2
    (3.10) 

Where RL is the load resistor, gm is the transconductance of the input transistor and RD is 
the series feedback source degeneration resistor. 

The output noise contributors of the double balanced mixer disregarding the flicker noise 
are found using [17].  The noise contribution of the load resistors is: 

 Lo,nRL kTRv 8
2
=      (3.11) 

The noise contribution of the four switches is: 
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where Is is the switching current and A is the amplitude of the local oscillator sinusoidal 
wave.  The contribution from the two transconductors is: 
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The contribution from the degeneration resistors is: 
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And finally the contribution from the PMOS current sources is: 
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Where γP is the PMOS drain noise coefficient and gmP is the transconductance of the 
current source transistor. 

The noise factor and noise figure of the mixer are: 
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where RN is the equivalent source resistance to which the noise figure is referred.  

The IIP3 of the mixer is bounded by the linearized input transconductor.  Provided that the 
PMOS switches commutate fast, their contribution to the IIP3 degradation is normally 
very small [18].  The series feedback introduces an improvement to the linearity of the 
transconductor that can be expressed as [19], [20]: 

 ( )32
3

2
3 1 Dm(w/ofb)IIP(fb)IIP RgVV +⋅=     (3.18) 

VIIP3(fb) is the third order input voltage intercept point after feedback and VIIP3(w/o fb) is 
expressed in (3.5).  Again, this expression considers only one transconductor, and the 
linearity of the differential pair is improved by a factor of 4 due to equal partitioning of the 
input voltage. 

The IIP2 of the balanced mixer determines the IIP2 of the whole receiver front-end.  The 
mixer’s IIP2 is generally difficult to estimate due to the existence of several mechanisms 
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of second order distortion.  However, for low power operation (low biasing currents), the 
IIP2 of the mixer is generally limited by the switching pair nonlinearities and mismatches 
[21]. Accordingly, the maximum achievable IIP2 depends on the switching current and the 
size of the switch.  Larger currents and smaller switches provide better IIP2 values [22]. 
An exact analytical solution that predicts the IIP2 is complicated to model since most of 
the parameters in the switches are time variant due to the large signal LO excitation.  

Here, we use a simple and conservative model based on results obtained in [21] that 
guarantee that the mixer will meet the specifications.  Two IIP2 mechanisms have been 
accounted for: the downconversion of intermodulation products at the LO frequency 
appearing on the tail of the switches (which are produced by third order intermodulation 
on the switches), and direct and indirect leakage of second order intermodulation products 
produced also by transconductance modulation of the switches. 

The first mechanism is expressed as: 
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IOUT,IM is the second order intermodulation current at the output, Voff is the threshold 
voltage mismatch between the switches and gm,s is the transconductance of the switch.  Cp 
is the total capacitance at the source of the switches, gm,T represents the transconductance 
of the input stage, and g3,S represents the third order transconductance distortion of the 
switches. 

The direct leakage of low frequency second order products is: 
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where A is the amplitude of the local oscillator sinusoidal wave.  The indirect leakage is 
due to the capacitance Cp and is expressed as: 
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where g2 is the second order transconductance distortion of the switch and τ is CP/gm,s. 

The output intermodulation product due to this mechanism is expressed as: 
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The total second order intermodulation product is obtained from (3.19) and (3.22): 
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The IIP2 of the mixer due to the switching stage nonlinearities is then calculated using: 

  ( ),OUT,dBVIMOUT,dBVIN,dBV,dBVIIP VVVV 22 −+=    (3.24) 

where VOUT,dBV is calculated using (3.10). 

3.5.2 Sizing Considerations 
Similar to the LNA, the mixer components are sized and biased using the quality factor Qs 
as it was defined in (3.4), and the Vod of the transconductors.  Here, however, the resistor 
RS is used only to define a reference for the noise figure calculation and has no physical 
meaning in the circuits (i.e. an RS source resistance connected to the input of the mixer 
does not exist).  Once a value of Qs is selected, it is possible to derive the size of the 
NMOS transconductors.  When the sizes of the transconductors M1, and M2 are known, 
then the size of the PMOS switches and the PMOS bleeding current sources are also 
calculated assuming that they have sizes that are proportional to the transconductors.  

The biasing of the active devices is realized by using Vod as reference.  Voltage overheads 
for the transistors are proportional to Vod in order to keep them in saturation.  The 
degeneration resistors are calculated based on the required IIP3 (3.18) whereas the load 
resistors are calculated based on the required gain (3.10).  The proportionality factors for 
sizing and the voltage overheads depend on the following considerations. 

3.5.2.1 Tail NMOS Current Source 
The NMOS transistor M7 forms the tail current source and has twice the size of the 
transconductor transistors M1 and M2 and the same overdrive voltage Vod.  The voltage 
headroom is 1.5Vod, which is enough to keep the NMOS current source in saturation 
during normal operation. 

3.5.2.2 Transconductors 
The overhead voltage of the transconductors M1 and M2 takes values between 3 Vod and 
5 Vod.  This keeps the transconductors well in saturation during large signal excitation 
switching events.  This is better understood by realizing that the active switches behave as 
cascodes and produce a rectified sine wave at the drain of the transconductors due to the 
large LO swing as well as voltage spikes during zero-crossing.  This value of overhead 
voltage also raises the voltage at the source of the switches giving more freedom for the 
voltage headroom of the loads and switches. 

3.5.2.3 PMOS Current Sources 
An ideal bleeding current source presents infinite impedance and does not inject noise in 
the mixer.  In practice, the current bleeding PMOS transistors M8 and M9 load the node at 
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the tail of the switches and reduce the gain because of current division (i.e. less RF current 
enters the switches).  In addition, the PMOS current bleeding injects noise that is 
proportional to its gm as expressed in (3.15).  Accordingly, small PMOS transistors are 
preferred for the bleeding current sources.  The disadvantage of using small transistors is 
that they require large overdrive voltages, and hence require large voltage headroom in 
order to keep them in saturation.   

Here, each PMOS current source transistor is four times larger than a NMOS 
transconductor.  The PMOS transistor is then biased to provide current for both the 
transconductor and switches.  From (3.12), we know that the noise contribution of the 
switches is proportional to the amount of current that is switched, and hence lower currents 
are preferred.  Also, the reduction of power consumption benefits from smaller currents.  
Two things have to be taken into consideration.  First, very small switching currents will 
result in small transconductances for the switches, which in turn will reduce the gain due 
to the current division on the tail, and increase of the noise figure.  Switching very small 
currents also introduces second and third order intermodulation distortion due to the 
deterioration of the I-V characteristic of the commutating pair.  The required IIP2, in 
particular, sets the minimum current that the PMOS current source has to provide to the 
switches.  In this case, the switching current is fixed to half of the bias current of the 
transconductor.  Consequently, the amount of current provided by one of the PMOS 
current sources is: 

 TRSWTRPMOS I.III 51=+=     (3.25) 

where ITR is the bias current of one transconductor and ISW is one of the switching currents.  
The voltage headroom of the PMOS current source is equal to Vdd – Vp, where Vp is the 
voltage at the drain of the transconductor defined as: 

 nductorDS,TranscoDTRDS,Tailp VRIVV ++=    (3.26) 

The sizing of the PMOS current source transistor and the overhead voltage in (3.26) 
guarantees that it will remain safely in saturation for almost all practical low power 
solutions. 

3.5.2.4 PMOS Switches 
There are three considerations for the sizing of the PMOS switches.  First, the sizes of the 
PMOS switches strongly affect the amount of flicker noise that appears on the loads of the 
mixer.  They also affect the maximum achievable IIP2 for low switching currents.  Finally, 
their size affects the current division at the output of the transconductor stage and defines 
the amount of RF current leakage to both the current source and parasitic capacitance. 

There are two main mechanisms that are responsible for the injection of flicker noise in the 
mixer: direct and indirect switch noise [17], [23].  In the direct mechanism, the flicker 
noise produces pulse width modulation (PWM) of the switching currents.  The average 
value of these current pulses is expressed as [17]: 
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where vn represents the flicker noise.  From (3.27) it is possible to conclude that in addition 
to large LO signals, lower switching currents and larger switch devices are preferred to 
keep the direct contribution low. 

Large switch devices however inject flicker noise to the loads due to the presence of 
parasitic capacitance CP on the tail of the switches.  This situation arises because CP tracks 
the flicker noise of each active switch.  Accordingly, each charging and discharging of the 
CP during a switching event causes an output current proportional to vn.  CP also tracks a 
rectified sine wave from the LO that is downconverted by the noisy PWM pulses.  The 
indirect flicker noise contribution is expressed as: 
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where T represents the period of the LO.  From (3.28), the flicker noise increases with CP 
and frequency.  CP is formed by the Cgs and Csb of the switches, and Cdg and Cdb from both 
the transconductor and current source.  As a result, increasing the size of the switches in 
order to reduce the flicker noise is only effective until the indirect mechanism takes over. 

The IIP2 of the mixer depends mostly on the size of the switches and the switching 
current.  Higher linearity is obtained with smaller devices and larger currents, which is 
opposite to the flicker noise optimization that was described above.  As a result, the size of 
the PMOS switches is not only limited by the indirect flicker noise mechanism (3.28) but 
also by (3.24). 

Here, the PMOS switches are sized as 4 times the size of the transconductor.  This 
selection keeps CP at a reasonable level so that indirect flicker noise injection still does not 
dominate and indirect leakage of second order intermodulation products is low.  In 
addition it provides enough gm,s to keep the RF leakage low.  The voltage headroom of the 
switch is equal to: 

 LSTPDS,SW RIVV −=      (3.29) 

which is somewhat relaxed by the fact that Vp is kept high due to the transconductors’ 
voltage overhead and also the switching currents are small to keep the noise low, but large 
enough to achieve the targeted IIP2. 

3.5.3 Vector-Space Design Algorithm 
The vector-space mixer design is defined by two variables Qs and Vod.  Qs provides 
information for the sizing of the active devices and hence has a strong impact on the noise 
figure.  Vod, the voltage overdrive of the transconductors, defines the currents in the 
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transconductor and switches and the overhead voltages. Vod also has a strong impact on 
the noise figure and on the IIP2/IIP3 linearity.  

The design algorithm consists of finding solutions for different combinations of Vod and 
Qs.  It starts by taking a small initial value of Vod and a large value of Qs.  Then it creates 
a mixer using this information and compares the resulting noise figure (3.16), (3.17) with 
the specifications.  It also checks whether the switching current and the size of the switch 
will achieve the required IIP2 (3.24).  If the mixer does not match the specifications, the 
value of Qs is decreased and a new mixer is tried.  If there was no solution for any value of 
Qs > 1, Vod is increased and Qs is given a large value again.  This procedure is repeated 
until there is a value of Vod and Qs that meets the specifications. 

3.6 LNA and Mixer Interconnection 
Once the mixers are designed, what is left is to select the amount of inductive peaking that 
is required at the output of the LNA to resonate at the operating frequency.  In many cases, 
a large inductor may be required to resonate with the input of the mixers.  Large inductors, 
however, suffer from poor quality factors, and therefore, their use is normally avoided.  
Here, we constrain the size of the inductor to a maximum value Ld,MAX.  In case a larger 
inductor value is required, we set Ld to Ld,MAX and add a dummy capacitor to the tank in 
order to shift the center frequency to the desired operating frequency. 

In general, it is not possible to use a small signal model to obtain the input impedance of 
the mixer due to the LO large signal excitation.  The input capacitance of the mixer is 
however close to Cgs of the transconductors.  As a result the total capacitance in the 
interconnection can be approximated as:   

  LNAgd,cascodegs,MIXERT CCC += 2     (3.30) 

Then Ld is equal to: 
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And when the dummy capacitor is needed, its value is given by: 

 T
d,MAX

dummy C
Lω

C −= 2
0

1
    (3.32) 

3.7 Case Studies 
The tool was tested by designing several radio-receiver front-ends for different standards. 
The following subsections describe a detailed design of a WiMAX direct conversion 
receiver working at the 3.5GHz band. A summary of other front-ends for wireless 
standards currently used on the market is presented. The specifications for each component 
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were entered as parameters in the ARCHER tool. A solution was created using a 
technology file for CMOS 0.18um with a Vdd of 1.8V.  The LNA and the mixer were 
tested separately using predefined test-benches and fine-tuned to match the requirements. 

3.7.1 WiMAX Direct Conversion Receiver Front-End 
The design of a direct conversion RF receiver front-end for the mobile version of the 
IEEE802.16 WiMAX standard is used to illustrate the benefits of ARCHER. The receiver 
front-end is designed to operate in the 3.5GHz band.  The standard specifies channel 
bandwidths from 1.25MHz to 28MHz and it uses OFDMA with variable modulation and 
coding from QPSK½ to QAM64¾.  It also uses FFT sizes that range from 512 up to 2048, 
with a minimum subcarrier spacing of 10KHz.  The noise figure of the whole receiver 
including Tx/Rx switch and band selection filters before the circuit front-end is 7dB with 
5dB for implementation losses.  The receiver should detect signals that range from the 
sensitivity level -91dBm up to the maximum received power of -30dBm.  A major concern 
in this direct conversion receiver is the corner of the flicker noise at baseband since the 
subcarrier spacing is very small and the noise can easily block the subcarriers that are 
close to DC.  After the receiver budget was performed, it was found that the LNA should 
have a large gain of 20dB in order to reduce the effect of the flicker noise of the mixer, but 
this gain at the first stage demands extremely high linearity from the baseband 
components.  Accordingly, a dual-gain front end is used.  The system-level specifications 
for the Rx front end are given in Table 3.1.  

Table 3.1 Rx Front-End Specifications 

Gain (dB) 30/20 (High/Low Gain) 

NF (dB) <5, flicker noise corner @ 10KHz 

IIP3 (dBm) >-16/-8 (High/Low Gain) 

IIP2 (dBm) >20 
The specifications for the LNA and mixers are shown in Table 3.2. 

Table 3.2 LNA and Mixer Specifications 

 LNA Mixers 

Gain 20/10dB 10dB 
NF* 

 
3dB 4nV/√Hz  (13dB)@10MHz 

Flicker Corner @100KHz 

IIP3* >-8dBm >8dBm (-2dBV) 

IIP2* - >40dBm (30dBV) 
*Referred to 50Ω 
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The following sections show a summary of the characteristics and performance of the 
LNA, mixer and front-end designed using ARCHER. 

3.7.1.1 LNA 
The differential LNA solution that was generated by ARCHER and the changes due to the 
fine-tuning are shown in Table 3.3. 

Table 3.3 LNA Results from ARCHER and after Fine-Tuning 

 ARCHER output Final value after tuning 

Width of transconductor 40um Unchanged 

Width of cascode 40um Unchanged 

Vbias transconductor 0.695V Unchanged 

Lg 40.73nH 12.23nH (-28.5nH) 

Ls 0.199nH Unchanged 

Ld 3nH Unchanged 

Ro 47.8Ω 91.8Ω (+44Ω) 

Additional Cgs - 100fF (+100fF) 

Dummy Capacitance 0.633pF Unchanged 
 

The original value of Lg is somewhat large and unpractical even if most of it is 
implemented off-chip.  To solve this problem, an additional capacitance of 100fF is added 
to Cgs.  Lg is then reduced to make the input tank resonate at 3.5GHz.  The new value can 
be partially implemented on-chip, while the rest may be the bonding-wire and an external 
inductor.  Ro is increased by 44Ω in order to provide a gain of 20dB.  The width of the 
PMOS switch that provides the required low gain is 96um and it is found manually after 
some iterations.  The other design parameters are not modified.  The circuit is fine-tuned 
assuming a 1% mismatch in the load resistors and a threshold voltage mismatch Voff of 
3σVt, where σVt is 1mV.  The simulation is performed by loading the output of the LNA 
with two input impedances of the fine-tuned mixer, which are obtained after harmonic 
balance simulations.  A resistor of 15Ω is added to the ideal inductor Lg and a 1Ω resistor 
is added to Ls in order to account for the parasitic resistance. The simulation results of the 
final LNA solution are shown in Fig. 3.9.  Table 3.4 shows the LNA performance metrics.  
A noise figure of 2.5dB is obtained, which means that this circuit solution has a 0.5dB NF 
margin at this stage. This margin gives some freedom for the next stages of the design 
when the ideal models of the passives are replaced by real models, and the biasing circuit 
and post-layout parasitics are included. 
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Figure 3.9: LNA Simulation Results 

 

Table 3.4 LNA Performance Metrics 

Gain (dB) 20.3/10 

NF (dB) 2.5 

IIP3 (dBm) -5.5 

IIP2 (dBm) 62 

Current Consumption (mA) 4.2 

 

3.7.1.2 Mixer 
The mixer solution that was generated by ARCHER and the changes needed due to the 
fine-tuning are shown in Table 3.5. 
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Table 3.5 Mixer Results from ARCHER and after Fine-Tuning 

 ARCHER output Final value after tuning 

NMOS Transconductor size 23um Unchanged 

NMOS Tail transistor size 46um Unchanged 

PMOS Current source size 92um Unchanged 

PMOS Switch size 46um 57.5 um (+11.5um) 

Load resistor 911Ω 1281Ω (+370Ω) 

Degeneration resistor 0Ω 30Ω (+30Ω) 

Tail bias Voltage 0.72V 0.845V (+0.125V) 

Transconductor bias Voltage 1.1V 1.2V (+0.1V) 

PMOS switch bias Voltage 0.715V Unchanged 

PMOS current source bias 1.06V Unchanged 
 

Very minor modifications were required to achieve all the target specifications.  Like the 
LNA, the mixer was fine-tuned assuming 1% mismatch in the load resistors and threshold 
voltage mismatch Voff equal to 3σVt.  The simulation results are shown in Fig. 3.10.  The 
mixer achieves its best performance with a LO power of 4.5dBm, so the flicker noise and 
linearity were extracted using this LO power. Table 3.6 shows the mixer performance 
metrics. 

Table 3.6 Mixer Performance metrics 

Gain (dB) 10.08 

NFdsb (dB) 12 

IIP3 (dBm) 8.17 

IIP2 (dBm) 51. 

Current Consumption (mA) 2.83 
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Figure 3.10: Mixer Simulation Results 

3.7.1.3 Simulation of the Rx Front-End 
Fig. 3.11 show the simulation results of the Rx front-end when the LNA and the mixers are 
connected.  The dummy capacitor has been introduced to optimize the interconnection. 
Table 3.7 shows a summary of the performance metrics of the whole Rx front-end.  All the 
specifications were met.  The flicker noise corner of the Rx front-end is around 20KHz, 
and therefore it does not harm the subcarriers close to DC. 
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Figure 3.11: Rx Front-End Simulation Results: a) IIP2/IIP3 for high gain mode, b) 
IIP2/IIP3 for low gain mode, c) DSB NF at  different IF frequencies using high gain mode.  
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Table 3.7 Rx Front-End Performance Metrics 

Gain (dB) 30.5/19.4 (High/Low) 

NFdsb (dB) 3.7 (High gain) 

IIP3 (dBm) -13.4/-6.4 (High/Low) 

IIP2 (dBm) 29.4/41 (High/Low) 

Current Consumption (mA) 9.84 

Power (mW) 17.7 
 

 

3.7.2 Front-End Solutions for UMTS, GSM, Bluetooth, and 
WLAN 

A summary of simulation results for UMTS, GSM, Bluetooth, 802.11b and 802.11a front-
ends that have been designed using ARCHER is presented in Table 3.8.  The letters “S” 
denotes design specifications for the components while “A” denotes the solutions using 
ARCHER.  The specifications for the LNAs and mixers were extracted from [24], [25].  
The current and the power consumption are those of the final circuits taken from 
simulations.  The designs considered a 1% mismatch on the loads and a threshold voltage 
offset of 3σVt.  Solutions that match the specifications with low power consumption are 
easily found for almost all standards.  Very demanding components such as the mixers for 
GSM (IIP2=75dBm) and UMTS (IIP3=12dBm) have solutions that are very close to their 
target specifications. They require more manual tuning, mismatch reduction considerations 
or topological improvements in order to achieve the target with the given technology. 
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Table 3.8 Summary of simulations for UMTS, GSM, Bluetooth, 802.11b and 802.11a 

Standard Stage Gain 
(dB) 

NF 
(dB) 

IIP3 
(dBm) 

IIP2 
(dBm) 

Current 
(mA) 

Power 
(mW) 

UMTS 
2.1GHz 

LNA 
S 18 3.5 0  

4.9 

19.15 
A 18.2 3.4 -0.7 71 

MIXER 
S 15 14 (4.5nV/√Hz) 12 60 

2x2.87 
A 9.2 13 11.5 59.5 

GSM 
1.9GHz 

LNA 
S 23 3 -5  

5.7 
 
18.7 

A 23 3. -5.7 61.5 

MIXER 
S 12 20 

(9nV/√Hz) 7 75 
2x2.34 

A 10.5 13.4 6.8 71 

BT 
2.4GHz 

LNA 
S 18 5 -5  

2.54 
 
11.9 

A 18.1 4.1 -5.5 63.7 

MIXER 
S 8 21 

(10nV/√Hz) 7 56 
2x2.03 

A 8.2 13.6 7.2 60 

802.11.b 
2.4GHz 

LNA 
S 16 3 -5  

4.2 
 
19.4 

A 16.2 3.1 -5.3 61 

MIXER 
S 10 13 

(4nV/√Hz) 10 58 
2x3.3 

A 10 12 10.1 56 

802.11.a 
5.7GHz 

LNA 
S 16 3 -5  

4.17 

14.5 
A 16.1 3.1 -4.7 66 

MIXER 
S 10 13 

(4nV/√Hz) 5 55 
2x1.93 

A 10 12 5.8 55.3 
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3.8 Summary 
This chapter has presented a design methodology and tool that automatically generates the 
circuit of a direct-conversion radio receiver front-end at the schematics level based on 
design specifications for gain, noise figure, IIP2 and IIP3.  The tool finds a solution based 
on vector space optimization algorithms and sizes transistors, ideal passive components, 
and finds optimum biasing points.  After extraction, the circuit can be easily fine-tuned in 
Agilent ADS.  The design time is dramatically reduced since the user is given a robust 
solution from the beginning and is only required to do minor modifications and validation 
before layout.  The tool was used to design several Rx front-ends that meet the 
specifications of WiMAX, UMTS, GSM, Bluetooth and WLAN in a 0.18um CMOS 
process. Those case studies showed that the specifications for each component were easily 
met after some fine-tuning.  Most of the components required little or no modification at 
all.  These case studies, including the detailed WiMAX Rx front-end, show the capabilities 
of the tool in reducing the circuit design time.  

This work has focused so far in the implementation of inductive source degenerated 
differential LNAs and double balanced Gilbert Cell folded mixers. The addition of new 
circuit topologies requires an accurate mathematical characterization of the performance 
metrics (gain, linearity, and noise figure) of the new circuits. In the case of the LNA, the 
input matching must be characterized as well. These mathematical expressions can be 
ultimately manipulated so that they are functions of the size of the active devices and the 
biasing voltages and currents. These expressions are subject of being used in the form of 
vector spaces such as the ones described in section 3.3.  

Extending the scope of the tool to other blocks such as the VCO will dramatically reduce 
the design time of the overall transceiver. The VCO can be handled in a similar manner as 
the LNA and the mixer. This is particularly interesting since the frequency of operation of 
many standards keeps on expanding while blocks such as the VCO are narrowband by 
nature, thus requiring some redesign.  

The fine-tuning procedure currently consists in executing test-benches in ADS which 
present information about each specification parameter (gain, noise figure, linearity, and 
matching). The user should introduce modifications manually and re-simulate the modified 
circuits until the specifications are met. The tuning capability technique integrated in ADS 
makes this task very user-friendly. The fine-tuning step, however, can be automated by 
using optimization algorithms that are also available with the tool. This technique allows 
setting the block specifications as optimization goals and letting the program to do small 
modifications on specific parts of the circuits until the goals are met. 
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CHAPTER 4 

CMOS RECEIVER FRONT-END FOR 
WIMAX/WLAN 

4.1 Introduction 
The next generation wireless systems will be very complex, as it will have to support 
wideband operation at much higher data rates. To meet these requirements, the wireless 
systems need multiple-input and multiple output (MIMO) radios that operate in multi-
bands and with different modulation schemes ranging from QPSK to 64 QAM OFDMA. 
The implementation of such modulation schemes in any technology is a challenge, but it is 
significantly more difficult in deep sub-micron CMOS technology. Innovative design 
techniques are required to circumvent the deep sub-micron CMOS technology limitations, 
to allow low-cost and low-power complex integrated mobile wireless devices and to 
guarantee the quality of service of future fourth generation (4G) radios.  

From system point of view, 4G transceivers should provide seamless hand-over operation 
to available networks, which offer the performance required by the user's application. In 
this context, the receiver should be able to support metropolitan area networks (MAN), 
wireless local area networks (WLAN), and personal area networks (PAN). Current pre-4G 
examples of MAN networks that will be required to be supported are Worldwide 
Interoperability for Microwave Access (WiMAX) and Long Time Evolution (LTE) which 
take advantage of high-spectral efficiency OFDMA modulations schemes. In addition to 
these standards,   it is necessary that the 4G transceiver has backward compatibility to 
current legacy standards such as GSM, UMTS, WLAN, and Bluetooth. One implication of 
this is that a transceiver which targets all these standards should support both time division 
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duplex (TDD) and frequency division duplex (FDD). Another implication is that the 4G 
radio must be able to support a large number of bands that span from 700 MHz to around 6 
GHz and also a large number of channel bandwidths that vary from 200 KHz (GSM) to 28 
MHz (WiMAX). Finally, the 4G transceivers will benefit from the use of MIMO 
technology which increases the data throughput by introducing spatial diversity. 

From radio architecture point of view it is strongly desired that the 4G radio is a highly-
integrated solution. This is particularly important because MIMO technology requires 
several transceiver chains working in parallel and the number of external components is 
proportional to the number of chains. Accordingly, the Zero-IF architecture is the best 
candidate for wideband channels since they are less sensitive to flicker noise and tolerate 
DC removal without significant loss of performance [26]. Narrow band channels, on the 
other hand, would benefit from Low-IF architectures. 

From circuit point of view, the 4G receiver should have a multi-band or wideband front-
end with very low noise figure (NF) and high linearity characteristics. Very low NF is 
necessary because the interface between the antenna and the radio front-end will be 
composed of cascaded external components such as switches, SAW filters/duplexers, and 
baluns. These components introduce insertion losses that directly degrade the NF of the 
whole receiver and hence require high noise performance at the receiver front-end. The use 
of Zero/Low IF architectures also demands low flicker noise operation in the first stages of 
baseband. Another baseband requirement is re-configurability since the channel filtering 
and amplification characteristics depend on the selected channel bandwidth. Besides that, 
the 4G radio must be able to handle the linearity requirements of all the supported 
standards. This issue places very stringent linearity demands on the radio parts since 
modern modulation schemes, such as OFDMA have a varying envelope that requires very 
linear processing. Likewise, the use of Zero/Low IF architectures demands high second 
order nonlinearity performance. This requires not only careful design of the down-
converter stage, but in some cases even the use of digital calibration [27]. 

This chapter introduces the standards that a 4G radio receiver should ideally support. The 
design of 4G mobile radio receivers, covering the system, radio architecture, and circuit 
implementation is presented. Then an example of a multi-band, multi-standard front-end 
supporting two standards is shown. The selected standards are pre-4G WiMAX and 
WLAN. The receiver front-end is implemented in 0.18um CMOS technology.  

4.1.1 Main Characteristics of Wireless Standards 
The design of 4G radio receivers requires knowledge of the characteristics and 
requirements of the wireless standards that are to be supported. The following part 
summarizes the requirements of some of the standards that ideally should be targeted by a 
4G receiver. 

4.1.1.1 GSM 
The main signal characteristics of GSM technology (E-GSM, DCS, and PCS) are 
summarized in Table 4.1 [25]. 
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Table 4.1 GSM Signal Characteristics 

Modulation G-MSK 
Duplex TDD 
Channel bandwidth 200KHz 
Bit Rate 270kb/s 
Sensitivity -102dBm 
Bands 900/1800/1900 MHz 

 

Table 4.2 summarizes the receiver characteristics of a GSM receiver. The intermodulation 
tests with -49dBm CW and modulated interferers result in an IIP3 linearity requirement of 
-18dBm. The AM suppression test of pulsed GMSK jammers defines the IIP2 requirement. 
Table 4.2 summarizes the GSM receiver specifications. 

Table 4.2 GSM Receiver Specifications 

Noise Figure 9dB 
IIP3 -18dBm 
IIP2 +49dBm 

 

The narrow band channel of GSM makes it a good candidate for a Low-IF architecture, as 
long as the IF is kept close to 100KHz. Under this condition, the adjacent channel (which 
is barely 200KHz away and 9dB stronger) becomes an image easy to reject. There is 
however the skirt of the non-adjacent channel (which is 400KHz  away and 41dB larger 
than the desired signal) that should be taken into account. Larger IF frequencies would 
reduce the impact of the flicker noise and simplify the DC cancellation but at the expense 
of very demanding image suppression requirements [28]. 

4.1.1.2 UMTS 
The main characteristics of UMTS (WCDMA) are described in Table 4.3 [25]. 

Table 4.3 UMTS Signal Characteristics 

Modulation WCDMA+QPSK 
Duplex FDD 
Channel  2x5MHz 
Bit Rate 8-384kbps/2Mbps 
Sensitivity -117dBm 
Bands 1700/1900/2100 MHz 
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The FDD operation causes leakage from the Tx to Rx paths due to limited isolation on the 
duplexer (which is typically around 50dB). The Tx leakage can be as strong as -25dBm 
and it causes problems in homodyne receivers due to second order IM products falling 
directly in the baseband. The Tx leakage is also downconverted and its convolution with 
phase noise (PN) of the LO can block the desired channel. These considerations set the 
requirements of IIP2 and maximum NF [29], [30], [25]. The out-of-band IIP3 (The one 
that is used for the RF-Front end) is set by the intermodulation product produced by Tx 
leakage and a CW interferer with a power of -46dBm. An in-band intermodulation test, 
consisting in a -46dBm WCDMA interferer and a -46dBm CW interferer located at 
10MHz and 20MHz apart, sets the IIP3 for the whole receiver. Table 4.4 summarizes the 
UMTS receiver specifications. 

Table 4.4 UMTS Receiver Specifications 

Noise Figure Around 6-7dB  
IIP3_out_of_band -4.5dBm 
IIP3_in_band -17dBm 
IIP2 +46dBm 

4.1.1.3 WiMAX 
The main characteristics of WiMAX signals are summarized in Table 4.5. 

Table 4.5 WiMAX Signal Characteristics 

Modulation OFDMA 
(QPSK/16QAM/64QAM) 

Duplex TDD /H-FDD (Mobile) 
Channel bandwidth 1.5-28MHz 
Bit Rate 10-70Mbps (802.16e) 
Sensitivity -91dBm (1.5MHz) 
Bands 2.3GHz-2.7GHz / 3.4 GHz-

3.85GHz / 5.2 GHz – 5.85 GHz 
 

The NF is set by the standard. There is no intermodulation test, so the IIP3 is set by the 
P1dB. Since the received signal can be very small (P = -91dBm for 1.5MHz channel 
bandwidth), the receiver requires a large gain that can demand extremely high linearity on 
the last stages. A dual-front-end gain system alleviates this situation. A -30dBm CW 
interferer sets the high-gain-mode linearity to -16dBm. The maximum received signal is 
-30dBm, which requires a P1dB of around -18dBm (IIP3 ~ -8dBm) for the low-gain-mode 
[31]. The IIP2 value is extracted after a non-adjacent channel rejection test. Moderate 
values of IIP2 (> 20dBm) are enough to keep the second order intermodulation products 
below the noise floor. A summary of the WiMAX receiver specifications is shown in 
Table 4.6. 
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Table 4.6 WiMAX Receiver Specifications 

Noise Figure 7dB (Total) 
IIP3_low_gain_mode -8 dBm 
IIP3_hig_gain_mode -16dBm 
IIP2 +25dBm 

4.1.1.4 LTE 
The main characteristics of LTE are described in Table 4.7 [3] . 

Table 4.7 LTE Signal Characteristics 

Modulation downlink OFDM(QPSK/16QAM/64QAM) 
Modulation uplink SC-FDMA 
Duplex TDD/FDD/H-FDD (Mobile) 
Channel bandwidth 1.4-20MHz 
Bit Rate 100Mbps / 20MHz of spectrum 
Sensitivity -106dBm 

 

The Maximum input level is -25dBm. This would set the P1dB at around -13dBm in a 
TDD (12dB back-off to account for the peak-to-average ratio (PAR) varying envelope of 
the OFDM signal) and therefore the IIP3 to around -3dBm. In a FDD system, on the other 
hand, it is the leakage from the Tx power what sets the IIP3 requirements. The maximum 
power for Class 1 is 30dBm (1W). Accordingly, the receiver out-of-band input power from 
the leakage would be around -20dBm if a typical isolation of 50dB is assumed. Since the 
signal is SC-FDMA, a back-off of around 4-5dB from the P1dB should be enough to 
ensure that the receiver does not enter in compression. This last requirement sets the out-
of-band IIP3 to around -5dBm. A total NF of around 7dB is required to accomplish the 
sensitivity specifications. Since there are several channel bandwidths that are targeted and 
very stringent linearity requirements we may conclude that a dual gain RF front-end is the 
best solution. The IIP2 will be again affected by the Tx leakage and may be as stringent as 
in UMTS. The ACS test specifies a maximum channel rejection of 33dB with interferer’s 
powers that range up to -25dBm. A summary of the LTE receiver specifications is shown 
in Table 4.8. 

Table 4.8 LTE Receiver Specifications 

Noise Figure 7dB (Estimated) 

IIP3_in-band -3dBm 
IIP3_out_of_band -5dBm 
IIP2 46dBm 
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4.1.1.5 WLAN 
The WLAN standard has successfully evolved during the last decade and different 
versions of it have become popular. These are 802.11a, 802.11b, and 802.11g. The main 
characteristics of WLAN are shown in Table 4.9. 

Table 4.9 WLAN Signal Characteristics 

Modulation CCK/DBPSK/OFDM 
(QPSK/16QAM/64QAM) 

Duplex TDD 
Channel  20 MHz (802.11a) 
Bit Rate 1Mbps – 56Mbps 
Sensitivity -76dBm (802.11b) 
Bands 2.5/5 GHz 

 

The 802.11.a version of the standard specifies a sensitivity of -65dBm. Also, it specifies 
channel interferer tests where signal power is -63dBm for the adjacent and -47dBm for the 
alternate. Nevertheless, blockers with a power of -30dBm (CW) should be considered with 
an offset larger than 50MHz. Hence, the receiver P1dB is set to -26dBm in the high gain 
mode [32]. The maximum received signal is OFDM -30dBm, and hence, the P1dB is set at 
-20dBm (OFDM amplitude envelope has peaks in average 10dB larger than a (CW) for the 
low gain mode. The frequency range of these signals is 5.150-5.350 GHz and 5.725-5.825 
GHz. The Noise Figure is 10dB with implementation losses of 5dB. 

The 802.11b version specifies a sensitivity of -76dBm. The standard only specifies a test 
with a modulated adjacent channel signal of -35 dBm. However a more realistic scenario 
considers a -30dBm (CW) located at 30 MHz. This sets the compression point P1dB to 
approximately -26 dBm. The maximum received signal is DQPSK -10dBm (802.11b-1999 
/ 18.4.8.2). Accordingly, the P1dB is set above -10dBm in the low-gain mode. The 
frequency range of these signals is 2.400-2.4835 GHz. The Noise Figure is 10dB with 5dB 
of implementation losses. 

The 802.11g version is backward compatible with 802.11b. The maximum received power 
level is -20dBm, so the necessary P1dB for the low-gain mode set to -10dBm. The Noise 
Figure is 10dB with 5dB of implementation losses. A summary of the WLAN receiver 
specifications is shown in Table 4.10. 

Table 4.10 WLAN Specifications 

Noise Figure 10dB (Total) 
IIP3_low_gain_mode 0 dBm 
IIP3_hig_gain_mode -16dBm 

 

The noise figure and linearity specifications for the different standards have been obtained 
by analyzing several requirements such as sensitivity, adjacent channel rejection, 
duplexing, intermodulation tests, PAR, and maximum input power. The selection of the 
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receiver architecture, on the other hand, depends on practical aspects such as modulation 
scheme and channel bandwidth. 

4.1.2 Receiver Architectures  
The selection of optimum receiver architectures depends mainly on the impact that each 
implementation has over the different signals to be processed. Ideally, the Zero-IF 
architecture would be the best candidate since the image problem vanishes for any 
practical purpose. The non-idealities (mismatch, nonlinearities) during the implementation 
result however in DC offsets that should be removed after the mixer output and 
intermodulation products. Also flicker noise at low frequencies can be the dominant noise 
contributor and hence may degrade the SNR substantially if it is not controlled. These two 
issues are presented and their effects on the targeted standards explained. 

4.1.2.1 GSM 
The GMSK spectrum in baseband is shown in Fig.4.1 [33]. It is clear that most of the 
power of the GMSK signal appears close to DC. The removal of the DC offset using a 
notch filter, AC coupling or even a DC cancellation loop will inevitably result in a 
degradation of the signal quality and hence an increment of the BER. From this point of 
view, GSM is best suited for an IF processing before digital conversion. 

Next, we will analyze the impact of the flicker noise. The baseband bandwidth of the 
GMSK signal is around 100KHz. State-of-the art low-flicker-noise RF front-ends, achieve 
flicker NF corners of around 20-40 KHz. The fact that the flicker noise increases with 
newer CMOS technologies makes reasonable to predict that this value will not improve 
and most probably will get worse assuming traditional circuit techniques are used. The 
integrated flicker noise would become a large part of the noise budget which is something 
undesirable. In conclusion, GSM standard is not a good candidate for CMOS Zero-IF 
architecture. A low IF architecture would alleviate these problems at the expenses of 
complex signal processing and high linearity. 

 
Figure 4.1: Power spectral density of GSM (GMSK Signal) 
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4.1.2.2 UMTS 
The spectrum of a QPSK signal centered at 10MHz is shown in Fig.4.2. Again, we can see 
here that the largest content of power is in the center of the channel. The DC cancellation 
will therefore have an impact on the BER. Here however, the signal is spread more flatly 
on the 5MHz channel and a DC cancellation loop will not be as detrimental as in the case 
of a 200KHz GSM signal. Likewise, the impact of a 20-40 KHz flicker noise NF is limited 
since the integrated flicker noise is just a small fraction of the total integrated noise. 
Consequently, we can conclude that UMTS is a good candidate for Zero-IF architecture. 

 
Figure 4.2: Spectrum of a QPSK Signal 

4.1.2.3 WiMAX 
The baseband spectrum of a WiMAX OFDMA 20MHz channel signal is shown in Fig. 
4.3. The minimum subcarrier spacing is 10KHz and it does not have a DC sub-carrier. This 
last characteristic is very important since it facilitates the DC offset removal without 
affecting the signal (in practice, the bandwidth of the DC loop may degrade at some extent 
the neighbor sub-carriers). 

 
Figure 4.3: Spectrum of a WiMAX Signal with a 20MHz Channel Bandwidth 
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The very close sub-channel spacing has been a great concern in WiMAX since it was 
believed that the flicker noise can block the subcarriers close to DC and degrade strongly 
the sensitivity. A system level simulation in ADS was performed to estimate the impact of 
different flicker noise corners over a WiMAX signal at the sensitivity level on an AWGN 
channel. Fig. 4.4. (b) shows the BER of a 10MHz WiMAX signal over an AWGN channel. 
The required sensitivity level (BER = 10e-6) is achieved when the SNR is equal to 23dB. 
Fig. 4.4. (a) shows the degradation of the BER as a function of the flicker noise corner. 

 
              a) BER vs. Flicker Noise                     b) BER vs. SNR 

Figure 4.4: BER degradation due to flicker noise 

In this simulation, the SNR is set to 23 dB and flicker noise is added with corners ranging 
from 10 KHz to 100 KHz. In Fig.4.4 , it can be seen that a corner of 20KHz does not affect 
the BER. A corner of 60 KHz produces a BER of 4x10e-6 which in 4.4 (b) is equal to a 
degradation of 0.4 dB. A corner of 100 KHz causes an equivalent degradation of around 
1dB in SNR. The result is very interesting from the implementation point of view and 
allows arriving to the following conclusions. First, although detrimental to the 10MHz 
WiMAX signal, the flicker noise is not something really catastrophic. The scrambling of 
the data in different subcarriers, and dynamic assignment of sub-channels spreads the 
flicker noise over the wideband channel and minimizes its effect. In case of using active 
mixers, the usage of poly resistor loads (free of flicker noise), large PMOS switches, and 
large LO swings is generally enough to keep the flicker noise at corners close to 100-150 
KHz using current CMOS technologies. An LNA with around 15-20dB voltage gain 
produces a flicker noise figure corner of around 10-50 KHz, which should be enough for 
many channel bandwidths. Unfortunately, it is currently not available in this study data 
about the impact of the flicker noise in smaller channel bandwidths. It is nevertheless clear 
that the integrated flicker noise will have a stronger impact in narrower channel 
bandwidths, for instance, the 1.25MHz, 1.5MHz, 3.5MHz channels. It is possible to 
conclude then that wide WiMAX channel bandwidths are good candidates for Zero-IF 
whereas some narrow channel WiMAX profiles may benefit from a Low-IF architecture. 

In addition, an IIP2 simulation was executed using the non-adjacent channel rejection tests 
for the mobile standard (TDD / HFDD 802.16e). The same procedure as the one used for 
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the flicker corner analysis has been used for the IIP2. The SNR of the 10 MHz channel 
WiMAX signal was fixed at 23 dB SNR. The WiMAX signal at baseband was passed 
through a non-linear stage with different values of IIP2. Fig. 4.5 shows the degradation of 
the BER due to the second order intermodulation products of the stronger non-adjacent 
channel. A relaxed 10dBm IIP2 may be enough for TDD and HFDD. In case FDD is used, 
the linearity requirements can be as demanding as for UMTS.  

 
Figure 4.5: BER degradation due to IIP2 (TDD) 

4.1.2.4 LTE 
The LTE EUTRA receiver is very similar to the WiMAX mobile receiver. The main 
difference is that due to backward compatibility issues (WCDMA) it will certainly favor 
the implementation of FDD whereas WiMAX will most probably favor an implementation 
with TDD (to keep the WLAN line) and HFDD. This difference may place very stringent 
requirements in the linearity on the LTE receiver. Also, the ACS test is much more 
demanding since it may require special considerations on the second order intermodulation 
products at baseband. With regard to the flicker noise, the  observations for WiMAX are 
also valid. Wide channel bandwidths benefit from a Zero-IF architecture whereas narrow 
channel bandwidths may benefit from a Zero-IF architecture.  

4.2 Multi-band Multi-standard Solutions for 
Zero-IF Receiver Front-End 

As explained in the previous chapters, it is strongly desired to have a highly-integrated 
monolithic solution for mobile terminals. This is particularly important since MIMO 
technology uses several transceiver chains working in parallel, and therefore, the required 
number of external components increases proportionally with the number of chains [34]. 
As the Zero-IF architecture uses less number of components than other architectures, it is 
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the best candidate for 4G Front-Ends. Also, this architecture is well suited for wideband 
channels since they can better tolerate some amounts of flicker noise as well as DC 
removal without performance degradation. Narrow band channels, on the other hand, 
would benefit from Low-IF architectures. 

Both Zero-IF and Low-IF solutions require a front-end that covers all bands. Accordingly, 
the LNA and I/Q mixers should be able to process RF signals that span from 
approximately 700MHz to 6GHz. This requirement is generally not a problem for active 
and passive mixers in current technologies. The LNAs, on the other hand, must provide 
accurate impedance matching, amplification, and low noise figure while processing both 
the desired signal and interferers with tough linearity specifications. Achieving all those 
requirements at the same time is usually a difficult task. There are basically three possible 
solutions to consider for multi-band multi-standard receiver front-ends: multi-
band/reconfigurable LNAs, arrays of narrowband LNAs, and wideband LNAs. 

Multi-band LNAs are commonly designed using narrow-band LNAs which either have 
additional resonators [35] or some sort of reconfigurability by switching passive and active 
devices [36], [37]. These topologies have been the subject of intense research lately. With 
very few exceptions, the performance of these LNAs is strongly degraded when such 
switching is added and, in general, overdesign is required to compensate the loss. Fig. 4.6 
shows an example of a multiband LNA with switchable passive devices [38]. 

 

Figure 4.6: Multiband LNA with switchable passive devices 
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Narrowband LNAs are designed, tuned, and optimized to operate over a specific band. 
They offer excellent performance, but only in a very narrow frequency range. 
Accordingly, the requirement of covering multiple bands means that a parallel array of 
such LNAs will be required. Examples of this configuration are found in [39], [40], [41], 
[42], [43], [44], [45], [46]. This solution has however several drawbacks. First, the area 
requirements increases, creating complicated layout problems depending on the number of 
bands that are targeted. The increase in area is a big issue in MIMO systems, where it is 
expected that the radio transceivers occupy the smallest possible amount of silicon area. 
Also, an additional level of switching is required as interface to the external TDD switch / 
FDD duplexer. These switches introduce additional losses in front of the LNA and hence 
degrade the noise figure of the receiver. Moreover, if implemented off-chip, they are costly 
in terms of added complexity (number of pins), number of external components, and PCB 
area. It can be argued that the switches may be implemented on-chip but their design is not 
trivial even in nanometer CMOS technologies. Such switches require large devices in 
order to reduce the losses. The result is parasitic non-linear capacitances that require 
careful co-design with the LNAs [47] . An example of this kind of configuration is shown 
in Fig. 4.7 [48]. Finally, most probably it will be desirable to reuse the mixing 
downconverter stage since this block is, in general terms, a very wideband circuit. Again, 
another level of switching after the LNA array is required which has more or less the same 
symptomatic problems as previously described with the exception that the impact on the 
global noise performance is slightly reduced. 

 
Figure 4.7: Low-cost GPRS transceiver with array of narrowband LNAs 

A third option is to implement a wideband LNA that covers all the bands at the same time 
[49], [50], [51], [52], [53], [54], [55] as shown in Fig.4.8. This approach offers the best 
solution from the integration point of view. The other options such reconfigurable multi-
band LNAs or arrays of narrowband-selectable LNAs are possible solutions, but the 
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wideband LNA outperforms them. There are, however, some disadvantages in this 
approach. The noise performance and linearity of the wideband LNA have to meet the 
most stringent specifications of all the targeted standards. A wise receiver budget is 
required to set reasonable block specifications of gain, noise figure and linearity, and they 
will strongly depend on whether the downconverter stage is a passive or active mixer.   

 
Figure 4.8: Direct conversion receiver with wideband LNA 

4.3 0.18um CMOS Receiver Front-End for 
WiMAX/WLAN  

This receiver front-end targets the WiMAX/WLAN standards and has been implemented 
using 1.8V 0.18um CMOS technology. Specifically, the targeted standards are IEEE 
802.16e WiMAX mobile and 802.11a/b/g. 

4.3.1 Receiver Budget 
The proposed direct conversion receiver architecture is shown in fig.4.9. The switch for 
TDD operation and the band selecting SAW filter precedes a wideband two-gain LNA. 
Both are assumed to produce an insertion loss of around 2dB. The output of the LNA is 
connected to I/Q low-flicker noise dual-gain mixers. Following the mixers, a 6th order 
reconfigurable low pass filter is performing the channel selection. Finally, two stages of 
variable gain amplification are required to put the signal in levels that can be quantized by 
10-bit ADC.  

 
Figure 4.9: Receiver Chain Diagram 
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The WiMAX standard establishes the gain and NF requirements of the receiver chain. The 
minimum detectable signal of -90dBm has to be amplified to around -14dBm (-24 dBVp) 
so that the ADC is able to quantize it successfully. Hence, a total voltage gain of around 
76dB is required in the chain. The total noise figure has to remain below 7dB as stated by 
the WiMAX standard. From the specifications of the standards it is possible to conclude 
that the 802.16.e standard imposes high sensitivity requirements while the 802.11.b 
standard demands very high compression points. Accordingly, a two-gain mode receiver is 
required to satisfy the requirements of both standards [56]. Table 4.10 summarizes the 
compression points required by the two standards.  

Table 4.10 P1dB requirement for low-gain and high-gain mode 

 802.11a 802.11b 802.11g 802.16e 

Low_Gain -20 dBm -10 dBm -10 dBm -20 dBm 

High_Gain -26 dBm -26 dBm -26 dBm -26 dBm 

 

The linearity of the chain is defined by the requirements of 802.11b. The IIP3 should be 
close to 0dBm in the low gain mode. When a strong signal is received in the channel of 
interest, the gain of the LNA is switched to low-gain mode. On the other hand, when a 
weak signal is received, the gain of the LNA is set to high-gain mode. Table 4.11 
summarizes the receiver budget for the WiMAX/WLAN receiver. 

Table 4.11 Receiver Budget 

 LNA Mixer Filter VGA1 VGA2 

Gain 20 dB 8 dB 5dB 0-20dB 0-20dB 

NF 4 dB 10dB 20dB 20dB 20dB 

IIP3 -5dBm/5dBm 8dBm 15dBm 20dBm 25dBm 

IIP2 - 25dBm 50dBm 50dBm 50dBm 

 

After extracting the block specifications it is possible to find suitable circuit solutions that 
reach these performance metrics. The following subsections focus on the design of the 
receiver front-end blocks: wideband LNA and active mixers.  

4.3.2 Wideband LNA 
At the circuit level, the amplifier topology that provides the best noise performance is a 
common-source amplifier. The problem of using a common-source stage for wideband 
applications is that it presents capacitive input impedance that must be matched to the 
source impedance. Here two issues arise. First, the ideal matching for maximum power 
transfer is not the ideal matching for best noise performance (minimum noise figure). 
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Next, the wideband matching is complicated since the input of the common-source 
amplifier is basically capacitive in nature. This is a serious problem and several techniques 
have been proposed such as shunt feedback ( [57], [58], [59], [60]) and LC ladders [61], 
[62]. Some of these techniques have shown modest improvements in comparison to the 
overall drawbacks (power consumption, complexity, and area penalties) that the design 
incurs.   

The common-gate stage solves the wideband matching requirement with very little power 
consumption, and also has very good linearity due to the source degeneration. The main 
issue is the noise currents that are referred directly to the input without attenuation. 
Nevertheless, the use of noise reduction techniques in differential common-gate amplifiers 
allows similar performance as in common-source stages. Hence, this topology is an 
excellent candidate for the 4G receiver front-end. 

An interesting common-gate topology is the cross-coupled common gate LNA (CC-CG 
LNA) [63], [64]. The basic idea of the CC-CG LNA topology is that the addition of 
negative feedback to the CG input transistor increases its total transconductance gm. In the 
CG LNA, the product gm.RS = 1 in order to match the source input. This leaves no freedom 
to improve the noise performance and limits the achievable noise figure to: 

 
α
γF += 1      (4.1) 

The addition of negative feedback with a gain A to the gate of the input transistors, as 
shown in Fig 4.10, results in an increase of the output current to: 

 ( )AgvI min +⋅= 1     (4.2) 
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Figure 4.10: Common-gate LNA with negative feedback at the input 
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and the final transconductance is given by: 

 ( )AgI/Ving mFBm +== 1     (4.3) 

The increase of transconductance is a powerful characteristic that can be exploited in LNA 
design. The idea is that matching to Rs is no longer defining the gm of the input transistor. 
Now matching is achieved by both gm and A; hence, a new level of freedom is obtained. 
From the noise point of view, the current noise of the transistor is proportional to gm as 
expressed in: 

 
mgα
γkTin

⋅
⋅

=
42

     (4.4) 

From (4.4) it is clear that noise reduction can be achieved by reducing gm.  

One way of achieving the negative feedback is just to use a differential configuration and 
cross-couple the input as shown in Fig. 4.11. 

 
Figure 4.11: Cross-coupled common-gate LNA 

In the cross-coupled configuration, the negative feedback is implemented by using both 
the positive and negative terminals from a differential source. Hence, the feedback factor 
A is 1. The cross-coupling is the simplest way to obtain the negative feedback. 

The matching requirement at the one of the input terminals is: 
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But now, RSD represents the differential source resistance that is twice the size of the 
single-ended resistance. The transconductance gm of the input transistor is only half of the 
CG stage, so the noise factor is at first glance reduced to: 

 
α
γF

2
1+=       (4.7) 

The voltage gain of the amplifier is: 
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2

     (4.8) 

Which simplifies to Av=gmRL when the input is matched. 

4.3.3 Active Mixer 
The advantage of the active mixer is that its gain makes the noise contribution of the 
baseband stages less important in the budget. However, the active mixer is itself a noisy 
circuit. In particular, the first source of flicker noise in the receiver is originated by the 
switches at the mixer. This noise is amplified by the whole baseband and therefore 
becomes the main contributor of flicker noise in the system. The disadvantage of this 
topology is that its implementation, the double balanced Gilbert Cell, requires several 
stacked transistors. The folded topology shown in Fig.3.4 alleviates this problem at some 
extent. 

4.3.4 Receiver Front-End Solution for WiMAX/WLAN 
The proposed front-end solution for WiMAX/WLAN in 1.8V 0.18um CMOS is shown in 
Fig.4.12. It consists on a dual-gain wideband LNA based on a cross-coupled common-gate 
LNA and folded Gilbert cell mixers. The 0.18um CMOS technology has a Ft around 
60GHz and hence requires the use of inductors in RF applications at the target frequencies. 
The folded mixer was designed using the ARCHER tool. Gain control for the low-gain 
mode was implemented by switching resistors in parallel with the loads. The output of the 
mixer is connected to voltage followers that are implemented single-ended OPAMPs. 
These output buffers are added for measurement purposes. The wideband LNA consume 
9mA. Each mixer consumes 3.2mA, and each buffer consumes 3mA. 
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 Figure 4.12: WiMAX/WLAN Rx front-end in 0.18um CMOS 

The first stage of the LNA provides wideband matching, and low noise amplification. A 
cascade stage was added to reduce the Miller effect of Cgs on the input transistors, 
increase the output impedance, and improve the reverse isolation. A differential inductor at 
the input tunes the input capacitance and allows very wideband matching. In addition, the 
central tap of this inductor is used to provide the ground path for the biasing. One 
advantage of this configuration is that the differential inductor can also be used as ESD 
protection [65]. The bandwidth of the first stage is limited by the output pole formed by 
the load resistor and the total capacitance at that node. The gain of the first stage drops 
from around 16dB at 2.4GHz to 12dB at 5.8GHz. A second amplification stage consisting 
of a cascode amplifier with inductive peaking provides gain correction over the bands of 
interest. This is implemented by using a differential inductor at the output of the LNA that 
is tuned to around 6GHz. The quality factor of this LC tank is degraded on purpose by 
using a series resistor in order to obtain gain at lower frequencies.  The result of cascading 
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the two voltage gain stages is shown in Fig.4.13. The gain control is implemented by 
adding PMOS switches at the loads of the first stage.  

 
Figure 4.13: LNA Voltage Gain 

The layout of the circuit working at high frequencies has a strong impact on the 
performance since the interconnections introduce RLC passive components. Accordingly, 
a parasitic extraction including resistors and capacitors was performed.  Fig. 4.14 shows 
the voltage gain of the LNA for both the high-gain and low-gain modes. Fig. 4.15 shows 
the noise figure of the LNA. Fig. 4.16 shows the return losses. 

 

 
Figure 4.14: LNA Voltage gain for HGM and LGM  
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Figure 4.15: LNA Noise Figure 

 
Figure 4.16: Return Losses, S11 

4.3.5 Front-End Layout Design and Post Layout Results 
The layout of the receiver front-end is shown in Fig.4.17. It includes the receiver front-
end, I/O pads and ESD protections. The total silicon area including I/O pads is 1.5x1.4mm. 
Most of the area is occupied by the input and output inductors. Fig.4.18 shows simulations 
of gain and noise figure for the high-gain mode before and after parasitic extraction. There 
is a 1dB to 3dB degradation of voltage gain after parasitic extraction. The noise figure is 

0 2 4 6 8 10
4

6

8

10

12

14

Frequency (GHz)

N
F 

(d
B

)

 

 

schematic
parasitic extraction

0 2 4 6 8 10
-40

-30

-20

-10

0

Frequency (GHz)

S
11

 (d
B

)

 

 

schematic
parasitic extraction



4.3  0.18UM CMOS RECEIVER FRONT-END FOR WIMAX/WLAN 61
 

 

also degraded in particular flicker noise at low frequencies becomes more important. Fig. 
4.18 shows the noise figure at different IF frequencies. 

 
 

Figure 4.17: Front-End Layout 

 
Figure 4.18: Simulation Results for the whole Front-End 
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Figure 4.19: Noise Figure at different IF frequencies 

A performance comparison of the proposed receiver front-end with other reported designs 
using same technology is shown in Table 4.12.  

 
Table 4.12 Comparison with other designs using the same technology 

Technology 
(um) 

Gain 
(dB) 

Bandwidth 
(GHz) 

NF 
 (dB) 

IIP3 
 (dBm) 

Power 
(mW) 

this LNA* 0.18 20 1.5-6 4.5-5.5 -8 16.2 

LNA [66] 0.18 9.3 2.3-9.2 >4 -6,7 9 

LNA [67] 0.18 8.5 1.5-12.3 4.4-5.3 7.4-8.3 4.5 

LNA [50]† 0.18 21 3-10 2.5-4.2 -5.5 30 

this mixer* 0.18 8 1.5-6 10 8 5.4 

Mixer [68] 0.18 10 3.1-10.6 10 4 10 

Mixer [69] 0.18 2.5-5 3.1-8.72 6.8-7.3 5 10.4 

Mixer [70] 0.18 11 0.5-25 - -5 71 

* Parasitic extraction 
† SiGe  
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The noise performance of the proposed LNA is in the same order as [66] and [67], and 
1-2dB higher than [50]. This is not surprising since the last LNA is a bipolar design. The 
gain requirement for the proposed LNA led to a power consumption larger than [66] and 
[67], but lower than in the bipolar case. Overall, the proposed mixer has similar 
performance to the other designs, but has lower power consumption.  

4.4 Summary 
This chapter has presented the characteristics of RF receiver front-ends targeting 4G 
mobile applications. Descriptions of standards that ideally should be targeted by a single 
receiver monolithic solution were given. Receiver architectures that accomplish the 
requirements for these standards were discussed.  

A direct-conversion receiver front-end supporting all the WiMAX/WLAN standards has 
been implemented in 1.8-V 0.18um CMOS. The front-end consists of a wideband LNA 
and the active mixers and consumes 28mW. Part of the effort in this design was to 
minimize the number of inductors and obtain a compact solution that is amenable for 
MIMO integration. The noise performance was also limited by the low Ft and required 
increase of current consumption in order to keep the noise level under specifications. The 
linearity requirements, in particular the linearization of the active mixer, were only 
achieved by increasing the current consumption. 
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CHAPTER 5 

WIMAX/LTE RECEIVER FRONT-ENDS IN 
NANOMETER CMOS  

5.1 Introduction 
The use of nanometer CMOS in 4G front-ends brings both advantages and disadvantages 
[71]. The design of monolithic highly-integrated low-power RFICs using nanometer 
CMOS has the following advantages. The large Ft of the transistors brings the opportunity 
of designing RF amplifiers below 6 GHz without using inductors which results in a 
significant saving of silicon area [72], [73], [74], [75], [76], [77], [78]. This is a very 
important advantage in particular for MIMO systems. Other advantages are the 
improvement of noise performance at high frequencies due to large Fts and the 
improvement of the intrinsic linearity of transistors due to technology scaling [16].  

One issue of using nanometer CMOS technologies in RFIC design is that the power supply 
is typically very low, in the order of 1V [79], [80], [81]. This brings strong limitations to 
the number of topologies that can be used. Well known solutions such as telescopic 
cascodes, cascode current mirrors, and in general any circuit that has more than three 
active devices stacked will be subject to very limited signal swing and clipping distortion. 
This issue is worsened by the fact that the nanometer transistor suffers from low mobility 
and large channel length modulation.  

Another important consideration is that in order to really benefit from the nanometer 
technology at RF frequencies, it is desired to use small transistor widths since they result 
in small parasitic capacitances and large bandwidths. A drawback of using very small 



66 CHAPTER 5.  WIMAX/LTE RECEIVER FRONT-ENDS IN NANOMETER 
CMOS

 

 

devices is that the mismatches in the differential pairs produce second order 
intermodulation distortion, a critical issue in the down-converter stage [21].  

Finally, the technology scaling is accompanied by an increase of flicker noise. This is an 
important aspect mainly during the design of baseband stages, where the use of minimum 
length devices should be avoided. This is not only due the very poor flicker noise 
performance, but also because of the limited gain that is possible to obtain from each 
stage. 

This chapter presents the challenges and opportunities present in nanometer CMOS RFIC 
design and proposes novel solutions for 4G receiver front-ends in nanometer CMOS. New 
design techniques such as inductorless RF circuits, low flicker noise amplification, and 
current-mode front-ends are proposed and explained.  Two RF front-ends targeting 
WiMAX/LTE standards and covering all possible bands from 700MHz to 6GHz are 
designed in nanometer CMOS. 

5.2 WiMAX/LTE Front-End in 1.2V 90nm CMOS 
This section proposes a receiver front-end that targets WiMAX/LTE standards [82]. This 
front-end is designed using 1.2V 90nm CMOS technology. In comparison with the 
WiMAX/WLAN front-end, the objective of this work is to exploit the advantages of the 
nanometer CMOS technology. The large Ft of the 90nm transistors allows the design of 
amplifiers without inductors for the target frequencies. This is a big advantage since 
inductors are bulky devices that occupy large area, make layouts complex, and introduced 
many undesired parasitics. They are also the source of problems that are difficult to predict 
and control such as magnetic mutual coupling to nearby inductors, substrate noise 
coupling, etc. There are, however, a number of issues of using nanometer transistors. 

The 90nm technology used in this front-end has a 1.2V power supply which limits strongly 
the circuit topologies that can be used. Also, channel length modulation has a strong 
negative impact on the transistor output impedance. Fig.5.1 shows simulation results for 
two transistors with a width of 32 um and a length of 90 nm and 360 nm, respectively, 
when both transistors are biased with the same overdrive voltage. The output resistance 
(Rds) is around 2 kΩ for the 360 nm transistor whereas it is only 580 Ω for the 90 nm 
transistor. The low output resistance and low mobility make challenging to obtain 
reasonable amounts of gain in nanometer amplifying stages. Solutions to these problems 
are proposed and employed for designing the WiMAX/LTE receiver front-end. 
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Figure 5.1: Drain currents for 90nm and 360nm transistors 

5.2.1 Receiver Budget 
The WiMAX and LTE estimated specifications that have been used to set the 4G receiver 
specifications are shown in Table 5.1.  

Table 5.1 WiMAX/LTE Specifications 

 WiMAX LTE 4G Estimated 

Noise  
Figure (NF) 

7dB 
(Total) 7 dB (Estimated ) 7 dB 

IIP3 LGM -8 dBm 0 dBm 0 dBm 

IIP3 HGM -16 dBm -10 dBm -10 dBm 

IIP2 20 dBm 45 dBm 45 dBm 

 

The noise figure of WiMAX sets the noise requirements of the receiver chain. The 
linearity requirements of LTE are more demanding and therefore set the linearity 
specifications. The large dynamic range of both standards suggests that a dual gain front-
end is needed to relax the linearity requirements of different stages. Accordingly, the radio 
solution contains linearity specifications for high-gain-mode (HGM) and low-gain-mode 
(LGM). The WiMAX and LTE standards support a large number of bands that span from 
700 MHz to around 6 GHz and also a large number of channel bandwidths that vary from 
1.4 MHz (LTE) to 28 MHz (WiMAX). As it has been mentioned before, nanometer 
circuits are limited to small signal voltage swings. This limitation affects mainly the 
linearity of the RF front-end blocks since both the desired signal and all in-band and out-
of-band interferers are required to be linearly processed. Also, unlike baseband circuits, 
RF circuits working at several GHz are difficult to linearize by using negative feedback. 
Large negative feedback loop gains are difficult to achieve at RF frequencies. Also the 
required bandwidths cause stability problems. 
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The proposed solution is to trade-off noise figure requirements for linearity in the receiver 
front-end. This means that the radio part provides little gain, which according to the Friis 
formula relaxes the linearity of the following stages. In addition, it also relaxes the 
linearity requirements of the LNA and mixer implementations since the voltage signal 
swings in the internal nodes are small.  The price to pay for this relaxation of linearity is a 
very tough noise performance in the first baseband stage, in particular the flicker noise. 
Accordingly, a low flicker noise amplifier is required after the down-converter stage and 
before any channel selection filtering. The receiver architectures for both Zero and Low IF 
solutions are shown in Fig.5.2. The front-end is common for both receiver architectures. 

 

 
Figure 5.2: Proposed Zero and Low IF architectures 

 

A receiver budget for the 4G radio solution is shown in Table 5.2. It assumes that a 
wideband LNA and passive mixers are used and includes the gain, NF and IIP3 linearity. 
The total gain of the receiver is 48 dB and it is divided as follows. For a TDD solution, the 
antenna switch and band select balun/filter have a total insertion losses of around 2 dB. For 
a FDD solution, the duplexer performs the band filtering and is assumed to have more or 
less 2 dB insertion losses as well. The LNA has a dual gain mode. During HGM, the gain 
is 17 dB, whereas in LGM, the gain is 5 dB. The gain of the LNA includes 3 dB of passive 
gain obtained from the unbalanced to balanced conversion at the balun. The target noise 
figure of the LNA during the HGM is 2.5 dB. The LNA requires -10 dBm and 0 dBm for 
the LGM and HGM, respectively in order to be able to process the LTE signals. The 
passive mixer has a conversion gain of -2 dB and a noise figure of around 6 dB. It has an 
intrinsic high linearity that relaxes the IIP3 of the whole front end. Once the signal is 
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down-converted, it has to be processed by the VGA1. This is a critical stage that requires 
careful design. The input of this stage has to be a low flicker noise amplifier. In the ZERO-
IF receiver, the channel select filter is a 2nd order Butterworth low-pass filter (LPF). Here 
the interferers are only partially attenuated. Later, they are processed by the sigma-delta 
(ΣΔ) analog-to-digital converter (ADC) and removed by the digital filtering. The last 
stage, VGA2 provides additional variable amplification up to 18 dB before the converters. 
In the LOW-IF receiver, the required polyphase filter is implemented by the quadrature ΣΔ 
ADC. The ΣΔ ADCs requires 70 dB and 75 dB SINAD for the ZERO-IF and LOW-IF 
architectures respectively. 

Table 5.2 Receiver Budget for WiMAX/LTE  

 NF 
(dB) 

Gain 
(dB) 

IIP3 
(dBm) 

IIP2 
(dBm) 

BSF/Switches/Duplexer 2 -2 - - 

LNA 2.5 17/5* -10/0 - 

Passive mixer 6** -2 12** 40** 

VGA1 13** 20/0 10** 40** 

Channel Filter 25** 0 20** >60** 

VGA2 25** 18/0 20** >60** 

* Includes 3 dB passive gain coming from the balun 

**Referred to a 50 Ohm resistor 

 

5.2.2 Receiver Front-End Design 
This section presents the design of a 90 nm CMOS front-end [82] used in the proposed 
Zero/Low-IF WiMAX/LTE radio receivers. This front-end consists of a wideband CC-CG 
LNA and passive I/Q mixers. The whole proposed receiver front-end is presented in 
Fig.5.3. 

5.2.2.1 LNA 
The proposed LNA is a variation of the CC-CG LNA presented in [63]. As explained 
before, this circuit is an alternative to the classic CG LNA, but with a noise performance 
comparable to CS topologies. In [49] the biasing inductors are replaced by cross-coupled 
current sources and resistive output loads are used. The noise performance is not 
deteriorated, and moreover, the matching and bandwidth are extended from DC to several 
GHz. Improvements in bandwidth by introducing capacitive degeneration at the input of 
the following Gilbert active mixers have been proven in [83]. These techniques can also be 
applied when the LNA is combined with double balanced passive mixers. In Fig.5.3 the 
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inductorless CC-CG LNA is followed by a second amplifying stage that is used as buffer 
for the I/Q mixers. The buffer stage allows not only to isolate the large capacitance of I/Q 
balanced mixers from the output node of the CC-CG LNA but it also gives the opportunity 
to introduce bandwidth extension through capacitive peaking. The transfer function can be 
determined knowing that the input impedance of the second stage is given by:  
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the input voltage at the second stage is given by 
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where Iin is the  output current of the first stage of the LNA, and the output voltage of the 
second stage is: 
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Figure 5.3: Front-end solution including the wideband LNA, passive mixers and low-
flicker noise VGAs 
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Therefore, the transfer function is: 
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Equation (5.4) shows that similar to inductive peaking, the capacitive peaking introduces a 
zero and two poles in the transfer function. The value of transconductance (gm) is obtained 
from gm.RS = 1 and it should be equal to 10mS for a source resistance (RS) equal to 100 Ω. 
Some discrepancy in gm can be tolerated as long as the matching is not degraded 
substantially. The size of M1-M4 is basically defined by a trade-off between current 
consumption and parasitic capacitances. Large transistors provide the desired gm with less 
current. On the other hand, large transistors are accompanied by large parasitic capacitors. 
A compromise can be achieved by reducing slightly the required gm to 8.5mS and setting 
the sizes of M1-M4 to 32um/0.09um with a biasing current of 0.75 mA. The Cgs and Cgd 
capacitances of these transistors are 25 fF and 10 fF, respectively. The differential resistive 
load R1 is set to 1300 Ω for the HGM and it is switchable to 300 Ω for the LGM. M5-M8 
are sized to 32um/0.09um with a biasing current of 1.5 mA. Biasing transistors M9 and 
M10 have a size of 12um/0.18um and a transconductance of 4 mS. Therefore, their noise 
contribution is lower than that of the input transistors. The noise degradation due to the 
current sources can be seen also from other point of view. The cross-coupled current 
sources produce additional amplification of the input signal and contribute to the reduction 
of the total input referred noise. This is a good example of current reuse technique in 
which the biasing part is used to improve the gain and noise performance. The 
degeneration resistor R2 and the load resistor R3 are 180 Ω and 320 Ω, respectively. The 
effect of the capacitive peaking can be seen in Fig.5.4. A 0.5 pF capacitor in parallel with 
R2 adds a zero at around 1.8 GHz and allows correcting the frequency response at high 
frequencies and increase the bandwidth. The gain of the LNA is around 17 dB with a 3 dB 
bandwidth of 6 GHz. Fig.5.5 shows simulation results of NF and S11. 

 
Figure 5.4: LNA Gain with and without capacitive peaking 
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Figure 5.5: LNA return losses and noise figure 

 

5.2.2.2 Passive Mixer 
Passive mixers have many attractive characteristics that make them perfectly suitable for 
low-power highly integrated receiver solutions. They do not consume any DC current and 
present inherently high linearity. Also, the scaling down of the technology results in better 
CMOS switches for each generation. Better switching is accompanied by reduction of 
conversion losses and improvements of noise figure. Another interesting characteristic of 
CMOS passive mixers is that since they do not have DC currents, they do not produce 
flicker noise at the same extent as active topologies [84]. The disadvantage of passive 
mixers is that they do not contribute to the gain of the front-end but they produce 
conversion losses, and therefore require special noise considerations in the first baseband 
stages (especially flicker noise). 

In the context of radio design in nanometer CMOS technologies, the passive mixer is a 
very interesting solution. Due to very low power supply operation (~1V) it is not really 
desired to have a lot of voltage gain in the front-end. Large signal swings can easily push 
the transistors out of the saturation region generating all kind of nonlinearity problems 
starting from signal clipping, large distortion, and even total desensitization of the front-
end. Passive mixers cope with these issues easily. They are able to process large signals 
since they are inherently highly-linear circuits. The fact that they do not add gain is not 
necessarily a disadvantage since it relaxes the linearity requirements of the baseband 
stages. 

The mixer proposed for this front-end is a double balanced passive mixer. The gain of the 
passive mixer assuming a sinusoidal wave with 50% duty cycle is approximately [15]: 
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Since the noise of the mixer is dominated by the ON resistances of the switches [85], [86], 
it would be desirable to use large transistors in the switching pairs. Large transistors 
reduce the mismatch and improve the second order intermodulation performance. 
However, they have large parasitic capacitances that not only load the output of the LNA 
and limit the bandwidth, but are also difficult to be driven from the LO buffer. Based on 
these trade-offs, the size of switches M11-M14 is set to 32um/0.09um. The mixer is AC 
coupled to the LNA through capacitors. This is an efficient way of filtering low frequency 
second order intermodulation products from the LNA. The sources of the switches are 
biased at 0.7V. The gates of the switches are biased, slightly above Vth, to 1.1V and are 
AC coupled to the LO buffers. The LO provides a differential voltage swing of 1V which 
results in an average ON resistance of 33 Ω. The input referred noise of the mixer is 1.2 
nV/√Hz and the IIP3 referred to a 50 Ω resistor is around 15 dBm (5 dBVp). 

5.2.2.3 Low flicker noise VGA 
The proposed baseband VGA consists of a two-stage fully differential inverting amplifier 
with a (–R5/R4) gain. The variable gain is obtained by switching the feedback resistor R5. 
The input noise spectral density S(v) of this amplifier can be approximated by: 
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where Vn,in represents the input referred noise of the amplifier. Eq. (5.6) places 
fundamental limits for R4 and R5. It would be desirable to have a large value of R4 since 
the passive mixer is switching voltages and therefore high input impedances would be 
ideal. On the other hand, a large value of R4 means increased noise. The optimum values 
of R4 and R5 are found by considering that S(v) is limited by the noise specification of 
4nV/√Hz (NF of 13 dB). Next, the value of the input referred noise is, as first 
approximation, dominated by the noise of the input transistors M12, M13. Accordingly, 
their sizes and bias are optimized for noise performance. Three design considerations were 
used in order to keep a low flicker noise level. First, minimum channel lengths are avoided 
for reasons previously discussed. Second, large transistors sizes and low bias currents are 
used. The size of M12 and M13 is set to 256um/0.25um with a biasing current of 0.5 mA. 
The thermal noise is approximately 0.9nV/√Hz and the flicker noise corner is located at 
100 kHz. With a total LNA-mixer gain of around 14 dB, this corner would appear below 
10 kHz when referred to the input of the receiver. Finally, 1.3 kΩ poly resistor loads are 
used since they are free of flicker noise [17]. Under these conditions, the input differential 
pair would have an input referred noise of approximately 1.27 nV√Hz. Accordingly, an R4 
of 400 Ω and an R5 of 4.4kΩ are chosen to keep S(v) under specifications, when the gain 
is 20dB. For a gain of 0dB, R5 is switched to 400 Ω. The low flicker noise amplification at 
the first stage allows more noise freedom at the second stage, where active current sources 
are used in order to increase the gain. The size of M15, M16 is 256um/0.25um while the 
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size of M17,M18 is 128um/0.25um. The transistors are biased with 0.5 mA. The current 
sources M3 and M8 have a size of 256um/0.36um. Capacitors C2 and C3 of 1 pF are 
added to provide frequency compensation. 

The loop gain is approximated by: 
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where rout represents the resistance at one of the output nodes. The loop gain for R5 = 4.4 
kΩ is 23 dB, while the loop gain for R5 = 400 Ω is 30 dB. The minimum 3 dB bandwidth 
of the loop gain is around 14 MHz for R5 of 4.4 kΩ, which is enough to process the largest 
baseband WiMAX channel bandwidth of 15 MHz.   

5.2.3 Simulation Results 
The proposed wideband front-end is simulated for four representative bands: 1 GHz, 2.4 
GHz, 3.5 GHz, and 5.8 GHz. Fig.4.6 shows the linearity performance for an RF signal of 1 
GHz. The IIP3 is estimated for both HGM and LGM. Fig.5.7 shows the NF at baseband 
frequencies when the RF frequencies are 1 GHz and 5.8 GHz. The simulations show that 
flicker noise corners of around 10 kHz are feasible. The summary of the receiver front-end 
performance is presented in Table 5.3. It can be seen that the front-end meets the design 
specifications for 1 GHz and shows very little degradation close to 6 GHz. The LNA and 
mixers consume 5.4 mW, while the baseband VGA consumes 2.4 mW. This is an excellent 
performance when compared with a compilation of published work presented in [83]. 

 

Table 5.3 Simulation Results 

 Gain (dB) 

(HGM/LGM) 

NF (dB)  

(HGM) 

IIP3 (dBm) 

(HGM/LGM) 

1GHz 33/0.3 3.8 -10.4/0 

2.4GHz 34.2/1.8 3.7 -11/0 

3.5GHz 34/2.3 3.9 -13/-0.5 

5.8GHz 30.5/1.2 5.3 -13/-1 
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Figure 5.6: HGM and LGM IIP3 vs. Input Power for RF=1 GHz 

 

 
Figure 5.7: NF vs. IF frequency 
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5.3  A 0.9-V Current-Mode Front-End for 
WiMAX/LTE in 65nm CMOS 

Signals in electrical networks can be described by using Kirchhoff’s voltage and current 
laws. Accordingly, node voltages and branch currents completely define the characteristics 
of a circuit. The relatively easiness of simulating and measuring voltages has resulted in 
abundant number of circuits designed to process information signals only in voltage 
domain. These circuits are called voltage-mode circuits. On the other hand, circuits 
processing signals in currents require breaking the circuit in order to measure currents, 
hence, making these designs less attractive.  Circuits processing the information signal in 
currents are called current-mode circuits.   

The RFIC design has been dominated by the use of voltage-mode circuits. The scaling of 
the devices and the unavoidable reduction of power supply voltages below 1V has 
however caused a challenging problem since clipping distortion becomes the dominant 
cause of gain compression at the receiver front-end. Strong nearby interferers processed 
with typical gain specifications in voltage-mode front-ends result in large voltage swings 
with peak- peak values comparable in magnitude to the power supply. This problem can be 
clarified by using typical values of RF power signals and gains present in voltage-mode 
RF front-ends. Table 5.4 shows RF power levels delivered to a 50Ω load as well as their 
respective peak voltage and current values. Assuming that a receiver front-end has around 
30dB of voltage gain, then a -30dBm CW interferer appears at baseband with an amplitude 
of 0.62V peak-peak. Clearly, processing this voltage signal with a power supplies below 
1V is not a feasible option. 

The development of current mode circuits working at RF frequencies have been 
overlooked both for technical and historical reasons. Very few publications have shown 
the capabilities of current-mode approaches at the receiver front end [87], [88], [89], [90]. 
LNAs, mixers, variable gain amplifiers, filters, are commonly found in topologies that 
process voltage signals at the input and deliver a voltage signal at the output. Examples of 
receiver front-ends that work solely in voltage mode are found in [91], [92], [93], [94], 
[95]. Sometimes, the output of the LNAs is followed by a transconductor stage that 
converts the output voltage into current before entering the mixing stage. This 
configuration became popular and some examples are [96], [97], [28], [98], [99]. This is a 
natural result of trying to extend the operation bandwidth of amplifiers by using techniques 
that are based on inductive peaking, resistive shunt-series negative feedback, or a 
combination of both. In all of those cases, the drain current of common-source, common-
gate or cascode amplifying stage is converted into voltage. Current literature in the field is 
rich of examples of voltage-mode radio circuit topologies. Being used for more than 70 
years, they have evolved and become mature circuits. They are found in practically all 
radio circuits, and listing all the proposed modifications would be a great challenge for the 
technical historian. Representative examples currently in use are inductive source 
degenerated LNAs, common gate LNAs, shunt feedback LNAs, Gilbert cell mixers, and 
passive mixers. The technology scaling improved some of the performance parameters of 
these radio circuits due to increase of Ft. In fact, the use of nanometer transistors provides 
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in many cases enough bandwidth so that inductors are no longer required. However, power 
supplies voltages of around 1V limit strongly the amplitude of the voltage swings and 
cause linearity problems such as early compression due to clipping distortion. 

Table 5.4 Equivalent peak voltages and currents over a 50Ohm load 

Power (dBm) Vp(mV) Vp(dB) Ip(mA) Ip(dB) 

-100 0.0032 -110 0.0001 -144 

-90 0.0100 -100 0.0002 -134 

-80 0.0316 -90 0.0006 -124 

-70 0.1000 -80 0.0020 -114 

-60 0.3162 -70 0.0063 -104 

-50 1.0000 -60 0.0200 -94 

-40 3.1623 -50 0.0632 -84 

-30 10.000 -40 0.2000 -74 

-20 31.622 -30 0.6325 -64 

-10 100.00 -20 2.0000 -54 

0 316.22 -10 6.3246 -44 

 

Alternatively, it is possible to use current-mode circuits. The next sub-sections show the 
fundamentals of voltage and current mode amplification and compare the advantages and 
disadvantages of each technique when used in RF receiver front-ends. Next, a receiver 
front-end that targets WiMAX/LTE standards using current-mode technology is presented 
[100]. Current-mode advantages such as wideband, linearity and low noise are exploited 
for the design of this front-end using 65nm CMOS technology. This technology specifies a 
1.2V power supply. In this design, however, the current-mode front-end uses a power 
supply of only 0.9V.  

5.3.1 Voltage-Mode and Current-Mode Circuits 
Fundamentals 

Signal sources are either voltage or current sources with their respective source 
impedances Zs. Thevenin or Norton equivalent circuits can be used to do the 
transformation from voltage to current domain representations and vice versa (Fig. 5.8). 
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Figure 5.8: Signal source representations a) Thevenin, b) Norton 

A correct representation of a signal source may depend on many practical factors and it 
has profound impact in the design of amplifying stages. Voltage sources require large ZL 
(and low Zs) so that the voltage divider guarantees low voltage loss. On the other hand, 
current sources require low ZL (and high Zs) so that the current divider delivers signal 
current without much loss. These simple observations define the input and output 
impedance requirements of stages that process voltage or current signals. A stage 
processing an input voltage requires high input impedance whereas one processing current 
requires low input impedance. Likewise, if a stage provides a voltage as an output, then its 
output impedance must be low, whereas if it provides a current, its output impedance must 
be high. An exception happens when well defined requirements for the input impedance 
are given. This situation is common in microwave/millimeter circuits where discrete 
components process power signals over waveguides and transmission lines, and therefore 
require correct impedance terminations in order to operate properly. Once the best signal 
source representation is found, it is possible to define the characteristics of the driving 
stage. For the rest of this section the driving stage will be assumed to be an amplifier since 
most of the integrated radio blocks are built around amplifier stages. 

Amplifiers can process current or voltage at the input and deliver a current or voltage at 
the output. A general method to characterize amplifiers consists of using two-port network 
theory in the form of the ABCD parameters matrix. The input-output relation is given by 
the linear equations: 

 outoutin BiAvv +=      (5.8) 

 outoutin DiCvi +=      (5.9) 

Where vin is the input voltage, vout is the output voltage, Iin is the input current, Iout is the 
output current. The amplifying characteristics of the two-port network can be found 
directly from these equations. Voltage gain is 1/A, transconductance is 1/B, 
transimpedance is 1/C, and current gain is 1/D. Small values of any A, B, C, D parameter 
means large signal amplification.  

The CMOS transistors used as amplifiers are found in three basic configurations: common-
source, common-gate, and common-drain. In practice, amplifiers are seldom found as 
single stage using these configurations. Most of the amplifiers are multiple-stage 
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amplifiers which cascade two or more transistors in combinations of these basic 
configurations [101]. 

From the amplification point of view, the common-source (CS) configuration provides the 
lowest ABCD parameters, and hence maximum amplification capability and best noise 
performance. The other two configurations have one of the parameters equal to 1, and 
therefore provide less amplification. The common-gate (CG) configuration, also called 
current follower, has a value of 1 for the parameter D whereas the common-drain (CD)  
configuration, also called voltage follower, has a value of 1 for the parameter A. The 
superior characteristics of the common source configuration are the reasons why this 
topology is widely used in amplifiers, for instance, at the input differential pairs of 
OPAMPs, OTAs, etc. Accordingly, it is worth to compare the amplification, bandwidth 
and noise capabilities of this configuration when processing voltage and current input 
signals. 

5.3.1.1 Amplifying Characteristics of Voltage-Mode CS Amplifiers 
The voltage-mode common source amplifier and its small-signal equivalent circuit are 
shown in Fig.5.9. The small-signal model has been largely simplified to reduce the 
mathematical clutter and concentrate the analysis in only few important aspects. Source 
resistance RS is assumed to be very small.     

 

Figure 5.9: voltage-mode common source amplifier 

The DC voltage gain of this amplifier is given by: 

 ( )Zload rgAv dsm=      (5.10) 

According to (5.10), Av increases for large values of Zload. Increasing the output 
impedance, however, violates one of the previously described characteristics of stages 
sourcing voltage: low output impedance. Zload is typically composed of a load resistor RL 
in parallel with a capacitance CL that represents the total capacitive load. The pole 
1/((rds||RL)•CL) limits the bandwidth of the amplifier creating a linear trade-off between 
gain and bandwidth. This trade-off is better quantified by the gain-bandwidth product that 
in this case is equal to gm/CL. The gain-bandwidth product is also equal to the angular 
frequency at which the gain is 1, that is, the transition frequency ωt. One way to reduce the 
output impedance is to introduce additional stages and add negative feedback loops. If 
negative feedback loops are not possible, for instance at very high frequencies, another 
possible measure is to add a common-drain stage between the common-source stage and 
Zload as shown in Fig.5.10 [15]. The common-drain stage effectively decouples CL and 
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reduces the capacitance at the output node of the common-source stage which now is only 
due to the parasitics from the transistors. As a result, the value of the first pole increases. 
At the output, the low impedance of the common-drain amplifier creates a second pole that 
is located around gm/CL, normally much larger than the first pole. Unfortunately, with 
nowadays power-supplies around 1V and below, biasing the CD stage directly from the 
output of the CS stage is not a feasible option since it leaves almost no voltage headroom 
at the output. Accordingly, this configuration becomes difficult to apply and mostly 
unsuitable.  

 
Figure 5.10: Signal path of CS-CD cascaded stages 

It is possible to find a simple approximation of the noise performance of the common 
source amplifier by assuming that ABCD parameters are small and Zload is high. Under 
these assumptions the total noise is, at first order, dominated by the noise sources of the 
transistor. Fig.5.11 shows the equivalent circuit used to calculate the total input noise. 

 

 
Figure 5.11: Equivalent circuit for input noise voltage calculation 

Assuming for simplicity that the main contribution of noise comes from drain current 
thermal and flicker noise, the input referred noise voltage and current of the voltage-mode 
amplifier are: 

 
m

nd
n g

iv =      (5.11) 

 
m

nd
gsn g

iCjωi ⋅=      (5.12) 
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Where ind represents the drain noise current coming from thermal and flicker noise. The 
total spectral density of the noise voltage at the input is found: 

  SnnRSn,TOT Rivvv ⋅++=     (5.13) 

( ) ( )( )21144 Sgs
m

Sn,TOT RCω
f
fc

g
kTγkTRvS ⋅⋅+⎟⎟

⎠

⎞
⎜⎜
⎝

⎛
++=

 
  (5.14) 

Where γ represents the drain noise coefficient and fc is the corner of the flicker noise. Fig. 
5.12 shows an example of (5.14) where it is assumed that γ =2/3, Rs = 1kΩ, gm = 10mS, 
Cgs = 100fF, and fc = 1MHz. At lower frequencies, the flicker noise dominates. At mid-
frequencies the noise is flat and comes from the thermal noise of Rs and vn. At high 
frequencies, in starts to rise and becomes the main noise contributor.  

This noise spectral density affects the radio receiver blocks in different ways. In direct 
conversion receivers the flicker noise becomes a major problem in particular for narrow 
band channels. At low frequencies, the flicker noise is always present and it is independent 
of Rs. Different strategies such as high gain at the RF front-end and large area transistors 
at the first baseband amplifiers are used in order to overcome this problem. At RF 
frequencies in cannot be neglected.  

 

 
 

Figure 5.12: Noise voltage spectral density 

Fig. 5.13 shows simulations of voltage-mode CS amplifiers using BSIM 4.5 models from 
the 65nm CMOS process. Three transistors with 100um width and 65nm, 0.18um, and 
0.36um length respectively have been used for simulation. All transistors were biased at 
1mA and Rs is simulated for values of 0Ω and 500Ω. 
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a) 

 
b) 

Figure 5.13: Simulated input noise voltage of a voltage-mode CS amplifier for a) RS = 0Ω  
b) RS = 500Ω 
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A traditional way to quantify the noise performance in a receiver is by calculating the 
Noise Figure. Noise Figure is a measure of the SNR degradation that a signal experiences 
when it is processed by the circuits at the receiver. A common way of calculating it is to 
refer all the noise sources to the input of the receiver either in current or voltage power 
spectral density and divide it by the current of voltage noise spectral density of the source 
impedance, which is commonly 50Ω. Receivers are designed using cascaded stages and 
the calculation of the noise figure was described in Chapter 2. Sometimes it is very useful 
to compare the input noise of each stage with the noise source in order to perform a quick 
estimation of how much gain will be required in previous stages so that its noise 
contribution is kept very low. The rms noise voltage of a 50 Ohm resistor is around 
0.9nV/√(Hz) or -181dBVrms.  The rms noise current of a 50 Ohm resistor is around 
18pA/√(Hz) or -215dBArms. From Fig.5.13.a it can be seen that the thermal noise floor of 
the voltage-mode common-source transistor is almost the same as a 50 Ohm resistor, 
whereas the flicker noise is larger for frequencies below 10MHz. A 500 Ohm resistor at 
the source raises the current noise at high frequencies. 

5.3.1.2 Amplifying Characteristics of Current-Mode CS Amplifiers 
A common-source amplifier configured as current-mode amplifier is shown in Fig.5.14. In 
this case Rs is assumed to be very high. Zload is composed of a resistive part RL in parallel 
to a load capacitor CL.  Zload is low impedance that represents the input impedance of the 
following stage. 

 
Figure 5.14: Current-mode common-source amplifier 

 
The DC gain is: 

 Sm RgAi ⋅=      (5.15) 

This is similar to (5.10) and hence requires a large source resistor in order to provide large 
current gain.  

The presence of parasitic capacitance at the gate of the transistor modifies (5.15) in the 
following way: 

 
⎟
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Sm Cjω

RgAi 1
    (5.16) 

The input pole formed by Cgs and Rs dominates and defines the bandwidth limitations of 
this configuration. The output pole is formed by rds||RL and the load capacitor CL. Since RL 
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is very low, the pole appears at very high frequencies.  At high frequencies, Ai in (5.16) is 
equal to gm/(jω.Cgs) and the transit frequency ωt is gm/Cgs, which is higher than in the 
voltage mode case where ωt was barely gm/CL. This simple theoretical observation has a 
powerful impact when balancing the advantages of using voltage-mode or current-mode 
amplifiers at RF frequencies. 

The basic CS stage violates the low input impedance requirement for current-mode 
amplifiers that is to present low input impedance, and therefore it is seldom found directly 
in this configuration. More commonly, the common-source stage is found as a part of a 
negative feedback amplifier as shown in Fig.5.15.a. The negative feedback not only 
creates low input impedance, but also extends the bandwidth. Alternatively, the 
configuration can use indirect feedback to copy and amplify currents as shown in 
Fig.5.15.b. The last solution is extensively used in analog circuit design in the form of 
current mirrors. 

 
   a)     b) 

Figure 5.15: a) Current amplifier with a common-source input stage, b) Current mirror 

The noise characteristics of the current-mode CS amplifier can be obtained using the 
equivalent circuit shown in Fig.5.16.  

 
 

Figure 5.16: Equivalent circuit for input noise current calculation 

The total input referred current noise is given by: 

 n
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R
vii ++=      (5.17) 
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And its spectral density is: 
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Fig. 5.17 shows an example of (5.18) assuming the same values of gm, fc, Cgs, and γ as in 
the previous example. It is assumed that the source resistance of the current source, RS, 
takes a value of 20KΩ. At low frequencies the noise is dominated by flicker noise. At 
higher frequencies, in increases and dominates. The main difference between working with 
currents or voltages comes from the observation that flicker noise is independent of RS in 
(5.14), whereas in (5.18) it is strongly dependent on the value of RS.  

 
Figure 5.17: Current noise spectral density 

An example of input current spectral noise density is shown in Fig.5.18, where the same 
transistors used in Fig.5.13 are simulated with an input current source. Two cases are 
simulated: an ideal current source (Fig.5.18.a) and a current source with a source 
resistance of 1KΩ (Fig.5.18.b).  As expected from (5.18), an ideal current source with 
infinite impedance results in almost complete thermal and flicker noise rejection, and flat 
noise spectral density at low frequencies. The simulation with a 1KΩ source resistor 
causes some leakage of flicker noise, which however has a corner around one order of 
magnitude better than in the voltage mode case.  

As in the previous case, the simulation results are compared to the current noise spectral 
density of a 50 Ohm source resistor that is -215dBA. In the ideal case shown in Fig.5.18.a 
the current noise is orders of magnitude lower than that of the 50 Ohm resistor for 
frequencies values below 10GHz. In a more realistic case such as in Fig.5.18.b, a 1KOhm 
shunt resistor is present and causes flicker and thermal noise due to (5.18). Nevertheless, it 
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can be seen in Fig.5.18.b that the noise is still lower than -215dBA for frequencies up to 
10GHz with exception of flicker noise that is larger for frequencies below 10 KHz. 

 
a) 

 
b) 

Figure 5.18: Simulated input noise of current mode CS amplifiers for a) RS = ∞ and 
 b) RS = 1KΩ 
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The following conclusions can be drawn from Fig. 5.13 and Fig. 5.18: 

Voltage-mode amplifiers always present flicker noise voltage regardless of the value of RS. 
Also, the current noise contribution to the noise spectral density rises rapidly with RS at 
high frequencies. At mid-frequencies, the thermal noise voltage is around the same order 
as a 50 Ohm resistor.  

In current-mode amplifiers, on the other hand, flicker noise can be controlled by keeping 
large values of RS. This offers an additional level of freedom that is not available in 
voltage-mode circuits. At high frequencies, the current noise rises rapidly in this 
configuration but can be lower than that of a 50 Ω resistor up to several gigahertz. At mid-
frequencies, the noise spectral density is dominated by the shunt resistor. This resistor is 
for practical cases orders of magnitude larger than 50 Ω and hence its noise current orders 
of magnitude lower. To summarize, the noise performance of current-mode CS amplifiers 
is superior to voltage-mode CS amplifiers. The flicker noise rejection of current-mode 
amplifiers is in particular an advantage that can be exploited for baseband stages in direct-
conversion receivers. 

5.3.1.3 Distortion Characteristics: Voltage-Mode vs. Current-Mode 
Radio circuits must amplify weak signals in the presence of strong in-band and out-band 
interferers. The interferers are not attenuated when entering the receiver front-end since 
filtering happens after down-conversion in wideband direct-conversion receivers. Also 
they have to be able to receive a strong channel signal originated by a nearby transmitter. 
The required dynamic ranges can be very high and they place stringent requirements for 
the linearity.  

At very low power levels, intermodulation products originated by non-linear distortion 
may rise above the noise floor and block the desired signal. This problem is caused by 
weak non-linearities in active devices and it is modeled by using a low-order polynomial 
expression coming from Taylor series expansion. Normally, the analysis is performed for a 
3rd order polynomial expression: 

 3
3

2
210 xaxaxaay(x) +++=     (5.19) 

 
3

1
3 3

4
α
αAIP =       (5.20) 

One characteristic of (5.19) is that besides of modeling the intermodulation products, it can 
predict at first order the amplitude at which the gain starts flattening or compressing. This 
is quantified by calculating the 1dB compression point (P1dB) which is approximately 
IIP3-10dB. 

At high voltage levels, the amplitude of the signals that can be processed is limited by the 
power supply. When input signals are sufficiently large, they can force the transistors to 
leave the saturation region. This distortion is known as clipping since signals at the output 
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appear flat when they are close to VDD or ground. The clipping distortion is a serious 
problem nowadays. Current technologies have a power supply value of around 1V, which 
leaves almost no voltage headroom for biasing more than 4 transistors that are stacked 
vertically.  When several voltage amplifying stages are cascaded at the front-end the 
linearity is strongly degraded by clipping regardless of the IIP3 performance of each stage. 
In practice, clipping causes compression gain earlier than predicted by IIP3-10dB. 

The non-linearity of active devices is originated by the fact that all static and dynamic 
elements in transistors suffer some biasing dependence. Disregarding the dynamic 
elements (parasitic capacitors) for simplicity, it is possible to arrive to some interesting 
conclusions. Fig.5.19 shows the DC characteristics ID-VDS curves for different biasing 
conditions of a CMOS transistor using a 65nm process with a length and width of 0.36um 
and 70um respectively. The operating point of the transistor is selected at drain current IDS 
equal to 1.72mA, and VDS equal to 0.6V. The required VGS to keep the operating point is 
equal to 0.7V. Assuming that the transistor is connected in a CS configuration with a load 
resistor providing biasing current from VDD, variations in VGS will move the operating 
point in the vertical axis. The difference in current is multiplied by the load resistor and 
causes a shift of VDS, this is, a movement in the horizontal axis. The shift of the operating 
point causes a non-linear behavior of the transconductance gm and output resistance rds. At 
low values of VDS, the transistor enters the triode region and both the transconductance and 
output resistance drops rapidly. 

 
Figure 5.19: IDS vs. VDS for a 0.36um CMOS transistor with 70um width 

Voltage and current-mode circuits work with different load resistors as explained in 
previous sections. It is of particular interest to return to the common-source configuration 
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and analyze the impact of the load resistor for both weak nonlinearity and clipping 
distortion. Fig. 5.20 shows DC transfer characteristics from a common-source stage using 
the operating point described previously. The simulations were performed for two load 
resistors: 80Ω and 400Ω. The output voltage (Fig.5.20.a) is differentiated in order to 
obtain the small signal gain a1 (Fig.5.20.b). By taking the third derivative of Vout it is 
possible to find an approximation of a3 and estimate the third order nonlinearity (Fig 
5.20.c). From (5.20) the IIP3 for load resistor equal to 80Ω is -2.7dBVp whereas for load 
resistor equal to 400Ω is -10dB. A two-tone test using harmonic balance simulation 
(Fig.5.21) gives values of -2.2dBVp and -8.5dBVp respectively and confirms the 
approximations given by (5.20). 

 
a)                                 b) 

 
c) 

Figure 5.20: Transfer characteristics a) Vout vs. Vin , b) dVout/dVin c) 1/6*dV3out/dVin3 
(80 and 400 Ohm) 
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behavior is observed for Rload equal to 80Ω but it occurs for larger input values. 
Fig.5.20.b shows that there is a small window of input voltage that can be amplified with 
low distortion. The aperture of the window is around 100mV for Rload = 400Ω and 
300mV for Rload equal 80Ω. Harmonic balance simulation show that the compression 
points occurs at -25dBVp (57mVpk) and -15dBVp (180mVpk) for 400Ω and 80Ω 
respectively, which is also consistent with the window span. This simulation also shows 
that the compression point cannot be accurately estimated by just using the approximation 
IIP3 - 10dB.  

 
a) 

 
b) 

Figure 5.21: Output voltage and third order nonlinearity term vs. input voltage (Harmonic 
balance simulations) for a) 80Ω and b) 400Ω 
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5.3.1.4 Summary of voltage-mode and current-mode CS amplifiers 
From the previous discussions it can be concluded that current mode processing have some 
advantages over voltage mode. In general, current-mode circuits have low impedance 
nodes and are faster than voltage mode. Voltage mode circuits, require high load 
impedances which limit their bandwidth and make difficult their use at high frequencies. 
Traditionally, inductors have been used to tune the capacitances at a particular RF 
frequency. Unfortunately, the resulting resonators are narrowband, very sensitive to 
parasitics. They are also sources of instability. The noise performance at high frequency is 
affected by the noise input current for both voltage and current mode. At low frequencies, 
flicker noise in current-mode circuits can be reduced substantially provided that the source 
impedance is high enough. This level of freedom is not available in voltage mode circuits 
and hence it is a big advantage for baseband circuits. Finally, low impedance nodes in 
current-mode circuits result in small signal swings at both the input and output. 
Accordingly, current-mode circuits have better linearity and perform better in low-voltage 
applications.  

CD and CG configurations have not been the subject of analysis since as described in 
previous sections their noise performance is somewhat inferior to the CS and therefore less 
interesting for low noise applications like radio receiver front-ends. It is however worth to 
mention that the CG configuration is by nature a current-mode circuit. It has low input 
impedance and high output impedance. The current gain is only one and hence it can only 
buffer currents. However, it can be used in current-mode amplifier design in useful ways 
such as cascodes, and current mirrors. Also, by using negative feedback it is possible to 
obtain a hybrid CS-CG stage that combines the current-mode characteristics of the CG 
circuit with low-noise performance of a CS configuration. Called CC-CG LNA, this 
configuration has been presented in previous sections. 

5.3.2 Current-Mode Receiver Front-End in 65nm CMOS 
In the previous section it was shown that current-mode CS amplifying circuits have better 
performance than their voltage-mode counterparts. A design example that shows and 
quantifies these benefits is presented here. The target is a receiver RF front-end for 
WiMAX/LTE applications using 65nm CMOS and that is biased using a power supply of 
0.9V. The receiver should support all WiMAX/LTE bands from 700MHz-5.8GHz, and 
both FDD and TDD multiplexing schemes. The NF specification for the receiver front-end 
is 4dB. The sensitivity of LTE signals is -103dBm and requires 78dB of amplification 
along the whole receiver chain before it reaches an optimal level for A/D conversion. In 
the case of a FDD system, a strong SC-OFDM interferer coming from the transmitter leaks 
through a duplexer and appears at the input of the receiver with a power of around -
30dBm. This out-of-band interferer determines the compression point of the receiver in 
high-gain mode to around -25dBm. On the other hand, for the low-gain mode, the 
maximum input power is -25dBm which requires a compression point of around -10dBm 
in order to process linearly an OFDMA QAM64-3/4 signal. IIP2 requirement is at least 
45dBm as in UMTS. 
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5.3.2.1 Circuits Description 
The solution for WiMAX/LTE is a direct-conversion receiver that includes a differential 
current-mode LNA, passive mixers, and a baseband transimpedance amplifier that 
performs partially filtering of out-of-band interferers. The high dynamic range is relaxed 
by including a dual gain mode in the front-end. For strong in-band received signal, the 
transimpedance amplifier is bypassed. Fig. 5.22 shows the direct conversion receiver front-
end including the transimpedance amplifier. The wideband LNA is designed to operate 
with a 0.9V power supply. The baseband transimpedance amplifier transforms the down-
converted current into voltage so that low pass filters and amplifiers based on classic 
voltage-mode techniques (GM-C, opamp, OTA) can be used. The total voltage gain of the 
front-end including the transimpedance amplifier is around 30dB. 

The wideband LNA, presented in Fig.5.23, consists of a cross-coupled common-gate (CC-
CG) configuration which has been modified so that its output current is directly diverted to 
the low impedance provided by the switching mixers and transimpedance amplifier. The 
core of the CC-CG is formed by M1 and M2 transistors. M3 and M4 provide DC biasing 
and are also connected in positive feedback configuration and contribute to maintain low 
noise performance [102], [103], [104]. M5 and M6 provide DC current biasing and also 
are configured as CS amplifiers. Accordingly, they also contribute to increase the output 
current. M7-M10 are cascode amplifiers that are also boosting the output current. The total 
current gain once the LNA is matched to a 100Ω differential source resistance is Ai = 1. 
Fig.5.24 shows the return losses, NF, and current gain simulation assuming a 100Ω 
differential load and 1.3nH bonding wire inductors at the differential input. S11 below 
-10dB is obtained from low frequencies up to above 6GHz. Noise figure below 3dB is 
possible up to 6GHz. The current-mode operation guarantees that all nodes at the LNA are 
low impedance which results in a 3dB bandwidth in excess of 8GHz. Fig.5.25 shows the 
IIP3 linearity of the LNA. IIP3 is 5.2dBm with a 1dB compression point of -10dBm. The 
current consumption of the LNA is 3.1mA, which results in a power consumption of 
2.8mW.  

The mixer is a double balanced passive mixer which is implemented with 65nm switch 
transistors. The current conversion gain of the mixer takes the same form as in (5.5) for 
sinusoidal LO inputs. Since the LNA does not provide voltage amplification, the signals 
swings at the input of the passive mixer have more or less the same amplitude as at the 
input of the LNA. This and the intrinsic high IIP3 linearity of the mixer results in that the 
total IIP3 of the front-end is defined only by the LNA. The IIP2 linearity of the passive 
mixer is of critical importance since the downconverter defines the second order 
intermodulation performance of the whole receiver. The linearity performance of the mixer 
is shown in Fig. 5.26. IIP2 linearity is extracted assuming a 3σ offset voltage Voff of 4mV 
at the switching pairs. The IIP2 of the mixer is 30dBVp which corresponds to 40dBm 
when referred to a 50Ω resistor. Since the LNA has no voltage gain, the IIP2 of the whole 
receiver is limited by this value which is not enough to accomplish the specifications and 
most probably requires some means of calibration. 
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Figure 5.22: Current-mode WiMAX/LTE receiver front-end 

 
 

 
Figure 5.23: AC signal path of the current-mode wideband LNA 
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    a)                    b) 

 
c)                    d) 

Figure 5.24: LNA simulation results: a,b) Return losses S11, c) Noise Figure, d) current 
gain 

 
The transimpedance amplifier provides 5.6kOhm transimpedance and consists of an active 
part with two amplification stages. The common-mode feedback limits the DC input level 
to 0.4V, and requires a 1.2V power supply in order to bias the transistors. The input stage 
is optimized for low noise performance. Accordingly, poly resistors that are free of flicker 
noise are used as loads for a PMOS differential pair. The output stage provides the 
remaining amplification to keep a loop gain of at least 36dB at the cut-off frequency. 
Capacitors C1,C2 are selected so that a real pole appears at 15MHz. Each transimpedance 
amplifier consumes 3mA (3.6mW). 
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Figure 5.25: LNA simulation results: IIP3 linearity 

 
Figure 5.26: Mixer simulation results: IIP2 and IIP3 
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The external interface that connects the receiver front-end and the antenna contains a balun 
before the LNA that performs 50-100 Ohm impedance transformation. The receiver front-
end plus transimpedance have a total voltage gain of 30dB that is provided as follows. The 
output current of the LNA is divided evenly between the I and Q path resulting in a current 
gain AiLNA=0.5. The double-balanced switching mixers have a conversion gain of 
approximately Aimixer= π/4. At baseband, the transimpedance amplifier provides a 
transimpedance Ztrans = 5.6kΩ. The total transimpedance gain of the front-end is equal to: 

  dB)  (k..ZAiAi
Ii

VoZ transmixerLNAtotal 67262 Ω=⋅==    (5.21) 

A Norton-Thevenin transformation at the differential source can be used to change the 
input current to input voltage (Ii = Vi/100Ω) and find the total voltage gain:  

 dB)  (.Z
Vi
VoAv total 27422

100
===     (5.22) 

The 50-100 Ohm balun works as a transformer with a primary/secondary ratio of 1:√2 and 
hence adds 3dB of voltage gain assuming lossless conditions. Accordingly, the gain of the 
receiver from the antenna connector is 27dB under the assumption that there are no 
external losses at the interface of the antenna. 

5.3.2.2 Noise Budget 
The noise budget is performed by referring all the noise sources to the input of the LNA 
and finding an equivalent noise current source. Fig.5.27 shows the noise sources of the 
receiver front-end. 

2:1

 
Figure 5.27: Noise sources at the receiver front-end 

The noise factor of the whole front-end including the transimpedance amplifier is: 
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Where isrc represents the noise current of a 100 Ohm that has a value of 12.7pA/√Hz. The 
factor iLNA is the noise current of the LNA. In a previous chapter it was found that the noise 
contribution of the CC-CG LNA to the noise factor is: 
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i

src

LNA

22

2

=      (5.24) 

The biasing and current-boosting circuits (M3-M10) are in common-source/cascode 
configurations, adding some noise to the output, but also contributing to the overall current 
gain. Their noise contribution is compensated, leaving the total noise contribution of the 
mixer to approximately (5.24). 

The factor imixer represents noise of the mixer as a current referred to the input of the front-
end. It is found by converting the noise voltage sources of the switches into currents by 
using a Norton transformation. The noise current is then referred to the input of the LNA. 
The source resistance for this transformation is the output impedance of the LNA: RoLNA: 

 ( ) ( )22

2
2

LNALNA

n,switches
mixer AiRo

v
i =     (5.25) 

Where vn,switches represents the thermal noise of the switching transistors.  

Likewise, itrans is found by transforming the noise voltage and current sources of the 
transimpedance amplifier in an equivalent noise current. The noise of the transimpedance 
amplifier is dominated by the voltage and current noise of the input differential pair and 
the current noise of the feedback resistors (iRF). As it was explained in previous sections, in 
is frequency dependant and starts dominating at high frequencies. Accordingly, it is not 
considered in the following analysis. Also it is assumed that the switch resistors are small 
in comparison to RoLNA. Therefore, itrans can be approximated to: 
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Where iRF represents the noise current of the transimpedance resistance RF, and vn 
represents the noise voltage of the two input transistors. From the previous equations it is 
possible to conclude that the value of RoLNA plays an important role in the noise 
performance of the front-end. Ideally, very large output impedance at the LNA would 
suppress the noise voltage from the mixer and transimpedance amplifier. In practice, the 
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output impedance is seriously degraded by short-channel effects and cannot be kept so 
high. The degradation due to RoLNA can be quantified by using (5.23) to calculate the NF 
for different values of RoLNA. Fig.5.28 shows the NF of the receiver for values of RoLNA 
that range from 100Ω to 5KΩ. For simplicity, only thermal noise is accounted. It is 
assumed that the switching mixer has two active transistors at all times introducing a total 
series resistance of 50Ω. The value of the equivalent feedback resistor RF is 4KΩ, and the 
transconductance gm of each transistor at the input differential pair is 8mS. The LNA is 
implemented using nanometer transistors and hence it is assumed that γ for short channel 
is 1.5 and α is 0.8 [15]. The transimpedance amplifier is implemented using a length of 
0.36um, so γ is assumed a value of 2/3. 

 
Figure 5.28: Receiver Noise Figure vs.  RoLNA 

Fig. 5.28 shows that the NF of the whole front-end can be kept below 4dB for RoLNA 
values higher that 1 kΩ. For large values, the NF flattens and at the limit it is at first order 
dominated by the NF of the LNA which is approximately 3dB. For values of RoLNA lower 
than 1 kΩ the NF increases slowly degrading to 4dB at RoLNA equal to 400Ω. 

5.3.3 Simulation Results 
 
The gain and noise figure of the designed receiver front-end was simulated for frequencies 
from 1GHz to 5.8GHz. IIP3 and IIP2 linearity is simulated at 2GHz. Second order 
intermodulation is simulated by introducing offset voltage mismatches at the switching 
pairs of the mixer. The offset voltage is 3σ which is equal to 4mV for the switches used in 
the passive mixer. 

 Fig.5.29 and Fig.5.30 shows NF and gain simulation results respectively for high-gain 
mode and IF frequency equal to 3.5MHz. Minimum NF is 3.7dB at 1GHz while maximum 
NF is 5dB at 5.8GHz. RoLNA in Fig.5.23 is around 650Ω and it is limited by the output 
impedance of M5 and M6 (2x500 Ω) and degraded by the parallel connection of the CC-
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CG core M1,M2 (~2x900 Ω). The cascodes have differential output impedance of 2x5 kΩ 
and hence do not degrade the output impedance substantially. The NF using (5.23) is 4dB 
for RoLNA equal to 500Ohm which matches very well the simulation results. Fig.5.30 
shows a gain of 30dB that improves with frequency due to the fact that C3 reduces the 
input impedance of the transimpedance amplifier at high frequencies and hence provides a 
better termination for the output current of the LNA. 

 
Figure 5.29: Noise Figure vs. frequency in high-gain mode 

 
Figure 5.30: Gain vs. frequency in high-gain mode 
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The in-band high-gain mode linearity is shown in Fig. 5.31. IIP3 is -10dBm, whereas the 
IIP2 is around 30dBm. This result is somewhat unexpected since the IIP2 of the mixer as 
characterized before is around 40dBm. The cause for this discrepancy is that the 
transimpedance amplifier provides low input impedance only at low frequencies where the 
loop gain is effective. At baseband frequencies the transimpedance amplifier sinks the 
dowconverted currents efficiently. At RF frequencies, the resistance of the switches and 
the input impedance of the transimpedance amplifier load the LNA and increase the signal 
swing at the input of the mixer. The presence of C3 at the input of the transimpedance 
reduces this effect at some extent, but it does not solve the problem. As explained 
previously, the IIP2 specification can be met by improving the IIP2 performance of the 
passive mixer by using calibration techniques. 

The simulated out-of-band high-gain mode IIP3 for an out-of-band interferer located at 
70MHz of the receiving signal is shown in Fig. 5.32. IIP3 is -5dBm and the compression 
point P1dB is around -15dBm. The simulated low-gain mode IIP3 for an in-band channel 
is shown in Fig.5.33. In this case, the transimpedance amplifier is bypassed using switches. 
IIP3 is equal to 5dBm and the compression point P1dB is equal to -10dBm. 

 

 
Figure 5.31: Simulation results of IIP3 and IIP2 for in-band high-gain mode 
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Figure 5.32: Simulation results for IIP3, High-Gain mode with an out-of-band interferer at 

70MHz 

 

 
Figure 5.33: Low-Gain mode IIP3 
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The flicker noise performance can be analyzed by finding the corner in which the 
baseband 1/f output noise intersects the output thermal noise of the whole front-end. 
Fig.5.34 shows the output noise voltage of the whole front-end at an IF frequency of 
3.5MHz and the output noise of the transimpedance amplifier. The transimpedance 
amplifier has been tested with a 500Ω source resistance. The noise floor of the front-end is 
located at around -150dBVrms and intersects the flicker noise at around 40KHz. Even with 
a modest RoLNA of 500Ω it is possible to achieve very low flicker noise corners. 

 
Figure 5.34: Output voltage noise spectrum 

The simulation results show that the current-mode RF front-end presented in Fig 5.22 is a 
suitable solution for highly-integrated front-ends for 4G. The front-end has a bandwidth 
far in excess than the 6GHz required for all WiMAX/LTE bands. In addition, all the bands 
of GSM and UMTS are covered as well. The noise figure of the front-end accomplishes 
the specifications of the targeted standards. This performance is obtained without using 
inductors hence making this solution extremely compact and suitable for MIMO receivers. 
Despite of being biased by only 0.9V, the front-end achieves the stringent IIP3 linearity 
needs of FDD systems. In particular, high compression point of -10dBm (input voltage of  
200mVpp) is achieved. On the other hand, IIP2 performance is not sufficient and 
calibration of the mixers is required for FDD operation. The RF front-end achieves this 
performance by only consuming 2.8mW, hence making it ideal for very low-power 
applications like battery operated mobile devices. 

5.4 Summary 
This chapter presents two WiMAX/LTE receivers front-ends. The first front-end is 
implemented using 1.2V 90nm CMOS technology with Ft of around 120GHz. In this case, 
the active mixer was replaced by a passive one at the expenses of lower gain at the front-
end. The combination of a wideband LNA and passive mixers offers a high linearity 
solution with very low current consumption. The Ft of 90nm CMOS allowed the design of 
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the RF part without inductors, and hence resulted in a very compact solution. Low flicker 
noise amplification at baseband was used to maintain the NF with a flicker noise corner 
below 10kHz. The front-end including the first baseband stage provides more than 30dB of 
gain and covers a bandwidth of 6GHz with a NF that ranges from 3.8dB to 5.3dB. IIP3 
values of 0dBm and -10dBm are achieved for LGM and HGM mode, respectively. The 
whole receiver front-end solution consumes 10.2mW. 

The second design presents a WiMAX/LTE receiver front-end in 65nm CMOS technology 
that works with a power supply of 0.9V. Instead of using typical voltage-mode solutions, 
this design uses a complete current-mode approach at the RF front-end in order to relax the 
tough requirements of WiMAX/LTE. The low-impedance nodes in current-mode circuits 
result in intrinsic large bandwidths. In addition, signal swings at the low-impedance nodes 
are small which improves the overall linearity, in particular reduces the clipping distortion 
problem that is an issue in low-voltage nanometer CMOS. Current-mode circuits also offer 
an additional way of reducing flicker noise. The proposed receiver front-end 
(LNA+mixers) consumes 2.8mW and covers all WiMAX/LTE bands from 700MHz to 
5.8GHz. A total voltage gain of 30dB is obtained once the front-end is connected to a 
5.6KΩ baseband transimpedance amplifier. The whole solution including baseband has a 
NF of 3.6dB-5dB, in-band low-gain mode IIP3 of 5dBm, and compression point P1dB of -
10dBm while consuming 10mW. 

A comparison of these two designs with recently published work is presented in Table 5.5. 

Table 5.5 Comparison with recently published designs 

Techn. 
(nm) 

Power 
(mW) 

Bandwidth 
(GHz) 

Gain 
(dB) 

NF 
(dB) 

IIP3 
(dBm) 

P1dB 
(dBm) Vdd (V) 

1st 
design 90 5.4*/10.2† 1-6 17*/30** <5.3 -10.4 -25 1.2 

2nd 
design 65 2.8*/10† 0.7-6 30** 3.6-5 5 -10 0.9*/1.2‡ 

[105] 90 6.2 0.5-6 4.5 6.25 11.73 1.5 1.1 

[106] 90 9.8 0.1-3.85 20 8.4 - -12.8 1.2 

[107] 90 76 2-5.8 22 12 -4 -20 2.7 

[108] 65 39 2-8 23 4.5 -7 - 1.2 

* Only RF Front-end, ** Including I/Q transimpedance amplifiers, † RF front-end + I/Q 
baseband amplifiers, ‡ Only I/Q baseband amp.   

The results for the proposed designs are obtained from schematic simulations. 
Nevertheless, Table 5.5 shows that the proposed techniques have the potential of achieving 
similar or better performance with lower power consumption when compared to the 
published designs. In the case of the 2nd design, it is clear that it is not possible to do a fair 
comparison of voltage gain since the output of the RF front-end is current. Accordingly, 
the reference in the table includes the simulation result of voltage gain with the 
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transimpedance amplifier. The 2nd design shows the advantages of the current-mode 
approach. The current-mode front-end consumes lower power than the other solutions and 
at the same time offers lower noise and very high linearity while it is biased at sub 1-Volt 
power supply. 
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CHAPTER 6 
 

RFIC CALIBRATION 

6.1 Introduction 
The integration of analog mixed signal (AMS) circuits in System-on-chip (SoC) platforms 
has been a topic of intense research during the last years. The integration of analog and 
digital circuits presents several design challenges, such as digital noise coupling through 
substrate and power lines. Also, analog circuits are much more susceptible to process 
variations than digital circuits. In addition, analog designers that use latest nanometer 
technologies face problems such as incomplete or inaccurate design-kits since the 
characterization of newer nanometer technologies is a lengthy process that takes years 
before trustable device models are released. Consequently, analog circuits have normally 
lower yields than digital circuits. 

Analog circuits working at very high frequencies, such as radio frequency integrated 
circuits (RFIC), suffer from even lower yields since besides parasitics, they are strongly 
affected by process, temperature and power supply variations. The degradation in 
performance can prevent the blocks from achieving their specifications during testing, and 
therefore several redesign cycles may be required until an acceptable yield is reached.  
Digital circuits on the other hand can achieve yields above 99% in all process corners in 
only one design cycle. The differences in yield and extended redesign time of RFIC blocks 
have limited their integration in AMS SoC platforms because of the large risks that design 
houses cannot afford. 
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The main challenge of calibrating RFIC blocks is that in many cases it is required to 
measure signals at both high and low frequencies, and generate a correction signal that 
changes the performance of a specific block. The necessary test environment can be 
implemented either off-chip (SoP) or as part of a large system on-chip (SoC) [109]. 
Building such a test environment in a MMIC is a complex task that requires three levels of 
design: 

• Calibration methodology 

• Built-in Self-Test (BiST) environment 

• Calibration structures  

The calibration methodology is the general strategy that is applied to sense the signals and 
create a feedback signal. Some examples of algorithms and general calibration strategies 
can be found in [110], [111], [112], [113], [114]. The BiST environment comprises all the 
re-configuration of internal blocks that is necessary to sense the signals and apply the 
calibration. Some examples of BiST environments are found in [111] and [115]. The 
calibration structures consists of all the modifications that are done to the analog/RF 
circuits so that their performance can be trimmed digitally. Examples of calibration 
structures can be found in [116], [117], [118], [119], [120], [121] and [122]. 

This chapter describes a calibration methodology suited for down-conversion I/Q mixers 
in a CMOS zero-IF receiver [123], [124].  The objective of this calibration is that the I/Q 
mixers achieve similar yields than digital circuits. The proposed solution uses different 
blocks already available in the transceiver to construct the BiST environment. The digital 
baseband processor executes an adaptive optimization algorithm that minimizes the error 
between the measured performance metrics and the required specifications. This algorithm 
controls digital calibration structures at the down-conversion mixers and corrects their 
performance. 

6.2 Calibration Methodology 
The down-conversion mixer has to meet the gain (G), noise figure (NF), and second and 
third order linearity (IIP2/IIP3) specifications. Accordingly, the calibration algorithm 
requires a measurement of these quantities, an estimation of the error, and the generation 
of a digital correction that is fed back to a calibration circuitry, which ultimately enhances 
the performance of the mixer. 

6.2.1 Measurement of the Mixer using an Built-In Self-Test 
Environment 

The extraction of G, IIP2, and IIP3 can be performed by executing single and two-tone 
tests. These tests require the injection of an RF signal at the input of the mixer and the 
measurement of the output signal including the second and third order intermodulation 
products. The expressions for G, IIP2 and IIP3 are: 
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(dBV)in(dBV)out(dB) VVG −=       (6.1) 

 ( )(dBV)(dBV)out(dBV)in(dBV) IMVVIIP 22 −+=     (6.2) 

 ( ) 233 (dBV)(dBV)out(dBV)in(dBV) IMVVIIP −+=     (6.3) 

Where Vin is the amplitude of the RF test signal, Vout is the amplitude of the IF output, and 
IM2/IM3 are the amplitudes of the second/third order intermodulation products. 

The easiest way to generate the RF test tones is to use the transmitter chain from the 
transceiver in a loopback test configuration [125]. Due to stringent requirements of 
adjacent channel power rejection (ACPR), spectral regrowth and error vector magnitude 
(EVM), the transmitter chain is normally designed to be much more linear than the 
receiver. As a result, the intermodulation distortion that is produced during the generation 
of the test tones should not affect the measurements. The radio signal can be obtained at 
the output of the up-converter mixer, harmonic rejection band-pass filter, or PA 
preamplifier depending on the characteristics of the system (Fig.6.1). The modifications 
that are required on the transmitter depend on the type of multiplexing that is used. 
Transceivers designed for time division duplex (TDD) operation require different 
modifications than those used for frequency division duplex (FDD). The following 
discussion addresses the modifications that are required for each type of multiplexing. 

 

Figure 6.1: Built-in self test concept and general calibration diagram 

Equations (6.1), (6.2), and (6.3) require a good estimation of the RF input voltage. The 
device that measures this voltage can be implemented by using an RF sensor as the one 
described in [126]. This sensor is basically a rectifier followed by a low pass filter; hence, 
the amplitude information of the RF signal is represented as a DC voltage at the output. 
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The sensor circuit has high input impedance and very low power consumption which 
makes it very suitable for this application. 

The gain measurement is performed by applying a single RF tone to the input of the mixer. 
The frequency of the RF tone is selected so that the down-converted signal appears inside 
the passband of the LPF, as it is shown in Fig 6.2. The analog baseband amplifies the IF 
tone to levels that can be processed by the ADC. The baseband gain is a well controlled 
quantity that is subtracted after the measurement. Then, the mixer gain is obtained using 
(6.1). 

 
Figure 6.2: Gain measurement 

The IIP3 measurement is performed by applying two RF test tones located at the adjacent 
RF channel and separated each other by about half channel. The down-converted signal is 
composed of a low frequency IM3 product, which falls inside the LPF passband, and the 
main IF tones and the higher IM3 product that are out of channel and hence strongly 
attenuated (Fig.6.3). The low frequency IM3 product is amplified by the analog baseband 
until it reaches levels that can be processed by the ADC. In some cases, the order of the 
LPF may not be large enough to provide enough attenuation of the main IF tones, which 
may result in that the analog baseband enters in compression. A solution to this problem is 
to shift the RF test tones to the non adjacent channels at higher frequencies so that the LPF 
provides a higher attenuation. The IIP3 is calculated using (6.2), where Vin and Vout are 
estimated using the gain measurement procedure described previously. 

 
Figure 6.3: IIP3 measurement 

The IIP2 measurement is performed by applying two closely spaced RF test tones located 
at the adjacent RF channel to the input of the mixer. The downconverted signal is 
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composed of a low frequency IM2 product, which falls inside the passband of the LPF, 
and the main IF tones, IM3 products, and the high frequency IM2 product that are out of 
channel as it is shown in Fig.6.4. The analog baseband provides normally around 40-50dB 
of gain which is enough to amplify the low frequency IM2 product to a level that can be 
processed by the ADC. Again, since the baseband provides large amplification it is 
important that the main tones and the other intermodulation products are well attenuated 
by the LPF. If required, the RF test tones can be applied to the non-adjacent channels in 
order to improve the attenuation. The IIP2 is calculated after (6.3), where Vin and Vout are 
obtained using the gain measurement described previously. 

 
Figure 6.4: IIP2 measurement 

6.2.2 Optimization Algorithm for Calibration 
A random optimizer using a least-square error function [127] is used to calibrate the mixer. 
The optimization process consists on the following steps: 

1) The optimizer uses a random search method to select the initial values of the digital 
signals that control the calibration structures of the mixer. 

2) A first measurement of the parameter being optimized (G, IIP2, or IIP3) is performed. 
The measurement is compared to the specification value, and an initial error0 is calculated.  

3) A random perturbation of the value for the digital calibration signals is generated. This 
perturbation is added to the original calibration values, and an error1 is measured. Next, the 
perturbation is subtracted from the original calibration values and the error2 is calculated.  

4) The values of error1 and error2 are compared to error0. If either value is less than error0, 
then the sign of the perturbation that produces the least error is selected, and the values of 
the calibration variables are updated. If neither value is less than error0, then the initial 
value of the calibration variables remains the same for the next iteration.  

The optimizer is programmed to iterate a number of times and it stops when the error is 
below a preset value. The order in which the calibration is performed depends on the 
following practical issues. The IIP2 and IIP3 calibration require applying strong RF test 
signals at the input in order to produce intermodulation products that are measurable. The 
magnitude of these test tones, however, must be below the 1dB compression point; 
otherwise, the measurements will give wrong estimations. Accordingly, it is important to 
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first calibrate the gain and have an initial estimation of the 1dB compression point. Then 
the IIP3 linearity can be calibrated, which as expected will improve the 1dB compression 
point of the mixer. Finally, the IIP2 is calibrated. A final test of gain, IIP3 and IIP2 is then 
executed to validate the calibration.  

6.2.3 Transmitter BiSTs for FDD and TDD systems 
Some of the RF test signals have to be generated at the adjacent/non-adjacent channel as 
described before. The transmitter chain however is not normally designed to do this task 
and may require modifications. The changes that are required depend on whether the 
system is FDD or TDD. 

FDD transceivers have two local oscillators and hence do not require major modifications 
as it can be seen in Fig.6.5. The test signals can be obtained directly after the up-converter 
(1) or PA-preamplifier (2). In some cases, the harmonic rejection filter may need to be 
bypassed (3). 

 
Figure 6.5: FDD built-in self test 

TDD transceivers have only one LO that must be shared between the transmitter and 
receiver as it is shown in Fig.6.6. In this case, the additional frequency shift that is required 
to generate an adjacent/non-adjacent RF tone can be done in the transmitter baseband. This 
can be achieved by increasing the sampling frequency of the DAC (4) and reconfiguring 
the LPF(5) so that its cut-off frequency is larger than the frequency of the test tones. The 
fact that the PA is disconnected during the calibration gives also the opportunity to by-pass 
the LPF (6) since the signal bandwidth and intersymbol interference are not concerns 
during calibration. The test signal can be obtained after the up-converter (7) or the PA-
preamplifier (8). The BPF may need to be bypassed (9). 
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Figure 6.6: TDD built-in self test 

6.3 Gain and IIP3 Calibration 
A double balanced folded Gilbert cell mixer with switchable loads in shown in Fig.6.7. 
The use of poly resistor loads and PMOS switching stages reduces the contribution of 
flicker noise at the output, making this topology very well suited for direct-conversion 
receivers. The input differential pair is linearized using local feedback through resistive 
source degeneration.  

 
Figure 6.7: Gilbert Cell Mixer with switchable loads 
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The conversion gain of the mixer can be expressed as: 

 321
1

2 ,,;i
Rg

Rg
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im
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where Ri is the selected load, gm the transconductance of one of the NMOS RF input 
transistors (M5,M6) and RD the degeneration resistor. Assuming that the switch transistors 
(M1-M4) act as cascodes and switch fast, the IIP3 linearity of the mixer is limited by the 
linearity of the input transconductors and can be expressed as: 
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where Vod is the overdrive voltage, L is the channel length, vsat is the velocity saturation, 
and μ1 is a function of the electron mobility, mobility degradation, vsat, and L. 

Expressions (6.4) and (6.5) are affected by process and temperature variations in several 
ways. Changes in mobility, oxide thickness and threshold voltages produce variations in 
gm.  Also, the load resistors are normally large while the degeneration resistors are small. 
Hence, different kinds of resistors need to be used, for instance poly resistors with silicide 
for the degeneration and without silicide for the loads.  

The gain and the IIP3 linearity are strongly related to the bias current that flows through 
the input differential pair. A variation in the drain currents produces a change in gm and 
hence in the gain. Likewise, large values of Vod for high IIP2 linearity imply larger drain 
currents. Therefore, the easiest way to calibrate the gain and IIP3 linearity is to include 
some sort of control on the current that flows through the transconductors. This can be 
implemented by controlling the biasing points Vbias5 (tail current M9) and Vbias7 (PMOS 
current sources M7, M8). In addition to that, the use of switchable loads gives another way 
to control the gain. In Fig. 6.7, the loads R1, R2, and R3 provide this kind of flexibility to 
change the gain.  

The biasing reference circuit is shown in Fig.6.8.a. It consists of a supply independent 
constant-gm cell with its start-up circuit [15]. The biasing of the mixer is implemented by 
mirroring currents derived from Vp_r and Vn_r. This circuit has the ability to tolerate some 
process, power supply, and temperature variations. Nevertheless, corner process variations 
and large temperature and power supply variations cannot be compensated and it is there 
where the benefits of directly calibrating the mixer can be seen. 

The generation of biasing points Vbias5, Vbias6, and Vbias7 is shown in Fig.6.8.b and 
Fig.6.8.c. In the case of Vbias5, the input current of the current mirror is changed by 
switching four PMOS transistors whose sizes have binary weights. The transistors are 
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switched digitally using the 4-bit control word C. In the case of Vbias7, the calibration is 
performed by changing the effective size of the transistor MC. This is realized by switching 
five PMOS transistors that are connected in parallel to MC and that are sized with binary 
weights. These transistors are switched digitally using the 5-bit control word B. The 
optimum number of calibration transistors and their sizes were found after extensive 
simulations. 

 
 

Figure 6.8: (a) Constant-gm biasing circuit, (b) Current mirror for the tail biasing and 
calibration, (c) Biasing of the differential pair and PMOS current sources with calibration 
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6.4 IIP2 Calibration 
The downconversion mixer is normally the main source of second order intermodulation 
distortion in a direct conversion receiver [21], [128], and therefore requires special 
attention. The mechanisms of second order intermodulation in a CMOS double balanced 
Gilbert cell mixer like the one presented in Fig.6.7 are: self-mixing due to finite RF-LO 
isolation, leakage of second order intermodulation products generated at the 
transconductor stage due to switching-pair mismatches, and switching-pair nonlinearity. 
From these mechanisms, the switching-pair second order nonlinearity determines the 
maximum achievable IIP2 at low switching currents. The second order intermodulation 
output currents due to this mechanism in a switching pair can be expressed as [21]: 

 ( ) ( )∑
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where IIM2,ODD and IIM2,EVEN are the second order intermodulation currents due to odd and 
even LO harmonics. Voff represents the offset voltage mismatch in a switching-pair, gm is 
the transconductance of the switch, τ is the time constant at the source of the switches, ωLO  
is the LO frequency, and ω1 is the RF signal frequency. F, and G are functions of k, gm, 
ωLO, and τ and represent the contributions of each LO harmonic. 

6.4.1 Reported IIP2 Calibration Methods 
Several input second order intercept point (IIP2) calibration methods have been proposed. 
References [129], [130], [131], [132], [133] propose the introduction of controlled 
mismatches on the loads. This technique introduces a static DC offset at the output which 
is undesirable in direct conversion receivers. References [134] and [135] propose the 
introduction of imbalances on the transconductance of one of the input transistors and also 
on the duty cycle and amplitude of the LO. This method reduces the leakage of second 
order intermodulation from the output of the transconductors to the loads, but it does not 
control the main source of second order nonlinearity at low switching currents that is 
defined by (6.7) and (6.8). Reference [136] suggests the modification of Voff in (6.7) and 
(6.8) by using a special bias arrangement in which the switches that are connected to the 
LO+ are biased from one reference and those connected to the LO- are biased from 
another reference. This method can cancel the Voff of one of the switching-pairs, but it may 
potentially increase the Voff of the other pair since the threshold voltage mismatches are 
uncorrelated statistic quantities with a zero mean and σvt standard deviation. 
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6.4.2 IIP2 Calibration using total Voff Cancellation 
Technique 

The IIP2 calibration technique proposed in this research consists of canceling the offset 
voltages of the two switching-pairs simultaneously. Proper cancellation of the two Voff 
causes the suppression of the second order intermodulation contributions due to (6.7) and 
(6.8). The offset voltages in the switching-pairs are modeled as two DC voltage sources in 
series with the gate terminal of one of the PMOS switches [21], [17]. The biasing of each 
switch is calibrated separately as shown in Fig.6.9.a. Biasing points Vbias1-4 are 
generated independently which gives the possibility of treating the Voff of each switching-
pair separately. Cancellation of the voltage offsets is achieved when: 

211 biasoffbias VVV =+      (6.9) 

 423 biasoffbias VVV =+
    

(6.10) 

Fig.6.9.b shows how the biasing points are generated. The calibration is performed by 
changing the effective size of transistor Mb(i) where the index i=1,2,3,4 represents the 
biasing circuit for the switch transistor Mi. Each transistor Mb(i) has six calibration 
transistors in parallel that have binary-weighted sizes and that are digitally switched by 
using the 6-bit control words A(i). An increase in the value of A(i) increases the value of 
Vbias(i), which in turn decreases the bias current of the switch transistor Mi. A random 
optimizer using a least-square error function is used to control the digital words. The 
optimizer searches for values of digital words A(i) in order to reduce the difference 
between the current IIP2 and the IIP2 specification. From (6.9) and (6.10) it is possible to 
see that the calibration of each switching-pair requires the modification of the biasing of 
only one of its switching transistors. Accordingly, the optimization algorithm requires 
calibrating two of the digital words in order to cancel the two offset voltages. The selection 
of the digital words to be used depends on the signs of Voff1 and Voff2.  Accordingly, there 
are 4 optimization possibilities that the optimizer needs to consider and that are shown in 
Table 6.1. For instance, if Voff1 is positive and Voff2 is negative, the biasing points that must 
be calibrated are Vbias2 and Vbias3. Since the offset voltages are random variables, the 
easiest way to execute the calibration is by sweeping the four possibilities until the 
solution is achieved. 

Table 6.1 Calibration Options 

Voff1 Voff2 Vbias1 Vbias2 Vbias3 Vbias4 

- - X  X  

- + X   X 

+ -  X X  

+ +  X  X 
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Figure 6.9: a) Switching pair offset voltage model, b) Biasing generation for each switch 

and digital calibration 

6.5 Simulation Results 
A double balanced folded Gilbert cell mixer, as shown in Fig.6.7, has been designed in 
TSMC 0.18um CMOS 1.8V process in order to test the proposed calibration technique. 
The mixer is targeted for a WiMAX direct conversion receiver operating at 3.5GHz and its 
specifications are: gain of 10dB, input referred noise of 4.5nV/√Hz@100KHz (noise figure 
referred to a 50 Ω resistor, NF=14dB), IIP3 of 8dBm, and IIP2 of 65dBm. 

The mixer is designed for a typical-typical (TT) process at room temperature 
(290K=16.85°C). The load resistors for these conditions are R2=1.2 KΩ. The calibration 
resistors are R1 = 900 Ω and R3 = 1.6 KΩ. This selection gives a tuning range of around 
±25%. The biasing circuit is shown in Fig.6.8.a and consists in a constant-gm cell. The 
calibration of the PMOS current mirrors (Fig.6.8.c) is designed to have a tuning range of 
±30%. The tail current calibration (Fig.6.8.b) has a tuning range from 0% to 50%. The use 
of 6-bit calibration words in Fig.6.9.b provides increments in the Vbiasi voltages in steps 
of 0.42mV, which results in accurate compensation of small voltage mismatches. The 
maximum voltage compensation that can be achieved is 27mV, which is enough to handle 
extreme offset voltages. 
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The circuit and calibration technique were tested using harmonic balance simulation and 
the random optimizer from Agilent Design System. A worst case mismatch of Voff equal to 
3σvt is considered for all the transistor pairs in the mixer. Accordingly, the σvt for the 
NMOS input differential pair (M5,M6), PMOS switches (M1-M4), and PMOS current 
sources (M7,M8) is calculated while taking into consideration the transistor sizes and 
assuming  finger type structures that are placed beside each other. The offset voltages of 
the PMOS switches, PMOS current sources, and NMOS differential pair are 5.38mV, 
4.25mV, and 7.29mV respectively. The resistor mismatch is considered by inserting an 
imbalance of 1% on the load and degeneration resistors. The calibrated mixer is tested by 
performing corner simulations for typical-typical (TT), fast-fast (FF), slow-slow (SS), fast-
slow (FS), and slow-fast (SF) conditions that include temperature ranges from  -30°C to 
85°C and ±20% power supply variations. 

The evolution of the G, IIP3, and IIP2 linearity during calibration is shown in Fig.6.10, 
6.11, 6.12. The Y axis represents the specification that is calibrated while the X axis 
represents the iteration index. The figures display only points for which the performance 
metrics get closer or surpass the specifications. It can be seen that after some iterations, the 
calibration improves the performance of the mixer regardless of the corner condition. Even 
if a minimum specification is not meet, its performance is nevertheless strongly improved.  

 
Figure 6.10: Calibration of Gain 
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Figure 6.11: Calibration of IIP3 

 
Figure 6.12: Calibration of IIP2 

Tables 6.2 and 6.3 show the simulation results before and after calibration. G, NF, IIP2, 
and IIP3 values that could not reach their goal specifications within 1dB margin are 
bolded. In Table 6.2, it can be seen that most of the specification goals fail in almost all 
cases due to the aggressive mismatch, temperature and power supply variations. Also, it is 
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interesting to notice that the IIP2 requires calibration even for TT condition. Table 6.3 
shows that once the mixer is calibrated almost all the goals are met for all corner 
conditions.  

Table 6.2 Simulation results before calibration 

MOS 
corner

R/C 
corner

Temp
°C 

ΔVdd
 

Gain 
dB 

NF 
dB 

IIP3 
dBm

IIP2 
dBm

Current 
mA 

TT TT 16.85 0% 10 12.2 8.3 47 3.3 
SS FF 85 -20% 2.5 16 4.8 35 2.3 
SS FF -30 -20% -19.5 34 -0.9 26.7 1.8 
SS SS 85 -20% 4 16 6.5 47.9 2.3 
SS SS -30 -20% -18.9 33.6 3.9 51.5 1.8 
FF FF -30 20% -11.3 15.3 10.4 72 6.5 
FF SS -30 20% -24.5 19.4 17.6 56.4 6 
FS FF -30 20% 10.3 10.3 5 40.5 3.2 
FS FF 85 -20% 4.6 14.6 4.9 37 2.2 
SF FF -30 20% 1.6 11.2 6.6 85 6.2 
SF FF 85 -20% 5.8 14.1 4.9 36.6 3.3 

 

Table 6.3 Simulation results after calibration 

MOS 
corner

R/C 
corner

Temp
°C 

ΔVdd
 

Gain 
dB 

NF 
dB 

IIP3 
dBm

IIP2 
dBm

Current 
mA 

TT TT 16.85 0% 10 12.2 8.2 68 3.3 
SS FF 85 -20% 9.2 14 8.1 78 2.8 
SS FF -30 -20% 8.3 11.4 7.7 75 2.2 
SS SS 85 -20% 9.4 15.1 8.2 66 2.5 
SS SS -30 -20% 9.3 12 7.6 80 2.1 
FF FF -30 20% 9.2 10 8.3 78 4.6 
FF SS -30 20% 9.6 11 8.5 75 4.3 
FS FF -30 20% 9 10.2 8.7 65 4.5 
FS FF 85 -20% 7.3 13.4 8.3 65 3.1 
SF FF -30 20% 9 10.9 10.4 68 5.4 
SF FF 85 -20% 10 13.8 7.4 79 3 

 

One aspect that has not been discussed so far is the possibility of calibrating the NF of the 
mixer. Tables 6.2 and 6.3 show that a proper gain calibration also provides a NF 
improvement. This should not come as a surprise since the input referred noise has a 
strong correlation with the conversion gain. As a result, the NF calibration comes as an 
additional benefit of the gain calibration. 
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6.6 Summary 
This chapter has presented a method to calibrate the gain, IIP2, and IIP3 linearity of a 
CMOS Gilbert cell downconversion mixer by using a new BiST technique. The 
optimization algorithm that executes the calibration in the DSP has been presented. The 
modifications that are required on the transceiver in order to build the BiST have been 
discussed. The calibration is performed by controlling the biasing circuit of the mixer and 
switching its loads. The new IIP2 calibration technique allows the total cancellation of the 
offset voltages in the switching-pairs. To validate the effectiveness of the proposed BiST 
and calibration methodology, a test mixer has been designed in 0.18um CMOS process 
and calibrated. The simulation results have shown a significant improvement of the Gain, 
IIP2 and IIP3 after calibration. In addition, it has been found that the proposed technique 
allows also the calibration of the noise figure. 

 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 



 

121 

CHAPTER 7 

CONCLUSIONS 

The design of a receiver supporting 4G wireless applications in all bands presents many 
challenges, and many opportunities at the same time. Some of the characteristics of these 
receivers are multi-band multi-standard operation, MIMO support, low power and low 
cost. 

One way of implementing multi-band multi-standards receiver front-ends is to use separate 
receiver chains tuned to a particular band. The design of the LNA and mixers for each 
chain is commonly a repetitive work. The first part of this thesis is a contribution in a 
methodology and tool for automating the design of the LNA and mixers present in direct-
conversion receiver front-ends. Different to digital circuit design, the design of 
analog/RFIC blocks has remained as a handmade work that is normally done by 
experienced designers. However, we believe this does not have to be like this. There are 
several aspects of the radio design that can be automated and that can speed-up the design 
of robust circuit solutions. By applying mathematical descriptions for key performance 
parameters of the radio blocks, it is possible to quickly find circuit solutions that achieve 
the required specifications and that are close to what “the expert” could have done. 
Although currently limited to schematic circuits, the proposed techniques are useful as a 
good starting point in the design. Non-idealities such as real passive models, packaging, 
and parasitic extraction can be added and the circuits can be fine-tuned to correct their 
effects. 

The second part of this thesis has explored all the radio requirements of 4G receivers and 
proposed solutions for the receiver front-end using CMOS implementations. Direct 
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conversion receivers with a single wideband LNA are proposed as the most efficient 
solution for the implementation of 4G receivers.  

The first CMOS implementation is a receiver front-end designed using 1.8V 0.18um 
CMOS that targets WiMAX/WLAN standards. The Ft of this technology is limited to 
around 60GHz and inductive peaking resonators were required in order to cover the 
required bandwidth. Also the noise and linearity specifications demanded relatively large 
amounts of current and also the use of active mixers. Post-layout simulation results show 
performance metrics similar to other reported designs, but somewhat lower than the 
performance that is required for 4G front-ends. One conclusion of this part of the thesis is 
that modern processes with higher Fts are more suitable for CMOS wideband front-ends 
covering all the mobile bands. 

The use of nanometer CMOS technologies overcomes the lack of high Fts, but comes with 
other problems such as low voltage operation and short channel effects. This thesis 
proposes new radio design techniques to cope with these issues. The second front-end 
design targets WiMAX/LTE using 1.2-V 90nm CMOS technology. The Ft of this 
technology is around 120GHz and allows the implementation of inductorless circuits 
covering the desired bands. In particular, capacitive peaking technique is employed in 
order to improve the bandwidth performance. The use of passive mixers offers several 
advantages over the active implementation in nanometer CMOS technologies. The 
switching resistance is very low, and therefore, the noise contribution is also low. The 
passive mixer is inherently highly linear and generates only small amounts of flicker noise. 
Active mixer topologies are difficult to use at such low power supplies and their 
linearization is problematic. On the other hand, the use of passive mixers results in high 
noise performance requirements for the first baseband stage, in particular very low flicker 
noise. The combination of capacitive peaking, passive mixing, and low flicker noise 
amplifying led to a compact design that cover the desired bands with minimal degradation.  

The third design targets also WiMAX/LTE standards and uses 65nm CMOS technology. 
This design introduces the idea of current-mode circuits for low-voltage nanometer front-
ends. The advantages of current-mode over voltage-mode circuits in terms of bandwidth, 
linearity, and noise are explored. These ideas are employed in a 0.9V front-end that 
includes a novel wideband inductorless current-mode LNA, passive mixers and 1.2V 
transimpedance amplifiers. The combination of current-mode techniques and low-voltage 
nanometer CMOS technologies results in very low power inductorless wideband front-
ends that are promising solutions for fully integrated 4G receiver front-ends. 

The last part of this thesis explores ways to improve the performance of RFIC blocks so 
that they can stand PVT variations and reach their specifications with yields similar to 
digital circuits. In particular, the digital calibration of an important block of the radio-front 
end, the down-converter, has been proposed. The implementations of BiSTs for TDD and 
FDD direct-conversion receivers have been introduced. Calibration structures for gain and 
linearity have been presented. Simulation results carried out under tough corner conditions 
have shown the viability of the proposed approaches. With newer technologies pushing the 
processes to the limits, calibration of RFIC blocks becomes an important issue. Several 
RFIC calibration loops as the one described in this thesis may enable a successful single 
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tape-out chip without the need of redesign. At the expenses of additional digital circuitry, 
this solution has the potentialities of relaxed specifications and low power consumption 
since overdesign to account for PVT variations are no longer required. 

Nowadays, CMOS is used in most wireless consumer products and hence it is the 
dominant RFIC technology. The speed of current CMOS nanometer technologies already 
exceeds Fts of 200GHz. One result of this is that classical RF receiver design approaches 
such as bandwidth extension techniques using off-chip/on-chip passives becomes obsolete. 
Bulky inductors are no longer required for bandwidths below 6GHz, and therefore the 
RFIC design becomes more similar to traditional analog design. In particular, there is more 
freedom to apply feedback loops without incurring in unsolvable stability problems. This 
opens the opportunity to innovative solutions such as noise cancellation LNAs, wideband 
active baluns, and current mode techniques. In addition, this opens the opportunity of 
using many well known baseband design techniques at RF frequencies. The development 
of the field in the last five years has been so fast that the bottleneck in multi-band multi-
standard receiver front-ends is not anymore the radio circuits, but the external interface to 
the antenna. Future work on this field needs to address the problem of efficiently 
integrating all the external components that are required by MIMO receiver chains. 

 

7.1 Conclusions 
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