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Abstract

In this thesis the linearity characteristics of passive mixers
for wide band homodyne receivers are studied. The circuits
are simulated using Cadence Spectre with models from a
65 nm RF/Analogue CMOS process. Linearity dependence
of common mode voltage, load impedance, switch network
arrangement and local oscillator drive circuitry is stud-
ied and analysed. The thesis also covers methods for the
linearisation of baseband ampli�ers. Three linearised am-
pli�ers for frequencies down to DC are demonstrated. The
linearised ampli�ers are then used in passive mixer circuits
to analyse the e�ects of baseband linearity improvement on
complete mixer linearity. The results from this test show
that improving the open loop linearity of the baseband am-
pli�er has an appreciable impact on mixer linearity. The
work presented in this thesis was performed at Ericsson AB
in Kista, Stockholm, Sweden during the period January to
June 2013.
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Chapter 1

Introduction

1.1 Background

Over the last decade the potency of cellular networks has increased
with new standards such as third generation (3G) and fourth genera-
tion (4G) cellular networks being introduced [4]. The newly deployed
network standards provide increased datarates compared to previous
generations such as GSM [4]. As datarates in wireless systems increase
the requirements for low noise and high linearity is simultaneously in-
creased. This is as predicted by the Shannon capacity expression [5]
increased datarate requires either improved signal to noise ratio (SNR)
or channel bandwidth. Meanwhile there is a continuing desire to mi-
grate analogue and radio frequency (RF) systems from bipolar and
RF processes such as Gallium-Arsenide to CMOS technology. This
transition is driven by lower processing costs, the increasingly high
transition frequency, fT , of short channel CMOS and the possibility
of integrating digital circuitry on the same die as RF and analogue
circuits. However, the move towards CMOS does come with its own
set of challenges such as low supply voltage and limited ampli�cation
factor, µ1 [8, 9, 6].

A simple RF receiver circuit consists of �ve important parts: an-
tenna, low noise ampli�er, mixer, local oscillator and demodulator [10].

1The transistor parameter µ is sometimes called intrinsic gain and is de�ned as
µ = ro · gm [6, 7]. This parameter is useful for estimating gain per stage and can
also be used to treating the transistor as a voltage ampli�cation device for small
signal analysis. The letter µ is sometimes used for other purposes such as mobility
factor in [7] but in this thesis µ is always de�ned as the device voltage gain.
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Figure 1.1: Illustration of a hypothetical homodyne receiver

Fig. 1.1 illustrates a hypothetical homodyne receiver with digital de-
modulation. In the receiver of Fig. 1.1 the antenna receives the signal
which is then ampli�ed by the low noise ampli�er (LNA) whereafter
it is frequency translated to a lower frequency by the mixer and �-
nally demodulated to extract the received information. Intermingled
with the active stages are band-pass and low-pass �lters to remove
out of band noise, interfering signals and distortion harmonics. The
performance of the complete RF receiver is of course determined by
all of these parts in combination. However this thesis focuses on the
linearity performance of the down-conversion mixer. Mixer linearity
greatly in�uences receiver sensitivity in the presence of blocking sig-
nals which if they are mixed with the signal of interest, as occurs in
any nonlinear system [10], may end up in the signal band thus lowering
signal to noise and distortion ratio (SNDR).

The homodyne receiver architecture, which is the main focus of this
thesis, operates with no intermediate frequency (IF) as opposed to
a heterodyne receiver [10]. That the received signal is immediately
converted to baseband (BB) reduces power consumption, as fewer
stages are required to operate at RF/IF-frequencies. However, this
also means that low frequency noise and distortion components ap-
pearing at low frequencies will interfere the received signal. Thus, the
homodyne receiver is sensitive to �icker noise and second order inter-
modulation distortion, both of which appear at low frequencies [10].

During recent years a lot of research has been done MOS passive mix-
ers due to their low �icker noise [11, 12], high linearity [13] and com-
patibility with CMOS process technology. Furthermore, as the passive
mixer consumes no DC-current [14], this is described in greater detail
later in this thesis, the power consumption of the passive mixer can
be made very small. While being comparatively more linear than the
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Gilbert-cell active mixer several papers have been published on further
improving passive mixer linearity [14]. Techniques such as the use of
complementary switch networks [13, 15], signal level tracking through
bootstrapping circuits [16] or resistive degradation of the switch tran-
sistors [17] among others are proposed to reduce the distortion caused
by nonlinearity in the switch devices.

1.2 Problem Description

This thesis studies the linearity characteristics of the passive mixer
and also the e�ectiveness of techniques proposed in recent publications
for improving the linearity of the passive mixer. Furthermore the
thesis studies techniques for improving the linearity of the base band
ampli�er used in the passive mixer circuit.

Questions answered in this thesis are:

� How does circuit parameters, such as common mode voltage level
and load impedance, a�ect passive mixer linearity?

� What methods have been proposed to improve passive mixer
linearity and how e�ective are they?

� What are the e�ects of BB-nonlinearity on passive mixer linear-
ity?

� What techniques can be used to improve the open loop linearity
of BB-ampli�ers?

Answering these questions is important as modern cellular communic-
ations technology requires high receiver performance. Moreover, the
desire for higher levels of integration means that the receiver architec-
ture must be compatible with the technology used for digital circuitry.
This combined with decreasing permissible total power dissipation as
chip sizes scale, due to �nite W

mm2 , promotes the passive mixer as a
low power and standard CMOS-process compatible alternative to the
on-chip Gilbert mixer.

While short channel CMOS as previously mentioned does provide a
very high fT [18], issues such as low µ [9, 18], nonlinear output con-
ductance [1] and limited supply voltage [18] need to be managed when
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moving RF and analogue circuits to short channel technologies. Note
that in this thesis a complete passive mixer is de�ned as the combin-
ation of a passive-mixer-core and a BB-ampli�er [10].

1.3 Study areas

This thesis studies the properties of the passive mixer for use in homo-
dyne receivers. The topics covered in this thesis include linearity and
gain of the passive mixer core in di�erent con�gurations, the impact
of nonlinearity in the BB-ampli�er as well as techniques for improving
the linearity of wide band ampli�ers working at frequencies down to
DC.

1.4 Research method

This thesis is separated into two distinct parts. Initially a survey of
recent publications in the �eld of passive mixers for RF receivers and
DC compatible linearisation techniques for ampli�ers is conducted.
This part of the thesis is conducted as a literature review. Chapters 2
to 4 contain the results from the literature review. The later part of
the thesis focuses on implementations of passive mixers and base band
ampli�ers where di�erent con�gurations and techniques are implemen-
ted and compared to each other. Comparisons are done between di�er-
ent implementations of mixer core, baseband ampli�er and complete
mixer circuits to identify promising methods for designing linear direct
conversion receivers. The later part of the thesis is based on simula-
tions performed using Cadence Spectre RF version 7.1 and models for
a 65 nm RF/analogue CMOS process. The models used are either of
the physical-surface-potential (PSP) or BSIM type [19]. PSP mod-
els are used whenever available and are particularly important to use
when simulating the passive mixer core where VDS ≈ 0 due to the
BSIM model being discontinuous under these conditions [12, 19].

1.5 Delimitations

As described in Section 1.1 the mixer is but one part of a RF receiver.
However, this thesis only covers the mixer core and BB ampli�er.
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A further delimitation is that this thesis only covers passive mixer
properties and no techniques for improving the performance of active
mixers are considered, active mixers are only included for completeness
in a brief comparison of the mixer types in Chapter 2. The thesis is
purely theoretical in the sense that the designs presented here are
not intended to ful�l any wireless standard nor �t any speci�c link
budget. This has the e�ect that all circuits are optimised for relative
improvement in linearity compared to a simple non linearised case and
not optimised toward a set of goals or constraints.

With regards to the circuits studied it should also be noted that simu-
lations are only performed at the schematic level. Therefore no layout
parasitics or process induced variability is included and only parasitics
included in the transistor model are present. Furthermore, all simu-
lations use ideal capacitors and resistors. This is done to simplify the
design process and as there is no aim of achieving a manufacturable
implementation. Additionally, passive components in modern mixed
signal CMOS technologies, polysilicon resistors and metal-insulator-
metal (MIM) capacitors speci�cally, are su�ciently close to their ideal
counterparts that using ideal components does not sacri�ce validity of
initial test. None the less, if any of the circuits presented in this thesis
were to be prepared for manufacturing, the use of appropriate models
for the passive components and inclusion of layout e�ects is necessary.

Finally, this thesis aims to study the linearity characteristics of the
passive mixer and linearisation techniques for the passive mixer sys-
tem rather than designing a product. This means that the absolute
value of the performance metrics studied are not of interest but rather
the relative improvement from the linearised case. The relative im-
provement in linearity is expected to be independent of absolute mixer
performance. Therefore, the circuits are not optimised for perform-
ance but rather relative improvement in linearity. This means that
comparisons with performance �gures of merit presented by other au-
thors is not relevant, as published results are for optimised circuits.
Considering this, there is no attempt to compare the results from this
thesis with performance �gures presented in literature.

1.6 Contributions

This thesis summarises the properties of passive mixer circuits for
direct conversion receivers. A particularly important contribution is
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the demonstration of the relation between base band linearity and
complete mixer circuit linearity. The mixer sensitivity to load imped-
ance and how this property will in�uence the performance relationship
between complementary and non complementary switch arrangements
are also demonstrated. A technique for the linearisation of base band
ampli�ers by using a cross coupled di�erential pair presented in this
thesis shows promise as a possible approach for improving the linearity
of the complete passive mixer circuit.

1.7 Thesis organisation

This thesis is divided into seven chapters. The �rst and second chapter
contains background information on mixer circuits and nonlinearity.
Chapter three contains an intuitive overview of how the passive mixer
works along with techniques suggested in recent literature for the im-
provement of passive mixers. Chapter four presents the results from
the performed literature review on suggestions for improving linearity
of base band ampli�ers. In chapter �ve simulations of passive mixer
circuits and linearised base band ampli�ers as well as complete mixer
circuits containing a passive mixer core and a base band ampli�er are
presented.

Chapter six contains a summary of the results from the work presented
in this thesis. Finally, chapter seven contains the conclusions drawn
and suggestions for areas of interest for future studies within this �eld.

The thesis has four appendices which contain, in order of appearance,
the source impedance model used in the simulations performed in the
thesis, the full schematics for the linearised BB ampli�ers, a descrip-
tion of conversion between current/voltage and power and �nally time
domain waveforms from the transmission gate symmetry test discussed
in Section 5.1.1.
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Chapter 2

Background

This chapter serves as an overview of radio receiver circuits in general,
mixers in particular and the impact and origins of nonidealities on
receiver performance.

2.1 Radio receiver circuits

Wireless communication has been an important part of modern society
since the wide spread adoption of telegraphy and radio during the
late 19:th and early 20:th century. Of course this means that a wide
array of circuits have been in use for transmission and reception of RF
signals. It is outside the scope of this thesis to describe all possible
receiver circuits1 however for the sake of completeness a brief overview
of an example RF-transceiver is given in this section. Note that the
transceiver illustrated is not to be seen as an example of a functional
receiver but rather show the mixers place and function within the RF
receiver. The focus of this thesis is on circuits homodyne receivers, an
example can be seen in Fig. 1.1, why the illustrated transceiver has
only a single mixer.

Fig. 2.12 illustrates a simpli�ed quadrature, or IQ, modulation based
radio transceiver. Quadrature modulation is illustrated since this kind

1The interested reader can instead refer to The Design of CMOS Radio-

Frequency Integrated Circuits by Thomas H. Lee [9] which has very enjoyable
chapter on the history of radio.

2The �gure is based o� the �gure on page 5 in [10].
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Figure 2.1: Block diagram of a simpli�ed quadrature radio-transceiver

of modulation is utilised in modern high data rate wireless communic-
ation standards such as 802.11 a/g/n for wireless local area network
(WLAN) and 3G/4G cellular telephony networks [4]. In the trans-
ceiver of Fig. 2.1, the transmitter chain is highly simpli�ed and is
included only for the sake of completeness. The receiver chain which
is of greater interest consists of a low noise ampli�er (LNA) fed by
the receiving antenna. Further the LNA is connected to the mixer
through a band pass �lter. The band pass �lter removes any out of
band blockers or distortion present in the received signal. The then
mixer performs an analogue multiplication between the incoming RF
signal and a signal generated by the local oscillator (LO).

The mixer exploits the fact that multiplication in the time domain is
equivalent to convolution in the frequency domain [20] thus allowing a
time domain multiplication to shift the centre frequency of the incom-
ing RF signal. The output from the down-conversion mixer is then
converted into the digital domain by an analogue to digital converter
(ADC) and processed digitally for extraction of the received data. A
detailed description of RF transceiver circuitry is found in books such
as RF Microelectronics by Behzad Razavi [10] and Radio Frequency
Integrated Circuit Design by John W. M. Rogers and Calvin Plett

2.2 Mixer topologies

In today's RF receivers, two mixer topologies are dominant [10, 14],
the active current commutating Gilbert-cell mixer and the other the
passive switch based mixer [10, 14]. An active mixer is illustrated in
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LO-
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Z
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Figure 2.2: Pseudo di�erential Gilbert-cell active mixer implemented
using NMOS transistors

Figure 2.2 and the circuit can be interpreted as follows. Transistors
M1 and M2 convert the incoming RF-voltage into a current which
is then switched back and forth between the two cascode transistors,
M3/M4 for M1 and M5/M6 for M2, controlled by the LO-voltage.
Acknowledging that in a di�erential system the currents from M1 and
M2 are complements of each other the output signal is then IIF =
gmM1,2

·VRF ·VLO where VLO is a square wave toggling between ±1. This
corresponds to the desired multiplication between the input signal and
LO. The load impedance ZL is responsible for converting the down-
converted current to voltage and can either be in the form of a resonant
tank for narrow bandwidth applications or a real valued load such as
a resistance or MOS current source for wideband applications.

Key aspects of the Gilbert-cell mixer are the fact that the stacking of
MOS-devices consumes voltage headroom, in order to keep all devices
in the saturation region of operation where VGS − VTH < VDS [14],
and that the mixer carries a DC biasing current. A passive mixer,
illustrated in Figure 2.3, on the other hand carries no DC current and
has no transistors biased in the saturation region of operation which
allows the mixer to operate with low supply voltage [14].
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Figure 2.3: Double balanced passive mixer implemented using NMOS
transistors.

The passive mixer can either be operated with a low source imped-
ance and high load impedance corresponding to voltage-mode or with
a high source impedance and small load impedance corresponding to
current-mode. These two implementation have di�erent linearity char-
acteristics and circuit requirements. For instance, the current-mode
mixer should ideally have no voltage swing at the output node as the
BB current is sunk into a low impedance node. This means that the
e�ective overdrive voltage of the mixer switches is independent of the
signal amplitude. This improves linearity of the receiver but demands
that the BB ampli�er is designed so as to achieve a very low input
impedance.

The voltage-mode mixer on the other hand su�ers from voltage swing
at both input and output nodes. However, as the BB impedance is
not required to be low, implementation of the BB ampli�er is less
constrained than in the current-mode case. The main concern for
voltage-mode circuits is that the BB impedance needs to be high over
the whole signal band, which implies that the capacitive load at the
BB nodes will give the mixer core a low pass response. Passive mixers
are discussed further in Chapter 3.
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2.3 Nonlinearity in mixers

In a general case the signal processed in a RF receiver circuit is not
a single tone. Rather the signal is comprised of several frequencies of
varying amplitudes. In the receiver chain this presents an interesting
feature. As, in a general sense, any ampli�er device has a transfer
characteristic of the form:

Vout = DC + a1 · Vin + a2 · V 2
in + a3 · V 3

in + · · · , (2.1)

where Vin is the input signal. Considering Vin as comprised of n tones,
Vi where i = {1, 2, ..., n}, then V 2

in will be equivalent to

V 2
in = (V1 + V2 + · · ·+ Vn) 2 (2.2)

which in the case of n = 2 expands to:

(V1 + V2)
2 = V 2

1 + 2 · V1V2 + V 2
2 . (2.3)

The resulting frequency domain convolution of V1and V2, in the term
2 · V1V2, will generate a signal at the sum and di�erence of their re-
spective frequencies3 [10]. This also holds for the higher order terms
which are all present in the intermodulation distortion generated by
the mixing action, which happens due to the nonlinear transfer func-
tion. The third order distortion is particularly troublesome as for
n = 2 the frequencies 2 ·fV1−fV2 and 2 ·fV2−fV1 are generated. If the
di�erence between fV 1 and fV 2 is small then these intermodulation
products will end up within the signal band. Consequently, attenu-
ation of third order distortion is di�cult to achieve through �ltering.

Hence to avoid in-band distortion components it is required that all
circuits are designed for high linearity, or equivalently minimise coe�-
cients a2, a3, · · · , an. To do this it is necessary to determine the origin
of nonlinearity in down conversion mixers.

In the simulations performed in this thesis, the output referred inter-
cept points are often used as a measure of circuit linearity [10]. When
computing the output referred intercept point the linear extrapolation

3Using the trigonometric identity sin (ω) sin (φ) = cos(ω−φ)+cos(ω+φ)
2 is also pos-

sible and will yield the same results as performing the frequency domain convolu-
tion.
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method described in [10] is used. This method is described in detail
in the next section. As the circuits studied are di�erential and sim-
ulated without process induced mismatch any even order distortion
generated in the circuits will be cancelled. Therefore, whenever even
order nonlinearity is measured, the measurements are done for the
single-ended version of the circuit.

2.3.1 Linearity �gures of merit

To facilitate comparisons of the linearity of the studied circuits the
output and input referred intercept points, abbreviated OIP and IIP
respectively, are used. The intercept points are the linear extrapol-
ation of nonlinearity at signal levels far from the −1 db compression
point [10]. From Equation 2.1 it is seen that the second order dis-
tortion increases by the square of the output voltage and the third
order distortion by the cube. This is under the assumption that the
ampli�er characteristics are constant for di�erent input signal levels.

Equivalently to above, if the output voltage amplitude increases by
1 dB then the second order distortion increases by 2 dB and the third
order distortion by 3 dB [10]. Consequently, the output level where
fundamental and second order distortion tones are equal sized is:

OIP2 = Vfund −∆fund-IM2, (2.4)

as for every dB of increase in the fundamental level, the di�erence
∆fund-IM2 decreases by 1 dB. Similarly, for third order nonlinearity:

OIP3 = Vfund − 0.5 ·∆fund-IM3. (2.5)

The input referred intercept point is calculated using the same meth-
ods but is compensated for system gain by:

IIPx = OIPx − AV. (2.6)

It should be noted that the circuit will not be able to operate at
signal levels close to the output referred intercept point as this level
is commonly above the −1 dB compression point. Another interesting
property of the use of OIP and IIP as performance metrics is the e�ect
of linear gain and loss. From Equation 2.6 it is seen that if Av increases
then IIPx decreases which implies that IIPx can be maximised by
heavily attenuating the signal. Considering this, the use of IIPx and
OIPx as �gures of merit should only be done in conjunction with the
circuit gain.
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2.3.2 MOSFET nonlinearity

The dominant sources of nonlinearity in the mixer core are di�erent for
passive and active mixers implementations. However, their origins are
always the same. For MOSFETs in the saturation region of operation
both the transconductance, gm, and on-conductance, gds, are nonlinear
and contributes to the generation of distortion [12]. For active mixers
the dominant source of nonlinearity is transconductance nonlinearity
whereas in passive mixer on-conductance is dominant [12, 14].

To a �rst approximation [7], the current through a MOSFET in the
saturation region follows a square law relationship to the gate voltage.
Hence, the output current for large signals is approximately the square
of the input voltage or equivalently a2 from (2.1) is large. In spite of
this, for small movements around the bias point, which is the funda-
mental assumption in small signal analysis, a square law device is close
to linear. This is understood by considering the equation (2.1) as a
simpli�ed notation for a Taylor series which, for su�ciently small Vin,
as is the case for any Taylor series, is accurate using only the linear
term [20].

The real MOSFET is however not a pure square law device but rather
has a higher order nonlinear voltage to current relationship [3, 21]
where g

′
m is dominant in generation of second order distortion whereas

g′′m generates third order distortion. The magnitudes of gm, g
′
m and

g′′m vary dependent on the operating point chosen for the transistor.
The variation of g′m and g′′m with VDS held constant is as illustrated
in Fig. 2.4. From Fig. 2.4 it is seen that the magnitudes of the higher
order transconductance derivatives vary for di�erent ampli�er bias
points.

Moreover, considering other sources of nonlinearity such as gds which,
similarly to gm is dependent on the transistor bias point, it is easily
understood that gds characteristics will contribute to nonlinearity in
MOSFET circuits [13]. The nonlinearity of the on-conductance is of
increasing importance for short channel devices and is an important
contributor to distortion in passive mixers [13, 22, 1].

Furthermore device capacitances vary nonlinearity with VGS and VDS,
particularly at higher frequency [1], which also generates distortion [12].
However this e�ect is limited and according to [12] it is not as import-
ant to consider as nonlinearity due to gm or gds.
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Figure 2.4: Transconductance and derivatives for a 65 nm CMOS
process �high performance analogue�, extra low VTH and high output
impedance, NMOS transistor,W/L = 33× 2/0.14 µm. VDS = 0.3 V
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Fig. 20. Vector diagram showing the 180 out-of-phase contribution of� ��
term on the upper and lower IM3 components [38].

Fig. 21. NMOS output conductance nonlinearity characteristics (UMC 90 nm
CMOS process, ��� � ������� ��, � � ��	 �, � � ���
 �).

Another major contributor to this dependence is the IM3
asymmetry, also called “sideband asymmetry.” IM3 asymmetry
is attributed to various types of memory effects [37]–[40], but
for CMOS LNAs specifically, it is because the reactive part of
the circuit impedance (e.g., termination impedance) at
has a 180 -out-of-phase contribution to the IM3 components at

and . This concept is qualitatively illus-
trated by the vector diagram in Fig. 20 [38], where the
refers to the first-, second-, and third-order Volterra-Series co-
efficients. The IM3 components at and
have different imaginary parts (i.e., reactance), resulting in IM3
asymmetry.

Note that this IM3 asymmetry depends on bias and frequency.
For very small two-tone spacing, it is hard to see any IM3 asym-
metry since the reactive-impedance effect at is negligible;
but for larger , the reactive impedances at the second-har-
monic frequency also contribute differently to the lower/upper
IM3 components, which worsens the IM3 asymmetry [7] and
also indicates a more obvious IIP3 dependence on two-tone-
spacing. However, proper bias can reduce this IM3 asymmetry
[40]. Note that in the multitone case, Adjacent channel power
ratio (ACPR) asymmetry is defined correspondingly.

IV. LNA LINEARIZATION IN DSM TECHNOLOGY

A. Nonlinearity From Output Conductance

Distortion of MOS transistors is mainly caused by the non-
linear transconductance and output conductance .
Previously published linearization techniques mainly focus on
linearizing , assuming that (1) drain current is controlled
only by the gate-source voltage , and (2) nonlinearity
is negligible. These assumptions are valid for small load resis-
tance, small voltage gain, small input signal, and a drain-source
voltage sufficiently large that the small-signal variation
of does not appreciably perturb the bias point.

However, as technology scales down, the nonlinearity be-
comes more prominent. Current is controlled not only by
but also the , which can be approximated by the two-dimen-
sional Taylor series [29], [44]

(30)

where is the -order transconductance as defined in (6);
represents the nonlinear output conductance effect which is pro-
portional to the derivatives with respect to ; is the
cross modulation term describing the dependence of on
or on , as formulated in (31)

(31)

To characterize the nonlinearity for a single transistor, we fix
its , and sweep the , by taking the first three derivatives of
the drain-source dc current with respect to [as defined in
(31)] at every dc bias point, we can obtain Fig. 21. It is observed
that the drain current is modulated a lot by . is large
when the transistor operates at small ; while it decreases for
large values.

Here we assume a negligible nonlinearity contribution from
, otherwise three-dimensional Taylor series should be used

instead.
From (30), the distortion is contributed by four parts.

1) nonlinearity due to nonlinear relation.
2) nonlinearity from channel length modulation effect.

Note that contributes less nonlinearity when device op-
erates deeper into saturation region.

3) the dependence of on , (partially due to the drain
induced barrier lowering (DIBL) effect [29].

4) the dependence of on , especially in saturation re-
gion [44].

The cross modulation effect remains fairly constant for a
broad range of , while is more linear and becomes
more nonlinear as increases, decreases, and transistors
operate close to the linear region. In [29] the . cross
term cancels the intrinsic second-order distortion to
obtain an amplifying stage with high IIP2. Note that when

nonlinearity dominates (i.e., output limited), the tradeoff
between gain and linearity becomes more severe.

Figure 2.5: Nonlinearity of gds with varying VDS, UMC 90 nm process,
W/L = 20/0.08µm, VGS = 0.5V, �gure from [1].
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2.3.3 Device mismatch induced nonlinearity

In a di�erential circuit any even order distortion components will end
up at the positive and negative outputs in phase. This means that in
the mismatch free scenario even order distortion would only appear as
a common mode signal which is rejected by the di�erential operation.
However, device mismatch and layout e�ects will make the di�erential
paths unequal which in turn will limit the e�ectiveness of even order
distortion cancellation.

In a passive mixer, threshold voltage mismatch among the switches
will cause the on state conductance to vary among the switches as
well as the e�ective LO-duty cycle [23]. This a�ects both conversion
gain and mixer linearity. Hence techniques to limit the amount of
mismatch between the di�erential paths are key high IP2 designs.

2.3.4 Noise in mixer circuits

Considering the Gilbert mixer given in Fig. 2.2, in this circuit noise is
primarily contributed by the transconductance transistor and the load
impedance. In the Gilbert mixer the switching transistors are operat-
ing as cascodes which means that they do not contribute signi�cantly
to the total output noise [7]. Noise is contributed by the transcon-
ductance transistor through two mechanisms. At low frequencies the
dominant source is �icker noise, the origin or which is not yet com-
pletely understood [24], whereas at high frequencies thermal noise is
dominant [7].

The thermal noise current generated by a MOSFET operating in the
saturation region of operation is proportional to its transconduct-
ance [24] which for a Gilbert mixer is �rmly connected to bandwidth
and gain. However, it should be noted that while the absolute noise
current increases with increasing transconductance, the input referred
noise voltage will decrease provided that ampli�er gain increases. The
�icker noise current on the other hand shows a quadratic dependence of
the quiescent current in the device [24]. As previously mentioned, the
quiescent current directly a�ects transconductance, bandwidth and
linearity for a transistor of a given size. With this in mind, it can easily
be seen that the designer has to face a noise/bandwidth/gain/linearity
trade-o� when designing Gilbert mixers and that the quiescent current
�owing through the transconductance device will cause a considerable
amount of �icker noise at the output node.

15



The passive mixer avoids the issue of �icker noise as the switch tran-
sistors do not carry any DC current. This means that the amount
of generated �icker noise will be minimal [11, 24]. Furthermore, the
thermal noise generated by the switch transistors is dependent only
on on-conductance which is largely determined by transistor size [24].
This implies that the passive mixer has the potential to be less noisy
than the Gilbert mixer. This is particularly the case for low frequen-
cies where �icker noise is dominant. In direct conversion receivers this
aspect is worth considering as interesting signal may end up close to
the �icker noise corner frequency after down conversion.

It should not be forgotten that while the passive mixer core is intrins-
ically low noise the fact that the signal passing through the mixer
su�er from conversion loss [10] means that the mixer will typically be
followed by a gain stage which will contribute to system noise factor.
In some cases the BB ampli�er in the passive mixer will dominate the
noise �gure of the complete mixer circuit [17].

2.4 Nonlinearity of cascaded systems

When cascading several stages of ampli�ers or frequency converters,
as is the case with the passive mixer where the mixing action occurs
in a separate stage from the BB ampli�cation, it is of interest to de-
termine which stage that dominates system nonlinearity. As described
in [10], the IIP of a stage in a receiver when seen from the input of the
signal chain is determined by the amount of preceding gain. Basically
this comes from the expression in Equation 2.6 if IIPx is referred to
the input of the signal chain. Therefore, the input referred intercept
point of the complete signal chain can not be higher than that of the
ampli�er stage which has the smallest input referred intercept point
when computed using this method.

For the passive mixer which in general has a conversion gain close
to −4 dB [10] the IIP of the succeeding stage is in fact scaled up by
4 dB when referenced to the input of the mixer. Hence, if the IIP
of the passive mixer core is close to that of the BB-ampli�er then
linearisation of the passive mixer core will have the most impact on
mixer performance. That is as the e�ective IIP of the BB-ampli�er
increases by the loss in the passive mixer core.

However, it should also be noted that as the passive mixer linearity is
very dependent on load and source impedance, the BB ampli�er has an
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even greater impact than just its intrinsic linearity [12]. Additionally,
as the passive mixer core is in itself very linear, relative to the active
mixer [14], the open loop linearity of the BB ampli�er is likely to have
a considerable impact on complete circuit linearity.
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Chapter 3

The passive mixer

This chapter discusses the basic working principles of the passive mixer
as well as methods proposed in literature for the improvement of pass-
ive mixer performance. The structure of a single-ended voltage-mode
sampling passive mixer is shown in Fig. 3.1.

3.1 Explanation of mixing action

Considering the circuit of Fig. 3.1 and assuming that the source at
the RF terminal has zero output impedance and the load in the IF
terminal has an in�nite impedance, so that no current is drawn from
CBB. Under these assumptions it is easily seen that when the switch
is closed the voltages at the IF and RF nodes are identical. When the
switch opens, the RF voltage is sampled and stored on CBB. In Fig. 3.2
the time domain waveforms of this system are illustrated, where a high

RF  IF-A
V

LO
Z

f

RF  IF

LO

C
BB

Figure 3.1: Conceptual view of a voltage-mode sampling passive
mixer.
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Figure 3.2: Time domain waveforms in voltage-mode sampling passive
mixer.

LO voltage implies that the switch is closed. The frequencies fLO and
fRF in the �gure have the relation fLO = 5

3
fRF .

The frequency translation is not evident from the illustration. How-
ever, considering that the output waveform can be described, ignoring
the hold capacitor for simplicity, as a multiplication between VRF and
the VLO toggling between 0 and 1.Thus:

VIF = VLO · VRF , (3.1)

which as described previously in this thesis, and in [20, 10, 7], corres-
ponds to the frequency domain convolution:

fIF = fLO ∗ fRF . (3.2)

As explained in Section 2.3 this will generate the frequencies:

f1 = fRF − fLO & f2 = fRF + fLO, (3.3)

one of which is at a lower frequency than fRF and the other at a higher
frequency than fRF . Schematically, if fLO is close to fRF , the fre-
quency domain operation will be as illustrated in Fig. 3.3. In Fig. 3.2
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Figure 3.3: Frequency domain translation of RF input signal in a down
conversion mixer.

the resultant frequencies are 2
5
fRF and 8

5
fRF . If FLO is identical to

fRF , as is the case in homodyne receivers, then the base band signal
will appear at frequencies around 0. This means that the signal now
appears at frequencies where it can be fed straight to an analogue to
digital converter for digital processing as illustrated in 2.1.

3.2 Conversion loss in the passive mixer

As the output of the passive mixer core is either identical to the input
signal, when the switch is closed, or a static voltage sampled at the end
of the LO period, it is also possible to have the mixer return to zero
after each LO period but this gives even more loss [10]. From this it
is understandable that the conversion gain must be unity or less than
unity. The actual conversion loss will not be derived here but in [10]
it is shown to be between 1

π
, for single ended passive mixers stemming

from the amplitude of the square wave fundamental [10], and unity,
for mixers with an LO that is an ideal impulse train [20, 10].

Most commonly, the passive mixer is used in a di�erential con�gur-
ation which gives the conversion gain of 2

π
and 2·

√
2

π
, −4 and −1 dB,

for 50% and 25% duty cycle mixers, respectively [10]. Note that the
conversion gain is the same for mixers having both di�erential and
single ended inputs.
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Figure 3.4: Illustration of a current-mode passive mixer.

3.3 Current-mode passive mixers

The passive mixer can also be con�gured to operate in current-mode,
determined largely by the relationship between source and load im-
pedances [10], as illustrated in Fig. 3.4. In the current-mode mixer,
the source has a large output impedance whereas the load has an input
impedance that is small, ideally zero. This implies that the voltage
swings in a current-mode passive mixer will be small.

Small voltage swings indicates that the e�ects of MOSFET nonlinear
transconductance and on-conductance will be small. Intuitively, the
current-mode mixer should therefore be more linear than its voltage-
mode counterpart [10]. Another e�ect of the current-mode passive
mixer is that if the feedback impedance, Zf in Fig. 3.4, has a low pass
characteristic, as is desired to �lter out the up-mixed terms and high
order harmonics, then the input impedance will have a bandpass char-
acteristic [10]. This lack of isolation between RF and BB impedances
can be used for matching the passive mixer to the RF source, even
allowing for �passive mixer �rst� receivers [25].

With regards to the mixing action the current-mode mixer works
identically to the voltage-mode mixer described in Section 3.1. How-
ever, the current output from the mixer core will have a �return to
zero� characteristic [10] if the feedback impedance does not have a
cuto� frequency much lower than the LO frequency. If this is the
case, the output will be an integrated version of the input current
waveform.
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3.4 Variations on the basic passive mixer

circuit

This section describes modi�cations of the simple NMOS based passive
mixer core presented in recent literature. Additionally the concept
of charge injection induced nonlinearity is discussed. The section is
divided into subsections each describing a proposed variation on the
passive mixer core proposed in recent literature.

3.4.1 CMOS transmission gates

As discussed in Section 2.3 important contributors to MOSFET non-
linearity are the derivatives of gm and gds. Therefore, any method that
keeps gm or gds constant will improve mixer linearity. In a recent pa-
per [13], passive mixers utilising a complementary switch network, in
practice CMOS transmission gates, were proposed to improve the lin-
earity of the mixer core by cancelling transconductance nonlinearity.
This concept has previously been discussed and implemented by other
authors [15, 16]. However the claimed results, obtained through sim-
ulation and computation, presented by [13] are very impressive with
a claimed IIP3 improvement in the range of 10 − 15 dB whereas [15]
and [16] primarily claims an improvement of IIP2. Improvement of
IIP2 would appear from the same mechanisms and in particular mak-
ing the switch characteristics symmetrical around the bias point.

The reason for the supposed linearity improvement when using CMOS
transmission gates instead of a pure NMOS or PMOS based mixer is
understood by considering the VGS ↔ gm relationship. As gm is de-
pendent on VGS any variation around the bias point will modulate the
switch transistor gm. This means that for an NMOS based mixer the
switch transconductance will decrease for high signal amplitude which
compress the signal. However a PMOS mixer will su�er from the same
e�ects but in reverse, decreasing common mode voltage decreases VGS
and gm. In a transmission gate on the hand, the total transconduct-
ance will be relatively constant over common mode voltage. Intuitively
this is understood by considering the complementary behaviour of the
NMOS and PMOS transistors gm. This means that for the matched
transmission gate both g′m and g′′m are small giving suppression of dis-
tortion [13].
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The validity of the explanation given in [13] is questionable as the
transistors of a passive mixer work in the triode region and thus the
transconductance is less important than the on-conductance. This is
studied in further detail in Chapter 5 where the connection between
on-conductance characteristics and nonlinearity is studied.

An alternative approach to using complementary switch networks for
cancelling out gds ←→ VGS dependence is to make the gate bias voltage
track the down converted voltage using a technique called bootstrap-
ping [16]. This can be accomplished by resistive coupling of the output
node to the gate of the switch device [16], while feeding the LO through
a capacitor. This, will make the gate bias a low pass �ltered version
of the output voltage. However, this will also mean that if the LO
has full rail to rail voltage swing then the resulting LO waveform at
the switch transistor gate will risk going above or below the supply
rails. While it is possible to drive the transistor gate outside the sup-
ply rails, provided that no part of the switch transistor is driven into
breakdown, doing so should be done with caution. Considering this,
the bootstrapping technique is not studied further in this thesis.

3.4.2 Resistive degeneration of mixer switches

As described in Section 2.3.3 variation of threshold voltage and switch
on-conductance amongst the switches will give rise to second order
nonlinearity in di�erential passive mixers, by limiting the e�ective-
ness of di�erential operation. To counteract these issues techniques
such as digital calibration of switch gate bias [23], not covered in this
thesis, or connection of degeneration resistors in series with the mixer
switches [17] have been proposed.

The main idea behind the degeneration resistors is to swamp out vari-
ation in on-conductance amongst the mixer switches by connecting
resistors in series with the mixer switches. The series resistors can
be made to match closely by using appropriate layout techniques and
have a highly linear voltage to current characteristic. If the series
resistors are large in comparison to the on-conductance the switch
characteristics will then be largely de�ned by the resistors. The de-
generation resistors are very linear and if well matched will help reduce
gain mismatch between I and Q channels. This should, provided that
the current source feeding the mixer can drive the increased input
impedance, make the input current independent of transistor nonlin-
earity and switch mismatch. This circuit modi�cation is targeted at
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current-mode mixers having a mixer core followed by a transimped-
ance ampli�er (TIA) that converts the downconverted current into
voltage.

A further improvement is that the series resistors give the mixer core
a higher output impedance as seen from the input of the TIA which
lowers its noise contribution [17]. It should however not be forgotten
that the resistor itself will contribute to noise in the mixer circuit
which may degrade the total noise �gure.

3.4.3 Charge injection cancellation

A passive mixer with a less than 50% duty cycle LO is e�ectively a
track and hold circuit. This is especially true in the case of a voltage-
mode mixer with capacitive load, as illustrated in Chapter 3, but also
for current-mode mixers where the output time constant is much larger
than the LO period. As is known, the accuracy of a track and hold
circuit su�ers from the channel charge being injected into the hold
capacitor when the switch device turns o� [26].

For the passive mixer amplitude accuracy is not crucial but the peri-
odic charge injection will cause an approximately square shaped wave-
form to be superimposed on the down mixed signal. In the single
ended case this will cause energy to appear at the LO frequency in
the downconverted signal, which is of course cancelled to a limited ex-
tent by di�erential operation. Furthermore as the charge stored in the
channel is dependent on transistor capacitances which are nonlinear
the charge injection error will vary nonlinearly with the input signal.
Note that as the channel charge will always push the stored voltage in
one direction it is expected that charge injection primarily generates
even order distortion.

To suppress charge injection e�ects a common approach is to add a
�dummy� switch device sized to half the size of the primary switch
device [26]. By switching the dummy device out of phase with the
main device any charge injected into the hold node will be absorbed by
the dummy device, which shares the operating conditions of the main
switch, reducing the e�ects of charge injection. The e�ectiveness of
charge injection cancellation in passive mixers is studied with further
detail in Chapter 5.
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Figure 3.5: Current mirror mixer similar to the circuit from [2]

3.4.4 Mixing using switched current mirrors

Another recent paper [2] presents a novel approach to the passive
mixer where the switches in the passive mixer are embedded within a
current mirror arrangement. The primary improvements claimed by
the authors are wide bandwidth and low-noise. This circuit does not
appear to be highly linearity. According to the comparison in [2], the
mixer has an IIP3 which is more than10 dB lower than those to which
it is compared. However, the current mirror arrangement allows for
current multiplication and low power.

While this circuit is identical to a voltage ampli�er using diode con-
nected PMOS loads feeding a sampling passive mixer the matching
of the mirror devices provide interesting opportunities. The size ratio
between the diode load and the load transistors, those connected to
the output of the mixer core, allows for current multiplication to occur.
Current multiplication is ideally linear as it is only a function of the
relative sizes of the mirror transistors. Additionally, if the transcon-
ductance transistors in the circuit presented in [2] were to be replaced
with a current source this approach could be utilised for a �current
in - current out� mixer. Avoiding the common source gm stage used
in [2] allows for higher linearity as the nonlinear transconductance is
avoided. This mixer idea is illustrated in Fig. 3.5. The circuit while
novel is not included in this thesis as the circuit is very di�erent com-
pared to the common mixer core + TIA con�guration which is the
main focus of this thesis. Therefore, the circuit is left as a subject for
future studies in this area.
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Chapter 4

Baseband ampli�ers

As the signal passing through a passive mixer su�ers from conversion
loss there is an apparent need for additional ampli�cation. Depending
on the mixer implementation, voltage or current mode, the ampli�c-
ation is done either by a pure voltage ampli�er or a TIA. The TIA is
conveniently implemented using an operational ampli�er with resistive
feedback [17, 27]. In order for the TIA to have low input impedance,
as is desired in current mode mixers, the operational ampli�er needs a
large amount of gain. To achieve high gain, the operational ampli�er
can be constructed using a multi stage approach [28, 17]. However,
multistage designs require extensive frequency compensation to main-
tain stability which limits achievable bandwidth [7].

In this thesis, the designed mixers and ampli�ers are not measured
against any speci�cation. However, focus is on BB ampli�ers with
a −3 dB bandwidth of approximately 1 GHz. The high bandwidth
along with the stability issues in multi stage designs, due to the ad-
ditional poles, makes single stage designs the only ones considered in
this part of the thesis. This does limit the achievable gain as µ for
a short channel MOSFET is approximately 20 dB [18]. Furthermore,
this limits the achievable gain in feedback con�guration and possible
distortion suppression by negative feedback [29]. Considering this,
methods for improving the open loop linearity of the base band amp-
li�er are studied in this chapter. Open loop linearity is studied as
closed loop linearity shows a superlinear dependence on open loop lin-
earity [29]. This is particularly the case for 3rd-order distortion [29]. It
should however be noted that techniques for increasing the open loop
gain of the base band ampli�er are also viable ways for improving
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closed loop linearity, provided that this technique does not excessively
degrade open loop linearity.

4.1 Derivative superposition

Recognising the impact of transconductance nonlinearity, the derivat-
ive superposition technique seeks to null out this nonlinearity. This is
done by connecting an auxiliary linearising transistor in parallel with
the main amplifying transistor [1, 21]. In practice the derivative su-
perposition technique seeks to broaden the area in Fig. 2.4 where g′′m
is zero. This area is called the moderate inversion region [30]. In the
derivative superposition ampli�er nulling of g′′m is achieved by biasing
the main and auxiliary transistors in di�erent operating points so that
their g′′m have opposite signs, as per Fig. 2.4. By sizing the transistors
correctly, the e�ective g′′m of the composite transistor can be reduced to
almost zero [1, 21]. The input bias range where this occurs is limited
when using a single auxiliary transistor. If a wider input bias range is
desired then connecting multiple auxiliary transistors in parallel with
the main device can give a wider g′′m null at the expense of increased
capacitive load on both input and at the drain of the ampli�cation
transistor [31].

For di�erential ampli�ers it is possible to get a similar e�ect by driving
the auxiliary transistors with an out of phase signal and biasing them
so that g′m and g′′m have identical signs as the main transistor. This
allows for minimisation of both third and second order nonlinearity
in di�erential operation. In practice this widens the allowable input
o�set voltage for which second order nonlinearity is cancelled by the
di�erential operation.

In RF or microwave circuits, biasing transistors is typically done through
resistive coupling to the gate from the bias generation circuitry [1, 21].
The signal is then fed to the ampli�er through AC-coupling capacit-
ors. As there is no DC connection between the gates of the main and
auxiliary transistor, their biasing conditions can be set independently.

This is however not possible in a direct conversion receiver where the
frequency of the down-converted signal may reach as far down as to
DC which prevents AC coupling the input signal. Therefore, it is
necessary to use some other way of establishing separate biasing for
the transistors in the derivative superposition ampli�er. One way of
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Figure 4.1: Concept for DC-implementation of derivative superposi-
tion ampli�ers where a) is an NMOS based ampli�er with VGS shifted
by a voltage source and b) a CMOS implementation inspired by the
Gilbert mixer in [3].

doing this is to introduce a non degenerative DC shift connected to the
source of the auxiliary transistor or using a PMOS [3] device connected
to positive supply. These two methods are illustrated in Fig. 4.1.
Implementation of the source connected DC shift can be done with
a tail current source for di�erential circuits with some limitations as
outlined in Section 5.2.2.1.

4.1.1 Designing derivative superposition ampli�ers

As the concept of derivative superposition ampli�ers is derived from
the low frequency large signal behaviour of the MOS transistor design-
ing such an ampli�er is initially done using DC-analysis as outlined in,
albeit for an alternative structure, [32]. The �rst step of designing a
derivative superposition ampli�er is to select the ampli�er transistor,
MA in Fig. 4.1, size and bias current to achieve the desired gm, noise
and bandwidth. Next, the auxiliary transistor,MX in Fig. 4.1, is sized
by sweeping the gate bias voltage and measuring the currents IX , IA
and IC as labelled in Fig. 4.1.

By computing the numerical derivatives of the currents IX , IA and
IC the transconductance and its derivatives are obtained. For the
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Figure 4.2: Ampli�er used to measure the transconductance charac-
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ampli�er of Fig. 4.2 the corresponding transconductance and deriv-
atives is as illustrated in Fig. 4.3. The plots shown in Fig. 4.3 are
the di�erential transconductances. Di�erential transconductance is
measured as for di�erential circuits this quantity de�nes the transfer
characteristics. Single ended or common mode linearity is primarily of
interest when considering mismatch which should be minimised as well
by using this technique. Considering this, it is preferable to construct
circuits using di�erential transconductance derivatives to predict open
loop linearity.

Fig. 4.3 shows an example where both g′m and g′′m of the main and aux-
iliary transistors are well matched. However, as previously described,
if this was not the case then tuning the size and/or bias current of
the auxiliary transistor, MX , so that its g′m and g′′m are well matched
to that of the primary transistor, MA, would be possible. This is un-
derstood as both g′m and g′′m for the auxiliary transistor have opposite
signs when cross connecting the transistors as in Fig. 4.2. Depending
on the topology used the nulling of g′m and g′′m may come at the ex-
pense of loosing some transconductance, this is the case for the circuit
of Fig. 4.2 whereas a non cross coupled circuit such as those in Fig. 4.1
would not su�er transconductance loss.
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When constructing a derivative superposition ampli�er it is desirable
to connect the drains of the auxiliary and primary transistor to a low
impedance node. This is to ensure that the voltage swing across the
nonlinear gds of the transistor is kept low which ensures that gm non-
linearity is the primary source of nonlinearity in the transconductance
stage of the ampli�er. Furthermore, a low impedance node allows the
output currents to sum with minimal disturbance by gds due to current
division, making the implementation closer to an ideal summation.

4.2 Post distortion

A technique which is similar to derivative superposition is post dis-
tortion where an auxiliary device is added after the main amplifying
device to cancel the intermodulation distortion. The circuit of Fig. 4.4
is discussed in [1] and [32]. The circuits bias the common gate tran-
sistor MA so that it sinks distortion current generated by the primary
transistor MA. This improves the linearity of the equivalent transcon-
ductance stage as seen from the source of MC .

Unfortunately the PMOS common gate post distorter steals some of
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Figure 4.4: Post distortion ampli�er using a PMOS common gate IM3
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the signal current, which reduces the ampli�er gain. To alleviate this
issue, current sources can be added in parallel to the load resistors
as the transistors MSP in Fig. 4.4. This is the same approach as
in the ampli�er in Fig. 4.2. The current source allows for the load
resistor Rload to be increased in size whilst still being the main cur-
rent to voltage conversion device. Provided that the current source
has a high enough output impedance the ampli�er gain will still be
gmeff

· Rload, where gmeff
is the e�ective transconductance of the lin-

earised transconductance stage. However, as the output impedance
of short channel CMOS is limited, nonlinear gds will still contribute
load nonlinearity in the circuits of Fig. 4.2 and 4.4. This limits the
e�ectiveness of the transconductance linearisation. This is studied in
greater detail in Chapter 5.
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Chapter 5

Simulation results

This chapter covers simulation con�gurations and results for the mix-
ers and ampli�ers designed in this thesis. The chapter is subdivided
in three parts. Simulations of the properties of the passive mixer core,
design and simulations of linearised BB ampli�ers and the perform-
ance of passive mixers incorporating linearised BB ampli�ers is treated
each in their own section. For all mixers and ampli�ers presented in
this chapter the substrate connection of all transistors is tied to supply,
negative supply for NMOS transistors and positive supply for PMOS
transistors. This is not explicitly shown in schematics to facilitate
readability.

All mixer simulations in this chapter are run at 4 GHz LO frequency.
This frequency is chosen as 3G uses frequencies around 2 GHz [4]
which is doubled to put further strain on the mixer. In general, any
frequency close to 4 GHz could be used for the simulations presented
and would yield similar results. However, as stated, results are only
presented for the case of a 4 GHz LO.

5.1 Passive mixer core

To study the e�ects of using complementary switches in the passive
mixer, the basic circuit from Fig. 2.3, reprised here as Fig. 5.1, is used.
The load marked ZL in the �gure is the sum of all loads on the mixer.
In the tests performed in this section this is just device capacitances,
i.e. no additional load connected, or a sampling capacitor. For the
current-mode mixers the load is that of the TIA input impedance. In
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Figure 5.1: Double balanced passive mixer implemented using NMOS
transistors. Reprise of Fig. 2.3 from Chapter 2.

Fig. 2.3, the mixer output nodes are biased either through the TIA
input reference voltage or by direct coupling the signal to the mixer
and DC-shifting it to the desired common mode level.

For the di�erent con�gurations, only the transistors are changed and
of course LO-polarity, which means that the mixers are tested under
identical conditions. One interesting property of this circuit is that it
is very easy to study the impact of load impedance on the circuit. This
is as there are no other non ideal components apart from the mixer
core. Therefore the load impedance is solely determined by what is
connected to the output node of the mixer.

5.1.1 On-conductance nonlinearity

In a passive mixer, the switch transistors should either be in the o�
state or the triode region of operation. Any time spent outside these
two regions of operation, as during LO transitions, will generate a
nonlinear transfer characteristic as the switch transistor has a non
constant conductance under these conditions. However, ignoring this
e�ect it can also be observed that the transistor on-conductance shows
a nonlinear dependence to conducted current, or equivalently voltage
applied across the drain and source terminals. By performing a test
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Figure 5.2: On state conductance of 7× 1/0.06 µm NMOS/PMOS tran-
sistors, VGS = 0.6V, VDB = VSB = 0.6V.

which is similar to the Gummel symmetry test [33] the on state res-
istance and its linearity characteristics can be studied.

Fig. 5.2 shows the results of such a test where the on-conductance
with derivatives is studied. The test is performed for equal sized,
both 7× 1/0.06 µm, NMOS and PMOS transistors operated at 600mV
common mode voltage. The symmetrical nature of the on resistance
will, for small Vds, give rise odd order distortion as an applied sinus-
oidal voltage be compressed or expanded symmetrically around 0 V.
Another notable aspect is that the PMOS and NMOS conductance
derivatives are almost mirror images of each other even though the
on-conductances magnitudes are not matched. The conductance de-
rivatives of a transmission gate is also shown in Fig. 5.2 drawn as a
solid line.

It is seen that the transmission gate has a considerably more linear,
or equivalently constant, conductance over the range of inputs smaller
than about ±25mV. This agrees with the results in [13] but here
the same results are obtained by considering the on-conductance as
opposed to switch transconductance. Furthermore, this test uses the
more accurate PSP model for MOS transistors instead of the inferior
BSIM1 model [33, 13].
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It should however be noted that while the plots of Fig. 5.2 look ap-
pealing, it comes at the cost of doubled area and capacitive load on
the LO compared to an implementation using just 7×N- or PMOS
switch devices. Furthermore the results are valid only when the LO
has reached its peak values. Appendix D.2 show the resultant time
domain waveforms when applying a sinusoidal waveform across the
transmission gate. The results presented in Appendix D.2 show that
for a transmission gate the peak current deviation from a constant res-
istance, �tted at 0V input, is reduced by 100 times compared to the
individual transistors. This e�ect reduces harmonic distortion consid-
erably but is expected to occur only when LO transition times are
negligible in comparison to the LO period.

5.1.2 Mixer linearity versus LO duty cycle

The gain of the passive mixer is as derived in [10] dependent on the
LO duty cycle. Therefore, as the linearity characteristics are typically
measured in terms of input or output referred intercept points, the
linearity �gures are directly a�ected by the LO duty cycle [10]. Chan-
ging the LO duty cycle will also in�uence the distribution between
the on and o� periods which changes the average, over one LO period,
transistor characteristics. This should a�ect the magnitude and dis-
tribution, even/odd, of the harmonics generated.

To study this e�ect as well as to get a benchmark to compare the
complete mixer solutions of Section 5.4.1 with the circuit of Fig. 5.3
is used. The transimpedance ampli�ers are implemented using ideal
inverting voltage ampli�ers with an open loop gain of 10, 20 dB. 20 dB
is chosen as this is close to the NMOS µ in the technology used.
Transistor µ is used as a gauge of achievable gain in a single stage non
cascoded ampli�er, which is the design targeted in this thesis. The
feedback network Rfb ‖ Cfb used is 2 kΩ ‖ 40 fF which gives a low-
pass BB transimpedance of roughly 66 dB for low frequencies with a
cut o� frequency of 2GHz. Note that the actual transimpedance will
di�er from this value due to the limited ampli�er gain. Additional
information regarding the simulation setup and assumptions is found
in Appendix A.

Mixer linearity dependence on LO duty cycle is illustrated in Fig. 5.4.
There it can be seen that for this mixer con�guration the use of sub
50% duty cycle does a�ect linearity and gain. Unfortunately, the
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Figure 5.3: NMOS based current-mode mixer used as simulation
benchmark, input capacitors are for AC coupling.

mixer third order nonlinearity is not strongly a�ected by decreasing
the duty cycle apart from an area around 32% where linearity is su-
perior to that achieved at 50%. Second order nonlinearity is however
degraded by reducing. In Fig. 5.4 it is also seen that the output power
decreases with decreasing LO duty cycle. The cause of the dropping
output power is that the input impedance of the mixer increases with
decreasing duty cycle. This will reduce the e�ective input current as
the signal source has a �nite output impedance. This counteracts the
increasing conversion gain for smaller duty cycle described in [10].

It should be noted that in the case of a quadrature receiver the switch
overlap when using a duty cycle of more than 25% will create cur-
rent division induced I-Q gain mismatch. Furthermore the presence
of switch overlap will increase the mixer noise �gure as the DC-o�set
between BB ampli�er inputs will cause a DC current to �ow between
ampli�er inputs which in turn increases the level of �icker noise. Fur-
thermore, in non quadrature receivers the absence of switch overlap
which may appear in mixers utilising a 50% duty cycle avoids current
division between positive and negative paths which would otherwise
induce second order nonlinearity.
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5.1.3 Complementary switch networks in voltage-

mode mixers

Using the circuit of Fig. 2.3, the performance of passive voltage-mode
mixers is studied. Comparisons are performed for mixers which have
switches sized 7×1/0.06µm. The reason for selecting 7×1/0.06 µm is that
this size was determined to be large enough to drive input capacitances
of the ampli�ers designed in this thesis whilst being small enough to
not have excessive internal capacitance.

For the transmission gate, mixer the same switch area is distributed
equally between the NMOS and PMOS parts of the transmission
gate. This arrangement is chosen to avoid e�ects that arise due to
increased on-conductance when connecting additional transistors in
parallel. Which would be the case if the transmission gate was in
total 14 µm wide compared to the 7 µm of the NMOS or PMOS im-
plementations as would have been the case if simply connecting the
tested N- and PMOS mixers in parallel. Fig. 5.5 shows that no im-
provement in 3rd order nonlinearity is gained by using transmission
gates as switch devices when the mixer is loaded only by the switch
transistors' intrinsic capacitances. If instead the mixer is loaded by
50 fF capacitors, the di�erences between the transmission gate solution
and the NMOS or PMOS versions is more pronounced. The choice of
50 fF load capacitance is arbitrary however the input capacitance of
the BB ampli�ers designed in this thesis is in that range.

The results from the test using capacitive output load is shown in
Fig. 5.6 where two minor peaks in linearity with respect to third order
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ments in a voltage-mode passive mixer for fLO = 4GHz and f1,2 =
4.6GHz, 4.60314GHz.
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distortion are visible around 300mV and 700mV respectively. One of
these peaks overlap the peak in linearity with respect to second order
distortion at 700mV. This shows that considering the loading of the
mixer core is crucial when studying the linearity impact of di�erent
switch arrangements. Preferably, the circuit should be loaded by an
as close equivalent to the actual BB ampli�er as possible.

The noticeable improvement in gain for high common mode voltages
for NMOS mixers and at low voltages for PMOS mixers, is probably
coming from the decrease in switch on time that occurs when the
common mode voltage increases. In [7] it is claimed that for unity
time sampling, the conversion gain would be 0 dB which might be the
e�ect seen in Fig. 5.5.

5.1.4 Complementary switch networks in current-

mode mixers

To study the e�ect of using complementary switch networks in current-
mode passive mixers a circuit like that of Fig. 5.3 is used. The switches
are similarly to the previous section implemented as either NMOS,
PMOS or transmission gates. The con�guration studied has a 2 kΩ ‖
40 fF feedback at the TIA giving a low-pass response with a pole at
2GHz. The ampli�er used has a gain of 20 dB mimicking a high
bandwidth single stage ampli�er. By running the same common mode
voltage sweep as in the previous section the curves in Fig. 5.7 are
obtained.

The very high values for output intercept points should not be inter-
preted as the mixer being very linear in comparison to the voltage-
mode mixer. This is as the current-mode mixer has a high conversion
transimpedance stemming from the TIA stage which will raise the
output referred intercept point, particularly in this case as the TIA
is completely linear. To compare the voltage and current-mode mix-
ers in a fair way the input referred intercept points need to be used.
However this requires the translation of measurements to a common
unit such as power. One way of accomplishing this is discussed in
Appendix C but this de�nition is not used for any comparisons in this
thesis as it is doubtful whether or not the comparison would be fair
or not.
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versus common mode voltage for a current-mode mixer. fLO = 4GHz
and f1,2 = 4.6GHz, 4.60314GHz.

5.1.5 E�ects of baseband gain in current-mode mix-

ers

As the amount of BB gain directly sets the load impedance seen by
the passive mixer, through the miller e�ect making Zload = Zfb

AV
, it is

important to �nd the amount of gain where mixer linearity no longer
improves from increased BB gain. Based on previous discussions the
current-mode mixer should reach optimum linearity when there is no
voltage swing at source nor drain terminals. This happens when the
load impedance is zero, consequently for large amounts of BB gain.

To study this e�ect the mixer of Fig. 5.3 is used where the feedback
components are 2 kΩ and 40 fF as for all the current-mode simulations
described in this chapter. A common mode level of 200mV was used
and identical frequencies for the LO and input RF tones as per previ-
ous tests. Fig. 5.8 illustrates the results of this test and it is evident
that for baseband gains larger than about 10 to 20 the improvement
of third order nonlinearity is very small. Second order nonlinearity
continues to improve up to a gain of approximately 100 whereafter it
also levels o�.

In essence, these results indicate that for the passive mixers construc-
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ted in this thesis a gain of 10 to 20, as achievable in a single stage
ampli�er [18], is su�cient for the current-mode passive mixer to oper-
ate at close to optimum linearity with respect to third order distortion.
This also implies that reduction of BB ampli�er nonlinearity will have
noticeable impact on mixer performance if the amount of open loop
gain is in this range.

5.1.6 Resistive degeneration of mixer switches

As described in [17], the addition of degeneration resistors or series
resistors, to the switches in a passive mixer can reduce the amount
of second order nonlinearity. This e�ect is primarily due to improved
matching between positive and negative paths as well as between the
I and Q channels. This e�ect will not be studied within the context of
this thesis as only nominal process parameters are considered which
means that no mismatch induced second order distortion is generated.

Besides the e�ects on second order nonlinearity demonstrated in [17]
there is also the potential of improving third order nonlinearity due
to swamping out conductance nonlinearity. These e�ects are shown
in Fig. 5.9 where it is seen that for a passive mixer with a BB gain of
10 the improvement of third order nonlinearity is negligible. However,
if the BB gain is 100 then a roughly 2 dB improvement of OIP3 is
achieved when using a degeneration resistance of 190 Ω. This shows
that the previously discussed concept of the series resistors swamping
out transistor nonlinearities is valid.
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Figure 5.9: OIP3 for a current-mode mixer with di�erent series de-
generation resistors. fLO = 4GHz and f1,2 = 4.6GHz, 4.60314GHz.

5.1.7 Charge injection cancellation

To study the e�ects of charge injection cancellation in passive mixers
the simple mixer implementations of Figures 2.3 and 5.3 are used.
The e�ects of charge injection in passive mixers is studied only for the
case of an NMOS based mixer core. It is reasonable to expect that
for a PMOS based mixer the e�ects will be the same. The tests are
performed at a common mode voltage of 250mV. 25% LO duty cycle
is is used when studying charge injection e�ects. In fact, operating
the mixer at 50% duty cycle accomplishes charge injection cancellation
without extra transistors as charge is simply pumped between the two
switch transistors sharing a common node.

To generate appropriate waveform for the charge injection cancellation
switches a simple NOR-gate implementation, as in Fig. 5.10, can be
used. However, the NOR-gate will need to be carefully designed for
the switching of the dummy devices to be synchronous with the main
switch devices.

The e�ects of charge injection cancellation for a NMOS based voltage-
mode mixer is given in Table 5.1. For current-mode mixers, no results
are presented here as the e�ects of charge injection cancellation for
was negligible. One notable feature is that charge injection cancel-
lation gives a considerable improvement in second order nonlinearity.
This is to be expected as the charge injection will modulate the ef-
fective threshold voltage of the mixer switches. This makes the switch
threshold dependent on the input signal level, and also di�erent for
positive and negative paths.
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Figure 5.10: Implementation sketch for NMOS charge injection can-
celling mixer

Table 5.1: E�ects of charge injection cancellation on voltage-mode
passive mixers, fLO = 4GHz and f1,2 = 4.6GHz, 4.60314GHz. Mixer
operated at 250mV Vcm.

Mixer GC [dB] OIP2 [dBm] OIP3 [dBm]
With charge injection
cancellation

−2.2 35.8 19.3

Without charge
injection cancellation

−4.0 6.1 17.3
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5.2 Linearised baseband ampli�ers

This section details the design and performance of linearised baseband
ampli�ers. In the designed ampli�ers all transistors are operated with
their substrate tied to ground or supply for NMOS and PMOS devices,
respectively. For the ampli�er designed in this section the bandwidth
presented is the non compensated −3 dB bandwidth. This bandwidth
should be expected to drop slightly after frequency compensation but
as single stage ampli�ers are inherently more stable than multi stage
ampli�ers, the reduction is expected to be small.

5.2.1 Derivative superposition using common mode

voltage shift

As an initial �proof of concept� approach to linearisation of BB amp-
li�ers, a simpli�ed approach is used. This approach uses ideal voltage
sources for generating the DC-shift required to set the transistor op-
erating points where the main transistor g′′m is nulled by the addition
of the auxiliary transistor. However, as argued in Chapter 4 this
approach is not feasible in an actual implementation. For implement-
ation friendly approaches to derivative superposition ampli�ers refer
to Sections 5.2.2 through 5.2.4.

Fig. 4.1 a) illustrates the simulated derivative superposition ampli�er.
The ampli�er is designed using the procedure outlined in 4.1.1, ex-
ploiting the symmetry of g′′m around 180− 200mV as seen in Fig. 2.4.
Initially the drain source voltage is set by a voltage source which fur-
ther simpli�es the design. In this con�guration transistor sizes of
17 × 2/0.14 µm and 8 × 2/0.14 µm, for the primary and auxiliary tran-
sistor respectively gives an area around 200 mV where g′′m is close to
zero.

In a more realistic ampli�er con�guration the drain source voltage is
generated by a cascode transistor with current supplied from a res-
istive load, as is illustrated in Fig. 4.1. In this con�guration, the gm
derivatives of Fig. 5.11 are obtained. Note that the move from a zero
ohm load, as the voltage source used previously presents, to a non
zero ohm load requires some changes in the circuit. This change is
mainly to increase the size of the auxiliary transistor to 55× 2/0.14 µm
in order to achieve zero g′′m. The di�erence is remarkable but none
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Figure 5.11: Output current and di�erential transconductance with
derivatives for the NMOS derivative superposition ampli�er using ideal
DC shift.

the less ful�ls the requirement of zero g′′m and consequently third or-
der distortion cancellation. As this circuit is intended primarily as a
demonstration of the linearity improvement achievable by the derivat-
ive superposition, no amount of e�ort has been put in optimisation of
gain with respect to linearity as well as linearity of the output stage.
With regards to the output stage, the source follower causes a severe
degradation in ampli�er linearity which is discussed in greater detail
in Section 5.2.5.

With the linearity problems stemming from the source follower output
stage, Table 5.2 presents a comparison between the derivative super-
position ampli�er for both at the internal ampli�cation node as well
as the source follower output node. The comparison shows the down-
side of using a source follower output stage. The source follower may
cause output nonlinearity to be independent of linearity in the internal
nodes.
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Table 5.2: Performance of the derivative superposition ampli�er with
and without linearising cross coupled di�erential pair. Linearity and
gain measured at 10MHz with −60 dBV input signal.

Ampli�er AV [dB] OIP3 [dBV] f-3 dB [GHz]

With auxiliary
transistor, at
internal node

20.5 18.0 0.7

With auxiliary
transistor, at output
node

18.6 5.4 0.7

Without auxiliary
transistor, at
internal node

19.4 14.0 0.7

Without auxiliary
transistor, at output
node

17.7 8.3 0.7

5.2.2 Derivative superposition using cross coupled

di�erential pair

Recognising that the DC-shift utilised in the previous section is dif-
�cult to accomplish for single ended ampli�ers operating at frequen-
cies down to DC an approach utilising a di�erential pair to achieve
linearisation is proposed here. Intuitively the e�ects of biasing the
transistors using a current source should be identical to that of a shift
in e�ective VGS as used in the previous section to set operating points
for the transistors. However, this is not accurate as is explained in the
following section.

5.2.2.1 Implications of di�erential pair DC characteristics

Unfortunately, while the di�erential pair should, for small signals, be-
have equivalently to a pseudo di�erential ampli�er with the same qui-
escent current, the large signal behaviour is very di�erent. Further-
more, the large signal behaviour is unfortunately the foundation of the
derivative superposition method. In the pseudo di�erential case, the
transconductances of the auxiliary transistors do not interact allowing
the di�erential current to show an input voltage dependence similar

46



a) -40

-30

-20

-10

0

10

20

30

40

-50,0 -25,0 0,0 25,0 50,0Δ
I d

s [
µ

A
] 

ΔVgs [mV] 

ΔIds 

b) -400

-300

-200

-100

0

100

200

300

400

-50 -25 0 25 50

g
m

' 
[m

A
/V

2
] 

ΔVin [mV] 

gm' 
Ma

Mx

Mc

-10

0

10

20

30

40

50

-50 -25 0 25 50

g
m

 [
m

A
/V

] 

ΔVin [mV] 

gm 

Ma
Mx
Mc

-50

-40

-30

-20

-10

0

10

-50 -25 0 25 50

g
m

''
 [

A
/V

3
] 

ΔVin [mV] 

gm'' 

Ma

Mx

Mc

Figure 5.12: a) Di�erential output current from a pseudo di�erential
pair in weak inversion, detail from Fig. 5.11. b) Detail from Fig. 4.3.

to that of Fig. 5.12 a) if placed in the correct bias point for third or-
der intermodulation cancellation to occur. The di�erential transcon-
ductance increases for high di�erential input voltage, or equivalently,
large input signals su�er from expansion rather than compression. In
Fig. 5.12 a) the e�ect is subtle but noticeable.

In contrast the true di�erential pair looses transconductance for large
di�erential input voltages. This comes from that the maximum current
carried by a single transistor is double its quiescent current. This does
essentially mean that the di�erential current follows a similar curve
to that of Fig. 5.12 a) but saturates at 2 × Iq which means that the
transconductance drops to zero for large di�erential input voltages and
does not increase like for the pseudo di�erential pair.

Looking back at the di�erential transconductance curve of Fig. 4.3,
here reprised in Fig. 5.12 b), it is obvious that the auxiliary tran-
sistor, Mx, transconductance characteristic must be a concave in or-
der to compensate the convex curvature of the main transistor, Ma,
transconductance. This cannot be accomplished by a di�erential pair
unless the signal currents are cross coupled as per the explanation in
the previous paragraph.

5.2.2.2 Simulation data

With the results from previous section in mind a derivative superpos-
ition ampli�er using a cross coupled di�erential pair as the linearising
element is designed. The main and auxiliary transistors are sized
33× 2/0.14 µm and 17× 2/0.14 µm respectively, based on the DC-analysis
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using the di�erential transconductance derivatives as described in Sec-
tion 4.1.1. The bias current for the main transistors is 2.2mA and the
auxiliary transistors are biased at 84 µA. The bias current of the aux-
iliary transistor is very small, about 1/26:th, compared to that of the
main transistor. This allows for a comparison where the auxiliary
transistors are simply removed to determine the e�ciency of this lin-
earisation scheme. The results of such a test is given in Table 5.3
where IP3 improves by 4 dB which shows the linearising e�ect.

Table 5.3: Performance of the derivative superposition ampli�er with
and without linearising cross coupled di�erential pair. Linearity and
gain measured at 10MHz with −60 dBVpeak input signal.

Ampli�er AV [dB] OIP3 [dBV] f-3 dB [GHz]

With cross coupled
lineariser

16.0 13.1 1.3

Without cross
coupled lineariser

16.8 9.0 1.3

By tuning the size ratio between the main and auxiliary transistors and
using harmonic balance analysis, the third order intercept point can be
improved further. However, optimal size for the auxiliary transistor as
determined by harmonic balance analysis is signal level dependent. For
each input signal level there is a �sweet spot� where perfect cancellation
of intermodulation currents occur. The input level dependence of this
sweet spot solution is presumably due to moving the input di�erential
voltages where g′′m crosses zero as opposed to the DC-analysis based
solution where g′′m only reaches zero close to Vindi� = 0.

By decreasing the input level signi�cantly, the optimal size of the aux-
iliary transistor does indeed approach the 17× 2/0.14 µm , as suggested
by DC analysis. However, at such small input levels, the upper and
lower IM3 harmonics diverge in amplitude due to simulator character-
istics indicating that the results are invalid. The full schematic with
sizes and bias currents for all transistors is given in Appendix B. For
the simulations performed later in this section the size derived from
DC-analysis is used. This is done to verify the accuracy of the DC
solution.
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5.2.3 Derivative superposition using PMOS auxil-

iary transistor

As illustrated in Fig. 4.1 b), it is possible to implement a derivative su-
perposition ampli�er using a PMOS transistor as the auxiliary device
instead of an NMOS, such as suggested in [3] and [1]. By sizing the
auxiliary device and setting the input common mode voltage appro-
priately, the PMOS can operate in the weak inversion region. In this
region of operation both g′m and g′′m are of opposite sign compared to
the NMOS primary ampli�cation transistor [3]. However, achieving
this bias point requires a precise relationship between the threshold
voltages of the two devices. Furthermore, for the PMOS transistor to
operate in weak inversion while the NMOS transistor is not driven into
the triode region of operation, both devices need to be high threshold
voltage varieties and the input common mode level must be close to
half supply. Within the context of this thesis this implies unfavour-
able operating conditions for the passive mixer if implemented using
NMOS transistors.

Regardless of the di�culties outlined above an ampli�er using this
linearisation technique is studied here. By using standard threshold
voltage devices, the highest threshold devices available in the 65 nm
RF CMOS design kit for which PSP models are available, and oper-
ating at an input common mode level of 725mV, an ampli�er utiliz-
ing this linearisation technique is constructed. The NMOS primary
ampli�cation transistor is sized 16 × 2/0.14 µm and the PMOS auxili-
ary transistor 85 × 2/0.14 µm. The bias currents are 1.62mA for the
NMOS and 373 µA for the PMOS device. The corresponding di�eren-
tial transconductance and derivatives are given in Fig. 5.13.

The results presented in Fig. 5.13 indicates that the ampli�er con�g-
uration should be more linear than just the NMOS transistor. More
so, the ampli�er should have increased transconductance compared to
that of the NMOS transistor. This is in contrast to the derivative
superposition ampli�er using a cross coupled di�erential pair where
transconductance is decreased by the linearisation. In this ampli�er
an appreciable amount of the bias current for the NMOS transistor is
supplied by the PMOS auxiliary transistor. Therefore, simply remov-
ing this transistor for the purpose of comparing the linearised and non
linearised case would upset the bias point for the ampli�er. This would
not allow for a fair comparison between the linearised and non linear-
ised case. By connecting the PMOS transistor to the input common
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Figure 5.13: Di�erential output current and transconductance with
derivatives for the derivative superposition ampli�er using a PMOS
auxiliary transistor.

mode voltage instead of removing it, the bias point can be conserved.
This method is used to determine ampli�er characteristics for com-
parisons with the non linearised case. However, doing so decreases
the input capacitive load to just 16% of the linearised ampli�er which
will also a�ect ampli�er properties, and of course the performance of
the passive mixer core. The performance metrics of the derivative
superposition ampli�er using a PMOS auxiliary transistor is given in
Table 5.4. The full schematic of the linearised ampli�er is given in
Fig. 5.14.

Another method for estimating the e�ect of the auxiliary transistor
on linearity is to measure the output current harmonics of the three
devices in the circuit, the main ampli�er, auxiliary transistor and
cascode transistor. Using this approach it is seen that the third order
intermodulation current is reduced by 20 dB compared to what is gen-
erated by the main ampli�cation transistor. This would correspond
to a 10 dB improvement in third order intercept point provided that
the load and cascode are linear.
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Figure 5.14: Schematic for the derivative superposition ampli�er using
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Table 5.4: Performance metrics of the derivative superposition ampli-
�er using a PMOS auxiliary transistor.

Ampli�er AV [dB] OIP3 [dBV] f-3 dB [GHz]

Linearised 14.3 19.4 1.1
Non linearised 10.0 11.6 1.1

It is apparent that the use of the additional transistor serves both to
increase the amount of gain as well as ampli�cation. Though none
of the ampli�ers have large amounts of ampli�cation. To increase the
amount of ampli�cation, the load resistor could be replaced with a res-
istor/current source combination as in Fig. 4.2. However, in this case,
doing so caused load impedance nonlinearity to dominate ampli�er
linearity which makes linearisation of the transconductor pointless.

5.2.4 Post distortion using folded PMOS common

gate ampli�er

In [32] a linearisation technique for CMOS LNAs is proposed which
uses a PMOS common gate ampli�er to post distort the current from
the main ampli�cation transistor. By selecting the proper gate voltage
and size ratio between the tree transistors, MA, MX andMC , in the
cascode con�guration of Fig. 4.4 the linearity of the resulting voltage
to current converter can be improved. However, when the PMOS
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device is placed in the correct operating point for IM3 cancellation,
a signi�cant amount of signal current is sunk by the auxiliary device,
e�ectively limiting the gain of the ampli�er, as can be seen in Table 5.5.

Sizing the ampli�er so that the main ampli�cation transistor is 33 ×
2/0.14 µm and the PMOS IM3 sinker 41×2/0.14 µm and with bias currents
1mA and 128 µA, respectively, the ampli�er performs according to
Table 5.5. In Table 5.5 the performance of the post distortion ampli�er
is compared to the same ampli�er with the PMOS post distortion
device replaced by an ideal current source to maintain the correct
bias point for the ampli�er. Note that linearity does not improve
signi�cantly. However, the IM3 current produced by the linearised
transconductance stage is considerably lower than than in the non
linearised ampli�er. This indicates that the cascode device and/or
load impedance dominates nonlinearity in this ampli�er.

Table 5.5: Performance metrics of the linearised ampli�er using folded
PMOS IM3 post distorter, or IM3 sinker as described in [32].

Ampli�er AV [dB] OIP3 [dBV] f-3 dB [GHz]

With post distortion 15.7 −1.0 0.7
Without post distortion 18.0 −1.8 0.7

5.2.5 Output stage nonlinearity and matching char-

acteristics

All of the ampli�ers discussed in the previous sections use a simple
source follower type output stage. The source follower has a num-
ber of problems. The achievable gain is much less than unity, for low
impedance loads below −6 dB, and the circuit is very nonlinear in
certain operating points. Testing the source follower using a NMOS
implementation biased by a NMOS current source show that the third
order intercept point for the follower can vary as much as 10 dB. The
amount of distortion depends on the chosen operating point. In par-
ticular if VDS is small in comparison to VOV = VGS − VTH , so that
the source follower is barely in saturation, the amount of distortion is
maximised.

Considering the ampli�er of Section 5.2.1 and the concept of dominant
source of nonlinearity, as discussed in Section 2.4, the IIP3 of the
source follower, measured outside the circuit, is −5 dBV when seen
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from the input of the ampli�er. The linearised ampli�er on the other
hand has an IIP3 of 11 dBV showing that the source follower is in fact
the dominant source of nonlinearity in that circuit. This means that
possible ampli�er linearity is decreased by adding the source follower
stage. Hence, the ampli�er is presumably less linear in a feedback
arrangement using a source follower output stage than if it is used as
an open loop ampli�er without the source follower stage, contrary to
what might be expected.

Another note is that obtaining the proper bias point for the ampli�ers
presented in this chapter is critical in order to achieve the best possible
linearity. Regarding this, the source follower poses another problem.
This is understood by considering how the ampli�er bias point is gen-
erated in the closed loop and open loop con�gurations. In the open
loop case, the ampli�er bias point is generated via a current mirror
which for DC is connected to the gate of the ampli�er transistors. This
allows for a well de�ned quiescent current as it can be derived from a
current reference. In the feedback con�guration the quiescent current
is determined by the threshold voltage of the source follower and the
voltage drop across the load resistance. Thus, the operating point of
the ampli�er relies on several parameters which ought to increase pro-
cess induced bias spread. Furthermore, most of these circuits operate
with a common mode input level close to ground and a common mode
voltage at the internal ampli�cation node that is close to supply. This
means that the source follower must have a VGS close to the full sup-
ply voltage. Hence the source follower is preferably a high Vth device
which will induce further mismatch between the follower and the amp-
li�cation transistor as their di�ering threshold voltages are adjusted
in separate steps [34]1.

5.3 LO driver circuit used in simulations

To avoid any e�ects appearing in the simulations due to using an
ideal pulse wave voltage source as the LO, a cascade of inverters (four
inverters to be exact) type LO driver is used for the complete mixer
simulations. The LO driver uses low threshold voltage devices sized

1Note that the method proposed in [34] is but one way to manufacture multi
threshold CMOS. None the less the process described in [34] shows that threshold
adjustment requires extra process steps compared to standard CMOS technology.
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according to Table. 5.6. The rise and fall times at the output of the
LO driver is roughly 25 ps when driving the switch transistors.

Table 5.6: Sizes for the four stage LO driver/bu�er
Stage 1 2 3 4

WN [µm] 0.5 0.5 1 2.5
WP [µm] 1.5 1.5 3 7.5

The e�ects of using the non ideal LO driver compared to a voltage
source based ideal LO driver with various rise times are given in
Table 5.7. In Table 5.7 it is seen that the switch to a non ideal LO
driver has a small e�ect on the overall linearity of the mixer circuit.
The IP3 for similar rise times is improved by less than 2 dB when
using an ideal LO-driver. However, the rise time of the LO a�ects
the linearity of the mixer, and optimal linearity is achieved for rise-
times around 25 ps. The tests are performed using the same mixer
con�guration in Section 5.1.2.

Table 5.7: Performance of current-mode passive mixer with ideal and
non ideal LO-drive circuitry

Con�guration RC [dB] LO trise [ps] OIP3 [dBm]

Ideal LO drive 65 1 28.0
Ideal LO drive 64.5 25 29.4
Ideal LO drive 64 50 26.8

Non ideal LO drive 64 ≈ 25 27.7

5.4 Complete mixer circuit

This section summarises the performance of passive mixers using the
linearised BB ampli�ers from the previous sections. For the mixer us-
ing the derivative superposition ampli�er with PMOS auxiliary tran-
sistor, which operates close to half supply, results are presented both
using an NMOS based mixer core and using a mixer core with trans-
mission gates. This is to give an estimate of achievable circuit per-
formance when using the most favourable mixer con�guration. In
these simulations 25% LO duty cycle is used which is responsible for
the slightly higher RC/GC than what is presented for similar mixer
con�gurations in Fig. 5.8.
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5.4.1 Current-mode mixers using linearised BB amp-

li�ers

As the linearised ampli�ers designed in Section 5.2 have varying levels
of gain their input impedance when connected as transimpedance amp-
li�ers will not be equal. This e�ectively means that the linearity of
the passive mixer core is di�erent for all of the ampli�ers. This will in-
�uence the comparison between the di�erent linearisation techniques.
The CMOS derivative superposition ampli�er using a PMOS auxili-
ary transistor, in particular, operates so close to half supply that using
complementary mixer switches is desirable making comparisons even
more di�cult.

Therefore in an e�ort to see how close to the achievable performance
the mixer circuits are, a test arrangement using ideal ampli�ers is
used. The test performed for each mixer implementation consists of
the mixer with �rst: the linearised ampli�er, second: the non lin-
earised ampli�er and �nally an ideal ampli�er with the same gain as
the linearised ampli�er, and 50 fF of input capacitance as used in the
simulations of the passive mixer core. This testing scheme should
show the e�ects of the proposed linearisation technique and allow for
fair comparisons between the mixer circuits, provided that the input
capacitance of the ampli�er stage is close to 50 fF.

All tests in this section are done using the basic circuit of Fig. 5.3
but for the CMOS derivative superposition ampli�er using a PMOS
auxiliary transistor, the test are performed both with a transmission
gate based mixer and with a NMOS mixer. The values for the feedback
components in the tested circuits are the same as in Section 5.1.4. The
LO-driver used is the one described in Section 5.3.

Results from the tests are presented in Table 5.8 and 5.9 where the
conversion transimpedance RC is de�ned as the ratio between the
output voltage and input current. In Table 5.8, a NMOS passive
mixer core is used whereas in Table 5.9 a transmission gate version is
used. In Tables 5.8 through 5.10 the mixer circuits are labelled as:

1. Using the derivative superposition ampli�er with cross coupled
di�erential pair operating at 248mV input common mode

2. Using the NMOS derivative superposition ampli�er with DC-
shift operating at 200mV input common mode
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Table 5.8: Performance of di�erent current-mode passive mixer con-
�gurations, tests performed with LO at 4GHz and two RF tones at
4.6GHz and 4.60314GHz respectively.
Ampli�er RC

[dB]
OIP2

[dBm]
OIP3

[dBm]
Ampli�er power
dissipation [mW]

1 Linearised 61.8 32.6 21.2 7.4
1 Non Linearised 62.0 33.8 18.8 7.4
1 Equivalent gain 62.0 34.1 25.8 N/A
2 Linearised 62.5 31.2 15.6 4.1
2 Non Linearised 61.8 33.1 15.8 4.0
2 Equivalent gain 61.8 37.5 25.4 N/A
3 Linearised 51.7 −19.0 −10.1 4.6
3 Non Linearised 44.0 −23.0 −13.0 4.6
3 Equivalent gain 63.0 −2.0 1.3 N/A
4 Linearised 59.0 18.0 9.7 5.1
4 Non Linearised 58.6 20.6 9.5 5.1
4 Equivalent gain 59.0 50.0 28.5 N/A

3. Using the CMOS derivative superposition ampli�er with PMOS
auxiliary transistor operating at 724mV input common mode

4. Using the post distortion ampli�er using with PMOS folded
common gate post distorter operating at 206mV input common
mode

The data presented in Table 5.8 shows that the linearity of the base
band ampli�er has a noticeable impact on the linearity of the complete
mixer circuit. In particular, the cross coupled derivative superposition
shows this e�ect even though the non linearised ampli�er has higher
gain. The cross coupled pair gives a 2.4 dB improvement of third
order intercept point. This e�ect is also seen for the CMOS derivat-
ive superposition ampli�er although the unfavourable operating point
causes the total circuit nonlinearity to be greater than in the other
circuits.
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Table 5.9: Performance of the CMOS derivative superposition ampli-
�er with PMOS auxiliary transistor with a transmission gate mixer.
LO at 4GHz and two RF tones at 4.6GHz and 4.60314GHz respect-
ively.
Ampli�er RC

[dB]
OIP2

[dBm]
OIP3

[dBm]
Ampli�er power
dissipation [mW]

3 Linearised 58.3 11.0 3.7 4.6
3 Non Linearised 51.0 7.0 2.4 4.6
3 Equivalent gain 59.0 12.0 6.8 N/A

5.4.2 Voltage-mode mixers using linearised BB amp-

li�ers

Even though current-mode architectures are popular for short chan-
nel CMOS implementations [12], and the available supply voltage is
limited, voltage-mode architectures should not be considered obsolete.
Furthermore, voltage-mode architectures allow for the BB ampli�er to
be operated in an open loop con�guration. Hence the BB-ampli�er
stage can be designed for optimum linearity rather than achieving the
required input common mode voltage. Furthermore there is no need
to drive a resistive feedback network. This makes it possible to omit
the source follower output stage which allows for even greater BB-
ampli�er linearity. Considering, that it is likely that the base band
ampli�er dominates system nonlinearity, the relative increase in sys-
tem linearity might be greater for voltage-mode circuits.

As shown in Table 5.10 it is indeed the case that the impact of im-
proved BB linearity is greater in voltage-mode mixers. Note that in
contrast to Table 5.8 the �gures for ampli�er 3 are given when com-
bined with a transmission gate mixer. The results in Table 5.10 are
for ampli�ers using a source follower output stage. This is done to
ensure that all ampli�ers are in the same con�guration as what was
used to generate their open loop performance metrics as presented in
previous sections. When measuring before the source follower output
stage of ampli�er 1, as per the previous section, the output third order
intercept point is 2 dB higher than at the output node. Therefore, if
the next stage presents a load that can be driven by a high imped-
ance source then the linearity can be further improved by omitting
the source follower output stage.
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Table 5.10: Performance of di�erent voltage-mode passive mixer con-
�gurations, tests performed with LO at 4GHz and two RF tones at
4.6GHz and 4.60314GHz respectively.
Ampli�er GC

[dB]
OIP2

[dBm]
OIP3

[dBm]
Ampli�er power
dissipation [mW]

1 Linearised 14.6 22.6 23.8 7.4
1 Non Linearised 13.9 18.7 18.3 7.4
1 Equivalent gain 15.1 43.0 30.5 N/A
2 Linearised 14.3 9.7 18.1 4.1
2 Non Linearised 13.4 10.0 18.3 4.0
2 Equivalent gain 15.0 52.6 28.6 N/A
3 Linearised 0.0 11.6 2.9 4.6
3 Non Linearised 5.2 24.4 20.4 4.6
3 Equivalent gain 10.9 30.9 22.7 N/A
4 Linearised 10.7 −9.1 0.3 5.1of
4 Non Linearised 12.5 −9.0 0.5 5.1
4 Equivalent gain 16.6 47.0 42.0 N/A

Looking at the linearity �gures for the ideal ampli�ers, it is evident
that BB ampli�er characteristics, both ampli�cation and input imped-
ance, has a big impact on ampli�er performance. The absolute values
of OIP3,2 are also similar to the current-mode case when the ampli�er
is perfectly linear. This combined with the larger relative improve-
ment of system linearity when using linearised BB ampli�ers shows
that voltage-mode circuits are a viable alternative to current-mode
architectures.

A �nal note regarding the �gures presented for ampli�er 3 in Table
5.10, is that the conversion gain for the linearised ampli�er is very
low. The reason for the low conversion gain is that the test tone of
600MHz, demodulated, is outside the mixer bandwidth when loaded
by the large capacitance presented by the PMOS auxiliary device.
If testing at a lower frequency, such as 200MHz, then the gain and
linearity �gures approach those of the non linearised ampli�er.
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Chapter 6

Final results

6.1 Linearity of the passive mixer core

The data presented in the previous chapter show that the passive
mixer core is very sensitive to operating conditions. This is made es-
pecially clear by looking at Figures 5.5 and 5.6 where the capacitive
load on the mixer causes a radical change in the linearity versus com-
mon mode voltage characteristics, in particular for transmission gate
based mixers. Another interesting feature of the voltage-mode mixers
in those �gures is the gain increase for high common mode voltages.
This can, as stated in Section 5.1.3, be connected to the mixer moving
closer to impulse sampling which in theory should allow for a conver-
sion loss of 0 dB [10]. This e�ect is not as pronounced in the case of
current-mode mixers. Presumably, this is due to the input impedance
increasing as the e�ective overdrive voltage for the switch transistors
is reduced and e�ective LO duty cycle decreases.

The use of complementary switch networks as proposed in [13] and [15]
has a linearising e�ect both on the switch on-state conductance as
shown in Section 5.1.1 and on the linearity of the passive mixer core as
shown in Figures 5.5 through 5.7. However, the linearising properties
of the transmission gate appears only at common mode voltages close
to half supply for identical size transistors. This is if the LO is DC-
coupled to gates of the transistors so that switch VGS is dependent on
common mode voltage. Note that depending on the implementation
chosen for the BB-open loop ampli�er following the passive mixer, a
common mode voltage close to half supply may be desirable. In this
case, a mixer using complementary switches will provide an advantage
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over a non complementary mixer implementation as demonstrated in
Section 5.4.1.

Charge injection cancellation, as studied brie�y in Section 5.1.7, shows
promise as an e�ective way of limiting the amount of even order dis-
tortion generated in the voltage-mode passive mixer. As mentioned
in Section 5.1.7, this is likely to be due to the charge injection modu-
lating the turn on threshold for the mixer switches. The e�ectiveness
of this technique in the presence of capacitive loading from the next
stage is not studied. It is probably the case that capacitive loading
decreases the e�ects of charge injection. This is as the channel charge
is small in comparison to the charge stored in the successive stage's
input capacitance.

6.2 Techniques for improving ampli�er lin-

earity

As demonstrated in the previous chapter, there are several DC-compatible
techniques for improving the linearity of single stage ampli�ers. Out
of the studied linearised ampli�ers, the derivative superposition amp-
li�er using a cross coupled di�erential pair presented in Section 5.2.2
is particularly interesting. While this ampli�er su�ers from gain loss
due to the out of phase signal current from the cross coupled di�er-
ential pair the amount of gain reduction is small in comparison to the
linearity improvement. Furthermore the use of only NMOS transist-
ors in the transconductance part of the ampli�er is advantageous with
regards to matching over process corners.

Unfortunately, whilst it is possible to improve the linearity of the
transconductance stage of the BB-ampli�er other sources of nonlin-
earity such as that of the source follower or load impedance greatly
a�ect circuit performance. This complicates the design of linearised
ampli�ers and shows that ampli�er linearisation techniques need to
all sources of nonlinearity. This is particularly important in short
channel CMOS technologies where transconductance nonlinearity no
longer the only dominant cause of circuit nonlinearity [22, 1].

Considering the other ampli�ers, such as the derivative superposi-
tion ampli�er using a PMOS auxiliary transistor and the ampli�er
with PMOS post distorter. These show comparable and sometimes
greater relative improvements in linearity compared to the derivative
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superposition ampli�er using a cross coupled di�erential pair. Unfor-
tunately the matching of NMOS and PMOS transistors over process
variations is likely to be poor. Note that the demonstration ideal DC
shift NMOS derivative superposition ampli�er is omitted here as it is
included in the thesis for demonstration purposes only.

6.3 Complete circuit considerations

Considering the mixers using linearised ampli�ers, circuit linearity
does not improve to the same degree as would be expected from
simulating the ampli�ers in isolation. This is to be expected as the
BB-ampli�er is not necessarily the dominant source of nonlinearity.
Moreover, the two stages, mixer and base band ampli�er, are likely to
interact due to e�ects such as the lack of isolation between RF and
BB in passive mixers [10, 12]. None the less, the derivative super-
position ampli�er using a cross coupled di�erential pair shows that
linearisation of the BB-ampli�er will improve mixer linearity.

The derivative superposition ampli�er using a PMOS auxiliary tran-
sistor shows an appreciable degree of linearity improvement. How-
ever, the e�ects are not as strong as for the cross coupled derivative
superposition ampli�er. In the case of this ampli�er, the e�ects of
using a transmission gate based mixer are presented in Figures 5.8
and 5.9. There it is seen that the third order intercept point improves
with around 14 dB by using a transmission gate mixer instead of the
NMOS mixer. This con�rms the results of the simulations of the pass-
ive mixer core. However, this is only valid for common mode levels
close to half supply, when using a direct coupled LO. None the less,
linearity can be improved considerably by using transmission gates in
the switch network under these conditions.

For voltage-mode mixers, the e�ects of using linearised BB ampli�ers is
similar to the current-mode case. Unfortunately,only the mixer using
the derivative superposition ampli�er with a cross coupled di�erential
pair shows a linearity improvement. The cause of the limited improve-
ment in linearity for the voltage-mode passive mixers is possibly that
the mixer-core dominates circuit nonlinearity. This, as discussed in
Section 2.4, will prevent the ampli�er from improving circuit linearity.
However, considering the comparisons with ideal voltage ampli�ers in
Table 5.10 the achievable linearity does not seem to be dominated by
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the mixer but rather in some way by the BB ampli�er, be it due to
nonlinear input capacitance or simply due to ampli�er nonlinearity.
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Chapter 7

Conclusions and future work

This thesis studies the linearity performance of passive mixer circuits
for homodyne receivers. The thesis covers the mixer core as well as
BB-ampli�ers with focus on linearity performance and linearisation
techniques. Several DC-compatible ampli�er linearisation techniques
are studied and the impact of base band linearity on mixer linearity
is demonstrated. Results presented in Chapter 5 show that base band
linearity has a noticeable impact on mixer linearity.

7.1 Conclusions

The results presented in this thesis show that passive mixer linearity is
sensitive to operating conditions, such as common mode voltage level
and load impedance as previously discussed by [12]. The passive mixer
core's sensitivity to operating conditions is important to consider when
designing receivers using passive mixers. In particular, as an NMOS
based mixer core provides superior performance to both the PMOS
and complementary implementations when operating close to negative
supply, the BB-ampli�er should be designed with an input common
mode voltage close to negative supply.

The desirability of operating close to negative supply puts constraints
on the BB-ampli�er. Operating close to negative supply requires that
the BB-ampli�er has either a NMOS pseudo di�erential input pair op-
erating with small VGS, presumably low threshold devices, or a PMOS
di�erential pair operating with a large VGS. Furthermore, if using a
single stage NMOS input ampli�er with a non folded gain stage, the
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output common mode level of the ampli�er is close to positive sup-
ply, forcing the output bu�er stage to shift the signal down close to
one supply voltage. This in turn will require the designer to use high
threshold voltage devices or large quiescent currents in the output buf-
fer, which either complicate matching, as the forward voltage of the
output stage needs to be matched to the VGS of the input stage, or
increase power consumption, due to large currents, both of which are
undesirable circuit features. This could possibly be solved to some
degree by using common mode feedback, a topic not approached in
this thesis.

With regards to the linearisation of BB-ampli�ers, the three demon-
strated circuits, excluding the demonstration ampli�er using the ideal
DC-shift, show di�erent degrees of linearity improvement and suitab-
ility for use in passive mixer circuits. The NMOS derivative super-
position ampli�er using a cross coupled di�erential pair looks like the
most promising approach as the linearity improvement is consistent
both for the open loop ampli�er as well as for the complete mixer
circuit. Furthermore, the ampli�er relies only on matching NMOS
transistors. This is an advantage compared to the derivative super-
position ampli�er using a PMOS auxiliary transistor [3, 1] or the post
distortion ampli�er using a PMOS common gate post distorter [32, 1].
Both of these rely on matching between PMOS and NMOS devices.
Maintaining matching between PMOS and NMOS devices over process
variations should be considered highly unlikely as the device paramet-
ers are dependent on di�erent processing steps. This ties on to the
previously discussed matching issue between transistors of di�ering
threshold voltages as the threshold adjustment is done in a separate
process step, such as modi�cation of channel dopant level [34] or gate
oxide thickness, and therefore correlation between the two threshold
voltages will be weak at best.

Disregarding the issue of matching devices with di�erent threshold
voltages, the use of a cross coupled di�erential pair to improve the
linearity of pseudo di�erential ampli�ers is shown to be an e�ective
and DC-compatible technique. The technique also shows promise in
improving the linearity of the passive mixer based receiver.

As the power consumption of the linearising di�erential pair is very
small, this technique can be applied to existing ampli�er designs without
requiring extensive redesign of the circuit and without a penalty in
power consumption. However, the linearity degradation due to amp-
li�er load impedance nonlinearity or output stage nonlinearity may in
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practice limit the e�ectiveness of the BB ampli�er linearisation tech-
niques presented in this thesis.

In conclusion, this thesis shows that the passive mixer while it is very
linear is highly dependent on surrounding circuit properties. Thus,
studying passive mixer circuits is preferably done at a level where
both the preceding and succeeding stages as well as the LO driver is
incorporated or at the very least modelled accurately. Furthermore,
while the linearisation techniques presented are e�ective at nominal
process parameters this thesis is greatly lacking in not having studied
the e�ectiveness of these techniques when exposed to process vari-
ations. This is a glaring weak-point and is something that will require
further study if any of the ampli�ers presented or mixer circuits in
this thesis will be manufactured.

A closing note is that while voltage mode and current mode circuits
have been presented in this thesis, not much e�ort has been put on
comparisons. This stems from the issue of comparing quantities with
di�ering units. It is possible to de�ne input power derived from the
current sourced to the passive mixer as well as the voltage appearing
at the input nodes of the passive mixer. This is commonly done for
voltage quantities where the voltage is assumed to be applied over a
50 Ω load giving a power measurement. Similarly, the current could
be assumed to pass through a 50 Ω load which yet again gives power.
Comparing the two power quantities will none the less risk being non-
sensical which is why no such attempts are done.

7.2 Suggestions for future work

Research considering low power homodyne receivers is of great interest
as the use of wireless communications is rapidly increasing. Further-
more, the importance of limiting energy usage is acknowledged both
for stationary and mobile devices. With this in mind there are several
areas where further research if warranted and a complete list is out of
the scope of this thesis, probably a suitable topic for a thesis in it self.
However, this section will list a number of areas which are related to
the topics in this thesis.

The use of complementary switch networks in passive mixers is not
limited to using transmission gates as switch devices. Another pos-
sible implementation would use two independent mixers operating at
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di�erent common mode levels and combined through current summa-
tion could possibly provide similar linearity improvement without the
requirement of operation close to half supply. Such an approach was
brie�y studied in the work preceding this thesis but not to such an
extent as to give any presentable results.

Applying the DC-compatible linearisation techniques presented in this
thesis to existing ampli�ers and mixer circuits would also be an inter-
esting topic of study particularly if focus is put on manufacturability
and performance in relation to wireless standards.

Further optimisation of the linearised ampli�ers presented here is also
subject worth investigating. The fact that all ampli�ers presented in
this thesis uses only the nominal 1.2V supply means that there is
de�nitely room for improvement by simply using �outside-rail� tech-
niques [35, 36].

A �nal area of interest is to study the linearity characteristics of di�er-
ent untuned ampli�er loads and output stages. The studied ampli�er
linearisation techniques are primarily derived from low noise ampli�er
applications where high gain is not a primary requirement. Therefore,
load linearity is not of great concern as resistive loads can be used. In
some narrow band cases it is even possible to use tuned loads which
allows for a high impedance load even at high quiescent currents. This
area is of particular importance as linearised ampli�ers presented in
this thesis in some cases su�ered from load nonlinearity.
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Appendix A

Source impedance model

As the passive mixer is very sensitive to variations in source and load
impedance, a model for the output impedance of the ampli�er stage
preceding the mixer was developed. The model is not intended to
replicate a speci�c ampli�er but rather serve as a �better than none�
approximation of the output impedance of a high bandwidth ampli�er
stage.

Considering the ampli�ers developed within the context of this thesis
and the characteristics of the transistors available, in the 65 nm RF/analgoue
process used, a output capacitance of 50 fF was chosen as a reason-
able estimate of the drain source capacitance. The actual value for a
33× 2/0.06 µm transistor, a size frequently used in this thesis, is 39 fF.
The −3 dB bandwidth of the cascode ampli�ers implemented in this
thesis is in the range of 2 GHz. As a carrier frequency of 4 GHz was
used frequently in the simulations, a −3 dB bandwidth of 10 GHz was
chosen for the output impedance model. The model is illustrated in
Fig. A.1. For voltage mode circuits the model was replaced by its
Thevenin equivalent.

R
o

I
source

C
o

R
o
= 330 Ω

C
o
= 50 fF

Figure A.1: Output impedance model used in passive mixer simula-
tions
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Appendix B

Complete schematics for

studied circuits

This appendix contains the complete schematics for the tested BB-
ampli�ers. The schematics contain sizes, bias currents and bias voltages
for all devices in the circuit as well as their types. This appendix is
provided as a quick reference for verifying the results of this thesis and
by no means are these circuits to be considered as optimised examples
of the studied techniques.
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B.1 NMOS derivative superposition amp-

li�er using DC shift
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Figure B.1: Schematic for the NMOS derivative superposition ampli-
�er using ideal DC shift
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B.2 NMOS derivative superposition amp-

li�er using cross coupled di�erential

pair
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Figure B.2: Schematic for the NMOS derivative superposition ampli-
�er using a cross coupled di�erential pair
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B.3 CMOS derivative superposition amp-

li�er using PMOS auxiliary transistor
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Figure B.3: Schematic for CMOS derivative superposition ampli�er
using a PMOS auxiliary transistor
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B.4 Post distortion ampli�er using folded

PMOS common gate post distorter

V
biasX

V
biasC

M
A

M
X

M
C

4kΩV
biasSP

V
in
+

33X1/0.14 µm 28X1/0.14 µm

33X1/0.14 µm

100X2/0.36 µm

I
X

60X1/0.36 µm

10X3/0.09 µm

I
A

I
SP

I
F

I
X
=189 µA

I
A
=905 µA

I
F
=500 µA

I
SP

=1 mA

Illustration of ½ of amplifier 
where other half is identical

M
SP

M
SF

M
SN

V
biasSN

V
out

-

Figure B.4: Schematic for the post distortion ampli�er using PMOS
common gate post distorter
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Appendix C

Possible de�nition of input and

output power

RF engineering commonly describes input and output levels in terms of
power or dBm. Using dBm as a measurement unit makes perfect sense
in systems having well de�ned source and load impedances. However,
for the circuits studied in this thesis this is not the case as the circuits
have either very low impedance, corresponding to current-mode, or
very high impedance, corresponding to voltage-mode. Thus, the actual
input and output power is zero for all circuits. However, in order to
present the measured data in a familiar format, a system for moving
between current/voltage measurements and power is used throughout
the thesis. This system is commonly employed, at least in terms of
voltage to power conversion, in publications on RF circuits.

With regards to interpreting voltage in terms of power, the conversion
is done thorugh assuming that the voltage is applied across a 50 Ω
load. This is the equivalent of having a �super bu�er� connected to
the measured node that drives a 50 Ω load and measuring the resulting
power. This conversion is illustrated by Fig. C.1.
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Figure C.1: Voltage to power conversion
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Figure C.2: Current to power conversion

With regards to current-mode, the conversion consists of an imaginary
current bu�er. Essentially the case is the same as for voltage-mode
circuits. The input current is converted to power by passing it through
a 50 Ω load, as illustrated in Fig. C.2. Assuming that peak quantities
are measured, the conversions are given by:

Current to power: 10 · log10

((
10

Iin/20√
2

)2

· 50
0.001

)
= Iin + 44 dBm

(C.1)

Voltage to power: 10 · log10

((
10

V in/20
√
2

)2

· 1
50·0.001

)
= Vin + 10 dBm .

(C.2)

If RMS quantities are measured the same �gures are +47 dBm for
current and +13 dBm for voltage.

Whether or not this makes sense is the readers decision. In the thesis
the only conversion used is that of voltage to power. The opinion of
the author of this thesis is that the use of these conversions are at
best questionable as without a well de�ned impedance any de�nition
of power is completely �ctional. Thus for integrated circuits it would
be more appropriate to measure quantities in dBV or the equivalent
unit for current dB-Ampere or dBA (not to be confused with the A-
weighted sound pressure measurement of dBA [37]).
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Appendix D

Low frequency distortion

current in MOS switches

The test used to determine the nonlinear characteristics of MOS switches
in the linear region is the Gummel symmetry test commonly used to
check the behaviour of MOSFET models with a VDS close to zero [33].
The test setup is illustrated in Fig. D.1. However, another use for this
test is to study the nonlinear behaviour of the on state conductance
when a sinusoidal waveform is applied across the switches, correspond-
ing roughly to a mixer where the LO frequency is much lower than
the RF carrier frequency. While this is not the case in homodyne
receivers, switch nonlinearity will a�ect the signal in a similar way.

To study the nonlinearity of a MOS switch, a 1 kHz sinusoidal wave
with 10mV peak voltage is applied across the switch as per Fig. D.1.
The switch devices are sized 7× 1/0.06 µm both NMOS and PMOS and
the test is performed with a common mode voltage of 600 mV. The
gates of the NMOS and PMOS transistors are connected to 1.2V and
0V respectively. Fig. D.2 show the resultant current waveform as well
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Figure D.1: Setup for the Gummel symmetry test
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Figure D.2: Current waveforms for the symmetry tested switch

as the di�erence in switch current compared to a resistor �tted at 0V
across the switch. The equivalent resistors are sized 318.4 Ω for the
NMOS, 984.1 Ω for the PMOS and 240.6 Ω for the transmission gate.
In Fig. D.2 it is shown that the di�erence current in the transmis-
sion gate is reduced by approximately 100 times by the transmission
gate connection. This corresponds to a 40 dB reduction in distortion
current which was also con�rmed by steady state analysis.
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