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Abstract 

Hall effect magnetic sensors have gradually gained dominance in the market of 

magnetic sensors during the past decades. The compatibility of Hall sensors with 

conventional CMOS technologies makes monolithic Hall sensor microsystem 

possible and economic. An attractive application is the contactless current sensor 

by using Hall sensors to measure the magnetic field generated by the electrical 

current. However, Hall sensors exhibit several non-idealities, i.e., offset, noise 

and sensitivity drift, which limit their precision. Therefore, effective techniques 

to reduce these imperfections are desired. 

This thesis presents the design of a new readout scheme for Hall magnetic sensor 

with low offset, low noise and low sensitivity drift. The Hall sensor is realized in 

N-well as Hall plate and modeled in Verilog-A for the purpose of co-simulation 

with interface circuits. The self-calibrated system is composed of two identical 

Hall plates, preamplifiers and a first-order ΣΔ modulator, which can be fully 

integrated monolithically. Four-phase spinning current technique and chopper 

stabilization technique have been employed to reduce the offset and 1/f noise of 

Hall plates and OTA, respectively. Integrated coils are used to generate the 

reference magnetic field for calibration. The preamplifiers amplify the signal and 

separate the Hall voltage and reference voltage. The ΣΔ modulator reduces the 

thermal drift by using Hall voltage as the modulator input and reference voltage 

as the DAC output. This new calibration technique also compensates the thermal 

drifts of the biasing current and readout circuits. 

The overall system is implemented in NXP 140nm CMOS process with 1.8V 

supply. The Virtuoso/Spectre simulation results show residual drifts lower than 

10ppm/ ̊C, which are 3-5 times lower than the state of the art. The input magnetic 

field and temperature range are ±100mT and -40 ̊C to 120 ̊C, respectively.  

 

Keywords Hall sensor, CMOS, offset, sensitivity drift, ΣΔ modulator, calibration  
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Chapter 1 Introduction 

1.1  Motivation 

The first commercial Hall effect magnetic sensor was available in the mid-1950s, 

after the discovery of the Hall effect and high-mobility compound 

semiconductors [1]. Today, Hall sensors are widely used in applications for linear 

and angular position, velocity, rotation, current, etc. Most of them used to be 

realized using discrete components. Since the Hall sensors are compatible with 

CMOS technologies, integrated Hall microsystem becomes popular for the 

advantages of smaller size and lower price. 

Contactless current sensing is very attractive since it is more power efficient over 

the conventional way that requires extra power dissipation in the current path. 

The contactless current sensor can be realized using Hall sensors to measure the 

magnetic field that is induced around the current carrier. Unfortunately, Hall 

sensors usually suffer from some imperfections, such as offset, noise (white and 

1/f) and sensitivity drift, which limit the accuracy. Thus, in order to obtain high 

performance applications, effective techniques to reduce the non-idealities need 

to be employed.  

1.2  Objectives 

This thesis is the continuation of a student project at NXP Semiconductors, 

Eindhoven. A master student has already designed a low offset, low noise Hall 

sensor readout [2]. However, the Hall sensor still suffers from high sensitivity 

drift, which can be as high as several hundred ppm/˚C. The objective of this thesis 

is to design and implement a fully integrated Hall sensor microsystem with low 

offset, low noise and low sensitivity drift.  

Firstly, the work started the study of Hall sensor background and previous work. 

The existed Hall sensor model should be improved by adding the description of 

sensitivity drift behavior. Secondly, the state of the art sensitivity drift calibration 

schemes and offset reduction techniques are investigated and summarized. Based 

on the survey, an effective drift reduction method should be proposed at system 

level, and the specifications of each block should be analyzed. Finally, the entire 

system should be designed and implemented to meet the requirements using NXP 

CMOS14 process.  
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1.3  Contribution 

The author has firstly improved the Hall sensor model as will be discussed in 

Chapter 2. Then the author has investigated the related works of calibration 

techniques for sensitivity drift, as well as offset and noise reduction techniques. 

After that a new fully integrated readout scheme for Hall sensors with low offset, 

low noise and low sensitivity drift has been proposed. The author has designed 

and analyzed almost all the circuits (e.g., OTA, switched-capacitor circuits and 

comparator). Design trade-offs were carefully considered to fulfill the 

specifications.   

1.4  Thesis Organization 

Chapter 1 presents the motivation and the objectives of this thesis, as well as the 

author’s contribution. 

Chapter 2 firstly presents the theory of the Hall effect magnetic sensors. Then the 

development of a Verilog-A behavior model for the Hall plate is described. The 

model is necessary and useful for co-simulation with interface circuits. 

Chapter 3 firstly discusses the state of the art techniques for offset reduction and 

sensitivity drift compensation. Pros and Cons are analyzed, which have led to the 

development of a new self-calibrated system by using ΣΔ modulator. 

Chapter 4 describes the design details of the Operational Transconductance 

Amplifier (OTA), which include topology selection, design methodology and 

performance simulation. 

Chapter 5 introduces the design of the preamplifier and integrator that are used in 

the self-calibrated system. The imperfections are analyzed and reduced using 

effective techniques. 

Chapter 6 presents the design details of the comparator with low input referred 

offset and high resolution. 

Chapter 7 shows the verification of the overall system. The residual offset, 

sensitivity drift, SNDR and nonlinearity are simulated and analyzed. 

Chapter 8 summarizes this thesis work and gives suggestion for future work.  
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Chapter 2 Hall Plates 

This chapter first introduces the Hall effect theory. Then the implementation of 

Hall plate is presented. The Hall plate is characterized and modeled for the 

purpose of co-simulation with interface circuits. The main imperfections, i.e., 

offset, drift and nonlinearity are discussed. The end of this chapter presents the 

biasing circuits and simulation results.  

2.1  Hall Effect 

Hall effect is the manifestation of the Lorentz force that affects the charge carriers 

in electrical currents. Recall Lorentz force, which is the force acting on a moving 

charged particle in an electromagnetic field. It can be represented by Lorentz 

force equation 

  F q E v B     (2.1) 

Here q is the particle charge (positive for holes and negative for electrons when 

refer to magnitude). E denotes the applied electric field while B is the magnetic 

flux density and v is the velocity of charged carriers. Equation (2.1) indicates 

Lorentz force is affected by both the external electric field and magnetic field.  

Now let us consider a general situation as depicted in Figure 2.1. A conductor is 

under external magnetic fields (Z-axis) and electric field (X-axis), both from 

origin point. Let us assume the conductor is a strong extrinsic n-type material, 

which means the majority carriers are electrons. The motion of electrons due to 

applied electric field produce electrical current along X-axis. The current density 

is expressed as 

 n nJ nqv   (2.2) 

where vn is the drift velocity of electrons and n is the electron density in the 

conductor. vn is given by  

 n nv E   (2.3) 

where μn denotes mobility of electrons in the conductor. 
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1Figure 2.1 The Hall effect 

Recall Equation (2.1), now the electrons will not only move along X-axis but also 

move along Y-axis due to the presence of the magnetic field. Therefore, the 

electrons gradually accumulate on one edge of the conductor, and generate a 

electric field EH between two edges as shown in Figure 2.1. In steady state, the 

Lorentz force from B should be exactly counterbalanced by the force from EH. 

Using Equation (2.1) with F=0, we have 

   0n Hq v B qE     (2.4) 

The Hall electric field can be expressed thereby, using Equation (2.3)  

    H n nE v B E B       (2.5) 

The voltage between two edges due to the drift of electrons is known as the Hall 

voltage, which is given by 

 H H nV E dl EBW    (2.6) 

where W denotes the conductor’s width as shown in Figure 2.1.  

2.2  Implementation of Integrated Hall Plates  

Hall plates are devices based on the Hall effect as discussed in the previous 

section. Since modern CMOS technology has advantages of low cost and high 

integration, Hall plates are commonly realized in CMOS process. A conventional 

way using N-well to realize an integrated Hall plate is depicted in Figure 2.2. The 

n
+
 layer is used as contacts between the N-well layer and the metal layer. The 
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N-well and P-type substrate form the reversed-biased pn junction, which 

insulates the Hall plate from the other components. The Hall plate in this 

implementation is parallel with the chip surface, and it is named as Z-axis Hall 

plate (or ‘horizontal’) accordingly [3]. Z-axis Hall plate is sensitive to magnetic 

field that is perpendicular to the chip surface.  

If the magnetic field is parallel to the chip surface, the horizontal Hall plate 

cannot work properly. Vertical Hall plate is employed in this situation in replace, 

as shown in Figure 2.3. N-well is also used as active area while high doping n+ 

layer is employed as contacts.  

There are several alternatives regarding to the geometry of the Hall plate. The 

geometrical variation affects the sensor’s characteristics, which has been well 

studied in [4]. In this work, we use horizontal Greek-cross Hall plate, as shown in 

Figure 2.2. 

 

 

     2Figure 2.2 Integrated horizontal Hall plate and its cross-section view 

 

 

  3Figure 2.3 Integrated vertical Hall plate and its cross-section view 
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2.3  Characteristics of Hall plates 

2.3.1 The Hall Voltage 

If the Hall plate is biased using a constant current, the applied electric field E in 

Figure 2.1 is replaced by the bias current I in the same direction. We know that 

the current can be expressed as 

 I JWt   (2.7) 

where t and W denote the height (or thickness) and the width of the plate, 

respectively. Recall Equations (2.2), (2.3) and (2.7), Equation (2.6) can be 

rewritten to 

 
1

HV IB
nqt

    (2.8) 

Equation (2.8) indicates that if the Hall plate is biased by a constant current I via 

two opposite contacts, a Hall voltage forms between the other two contacts as a 

respond to the external magnetic field. The more proper expression of Hall 

voltage is  

 H
H

R
V IB

t
   (2.9) 

where RH is the Hall coefficient, which is given by [5]  

 H
H H

r
R G

qn
   (2.10) 

where rH is the Hall factor or scattering factor of silicon, which highly depends on 

the dopants density and temperature [5]. Its typical value is around 1.15 for 

N-well implementation at room temperature [4]. GH is the geometrical correction 

factor that influences the sensitivity for different shapes. Its approximate 

expression is given by [4]  

 
2

2 2
2

16 8
1 1 1

9 3

L L

HW WG e e
 





   
    

  
  (2.11) 

where W and L are the width and length of Hall plate, θH is the Hall angle. Note 
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that Equation (2.11) is only valid for L/W ≥ 0.85 and 0 ≤ θH ≤ 0.45 [4]. Typically, 

the approximate value of GH is 0.75 for a square plate and 0.9 for a Greek cross 

plate [4].  

2.3.2 Input and Output Resistance 

Since Hall plate is commonly realized using N-well layer, the equivalent input 

and output resistance of Hall plate is 

 
1

Hall

n

L L L
R R

W t W qnt W




       (2.12) 

where ρ is the resistivity of the material, and R☐ is the sheet resistance of N-well. 

Note that Equation (2.12) is an approximation that it does not include the contact 

resistance and the influence of geometrical variation. A more precise expression 

is given in [5].  

2.3.3 Sensitivity 

Hall devices operate as translator from magnetic domain to electrical domain, 

which is represented by magnetic field and Hall voltage, respectively. The 

absolute sensitivity is used to characterize the transduction ability, which is given 

by 

 H H H HV R G r
S I I

B t qnt

     (2.13) 

 

If a Hall plate is biased using constant current, the current-related sensitivity is 

defined as  

 H H
I

G rS
S

I qnt
    (2.14) 

If the Hall plate is biased using constant voltage, the voltage-related sensitivity is  

 H H
V

Hall Hall

G rS S
S

V R I qntR
     (2.15) 
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where RHall is the equivalent resistance of the Hall plate, which usually has high   

temperature dependence. When comparing Equation (2.15) with Equation (2.14), 

it is obvious that current bias has superiority of lower thermal drift. The voltage 

biased Hall plate suffers from larger sensitivity drift. Therefore, in this work the 

Hall plates are current biased and current-related sensitivity will be used in the 

following sections if not specified.  

2.3.4 Offset 

The offset is defined as the output Hall voltage with zero applied magnetic field. 

The main factor causes the offset is the intrinsic asymmetry of Hall plate. There 

are many factors affecting the symmetry of the Hall plate, i.e., geometry, process, 

bonding and packaging, self-heating, Seebeck effect and Peltier effect. They have 

been well studied in [6]. Wheatstone bridge [7] was proposed to model the 

asymmetric behavior of Hall plate, as shown in Figure 2.4.  

 

4Figure 2.4 Wheatstone bridge model of the Hall plate 

Ideally, the bridge is balanced (R1=R2=R3=R4) and the offset is zero. In reality, 

these four resistors are not identical, thus the offset is 

 2 3 1 4

1 2 3 4

os CA

R R R R
V I

R R R R




  
  (2.16) 

where ICA denotes the bias current from contact C to A, Vos is the offset voltage 

when measured between contact D and B. The offset can also be defined as the 

equivalent magnetic field, which is given by 

 



9 
 

 

 os
os

I

V
B

S
   (2.17) 

The typical value of the offset of a Hall plate is about 10 mT [1].    

2.3.5 Noise 

The root-mean-square (RMS) noise voltage of the Hall plate is represented as  

  n nV S f df    (2.18)  

where Sn denotes the noise power spectral density (PSD) of the Hall plate. The 

main sources of the noise are the N-well layer, surface carrier traps and 

pn-junctions. The N-well implementation introduces the thermal noise to the Hall 

plate. As we known, the thermal noise is related to the temperature and resistance, 

thus the thermal noise PSD of Hall plates are 

   4nt HallS f kTR   (2.19) 

where RHall is the output resistance of the Hall plate. 1/f noise (or flicker noise) 

also accompanies with Hall voltage at the output. As many other CMOS devices, 

1/f noise dominates in low frequency [5]. The relationship between thermal noise 

and 1/f noise is [8]  

 c
nf nt

f
S S

f
   (2.20) 

where Snf , Snt and fc denote the 1/f noise PSD, the thermal noise PSD and the 1/f 

corner frequency, respectively. Therefore, the noise PSD of the Hall plate can be 

written as 

 1 c
n nt nf nt

f
S S S S

f

 
    

 
  (2.21) 
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5Figure 2.5 Noise PSD of the integrated Hall plate 

2.3.6 Temperature Effects 

As have been well studied in many literatures of solid-state physics (e.g., [9]), 

temperature variation affects the charge carrier concentration and mobility. Thus, 

almost all the parameters (sensitivity, resistivity and offset) are temperature 

dependent. The thermal drift of the current-related sensitivity can be formulated 

as [10]  

 
1 I

SI

I T

S
TC

S





  (2.22) 

where TCSI is defined as the current-related sensitivity thermal coefficient. Recall 

Equation (2.14), if we assume geometrical parameters GH, t and bias current I are 

temperature independent, Equation (2.22) can be rewritten as 
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  (2.23) 

where TCrH and TCn are the thermal influence coefficients of the Hall factor and 

the carrier (electrons) concentration. The Hall factor is highly dependent on the 

scattering mechanisms in silicon. At room temperature, TCrH is around 0.1%/˚C 

and TCn is almost zero [11]. Therefore, the main source of the current-related 

sensitivity drift is the thermal drift of Hall factor. The current-related sensitivity 

drift also depends on the encapsulation condition. A typical value of the 

current-related sensitivity drift is around 350 ppm/˚C (die) and 500 ppm/˚C 

(plastic packaging) [11][12].    

The input and output resistance drift can be characterized in the similar way, 
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using Equation (2.12) 

 
1

n

Hall
R n

Hall

R
TC TC TC

R T



  


  (2.24) 

where TCμn is the temperature coefficient of electron mobility. The typical value 

of TCR is around 0.8%/˚C [11].  

2.3.7 Nonlinearity 

The current-related sensitivity also suffers from nonlinearity, which is defined as 

 
   

 
nom

nom

S B S B
NL

S B


   (2.25) 

where Bnom is the nominal magnetic field. [13] reveals the nonlinearity comes 

from the nonlinearities of the material, the geometry and the junction field effect. 

2.4  Modeling 

2.4.1 Macro Model 

In section 2.3.4, we have presented that the Wheatstone bride model can describe 

the offset behavior of Hall plate, but it is not precise. An improved macro model 

is illustrated in Figure 2.6. If the Hall plate is symmetric, there are only two 

different nominal resistance values, R0 and R1. The nominal resistance value can 

be obtained using the Van der Pauw method [14]. According to this method, the 

sheet resistance of the N-well is  

 
,

ln 2
AB CDR R


   (2.26) 

where RAB,CD equals to the generated voltage at two adjacent contacts (i.e., VCD) 

divides the current flows through another two adjacent contacts (i.e., IAB). Thus, 

RAB,CD can be derived and written as 

 
2

0 1
, 2 2

0 0 1

2

6 8
AB CD
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R R
R

R R R R


 
  (2.27) 

Besides, there is another estimated expression for the opposite resistance (i.e., 
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RAC or RBD) 

 0 1
,( )

0 1

2 2 2

2 3
AC BD

R R L
R R

R R W

 
   

  
  (2.28) 

where L and W are the geometric parameters as illustrated in Figure 2.2.  

The current-related sensitivity is modeled as parameters controlled voltage 

sources based on Equation (2.14). The values of the voltage sources are given by 
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   (2.29)  
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   (2.30) 
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   (2.31) 
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   (2.32) 

 

 
6Figure 2.6 Macro model for Hall plate 

2.4.2 Back-Bias Effect 

The thickness of the depletion region between the p-type substrate and the N-well 

is voltage dependent. This variation will erode the effective thickness of the Hall 

plate. The depth of the depletion region is given by 
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  (2.34) 

where εsi denotes the permittivity of silicon. NA and ND denote the dopants density 

of p-type substrate and N-well, respectively. V0 is the pn junction built-in voltage. 

Vx is the local voltage difference between the substrate and the N-well layer.  

If there is a voltage difference, Vd, in the two opposite contacts (e.g., Vd =VA-VC), 

we have [15] 

    2 3

0 1 2 31d d d dR V R BBRV BBR V BBR V     (2.35) 

where BBRi denote ith order nonlinearity coefficients for back-bias resistance, 

which are given by  
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  (2.38) 

Using Equation (2.33), the effective thickness teff is expressed as 

   02 min ,si A C A
eff

D A D

V V V N
t t

qN N N

 
 


  (2.39)  

The back-bias coefficient BBSi equal to BBRi, and can also be employed to model 

the nonlinearity of the sensitivity [15]  

    2 3

0 1 2 31I d I d d dS V S BBS V BBS V BBS V     (2.40) 
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2.4.3 Top-plate Bias Effect 

A shielding layer is usually drawn on the top of Hall plate to reduce 1/f noise [16]. 

The top plate is realized using counter-doped P+ pincher diffusion or MOS poly 

gate. Both of them need to be biased negatively to prevent charge carriers 

concentrating on the surface of the N-well. However, the negative bias introduces 

another depletion layer. Thus, similar to the back-bias effect, the effective N-well 

thickness is reduced by the negative top-plate potential. This phenomenon is 

named as top-plate bias effect, which can also be modeled in the same way as that 

of back-bias effect. In our model, we use BBRi and BBSi to model both effects.  

2.4.4 Parasitics   

The reversed biased pn junction between N-well and substrate results undesired 

parasitic capacitance. Its common value could be as much as several hundred fF 

[15]. Such large capacitance limits the spinning current frequency, which is an 

offset reduction technique that will be discussed in the next chapter. The parasitic 

effect is modeled using four diodes as shown in Figure 2.6.  

2.4.5 Temperature Effects 

As already have been discussed in section 2.3.6, temperature variation affects the 

parameters of Hall plate. The input and output resistance of Hall plate is 

approximated by the second order polynomial,  

     2

0 1 0 2 0( ) ( ) 1Hall Hall R RR T R T TC T T TC T T        (2.41) 

where TCR1 and TCR2 are the first order and the second order temperature 

coefficients. The sensitivity with thermal drift effect is modeled as  

       0 01I I SS T S T TC T T     (2.42) 

A typical value of TCS is around 500 ppm/˚C as reported in [17].  

Table 2.1 lists the values of coefficients. The entire Verilog-A source code is 

appended in Appendix.   
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Parameter Value 

GH 0.9 

rH 1.2 

t 5e
-5

 

BBR1 0.661% 

BBR2 -0.221% 

BBR3 0.149% 

BBS1  0.675% 

BBS2 -0.070% 

BBS3 0.010%  

TCR1 0.5% 

TCR2 0.01% 

TCS 0.05% 

 

1Table 2.1 Coefficients used in the macro model of Hall plate 

2.4.6 Model Validation 

The accuracy of the model should agree with the measurement results of the real 

devices. However, since we do not have any measurement data, the model is 

verified though comparing with the COMOL physics simulation results [2] and 

literatures.  

The simulated input/output resistance of the Hall plate is around 2 kΩ and the 

sensitivity is about 125 VA
-1

T
-1

. They show no big difference with the simulation 

results of COMOL model [2]. The most important behavior we care about is the 

sensitivity drift. The thermal drift of our model is about 500 ppm/˚C (-40˚C ~ 

120˚C). Figure 2.7 shows the comparison of simulation results for our model and 

reported measurement results presented in [11]. The comparison indicates that 

our model can describe the drift behavior properly.  
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7Figure 2.7 (a) Simulated sensitivity thermal drift of the Verilog-A model. (b) Measured 

sensitivity thermal drift (reprinted from [11]) 

2.5  Hall Plate Biasing 

Foregoing discussion reveals that current biased Hall plate has lower thermal 

drift effect and our Hall plates are current biased accordingly. Besides, the output 

common mode voltage of the Hall plate needs to be equal to that of the interface 

circuits (i.e., VDD/2 = 0.9V). So we need bias circuit to supply bias current and 

maintain constant common mode Hall voltage. 

The bias circuit has already been designed in [2], and we will reuse it. The 

schematic is depicted in Figure 2.8. The current source I0 is 10µA. The size of 

MP7 and MN2 are chosen to be 50 times that of MP3 and MN1, results in 500µA 

bias current as desired. The common-mode control differential amplifier assures 

the output common-mode voltage equals to the reference voltage.  

Monte Carlo simulation, which includes the mismatch and process variation of 

both Hall plate model and biasing circuit, is conducted to evaluate the offset, 

common mode voltage and bias current, as shown in Figure 2.9 (a), Figure 2.9 (b) 

and Figure 2.10 (a), respectively. Figure 2.10 (b) indicates the bias current (Inom = 

500 µA) also suffers from thermal drift. Fortunately, as will be discussed later, 

our proposed system can compensate it together with sensitivity drift.      
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8Figure 2.8 Hall plate biasing circuit 

 

9Figure 2.9 a) Monte Carlo simulation of Hall plate offset, 1000 samples; b) Monte Carlo 

simulation of Hall plate common-mode voltage, 1000 samples 

  

10Figure 2.10 a) Monte Carlo simulation of Hall plate biasing current, 1000 samples; b) 

Thermal drift of the biasing current 
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2.6  Summary 

Hall plates can be fully integrated with CMOS interface circuits, which make 

Hall devices competitive in magnetic sensor market due to their advantages, such 

as low price and miniature size. However, the imperfections (i.e., offset and drift) 

of Hall plates limit the performance. Having presented the characteristics and 

modelization of a conventional Hall plate with non-idealities, we should start to 

solve the issues, which will be discussed in the next chapter. 
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Chapter 3 System Level Design 

As introduced in last chapter, Hall plates usually suffer from offset and sensitivity 

drift. In this chapter, we investigate the state of the art imperfection reduction 

techniques. Firstly, the effective offset reduction techniques for both Hall plates 

and readout circuits are discussed. Next, we summarize and analyze the related 

works of sensitivity drift compensation techniques. At last, the proposed 

self-calibrated system is introduced in system level.  

3.1  Offset Reduction for Hall Plates 

We know that due to doping inhomogeneity, N-well depth variation and 

piezo-resistance effects, integrated Hall plates have undesired output offset, 

which could be as high as several millitesla. Fortunately, the offset can be 

reduced effectively using spinning current technique [18]. This dynamic offset 

cancellation method differs from the numbers of spinning phase. Two-phase 

scheme is not sufficient to reduce the offset [19]. Eight-phase scheme has much 

smaller residual offset than four-phase scheme, but in the price of more 

complicated sensor geometry and switching circuits [20]. In this work, since the 

Hall plate is four-contact Greek cross, four-phase scheme is employed thereby, as 

shown in Figure 3.1. The biasing current of the Hall plate rotates periodically and 

the output contacts change accordingly. In ϕ1, the biasing current flows from 

contact A to contact C, the output voltage (VDB) equals to the induced Hall voltage 

(VHall) plus offset voltage (Vos1) 

 , 1 1out Hall osV V V     (3.1) 

in ϕ2, the biasing current rotates 90˚ (from contact D to contact B), the output 

voltage is  

 , 2 2out Hall osV V V     (3.2) 

similarly in ϕ3 and ϕ4, we have 

 , 3 1out Hall osV V V     (3.3) 

 , 4 1out Hall osV V V     (3.4) 
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Equation (3.1)-(3.4) show that using the spinning current technique, the offset is 

modulated to the spinning frequency while the Hall voltage is not. With proper 

subsequent signal processing, the modulated offset can be eliminated. In the view 

of time domain, the spinning current technique averages the output voltages, 

yielding zero offset theoretically as shown in Figure 3.2. Note that it is also 

possible to modulate Hall voltage while make offset in DC with proper switching 

scheme. 

 

11Figure 3.1 Four-phase spinning current scheme, the shadows represent the asymmetry of 

Hall plate 

 

12Figure 3.2 Averaging in time domain 
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3.2  Offset Reduction for Readout Circuits 

Many CMOS devices (e.g., Op-amp, comparator, etc) suffer from input-referred 

offset, which has a typical value of several millivolts. Besides, the 1/f noise is also 

problematic. The static offset reduction technique, i.e., trimming, is ineffective to 

get rid of the imperfection since it cannot reduce the 1/f noise [21]. Two widely 

used dynamic offset reduction techniques that can effectively reduce both DC 

offset and 1/f noise are introduced in this section.   

3.2.1 Auto-zeroing 

Auto-zeroing (AZ) is a two step offset cancellation technique. As shown in 

Figure 3.3, it firstly samples and stores the offset (ϕ1) and then subtracts it from 

the instantaneous input signal (ϕ2). Thus the influence of the offset is cancelled. If 

the frequency of AZ is higher than the 1/f corner frequency, the low frequency 1/f 

noise can also be cancelled. AZ is widely used in discrete-time circuits, but not in 

continuous-time circuits because the output is not valid during the sampling 

phase. If a sample and hold is used at the output, it is more precise to name this 

technique as correlated double sampling (CDS) [21].  

However, since AZ is a sampling technique, the undersampled thermal noise is 

folded down to the baseband, resulting in an increase of in-band noise PSD, 

which can be approximately expressed as [21]  

 
, 0

2 BW
n AZ

AZ

f
S S

f
  (3.5) 

where fAZ is the AZ frequency, fBW is the signal bandwidth and S0 is the broadband 

white noise PSD. 

 

13Figure 3.3 Basic principle of Auto-zeroing 
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3.2.2 Chopper Stabilization 

Unlike Auto-zeroing, the chopper stabilization technique (CHS) does not have 

the problem of fold-back noise [21]. The basic principle of CHS is to modulate 

the input signal to higher frequency than the 1/f noise corner, and demodulate the 

former back to baseband while modulate the latter to the chopping frequency 

(fchop). The modulated high frequency offset and 1/f noise can be filtered out with 

following low pass filter.  

Let us look at an example as shown in Figure 3.4, ideal chopper switches are 

applied in the input and output of the Op-amp. The Op-amp has an input-referred 

offset, Vos. The spectrum of the input signal is depicted in Figure 3.5 (a). The dash 

line represents the input-referred noise of the Op-amp. The chopper signal is 

square wave with half period duty-cycle. The input signal is modulated by the 

first chopper to fchop, as shown in Figure 3.5 (b). The second chopper modulates 

the offset and 1/f noise to fchop and demodulates the input signal back to baseband, 

as shown in Figure 3.5 (c). 

 

14Figure 3.4 Op-amp offset reduction using chopper stabilization technique 

    

15Figure 3.5 Chopping view in frequency domain 

Foregoing discussion also implies that fchop should be greater than at least 2fBW to 

prevent from aliasing. Besides, if we want to eliminate most of the 1/f noise, fchop 

should be higher than the 1/f noise corner (fc). If fchop is set much higher than fc 

where thermal noise dominates the noise PSD, the in-band noise PSD only 
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includes original white noise. High fchop seems very attractive to obtain low noise 

application, which however results in greater residual offset. The residual offset 

comes from the non-ideal switches that inject channel charge into the output 

when turn off. The charge injection presents as spikes at the output and their 

average value is the residual offset, which is depicted in Figure 3.6. Thus, it is 

obvious that higher chopping frequency yields much more spikes during the same 

period, consequently results greater residual offset. Therefore, it is a design 

trade-off between residual noise and residual offset when choosing the chopping 

frequency.  

One effective solution to further reduce the residual offset is to use 

nested-chopper technique, as published in [22]. This technique uses the inner 

chopper pair to remove the 1/f noise while the outer pair to remove the spikes 

from the inner chopper as shown in Figure 3.7. Since the outer chopping 

frequency is very low (16 Hz), tiny residual offset (100 nV) is obtained, but in the 

price of the reduction of bandwidth.  

 

16Figure 3.6 Residual offset in high fchop and low fchop 

 

 

17Figure 3.7 Nested-chopper amplifier 
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3.3  Sensitivity Drift Calibration 

The sensitivity of Hall plate exhibits large drift due to mechanical stress, 

temperature variation and aging. The drift usually is unpredictable and not 

possible compensated with lookup table of calibration coefficients. One feasible 

method is to use the integrated coils to generate a stable reference magnetic field, 

thus the instantaneous sensitivity can be known though the induced Hall voltage. 

3.3.1 Integrated Coils 

The coil can be drawn using metallic interconnection layer, which is parallel to 

the Hall plate and chip surface, as shown in Figure 3.8. The Hall plate can sense 

the generated reference magnetic field orthogonally. The performance of coil is 

characterized by coil efficiency, which is defined as the ratio of supply current 

Icoil and induced magnetic field strength Bcoil. The coil efficiency is affected by 

the coil diameter (D), number of turns (n), permeability (µ) and the distance 

between the coil and the Hall plate (t) [12]. The distance t is the oxide’s thickness 

plus Hall plate’s depth. The coil efficiency decreases with the greater t. Thus, 

Metal 1 or Metal 2 is always used to realize the integrated coils. With defined t, 

the current related coil efficiency (EI) is given by [12]  

 
2

ln out
I

in

D
E

D





 
 
 

  (3.6) 

where Dout and Din are the external and internal size of the coil. The ratio of them 

is proportional to the number of turns. [12] reveals that larger coil biasing current 

results in lower current related efficiency. So the generated reference magnetic 

field is not linear with the coil biasing current, as shown in Figure 3.9. Figure 3.9 

also implies that the Metal 2 has better current related efficiency than Metal 1 for 

large coil biasing current. 

We assume the reference magnetic field is 1mT in our case, which is feasible with 

several milliampere coil biasing current. 
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18Figure 3.8 Integrated Coils 

 

19Figure 3.9 An example of magnetic field for each coil biasing current using typical CMOS 

process parameters and design rules (reprinted from [12]) 

3.3.2 State of the Art  

A sensitivity auto-calibration technique for Hall sensor was published in [23]. An 

integrated coil is drawn as metallic interconnection layer above the Hall plate. 

When biased using programmable off-chip current source, the coil generates 

different reference magnetic fields. The Hall voltages can be written as 

  1 1Hall ref ext OSV S B B V     (3.7) 

  2 2Hall ref ext OSV S B B V     (3.8) 

where S is the sensor sensitivity, Vos is the sensor offset, Bref and Bext are the 

reference and external magnetic field, respectively. Thus, the sensitivity can be 

‘known’ by using Equation (3.1) and Equation (3.2) 
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  (3.9) 

The sensor will compensate itself according to the obtained sensitivity. Lower 

than 100 ppm/˚C residual drift are reported, which is 18 times lower than 

uncalibrated case (~1800 ppm/˚C). Nevertheless, several shortages remain in this 

work. First of all, the system is not fully integrated. Only the Hall plate and coil 

are integrated whilst the driftless current source is off-chip. Secondly, if the 

external field is not constant, the solved sensitivity (Equation (3.9)) will have a 

parasitic term, ΔBext 

 
   

1 2 1 2

1 21 1 2 2

Hall Hall Hall Hall

ref ref extref ext ref ext

V V V V
S

B B BB B B B

 
 

   
  (3.10) 

This drawback can be alleviated though applying much higher measurement 

frequency than bandwidth. Note that although the obtained sensitivity (Equation 

(3.9)) does not have the offset term, it does not mean the sensor offset is 

cancelled.  

 

20Figure 3.10 Self-calibration system using on-chip integrated coils as reference 

 

Another topology, as shown in Figure 3.11, is patented in [24] and re-introduced 

in [25]. Bref is modulated at high frequency and extracted by high-pass filter (HPF) 

while Bext is in low frequency and obtained after low-pass filter (LPF). Although 

this scheme does not require Bext to be stable, the overall performance relies on 

high selective analog HPF/LPF and driftless reference voltage, which are both 

very tricky to design.  
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21Figure 3.11 Separating signal and coil reference using filters 

A single-sensor calibration system by using time multiplexing is published in [26] 

and patented in [27]. The spinning current technique is combined with coil 

reference signal modulation. The modulated signals are amplified by 

preamplifier and demodulated by three parallel demodulators. The system has 

advantage of continuous calibration of sensitivity, preamplifier gain and offset. 

The comparison is processed in digital domain, which makes reference nominal 

value driftless and indefinite. An up/down DAC [28] injects compensation 

current into the sensor biasing current to adjust the Hall voltage accordingly. A 

measurement result of less than 50 ppm/℃ gain drift is reported, which improves 

6-10 times of the other implementations. However, the input range is limited to 

50mT.  

 

22Figure 3.12 A continuous gain calibration system using digital reference 
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A Twin-Hall microsystem with closed loop calibration was patented in [29]. As 

depicted in Figure 3.13, two identical Hall plates are biased in opposite current 

direction. The induced reference signals are in different polarity while external 

signals remain the same. The reference signal (Vcoil) is extracted therefore and 

compared to a reference voltage (Vref). The regulator adjusts the bias current, 

preamplifier gain or both to maintain Vcoil = Vref. However, the drift of Vref, as 

expected, will introduce parasitic drift.  

This scheme can also be modified to single-Hall as described in this patent. The 

coil generates a modulated magnetic field (Bcoil) and subsequently extracted by a 

correlator (i.e., synchronous detector). The other parts remain the same.  

 

 

23Figure 3.13 Self-calibrated Twin-Hall microsystem 

Another similar calibration microsystem is reported in [30], as shown in Figure 

3.14. When compared to the previous scheme, the difference is that one sensor 

senses the external magnetic field while the other one measures the reference 

field only. This method can alleviate the mismatch of the two sensors to some 

extent. The trick is to shield one Hall plate properly. A measurement result of 30 

ppm/℃ residual drift is reported. However, driftless off-chip resistor and Vref are 

used as well, which limits the integration.  
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24Figure 3.14 Another Self-calibrated Twin-Hall microsystem 

In summary, the way to calibrate the sensitivity drift of Hall sensor can be 

categorized into three issues, namely how to generate and extract the reference 

signal, how to compare with a stable nominal sensitivity and how to adjust 

(feedback) the sensitivity. Each one is critical for the overall system. Almost all 

the state of the art employ integrated coil to generate reference magnetic field. 

One way to extract the reference voltage is to modulate Bcoil to higher frequency 

than the signal bandwidth. The other one is using two identical Hall plates. 

Comparison and feedback are conducted in analog or digital domain, the former 

has the issue of drift nominal voltage whilst the latter not; but the linearity of 

DAC might be problematic to the latter. 

3.4 Proposed Self-Calibrated System 

3.4.1 Overview of ΣΔ Modulator 

We know that a quantizer has quantization noise, whose PSD is given by [31]  

  
2

2 1

12
e

s

N f
f

 
  

 
  (3.11) 

where Δ is the difference between two adjacent quantization levels, fs is the 

sampling frequency. The equation shows that all the power of quantization noise 

is white and average within ±fs/2, as shown in Figure 3.15. The ΣΔ modulator 

employs higher fs than the signal bandwidth fBW. Thus the noise floor is reduced 

by a factor of fs/fBW, which is defined as oversampling ratio (OSR). The in-band 



30 
 

noise is given by 
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  (3.12) 

Theoretically, the maximum signal to quantization noise ratio (SQNR) is 

 
   6.02 1.76 10log
dB

SQNR N OSR     (3.13) 

where N is the bit number of the quantizer. However, the improvement of SQNR 

by increasing OSR is very limited, which is only 3 dB for each doubling OSR, 

equivalent to ENOB gain of 0.5 bits/octave. It is impractical to achieve high 

SQNR only by using oversampling. For instance, if a 1-bit quantizer is used to 

obtain 12-bit resolution (i.e., 72 dB); OSR should be at least 2642408, which 

makes fs impractical.     

 

     25Figure 3.15 a) Spectral density of quantization noise; b) Reduce in-band quantization 

noise by oversampling 

The ΣΔ modulator has much greater SQNR by shaping the in-band noise to 

out-of-band. A ΣΔ modulator is generally composed of an integrator, a quantizer 

and a feedback digital-to-analog converter (DAC), as shown in Figure 3.16. We 

can derive the transfer function of the ΣΔ modulator in Z domain as 

          u z y z H z e z y z       (3.14) 
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  (3.15) 

The signal transfer function (STF) and noise transfer function (NTF) are  
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  (3.16) 
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  (3.17) 

|H(z)|, namely the gain of the integrator, is much greater than unit in the band of 

interest. Thus, |NTF| is negligible while |STF| equals to unit. That means the ΣΔ 

modulator dramatically reduces the in-band noise but has no influence on the 

signal transfer. The SQNR of the first order oversampling modulator is given by 

  ( ) 6.02 1.76 5.17 30logdBSQNR N OSR      (3.18) 

Now the SQNR increases 9 dB by doubling OSR. Higher order modulators have 

greater SQNR of 6(L+0.5) dB for each doubling of OSR [32], where L is the 

order of noise shaping. The ΣΔ modulators are widely used in high precision, 

moderate speed A/D and D/A converters over the past decades. 

 

26Figure 3.16 Linear model of a ΣΔ modulator 

3.4.2 Architecture of Proposed Self-Calibration System 

The idea of proposed self-calibrated system comes from the principle of ΣΔ 

modulator as described in previous section. As shown in Figure 3.17, if the DAC 

output has the same temperature coefficients with the input signal, Equation (3.14) 

therefore can be rewritten as  

            , , , , .u z t y z t f z t H z t e z y z t       (3.19) 

where u(n,t) and f(n,t) are functions of temperature. The modulator output is 

represented as  
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  (3.20)   
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Equation (3.20) is very similar to Equation (3.15), but is function of temperature. 

We can omit the quantization noise term since it will be shaped to out-of-band. 

Thus the modulator output is written as 
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  (3.21) 

Recall that H(z,t) is the transfer function of the integrator and is temperature 

dependent as well. Assume the gain of quantizer is unit. If the magnitude of H(z,t) 

is infinite, then Equation (3.21) can be written as 
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f z t
   (3.22) 

It is a very interesting result that the output now is only the ratio of input signal 

and DAC output. As assumed before that if u(z,t) has the same thermal 

coefficients with f(z,t), the modulator output y(z,t) is temperature independent!  

 

27Figure 3.17 Linear model of the proposed self-calibrated system 

A Twin-Hall self-calibrated system is proposed thereby as shown in Figure 3.18. 

Two identical integrated Hall plates are biased using identical constant current. 

Reference coils are biased using constant current with same value, but opposite 

direction. Spinning current techniques are used to reduce the offset of Hall plates 

as discussed before. Thus, these two identical Hall plates sense the same external 

magnetic field while inverse reference magnetic field. The Hall voltages are 

given by  

  1Hall ext coil osV V V V     (3.23) 
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  2Hall ext coil osV V V V     (3.24) 

Thanks to spinning current technique, we can discard the offset term (Vos). The 

way to separate Vext and Vcoil is based on [29] as introduced before 

 1 22 ext Hall HallV V V    (3.25) 

 1 22 coil Hall HallV V V    (3.26) 

The extracted Vext is used as the input signal to the modulator while Vcoil is the 

DAC output. If the analogy adder and subtractor have gain of A1 and A2, we have  

 12 extu AV   (3.27) 

 22 coilf A V   (3.28) 

Using Equation (3.22), the output of modulator is,  

 1 1

2 2

ext ext

coil coil

V BA Au
y

f A V A B
       (3.29) 

Equation (3.29) indicates that if A1/A2 and Bcoil are temperature independent, the 

modulator output is driftless. Another view of (3.29) is that the readout system 

changes the sensor’s sensitivity to 

 1

2

1

coil

A
S

A B
    (3.30) 

The adder and subtractor can be implemented using switched-capacitor (SC) 

amplifiers, and the modulator realized using SC integrator and comparator (1-bit 

quantizer). The design details of them will be discussed in the following chapters. 

Equation (3.29) also indicates that the residual drift is related to A1/A2 and Bcoil. A1 

and A2 are the capacitors’ ratio, which have good immunity of temperature 

variation. [12] reveals the drift of Bcoil is negligible ( < 5ppm/˚C).  

It is also interesting to note that, in this design both the sensitivity drift of Hall 

plate and the biasing current drift are compensated.  
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28Figure 3.18 System architecture of this design 

3.5  Summary  

The spinning current technique is an effective way to reduce the offset of Hall 

plates. The offset of Op-amp can be reduced using CHS or AZ technique while 

the later has higher in-band noise PSD. Thus, CHS is employed in this work upon 

the consideration of achieving low input referred noise. The state of the art 

thermal drift compensation topologies are discussed. After that, the principle of 

the proposed self-calibrated system is presented. The design details of all the 

components (i.e., Op-amp, comparator, adder and subtractor) will be further 

discussed in Chapter 4, 5 and 6.     
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Chapter 4 Operational Transconductance 

Amplifier Design 

Operational transconductance amplifier (OTA) is operational amplifier (Op-amp) 

without output stage. It can only drive capacitive loads or very large resistance 

loads that will not decrease the output impedance. In this design, we use OTA 

since its loads are sampling capacitors of the integrator or input parasitic 

capacitors of the comparator. This chapter firstly focuses on the topology 

selection. Telescopic cascodes with gain boosting is employed in order to obtain 

sufficient performance. Then the design methodology and the design details are 

presented. At last, the performance of OTA is verified using Monte Carlo 

simulation with mismatch and process variation.  

4.1  Topology 

Conventionally, there are four topologies for OTA, i.e., telescopic cascodes, 

folded cascodes, Miller two-stage and gain boosting. Folded cascodes can 

alleviates the issue of limited input range and output swing that telescopic 

cascodes suffers, but in the price of more power consumption. In this design, 

output swing is not critical, thus telescopic cascodes is superior to folded 

cascades for lower power dissipation.  

In Chapter 3, we indicate that high DC gain of OTA is required to obtain low 

residual drift in our proposed system. Unfortunately, neither telescopic cascodes 

nor folded cascodes can provide high gain. Intuitively, two-stage topology 

seems to be a good choice since considerable intrinsic gain can be easily 

obtained, which is given by 

 1 2 1 1 2 2v v v m o m oA A A G R G R    (4.1) 

where Gm1, Gm2 and Ro1, Ro2 denote the equivalent tranconductance and output 

resistance of the first and second stage, respectively. However, two-stage OTAs 

usually have multi poles and need Miller capacitor (Cc) to compensate the loop 

stability, which limits the speed however [33] 

 
2

m

c

g
UGBW

C
  (4.2) 
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  (4.3) 

where UGBW and SR denote the unity gain bandwidth and slew rate of OTA 

respectively. Although we can employ some techniques to reduce the size of 

Miller capacitor (e.g., indirect compensation technique [34]), the single stage 

OTA is prior in for less power consumption and faster speed.  

To solve the limited gain problem of single stage OTA, extra amplifiers can be 

added to enhance the output impedance of current mirror, which results in 

higher intrinsic gain. This technique is called gain boosting or regulated cascade. 

It is firstly proposed in [35] for single-ended amplifier and later reported in [36] 

for differential amplifier. The main disadvantage of gain-boosted OTA is that 

the enhancement loop consumes extra power. In this design, the gain-boosted 

topology is chosen after compromise of speed, power and gain.   

4.2  Overview of gm/Id Design Methodology 

4.2.1 Problems of Conventional Design Methodology  

Perhaps the most common way to start an amplifier design is to use the 

square-law equations of MOSFET [37]. For NMOS transistor that operates in 

saturation region, the drain current (Id) is a function of the gate to source voltage 

(Vgs) 

    
21

1
2

d n ox gs thn ds

W
I C V V V

L
      (4.4) 

where μn, Cox, Vthn and Vds denote channel mobility, gate oxide capacitance, 

threshold voltage and drain-source voltage, respectively. The former three 

parameters are process dependent. They can be obtained from the process 

datasheet. Once the values of these parameters are defined, the 

transconductance, gm, can be determined 

  d
m n ox gs thn

gs

I W
g C V V

V L



  


  (4.5) 

And the gain of amplifier is 

 v m outA g r   (4.6) 
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where rout is the amplifier output impedance. The transistor size is largely 

determined from these equations, namely square-law equations.  

Nevertheless, square-law equations only provide reliable accuracies for 

long-channel devices with more than 4 μm channel length [37]. With the scaling 

down of device dimensions, higher order effects, or short-channel effects make 

square-law equations no longer accurate. These high order effects include 

threshold voltage variation, mobility degradation, velocity saturation, hot carrier 

effects, output impedance variation, etc [38]. SPICE-based models have good 

accuracy of short-channel devices but they are too complicated for hand 

calculation. When designing with short-channel devices, the square-law 

equations can only give intuition to designers and it usually needs massive 

iteration between hand calculation and SPICE-based simulation to achieve 

desired performance.  

Besides, in modern low-power design, MOSFET operates in moderate or weak 

inversion region. The drain current is characterized approximately as [39] 
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gs thq V V

nkT
d d
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I I e

L



  (4.7) 

Note that it becomes more difficult to define the device size through hand 

calculation.  

4.2.2 Device Figure of Merit  

Analog circuit design usually compromises gain, speed and power. Figure of 

merit (FOM) is useful when comparing the performance of different designs. 

We always want greater gain with lower power dissipation and higher unity gain 

bandwidth, which can be quantified as  

m

d

g

I
   

and   m

gs

g

C
   

Using Equation (4.4) and Equation (4.5), and neglecting channel length 

modulation effect, we have 

 
2m

d ov

g

I V
   (4.8) 
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   (4.9) 

When MOSFET operates in saturation region, Cgs dominates and has expression 

of [37]  

 
2

3
gs oxC WLC   (4.10) 

Thus we have 
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    (4.11) 

where fT is MOSFET transition frequency. For short-channel devices, the 

mobility decreases due to velocity saturation rather than constant. Therefore, the 

term L
2
 in Equation (4.9) and Equation (4.11) should be revised to L [33]. It is 

interesting to look at the product of Equation (4.8) and Equation (4.9) 

 
2 2
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m m n ov n

d gs ov

g g V
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      (4.12)  

Equation (4.12) shows why scaling down the device dimension (L) can help 

improve the overall circuit performance.  

The FOM will be considered as guideline in our design. Actually, we can see 

that gm/Id and gm/Cgs are all related to the overdrive voltage, Vov, which is an 

important parameter determined empirically as introduced in [40]. The smaller 

overdrive voltage, the circuit has higher transconductance efficiency but lower 

speed. For general design, we can choose Vov as 5% VDD to balance power and 

speed [33].      

4.2.3 gm/Id Design Method  

Foregoing discussion reveals that conventional square-law equations based 

design method is no longer suitable for short-channel devices. Thanks to 

computer-aided design (CAD), we can interpret the complicated SPICE model 

into intuitive curves.  

In order to illustrate how to design an amplifier using gm/Id method, let us 
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consider a simple amplifier, common source stage amplifier, as depicted in 

Figure 4.1. Its gain is given by 

 1v m oA g r    (4.13) 

There are three parameters to be defined in order to design this amplifier, which 

are width (W) and length (L) of M1 and supply current (Is). We know that Id is 

proportional to W/L, so Id/(W/L) shows no relevance with the transistor size. 

Meanwhile, recall Equation (4.8), gm/Id is also dimension independent. It means 

that in one specific process, there is only one mapping from gm/Id to Id/(W/L) 

[41]. Id/(W/L) is defined as current density. Thus, the transistor size can be 

determined unambiguously once gm and Id are defined according to specification. 

Since the gm/Id versus Id/(W/L) curve can be obtained with the help of CAD, this 

method has high accuracy without too much design iteration.  

 

29Figure 4.1 Common source stage amplifier 

4.3  OTA Design 

4.3.1 Telescopic Cascodes 

Perhaps the transconductance of the input differential pairs is the most 

important parameter for OTA since it directly determines the gain, speed and 

noise. Here we rewrite these equations [37] 

  m,in , , , , , ,v m n o n o n m p o p o pA g g r r g r r   (4.14) 
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  (4.16) 

These equations indicate that maximum gm of the input transistors is always 

desirable when designing a high performance OTA with large gain, high 

unity-gain frequency and low noise. In our case, the bias current has been set to 

100 μA for each branch based on the slew rate consideration. We do not want 

the input transistors operate too close to the edge of triode region (in case of 

some severe operating situation). Recall Equation (4.8), the overdrive voltage is 

inversely proportional to gm/Id, which reminds us should not set gm/Id too large. 

A ratio of 20 is chosen so that the input pair operates in moderate inversion 

region. The input transistor length is set to 0.3 μm to achieve high FOM. The 

width can be determined directly from gm/Id versus Id/W graph (W=100/2=50 

μm), as shown in Figure 4.2. 

 

30Figure 4.2 gm/Id versus Id/W, L=0.3 µm 

The length of the rest transistors has been set to 0.5μm, slightly larger than that 

of the input transistors for the purpose of better matching. The widths are 

determined in the same way. The schematic with exact dimension of each 

transistor is shown in Figure 4.3. Readers might be curious that why not use 

PMOS input pair. Indeed, PMOS devices have better noise performance than 

NMOS and widely applied as the input differential pair in low-noise amplifier 

design before. But PMOS devices suffer from low gm and higher thermal noise 

floor when remembering Equation (4.16). Since we employ chopping 

stabilization technique to reduce the 1/f noise together with the offset, the high 

1/f noise of NMOS will not be problematic. We choose NMOS as input 
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differential pair for its larger gm and lower thermal noise floor. As expected, the 

simulated AC response (Figure 4.4) shows that the gain cannot fulfill the 

requirement. We have to boost the gain. 

 

31Figure 4.3 Telescopic cascodes with transistor dimensions 

 

32Figure 4.4 AC response simulation of telescopic cascodes 
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4.3.2 Gain Boosting 

As mentioned in last section that the gain of telescopic cascade is not satisfied 

yet. There are some ways to further increase the amplifier gain, e.g., add another 

stage, stack more cascade transistors and gain boosting. The former two options 

have the disadvantage of slow speed and low output swing.  

The idea of gain boosting technique comes from the fact that if the drain 

currents of M3,4 and M5,6 (Figure 4.3) are constant irrespective of drain voltage 

variation, the output impedance can be regarded as infinite. Additional feedback 

loops are added to maintain Vgs of M3,4 and M5,6 stable. The enhanced output 

impedance can be represented as  

   3,4 1,2 3,4 1out m o oR g r r A s    (4.17) 

where A(s) is the transfer function of the auxiliary amplifiers. It is interesting to 

note that if the UGBW of the gain enhancement loop is larger than that of the 

telescopic cascodes, the gain boosting amplifiers will not have significant 

effects on the overall frequency response [31]. 

 

33Figure 4.5 Gain boosted OTA 



43 
 

The schematic of the OTA is depicted in Figure 4.5. The dimensions of the 

auxiliary amplifiers are exact the same as the bias transistors. The AC response 

shows that the gain boosted OTA has 100 dB DC gain and 85˚ phase margin. 

The gain boosting technique enhances the OTA’s DC gain from 68 dB to 100 dB 

without decreasing its phase margin. 

 

34Figure 4.6 AC response simulation of gain enhanced OTA 

4.3.3 OTA Biasing  

As illustrated in Figure 4.3 and Figure 4.5, the OTA needs three biasing voltages 

(Vb1, Vb2 and Vb3). We allocate 150 mV overdrive voltage (gm/Id = 13) to the tail 

current source, M9. Thus, we have  

 1 9 9 500b ov thV V V mV    (4.18) 

In order to assure M1,2 operate in saturation region, Vb2 has to satisfy 

 2 , 1,2 1,2 3,4 , 1,2 3,4 3,4b in cm gs ov gs in cm th ov thV V V V V V V V V          (4.19) 

where Vin,cm is the input common mode voltage (900 mV). Vb2 has been set to 

1.2 V after consideration of body effects and temperature and corner variation. 

Similarly, Vb3 has to fulfill 

 3 7,8 5,6 5,6b DD ov ov thV V V V V      (4.20) 
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Vb3 has been set to 1.0 V thereby. M7,8 is biased by common mode feedback, 

which will be discussed in next section.  

 

35Figure 4.7 Biasing circuits 

So far, all the bias voltages are calculated. The bias circuits with exact 

dimensions are depicted in Figure 4.7. The current mirror copies the current 

source. The size of MB5 and MB14 has been set to make MB13,16 and MB10 

slightly away from the edge of triode region. This bias scheme gives wider 

swing at the output of cascade [33]. Vb4 is used to bias the preamplifier of the 

comparator, as will be discussed in Chapter 6. 

4.3.4 Common Mode Feedback 

Fully differential circuits have many advantages over single-ended circuit. The 

first one is that the differential circuits have smaller distortion. The output of a 

ubiquitous nonlinear system has Taylor series 

 
2 3 4 5

1 2 3 4 5out in in in in inV k V k V k V k V k V        (4.21) 

where ki are coefficients. If the nonlinear system is fully differential, the output 

only has odd-order distortion terms  

 
2 3 4 5

1 2 3 4 5outp in in in in inV k V k V k V k V k V        (4.22) 
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2 3 4 5

1 2 3 4 5outn in in in in inV k V k V k V k V k V         (4.23) 

 
3 5

1 3 52 2 2outp outn in in inV V k V k V k V       (4.24) 

Equation (4.24) shows that the second order harmonic, which is much greater 

than the other higher order harmonics, is cancelled.  

The second advantage is that fully differential amplifier has faster speed since it 

avoids the mirror pole. Furthermore, differential amplifier has double output 

swing. Because of these advantages, fully differential architecture is widely 

used in many applications.   

However, differential amplifier needs common-mode feedback (CMFB) to 

assure the output common-mode level is well defined. The schematic of CMFB 

amplifier is shown in Figure 4.8. The output common-mode level is sensed and 

compared with a reference voltage, which is 900 mV in our case. Then the 

compared difference (VCMFB) feedbacks to the current source of OTA to force 

the output common-mode level equals to the reference voltage. A common way 

to sense the output common-mode level is by employing resistive divider [42] 

  , 2out CM outp outnV V V    (4.25) 

But the resistors need to be much greater than the output impedance of OTA, 

otherwise the open loop gain will be killed. A better way is employing two 

identical NMOS, whose input impedance is gigantic, to sense the 

common-mode level. The bias current is set to be as low as possible to 

minimize the loop gain of CMFB.  

The reference voltage is obtained precisely with two identical PMOS between 

VDD and ground. The substrate is connected to each source to prevent from the 

body effect. 
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36Figure 4.8 CMFB amplifier 

Since CMFB is a feedback loop, there is a must to maintain the loop stability. 

The common-mode stability compensation, in this case, is trickier than that of 

differential-mode. This is because the common-mode feedback amplifier 

introduces extra poles to the loop as shown in Figure 4.9. As we can see, there 

are three poles in the loop. An effective way to compensate the common-mode 

stability is using two small Miller compensation capacitors (Cc = 200fF) 

between the input and output of the CMFB amplifier. 

 

37Figure 4.9 CMFB loop stability compensation  
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4.4  Simulation Results  

The offset of the OTA is anticipated using Monte Carlo simulation, as shown in 

Figure 4.10 (a). The offset can be predicted as large as 4.5mV (3σ), which is 

much greater than the input Hall voltage. Figure 4.10 (b) shows the mismatch 

does not have too much influence on the gm (3σ = 0.24 mS).  

 

  38Figure 4.10 a) Monte Carlo simulation of Vos, 1000 samples; b) Monte Carlo simulation 

of gm, 1000 samples 

The AC response of OTA is simulated over corners and temperatures, which are 

depicted in Figure 4.11. In the worst case, the gain drops to 86 dB in corner fnsp 

at high temperature (120 ℃). The OTA has at least 400MHz unity gain 

frequency without any loads. Note that for the preamplifier in our system, the 

load capacitance (2 pF) from the subsequent integrator will decrease the speed, 

as shown in Figure 4.12(a). The phase margin of differential mode is sufficient 

in all conditions, as shown in Figure 4.12(b).      

The common-mode rejection ratio (CMRR) and power-supply rejection ratio 

(PSRR) are simulated with the help of statistical simulations. The results are 

shown in Figure 4.13 (a) and (b). Note that they are the worst case since the 

layout matching techniques are not included in the statistical models. With 

proper layout, CMRR and PSRR are expected to be higher. 

The common-mode feedback loop stability is tested with 2 pF loads over 

corners and temperatures, as shown in Figure 4.14 (a). It shows that stability is 

assured even in severe situation. Meanwhile, the common-mode level is also 

verified using Monte Carlo simulation as shown in Figure 4.14 (b).  
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  39Figure 4.11 a) OTA DC gain over corners and temperatures; b) OTA UGBW over 

corners and temperatures 

 

  40Figure 4.12 a) OTA UGBW over corners and temperatures with 2 pF loads; b) OTA 

differential mode phase margin over corners and temperatures 

 

  41Figure 4.13 Monte Carlo simulations of OTA input referred offset, 1000 samples 
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   42Figure 4.14 a) OTA common mode phase margin over corners and temperatures; b) 

Monte Carlo simulations of common mode level, 1000 samples 

In summary, Table 4.1 lists the characteristics of the OTA (Temp=30℃) with 

2pF capacitance loads. 

 

Parameter Value 

Supply Voltage 1.8 V 

Supply Current 300 μA 

Open Loop Gain 100 dB 

UGBW 120 MHz 

Slew Rate 70 V/μs 

Input-referred Offset  ±4.4 mV (3σ) 

Input-referred Noise 
18 nV/√Hz (@100 

KHz) 

Common Mode 904mV ± 5mV(3σ)   

CMRR 81 dB 

PSRR 86 dB 

 

2Table 4.1 Simulated OTA characteristics with 2pF load at room temperature  
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4.5  Summary 

A high performance OTA is desirable since it largely affects the performance of 

the preamplifiers (adder, subtractor) and the integrator. The simulation results 

show that the OTA has at least 80 dB DC gain and 400 MHz UGBW in the most 

severe situation, which fulfills the requirements. Next chapter will discuss the 

preamplifiers and the integrator  
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Chapter 5 Preamplifiers and Integrator 

Design  

In this work, the preamplifiers and integrator are implemented using 

switched-capacitor (SC) circuits, which have advantages of accurate frequency 

response, good dynamic range and linearity. For instance, a SC integrator has 0.1 

percent gain error while a RC integrator has as much as 20 percent variation. This 

chapter will introduce the basic principles of SC circuits firstly. Non-idealities, 

i.e., finite Op-amp gain and speed, charge injection and clock feedthrough as well 

as capacitor mismatch are analyzed. The design details and simulation results of 

the preamplifiers and the integrator are presented.    

5.1 Basic Principles 

5.1.1 Switched-Capacitor Integrator 

Analog integrators are critical in many analog applications (e.g., filters and ΣΔ 

modulators). The continuous-time integrator is shown in Figure 5.1 (a). If the 

Op-amp is ideal, the output voltage is given by 

 
1

out inV V dt
RC

     (5.1) 

The integrator can also be realized in discrete time using switched capacitor 

techniques. The simplest way to realize a discrete-time integrator is shown in 

Figure 5.1(b), which is firstly presented in [43]. The resistor in the 

continuous-time RC integrator is replaced by sampling network that is composed 

of two switches (S1 and S2) and a sampling capacitor (CS). The equivalent 

resistance can be derived as 

 
 1 2SC V V

I
T


   (5.2) 

 
 1 2 1
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s clk

V V

I C f


    (5.3) 

where V1 and V2 are the input and output node voltages of the sampling network, 

respectively.  
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43Figure 5.1 a) Continuous-time integrator; b) Discrete-time integrator 

The switched-capacitor (SC) integrator can also be understood by looking into 

each clock phase. In ϕ1, S1 is on and S2 is off. The sampling capacitor (Cs) tracks 

the input signal (Figure 5.2). The amount of charge that Cs absorbs is  

 S S inQ C V   (5.4) 

In ϕ2, S1 is off and S2 is on. Since the Op-amp is ideal, the negative input node of 

the Op-map is a virtual ground. Therefore, the charge stored in Cs transfers to CI. 

The integrated voltage (∆Vint) in one clock cycle can be expressed as 

 int
S

in

I

C
V V

C
     (5.5) 

And the instantaneous output voltage after every clock cycle is given by 

      1 1S
out clk out clk in clk

I

C
V nT V n T V n T

C
            (5.6) 

Taking the Z-transform of Equation (5.6), we have  

      1 1S
out out in

I

C
V z z V z z V z

C

     (5.7)  

Therefore, the transfer function of the SC integrator can be written as 
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V z C z
H z

V z C z




   


  (5.8) 

Equation (5.8) indicates that the SC integrator acts as a low pass filter. 
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44Figure 5.2 SC integrator operating principle 

5.1.2 Switched-Capacitor Amplifier 

The switched-capacitor circuits can also constitute amplifiers with precise gain. 

Recall the discussion in last section, if CI is periodically reset during the sampling 

phase (ϕ1), SC integrator becomes SC amplifier as shown in Figure 5.3. The 

output voltage of the SC amplifier can be expressed as 

    1

2

1out clk in clk

C
V nT V n T

C
       (5.9) 

Compared to the resistive-feedback amplifier, SC amplifier has the advantage of 

easier implementation and better immunity of temperature variation.  

 

 

45Figure 5.3 SC amplifier operating principle 
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5.2  Non-idealities Analysis 

5.2.1 Finite Op-amp Gain 

We know the gain of the SC integrator/amplifier is determined by the capacitors’ 

ratio. However, this is only true when the Op-amp has infinite gain. The exact 

transfer function of the SC integrator in ϕ2 can be derived as [37]  

    out vg I in vg S vg PV V C V V C V C       (5.10) 

 out o vgV A V    (5.11) 
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  (5.12)  

where Vvg denotes the voltage level of the virtual ground, namely the negative 

input node of the Op-amp, as shown in Figure 5.4; Ao is the finite open-loop gain 

of the Op-amp; CP is the parasitic input capacitance of the Op-amp. When Ao is 

infinite, the error term goes to zero and the gain equals to the nominal value 

(-CS/SI). Equation (5.12) shows that greater the open loop gain of the Op-amp, 

lower the gain error. Note that the gain error also depends on the nominal gain 

(CS/CI). CP can be reduced through minimizing the size of the input transistors, 

which however decreases gm/Id. Thus, it is a design trade-off between 

transconductance efficiency and parasitic capacitance. 

 

  46Figure 5.4 Integrating phase of SC integrator (amplifying phase of SC amplifier) 

The integrator transfer function with finite Op-amp gain can be derived 

accordingly [44] 
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  (5.13) 

 

The DC gain of the integrator is approximated as, using |z|=1 

   oDC
H z A   (5.14) 

Equation (5.14) shows the DC gain of the integrator equals to the gain of the 

Op-amp. Recall the preceding discussion in Chapter 3 that greater |H(z)|DC results 

in lower drift in our proposed system. Therefore, Op-amp with high open-loop 

gain is desirable. The OTA in our case has 100 dB DC gain at room temperature 

and 85 dB in the worst situation as presented in Chapter 4, which is great enough 

to obtain low thermal drift. 

Equation (5.13) indicates the integrator not only has gain error but also phase 

error, which is known as the integrator leakage. The pole is shifted from DC (z = 

1) to CS/(CI*Ao). Also, the phase error shifts the zero of NTF, resulting in higher 

in-band quantization noise power, which results in lower SQNR. The study in [45] 

shows that an Op-amp with 70 dB DC gain is enough to obtain less than 0.1dB 

SNR loss. Thus, phase error will not be problematic in our case. 

5.2.2 Finite Op-amp Speed 

The clock frequency in ΣΔ modulator is largely determined by the maximum 

speed of the integrator. SC circuits, unlike continuous-time (CT) circuits, have to 

settle completely at least in half clock cycle. Otherwise gain error (liner setting 

process) and distortion (non-liner setting process) will occur. The settling time of 

the integrator is mainly determined by the RC time constants of the sampling 

network and the Op-amp’s speed. The settling time in the sampling phase is 

determined by the RC time constant of sampling circuits. In the integrating phase 

(or amplifying phase), the Op-amp’s speed is the determinant, which is 

characterized by unity gain bandwidth and slew rate. The former influences the 

linear setting whilst the latter matters the nonlinear setting.  

Now let us define the minimum settling time in integrating phase. Shown in 

Figure 5.4 along with the Op-amp parasitic input capacitance (CP) and the load 
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capacitance (CL), we have time constant  
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The exact derivation is discussed in [37]. By introducing unity gain bandwidth 

(ω0), we can rewrite Equation (5.15) as 

 
2

0

1
1 S

I

C

C
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The time constant is dependent upon both the nominal gain (CS/CI) and Op-amp’s 

UGBW. Equation (5.6) is rewritten as  
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             (5.17) 

Op-amp’s slew rate (SR) is another factor affecting settling. SR should be greater 

than the maximum slope of the output voltage, otherwise the slew limitation will 

occur. It seems that the only way to improve the slew rate is applying larger tail 

current to the Op-amp when load capacitance is fixed. A design trade-off arises 

between power dissipation and SR. A rule of thumb [46] shows that only if SR 

fulfills Equation (5.18), the modulator will not generate too much distortion. 

 4 ~ 8 ref sSR V f   (5.18)  

where Vref and fs are the reference voltage and sample frequency, respectively. In 

this design, the sampling frequency is set as up to 1MHz and reference voltage is 

as low as several millivolts. Therefore, a SR with several-volts/microseconds is 

sufficient. 

5.2.3 Non-ideal Switches 

5.2.3.1 Finite On-resistance 

The simplest sampling network is composed of a switch and a capacitor, as 

shown in Figure 5.5. The switch can be realized using NMOS, PMOS or 

transmission gate (TG). Assume the switch is implemented in NMOS, when the 

gate control voltage (clk) is high, the switch is on and Vout tracks Vin. Once clk 
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goes low, the switch is off and the capacitor holds the instantaneous sampled 

value of Vin.  

 

47Figure 5.5 Sampling network 

The speed is an important characteristic of the SC sampling circuits. It is defined 

as how fast Vout can ramp to the input level from zero after the switch turns on. 

The speed is affected by the RC constant, τ.  

  on S PR C C     (5.19) 

where Ron is the on-resistance of MOSFET switch; CP is the parasitic input 

capacitance of the Op-amp. Thus, low on-resistance switch and small capacitor 

should be used to achieve higher speed. The switch’s on-resistance is obtained 

based on the fact that, in steady state, Vout tracks Vin. Therefore, the transistor 

operates in the triode region since the drain-source voltage always lower than the 

overdrive voltage. The on-resistance of NMOS and PMOS are given by 

 

 
,

1
on n

n ox DD in thn

R
W

C V V V
L




 

  
 

  (5.20) 

 

 
,

1
on p

p ox in thp

R
W

C V V
L




 

 
 

  (5.21) 

And the on-resistance of transmission gate is  
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 , , ,on TG on n on pR R R   (5.22) 

Equations (5.21), (5.22) and (5.23) show that on-resistance is dependent of input 

voltage, Vin. For NMOS switches, if the input signal level is as high as VDD-Vthn, 

the switches will have considerable on-resistance, which results in very large 

time constant and sampling error. For PMOS, the input signal should be higher 

than |Vthp| to avoid large on-resistance. CMOS transmission gate has the 

advantage that its on-resistance is almost independent of the input voltage level. 

The simulation result of the on-resistance of different implementation with 

minimum dimensions is illustrated in Figure 5.6 (a). Since the common mode 

level in our design is 900mV, PMOS switch is impractical thereby. Figure 5.6 (b) 

shows the simulation result of NMOS switch on-resistance versus width while 

the length is set to the minimum value. The transmission gate, not only has less 

variation when input level changes considerably, but also could lower the effect 

of charge injection [47]. However, CMOS transmission gate has one drawback 

that both NMOS and PMOS need to turn off simultaneously, otherwise distortion 

will occur [37].  

 

  48Figure 5.6 a) On-resistance of different implementation simulation; b) On-resistance of 

NMOS switch over width simulation 

5.2.3.2 Charge Injection and Clock Feedthrough 

Figure 5.6 (b) shows that MOS switches with larger size have smaller 

on-resistance. The smaller switches resistance and sampling capacitance result in 

higher speed. But the problem comes as so-called channel charge injection and 

clock feedthrough. 

When a MOS switch is on, a channel exists at the oxide-silicon interface. The 

amount of charge stored in the inversion layer (Qch) is given by assuming the 



59 
 

drain and source voltages (input and output voltage) are identical [48] 

  ch ox DD in thQ C WL V V V     (5.23) 

When the MOS switch turns off, the channel disappears and the charge flows into 

the drain and source terminals, as shown in Figure 5.7 (a). If the equivalent 

capacitances of the two terminals are equal, the charge injected into the drain is 

equal to that into the source. Due to the injected charge, the sampled signal level 

(Vout) has an error term (∆V), which is expressed as 
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The other half charge flows into the input, which will be absorbed by the input 

source. Equation (5.24) indicates that larger MOS switch size or smaller 

sampling capacitance results in greater sampled voltage error. Practically, we 

should take the worst case (all the charge flows into CS) into consideration since it 

is not easy to predict the charge splitting parameters. If the MOS switch is NMOS, 

the sampled signal level is then  
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  (5.25) 

Equation (5.25) shows that the channel charge causes gain error and DC offset, 

which are the first and the second term respectively. Furthermore, the variations 

of Vth due to body effect and the input signal introduce distortion to the sample 

and hold circuit.  

There is another error from the parasitic gate to drain/source overlap capacitance, 

as shown in Figure 5.7 (b). The overlap and sampling capacitors behave as 

voltage divider between rails. Thus, the error is given by 

 ( 0) ov
DD

ov S

WC
V V

WC C
  


  (5.26) 

Equation (5.26) shows that ∆V’ is just a constant offset, which is independent of 

input signal level. Compared to charge injection, clock feedthrough has much 

smaller impact on the circuits’ performance [47]. 
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49Figure 5.7 a) Charge injection; b) Clock feedthrough 

In summary, the error caused by charge injection and clock feedthrough are 

composed of linear and nonlinear parts, whereas the former behaves as constant 

offset and gain error and the latter introduces intolerable distortion. The offset can 

be removed together with the intrinsic offset of amplifier, but the input dependent 

error is detrimental. 

There are many ways to cancel the input dependent charge injection error, such as 

adding “dummy” MOS switch [49] or using CMOS transmission gate to 

compensate the injected charge. The ideas of these two methods are similar, 

namely inject complementary charge to cancel the error. However, they are 

impractical since they rely on rigorous matching and accurate clock timing.  

Bottom plate sampling is a practical way to implement high accuracy SC circuits. 

It is widely used in modern design (e.g., [50][51]). As shown in Figure 5.8, one 

additional MOS switch (S2) is added to the conventional sampling network (S/H). 

When S2 turns off and S1 turns on, the injected charge from S2 is input 

independent since the instantaneous voltage level of both terminals is zero. When 

S1 turns off, the majority of charge from S1 flows into the source rather than the 

sampling capacitor (CS) since the former has much lower impedance. Therefore, 

only if S2 turns off slightly earlier than S1, the charge injection error is 

independent of input signal. 

 

50Figure 5.8 Bottom plate sampling technique 
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5.2.3.3 Noise 

The finite on-resistance of the MOS switches exhibits thermal noise. The 

sampling capacitor does not generate any noise, but determines the output noise. 

We know that a RC network is a low pass filter for both signal and noise, and the 

output noise spectral density is given by 
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  (5.27) 

The RMS noise voltage of the RC network is  

  , , ,n out rms n out BW
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     (5.28) 

where fBW is the 3 dB bandwidth of the S/H (1/2πRC). k, T and CS are Bolzmann’s 

constant, temperature in kelvin and the sampling capacitor, respectively. Thus the 

RMS value of the thermal noise is independent of the size of the MOSFET. The 

noise can be reduced by maximize the sampling capacitor size, which degrades 

the speed however.  

Another noise source is from the Op-amp (Vamp,n), which is expressed in equation 

(4.16). The SC integrator has the input-referred thermal noise [44] 
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  (5.29) 

 

5.2.3.4 Capacitor Mismatch 

Foregoing discussion in section 5.1 indicates that the gain of the SC 

integrator/amplifier is defined by the capacitor ratio. However, due to the process 

parameters variation, the capacitors do not match well. The mismatch will cause 

deviation in both NTF and STF. The influence of capacitor mismatch can be 

modeled by adding a random generated value. In standard CMOS technologies, 

the typical error value is lower than 0.1%. Literatures [45][52] show that it does 

not have significant effects on the 1-bit single-stage ΣΔ modulator.  
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5.3  Preamplifiers Design 

The preamplifiers (adder and subtractor) are fully differential, as shown in Figure 

5.9. During the sampling phase (ϕ1), both the input voltages (Vin1 and Vin2) are 

sampled and held by CS while CA is reset to zero. In the amplifying phase (ϕ2), the 

charge transfers from CS to CA. When the polarity of Vin1 and Vin2 are the same, 

the circuit behaves like analogy adder 

 1 2( )S
out in in

A

C
V V V

C
    (5.30) 

where Vout, Vin1 and Vin2 are all differential signals. If one input, let us say Vin2, is 

inversely connected, the adder becomes subtractor  
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The adder and subtractor are very critical in our system since they are directly 

connected to the Hall plates. Bottom sampling technique is employed to reduce 

the input signal dependent charge injection. ϕ1a and ϕ2a denote the clock is 

slightly advanced to ϕ1 and ϕ2, respectively. The choice of sampling capacitor (CS) 

is a trade-off of speed and noise. In order to obtain low kT/C noise, larger CS is 

always desirable. However, large CS reduces the SC amplifier’s speed. 

Furthermore, the equivalent sensor output resistance, which is around several 

kilo-ohm, further reduces the sampling speed together with the on-resistance of 

the MOS switches. Once CS is settled, CA can be determined according to the 

desired gain. We know the outputs of the adder and subtractor are Hall voltages 

(Vext, Vcoil) that induced from external magnetic field (Bext) and reference 

magnetic field (Bcoil), respectively. And the output level of DAC, which is the 

amplified Vcoil, limits the input range of our system. Thus, if we aim to achieve 

100 mT input range, the gain of the subtractor should be at least 100 times greater 

than that of the adder. That means the subtractor needs to have a gain of 100V/V 

if the adder has only unity gain. It is very impractical since such high gain slower 

the speed dramatically. Besides, we also want to amplify Vext, which makes the 

gain of subtractor even higher! Our method is to set the gain of the subtractor and 

the adder to 50V/V and 10V/V, respectively. The rest fraction of gain is given in 

the integrator.  
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   51Figure 5.9 Preamplifiers (adder and subtractor) 

The chopper stabilization technique is employed to reduce the Op-amp’s input 

referred offset and 1/f noise [53]. The chopping frequency is set to fs/4 to avoid 

aliasing. Since the chopper switches also have charge injection phenomenon, the 

chopping is set to occur during the sampling phase (ϕ1). Meanwhile, the output 

chopper switches turn off earlier than the input chopper. In this way, due to the 

relative high impedance of closed switches (ϕ2a), the majority of charge from the 

input chopper switches will not inject into CS. The charge injection from chopper 

switches is signal independent as well. Non-overlapping clocks are applied to all 

the switches. The design parameters are listed in Table 5.1. 

 

 

52Figure 5.10 Chopping timing diagram 
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Parameter Value 

CS 5 pF 

CA (Adder) 500 fF 

CA (Subtractor) 100 fF 

Adder Nominal Gain  10 V/V 

Subtractor Nominal Gain  50 V/V 

MOS Switch Size 3.2 μm/0.16 μm 

    

 3Table 5.1 Design details of the preamplifiers 

5.4  Preamplifiers Simulation Results  

Firstly the input referred noise of the switched-capacitor amplifier is tested with 

CS = 5 pF and CA = 100 fF. As shown in Figure 5.11, the in-band input referred 

noise is about 100 nV/√Hz and 80 nV/√Hz when chopping frequency is set to 64 

kHz and 128 kHz, respectively. The result shows agreement with the discussion 

in Chapter 3, namely higher chopping frequency results in lower residual input 

referred noise. Figure 5.12 (a) shows the residual in-band noise PSD is higher 

than the thermal noise floor of OTA. This is mainly because of the addition of 

kT/C noise from the sampling network. The added √(kT/C)rms noise can be 

calculated as 29µV (k ≈ 1.38e
-23

 J/K, T = 300K, C = 5pF). Thus, the added noise 

floor is (fs=256 kHz) 
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   (5.32) 

Figure 5.12 (b) shows the simulation results of an alternative SC amplifier [54] 

using auto-zeroing technique. The results show agreement with our discussion in 

Chapter 3 that AZ folds the high-frequency components back into the baseband, 

results in an increase of the in-band noise PSD. 
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     53Figure 5.11 Input referred noise of the preamplifier. a) Chopping @ 64 kHz; b) 

Chopping @ 128 kHz 

 

    54Figure 5.12 a) Comparison of input referred noise of preamplifier and OTA; b) Input 

referred noise of preamplifier with auto-zeroing technique 

The residual offset is also estimated with Monte Carlo simulation as depicted in 

Figure 5.13. It indicates that higher chopping frequency results in greater residual 

offset but lower input referred noise. Therefore, this is also a design trade-off 

between the residual noise and residual offset, as has been discussed in Chapter 3. 

As a rule of thumb, the chopping frequency should be set at the 1/f noise corner 

[55].  
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 55Figure 5.13 Residual offset a) Chopping @ 64 kHz; b) Chopping @ 128 kHz 

It is interesting to note that the chopping occurs during the sampling phase of the 

SC amplifier, which is not the sampling phase of the subsequent integrator. It 

means that the spikes from the chopper switches will not be integrated. Thus, the 

residual offset has no influence on the overall system theoretically. This principle 

is also employed in some applications (e.g., [56]) to cancel the residual offset of 

chopper-stabilized amplifier without any following low pass filter required.  

 

56Figure 5.14 Clock timing graph, ϕ2 denotes the sampling phase of the integrator 

Figure 5.15 shows the settling behavior against corners and temperatures. The 

test input differential voltage is 100µV, which mimics the Hall voltage level in 

our case. The nominal gain is 50 V/V. Since the OTA has very high DC gain and 

good unity-gain bandwidth, there is no significant settling error. The settling time 

is around 400 ns. 

 

   57Figure 5.15 Preamplifiers’ settling simulation over temperatures and corners 
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5.5  Integrator Design  

The schematic of the integrator is almost the same as the preamplifiers. Parasitic 

insensitive and bottom sampling technique [57] are used to reduce the 

imperfection of MOS switches as well. The integrator samples Vext and Vcoil as 

input signal and reference signal respectively during the amplify mode of the 

preamplifiers (ϕ2). During ϕ2, the input signal and reference voltages are 

integrated. Thus, the transfer function of the integrator is derived as 
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  (5.33) 

Equation (5.33) indicates that the integrator is non-inverting. Recall that we need 

to amplify Vcoil at least 100 times greater than Vext. The gain of first stage is 

designed to have Acoil = 5Aext, so in this stage we set CS1 = 20CS2. The size of the 

switches remains the same as that in the preamplifiers. Chopper stabilization 

technique is employed to reduce the DC offset and 1/f noise as well. The device 

parameters are listed in Table 5.2. 

 

 

58Figure 5.16 Schematic of the integrator 
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Parameter Value 

CS1 2 pF 

CS2 100 fF 

CI  100 fF 

Vcoil Nominal Gain  20 V/V 

Vext Nominal Gain  1 V/V 

MOS Switch Size 3.2 μm/0.16 μm 

 

4Table 5.2 Design details of the integrator 

5.6  Integrator Simulation Results  

The simulated settling response of the integrator is depicted in Figure 5.17. The 

input test signal is 10 mV and the nominal gain is set to 20 V/V. Figure 5.18 (a) 

shows the input referred noise of integrator. Similar to the case of preamplifiers, 

the 1/f noise is chopped to high frequency together with the DC offset. Since the 

integrator’s sampling capacitors are smaller, the in-band input referred noise PSD 

is larger and settling speed is faster than that of the preamplifier, respectively. 

Figure 5.18 (b) indicates the integrator is stable over corners and temperatures. 

 

59Figure 5.17 Integrator’s settling simulation over temperatures and corners 
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       60Figure 5.18 a) Input referred noise of integrator, chopping @ 64 kHz; b) Integrator 

feedback loop phase margin 

5.7  Summary  

The preamplifiers are designed to split and amplify Vext and Vcoil. Since they are 

realized using switched-capacitor circuits, the gain is defined as the ratio of CS 

and CA. The common capacitor mismatch is in the order of 0.1 percent. The adder 

has gain of 10V/V while the subtractor has gain of 50 V/V. Bottom sampling 

technique is employed to relieve the charge injection problem. The offset of OTA 

is reduced by using chopper stabilization technique. With proper chopping timing, 

the spikes from chopper switches will not result in significant residual offset. The 

integrator is implemented in the similar way. The simulation results show that 

both preamplifier and integrator fulfill the specification. The design of a 1-bit 

quantizer will be discussed in the next chapter.   
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Chapter 6 Comparator Design 

There are two categories of comparators, namely open loop comparators and 

latched comparators. The open-loop comparators are realized using single-stage 

or multi-stage Op-amp or OTA. However, the open-loop comparators are 

impractical in real application since they usually suffer from low speed and low 

resolution [31]. In this design, fully dynamic latched comparator has been 

designed with multiple advantages over open loop comparators. The main 

imperfections of the latched comparator are non-zero offset, finite speed and 

finite resolution, which will be discussed.  

6.1  Comparator Architectures 

6.1.1 Open loop Comparator 

The open loop comparator can be simply realized using an open loop Op-amp or 

OTA. The performance of the comparator relies on the Op-amp itself. For 

example, the resolution (the minimum input voltage that the comparator can 

recognize) of an open loop comparator is determined as 

 ,minin DD oV V A   (6.1) 

where Ao is the Op-amp’s open loop gain. Recall that the supply voltage (VDD) is 

1.8 V in our case, 100 dB Op-amp results in 18 µV resolution. The result looks 

pretty good, but the bandwidth of the open loop Op-amp is quite limited, which 

results in very slow speed. For example, for the forgoing designed OTA, f3dB is 

derived as  
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Thus, the time constant can be derived approximately as 1/(2πf3dB) ≈ 20µs, which 

is indeed a large value. Besides, the finite slew rate of the Op-amp further limits 

the speed 
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where tp and SR denote propagation delay time and slew rate, respectively. 
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6.1.2 Latched Comparator   

A simple clocked latch is shown in Figure 6.1 (a). When clock (clk) is low, M5 is 

off and there is no current from VDD to ground. If the input signals are greater than 

Vthp, M6 and M7 are on. VX and VY track Vin_P and Vin_N respectively. When clock 

is high, M6 and M7 are off and M5 is on. The latch starts to work as two 

back-to-back inverters as show in Figure 6.2 (b). Since it is a positive feedback 

loop, the imbalance of VX and VY will drive one to VDD and the other to zero. The 

time constant is given by [58]  

 
eq

m

C

g
   (6.4) 

where Ceq is the equivalent capacitance of nodes VX and VY, and gm is the 

transconductance of the inverter. Equation (6.4) also indicates that the speed of 

the latch is proportional to the inverse of unity gain frequency of the inverters.   

 

     61Figure 6.1 a) A simple implementation of the clocked latch; b) A simplified model of 

the clocked latch in its latch mode 

6.2  Latch Non-idealities  

6.2.1 Kickback Noise 

When the latch changes its state from track mode to latch mode, its output 

exhibits noteworthy voltage variations. The voltage variations will inject back 

into the input through the parasitic capacitances of the transistors. If the outputs’ 

impedance of the preceding stages (integrator in our case) is not well matched, 

large spikes occur in the input of the latch, which is known as kickback nose, 

which degrades the accuracy of the modulator. 
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The kickback noise can be reduced through adding preamplifier gain stage or a 

buffer [59] before the latch. There are many other techniques reported over past 

decades [60].  

6.2.2 Offset 

Like Op-amp, a latched comparator also suffers high offset, which ranges from 

10 mV to 100 mV [61][62]. Recall the fact that the Hall voltage is a poor signal 

and the preamplifiers does not have large gain factor. The latch’s offset is 

comparable with its input signal level, thus effective offset cancellation technique 

should be employed as well.  

One effective method is to employ one or multiple preamplifiers to amplify the 

input signal much larger than the offset of the latch. The offset of the 

preamplifier(s) can be reduced using auto-zeroing techniques. This technique is 

widely used in many applications (e.g., [63][64]). Another method is to calibrate 

the offset of latch, as reported in [65][66]. 

6.2.3 Metastability 

The time for a latch to generate a voltage difference (∆Vout) that can be 

recognized and processed by the succeeding digital circuits is given by [31], 

using Equation (6.4) 

 
0 ln

eq out

m in

C V
T

g V
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where ∆Vin is the input voltage of the latched comparator. If ∆Vin is too small that 

results in larger latch time than half clock cycle, the differential output voltage 

level is metastable. Besides, sometimes the noise might pollute the input voltage 

to a small level and cause metastability. One way to reduce this problem is to 

reduce the latch time, i.e., increase the gain of the signal path [33]. 

6.3  Latch Design 

The schematic of the latch in this design is depicted in Figure 6.2. When clock is 

low, M7 and M10 are on, and their drain nodes are pulled to VDD. M5 and M6 are 

off, cutting off the current from VDD to ground. Since the gate voltages of M3 and 

M4 are pulled to VDD, the drain voltages of M3 and M4 must be zero. In other 
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words, every node is reset to either VDD or ground when clock is low, which the 

latch does not have any memory of previous cycle. When clock goes high, M7, 

M10 are off and M5, M6 are on. The input voltage difference introduces 

imbalance on the gate-source voltages of M3 and M4 since their gate voltages are 

VDD when clock is low. The latch starts to respond the imbalance and drive one 

output to high and the other to low accordingly. This topology also reduces the 

kickback noise since M1 and M2 isolate the input from the latch. Note that the 

input common mode voltage has to be higher than the threshold voltage of M1 

and M2 to prevent from shutting down.  

This topology has another advantage of ultra-low static power consumption. 

When clock is low, M5 and M6 break the current path from VDD to ground. When 

clock is high, since the drain voltages of M5 and M6 are pulled to VDD in previous 

phase, M3 and M4 are on together with M5 and M6. After the decision has been 

made, there will be no current from VDD to ground. For example, if Vin_P is larger 

than Vin_N, then the drain of M6 is regenerated to VDD and the drain of M5 is zero, 

which turns M8 and M4 off.  

A D-type flip-flop (DFF) is used to ‘lock’ the output of latch. A delay buffer is 

inserted to make the clock of DFF slightly later than the global clock, which 

leaves enough time for the latch to make decision. The outputs of the DFF are the 

outputs of the quantizer. The dimension of each transistor is illustrated in Figure 

6.2. The DFF and delayed buffer are from the standard digital cell library. 

 

62Figure 6.2 Schematic of the clocked latch in this design 
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6.4  Preamplifier Design 

Foregoing discussion shows that the latch has non-zero offset, which is 

comparable to its input signal level. And a preamplifier can be employed to 

amplify the signal larger than the latch’s offset. A conventional way to realize the 

preamplifier in many textbooks (e.g., [67][31][33]) is shown in Figure 6.3(a). 

Since the loads are diode-connected PMOS, the gain of the preamplifier is given 

by, when neglecting body effect 
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Equation (6.6) indicates that the gain of the preamplifier is determined by the size 

ratio of NMOS and PMOS. If we want high gain, the size of the NMOS needs to 

be very large, which introduces great parasitic input capacitance and lower the 

speed. Equation (6.6) can be rewritten to  
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Equation (6.7) shows that greater gain results in larger overdrive voltage of 

PMOS, which severely limits the output swing. The topology can be improved to 

have higher gain [68] as shown in Figure 6.3(b). The positive feedback boosts the 

gain by a factor of (1-gm3,4/gm6,7)
-1
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Another way to improve the preamplifier’s gain is using multistage [64]. The 

total gain is given by 
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where n is the number of stages. Multistage preamplifier has greater gain, 

however, lower speed and higher power dissipation. Thus, it is not a wise method 

in modern design. 
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    63Figure 6.3 Two conventional preamplifier topologies  

The preamplifier in this design is depicted in Figure 6.4. It is composed of two 

identical common-source stages and NMOS switches. During ϕ1, the output is 

shorted to the input. The negative feedback forces M1 and M2 stay in the 

saturation region. In ϕ2, both common source amplifiers are operating in amplify 

mode, and their gain is  

 22 coilf A V   (6.10) 

Obviously, the gain is greater. The amplified output signal will disturb the DC 

bias point. But it is not problematic since the preamplifier does not need to be 

linear. We only want remarkable voltage difference that can be compared by the 

following latch. The offset of the preamplifier is stored in capacitors (C = 100pF) 

during ϕ1 and cancelled in ϕ2, known as auto-zeroing technique. 

 

 64Figure 6.4 Preamplifier in this design 
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6.5  Simulation Results 

Firstly, the comparator’s decision time is tested over corners and temperatures, as 

shown in Figure 6.5. The input differential signal (∆Vin) is set to 1 µV. The 

comparator can make decision within at most 400 ps. Figure 6.6 shows the latch 

has zero static current dissipation. It has accordance with the discussion in section 

6.3, namely there is no current flowing from VDD to ground once the decision has 

been made. The testing clock period is 10 ns. 

The performance of the preamplifier is also simulated. Figure 6.7(a) shows its 

AC response. The gain is about 34 dB, which is sufficient to amplify the 

integrator’s output greater than the offset of the latch. The UGBW is about 1 GHz, 

which does not degrade the comparator’s speed. The phase margin is 90 degree. 

Figure 6.7(b) shows that with auto-zeroing technique, about 100 µV residual 

offset (3σ) remains at the output of the preamplifier.  

 

  65Figure 6.5 Decision time of comparator over temperatures and corners 

 

   66Figure 6.6 Latch supply current (IDD) transient simulation 
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     67Figure 6.7 a) Preamplifier AC response simulation; b) Preamplifier residual offset 

simulation 

6.6  Summary  

A latched comparator with a preamplifier is designed as the 1-bit quantizer. The 

latch is fully dynamic, which has zero static current but high intrinsic offset. The 

preamplifier, which has moderate gain and considerable UGBW, not only reduces 

the offset but also increase the resolution. Simulation results show that the 

decision time of the comparator is lower than 400 ps. The residual offset is in the 

order of µV, which is much smaller than the signal. With all the components have 

been designed and verified, it is necessary to validate the overall system, which 

will be discussed in the next chapter. 
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Chapter 7 Overall System Simulation 

This chapter shows the simulation results of the proposed self-calibrated system. 

Firstly the overall system is summarized briefly. Then, the simulated residual 

offset, residual drift, SNDR and non-linearity are presented and analyzed.  

7.1  Overall System  

The schematic of the overall system is shown in Figure 7.1. The upper channel is 

the input of the ΣΔ modulator whilst the below channel is used as DAC. The two 

preamplifiers sample the Hall plate outputs at the same time (ϕ1). Bottom plate 

sampling technique is used to make the charge injection input independent, as 

have already been discussed in Chapter 5.  

The configuration of the testbench for the overall system is as follows. The 

spinning current frequency has been set at 1 kHz and consequently the largest 

signal bandwidth is 500 Hz. The nominal global sampling clock frequency is set 

to 256 kHz with oversampling ratio (OSR) equals to 256. The chopping 

frequency has been set to 64 kHz (fs/4). The bias current for Hall plates is set to 

500 µA. The coil reference magnetic is 1 mT. 

 

68Figure 7.1 The proposed self-calibration system 

7.2  Residual Offset 

Forgoing discussion in Chapter 3 shows that spinning current technique is an 

effective way to reduce the undesired offset of the integrated Hall plate. The 

offset of OTA and quantizer is cancelled by employing chopper stabilization and 

auto-zeroing techniques, respectively. Chopper stabilization technique modulates 
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the offset to high frequency that can be filtered out with digital low pass filter. 

Since in this design the integrator does not sample the chopper switching spikes 

from the preamplifiers, the residual offset can be ignored. Thus, the main residual 

offset of our system comes from the Hall plate with spinning current. 

Monte Carlo transient simulation has been run in order to estimate the residual 

offset after employing spinning current technique. Non-overlapping spinning 

clock is used to avoid large glitches. Figure 7.2 shows the simulated residual 

offset is about 400 nV (3σ), which is reduced dramatically when compared to the 

uncompensated Hall plate offset (2 mV). This simulation result might be more 

optimistic than the real case. The measured residual offset with four-phase 

spinning scheme is around several microvolts.  

 

     69Figure 7.2 Monte Carlo simulation of residual offset for the Verilog-A model of Hall 

plate using spinning current technique, 250 samples 

7.3  Residual Sensitivity Drift  

The behavior we are most interested in is its residual sensitivity drift. High 

precision transient simulations have been run and the output signals of the 

modulator are analyzed with the help of spectrum analysis tool. Four samples 

with three different input Bext and 0.1% capacitor mismatch are tested at 

temperatures ranging from -40˚C to 120˚C. The simulation results are illustrated 

in Figure 7.3. The results show that the proposed self-calibration system has less 

than 10 ppm/˚C sensitivity drift. The results also show that a typical capacitor 

mismatch (0.1%) does not have significant influence on the overall performance. 

However, all the simulations are based on the assumption that the two Hall plates 

are identical. Undeniably, the mismatch of the two channels will introduce 

greater residual drift. With careful layout, the mismatch could be alleviated to 

some extent.  
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    70Figure 7.3 Residual sensitivity drift simulation 

7.4  SNDR and Non-linearity 

The PSD plot of the modulator for a -6 dBFS input (Bext = 50 mT, Bcoil = 1mT) is 

depicted in Figure 7.4. The test configuration is the same as described in section 

7.1. The results show that our system has SNDR of 63.4 dB. 

Another important characteristic is the linearity. Theoretically, since the 

modulator output is the ratio between Bext and Bcoil (section 3.4.2), the calibrated 

sensitivity should be linear since Bcoil is constant. The nonlinearity of sensitivity 

over the full input range of 100 mT is simulated at room temperature. Figure 7.5 

presents the obtained results, with less than 0.15% nonlinearity. Note that the 

result might be also too optimistic since we omit the effects of the limited SNDR. 

The way we derived the nonlinearity here is by processing the amplitude of the 

interested tones. 

 

71Figure 7.4 SNDR simulation 



81 
 

 

72Figure 7.5 Nonlinearity simulation 

7.5  Summary 

The simulation is conducted using Cadence Spectre circuit simulator. The 

simulation results are summarized and compared with the state of the art, which 

are illustrated in Table 7.1. [26] has reported an average residual sensitivity drift 

of 50 ppm/˚C. Another work [69] has larger input range (50 mT) but worse 

sensitivity drift (80 ppm/˚C). [70] has better performance with 200 mT input 

range and 30 ppm/˚C residual sensitivity drift. In our design, the input range is 

100 mT and the temperature range is -40˚C~120˚C, which meet the industrial 

standard. The most significant improvement in this design is the residual 

sensitivity drift (<10 ppm/˚C), which is 3~8 times lower than the state of the art.  

However, this work needs to be further verified by using post-layout simulation 

and chip measurement.  

 [26] [69] [70] This work 

Technology (µm) 0.8 0.35 0.6 0.14 

VDD (V) 5 3.3 5 1.8 

Input range (mT) 40 50 200 100 

Temperature 

range (˚C) 
-40~80 -40~80 -50~150 -40~120 

Sensitivity drift 

(ppm/˚C) 
50 80 30 < 10 

Nonlinearity (%) 0.1 0.08 N/A > 0.15 

 

     5Table 7.1 Performance comparisons with the state of the art  
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Chapter 8 Conclusion and Future Work 

This thesis presents the design of a new readout scheme with low offset, low 

noise and low sensitivity drift for Hall magnetic sensor. A simplified analytical 

model that available at NXP was improved by adding sensitivity thermal drift 

behavior description. Simulation results showed that the developed model had 

500ppm/˚C drift, which was in accordance with the measurements in [11]. The 

state of the art calibration techniques were summarized and a new sensitivity drift 

compensation technique was proposed. The system includes two identical Hall 

plates and their biasing circuits, preamplifiers and a first order ΣΔ modulator.  

The OTA is the most critical active block in this system. Gain boosted telescopic 

topology was employed in order to achieve high DC gain and large UGBW while 

minimizing the power consumption. The preamplifiers are realized using 

switched-capacitor amplifiers with nominal gain of 50 and 10 for modulator input 

and DAC output, respectively. The integrator has a similar topology. Both the 

preamplifiers and integrator employ chopper stabilization technique to reduce the 

offset and 1/f noise of OTA. The 1-bit quantizer was realized as a low offset, fully 

dynamic clocked comparator. The future work includes layout design, post layout 

simulation, fabrication and chip test. 
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Appendix Hall Plate Model Source Code 
 

// CMOS14 Hall Plate Model 

// Authors: Enrico Zanetti, Jianbo Zhang 

 

`include "constants.vams" 

`include "disciplines.vams" 

 

`define eps_rel_si 11.68  // relative dielectric constant of Silicon 

`define med 1.08          // electrons mobility 

`define mhd 0.56          // holes mobility 

//`define mhd 0.81        // *should* be the wrong one to use for this 

`define P_M0 9.10938e-31  // electron mass 

//`define DEBUG_TOP       // uncomment to make the model output debug messages on 

simulation log 

  

module hall_res_bridge(a,b,c,d,B_field,sub); // pin a, pin b, pin c, pin d, magnetic field 

B input, substrate connection 

  

inout a,b,c,d,B_field,sub;  

    electrical a,b,c,d,B_field,sub,ain,bin,cin,din,center; 

 

parameter real RAB_0=2000 from (0:inf]; // nominal resistance R_AB, in ohms, at temperature 

T0 

parameter real RBC_0=2000 from (0:inf]; // nominal resistance R_BC, in ohms, at temperature 

T0 

parameter real RCD_0=2000 from (0:inf]; // nominal resistance R_CD, in ohms, at temperature 

T0 

parameter real RDA_0=2000 from (0:inf]; // nominal resistance R_DA, in ohms, at temperature 

T0 

parameter real RA_0=1000 from (0:inf];  // nominal resistance R_A, in ohms, at temperature 

T0 

parameter real RB_0=1000 from (0:inf];  // nominal resistance R_B, in ohms, at temperature 

T0 

parameter real RC_0=1000 from (0:inf];  // nominal resistance R_C, in ohms, at temperature 

T0 

parameter real RD_0=1000 from (0:inf];  // nominal resistance R_D, in ohms, at temperature 

T0 

parameter real NA0=1e15 from (0:inf];  // nominal doping of substrate, in cm^-3 

parameter real ND0=2e17 from (0:inf];  // nominal doping of N-Well, in cm^-3 

parameter real t=5e-5 from (0:inf];    // nominal thickness of N-Well, in cm 

parameter real T0=310.15 from (0:inf]; // nominal temperature, in K 
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parameter real G=0.9 from (0:1];  // geometrical correction factor 

parameter real r_H=1.2 from [0.2:1.7];  // Hall scattering factor; IMPORTANT: this is 

specific for dopant concentration and temperature! TCS model 

parameter real T1_AB=0.0;    // axial component of stress tensor along x direction, for 

resistor R_AB 

parameter real T2_AB=0.0;    // axial component of stress tensor along y direction, for 

resistor R_AB 

parameter real T6_AB=0.0;    // torsional component of stress tensor along xy direction, 

for resistor R_AB 

parameter real T1_BC=0.0;    // axial component of stress tensor along x direction, for 

resistor R_BC 

parameter real T2_BC=0.0;    // axial component of stress tensor along y direction, for 

resistor R_BC 

parameter real T6_BC=0.0;    // torsional component of stress tensor along xy direction, 

for resistor R_BC 

parameter real T1_CD=0.0;    // axial component of stress tensor along x direction, for 

resistor R_CD 

parameter real T2_CD=0.0;    // axial component of stress tensor along y direction, for 

resistor R_CD 

parameter real T6_CD=0.0;    // torsional component of stress tensor along xy direction, 

for resistor R_CD 

parameter real T1_DA=0.0;    // axial component of stress tensor along x direction, for 

resistor R_DA 

parameter real T2_DA=0.0;    // axial component of stress tensor along y direction, for 

resistor R_DA 

parameter real T6_DA=0.0;    // torsional component of stress tensor along xy direction, 

for resistor R_DA 

parameter real T1_A=0.0;     // axial component of stress tensor along x direction, for 

resistor R_A 

parameter real T2_A=0.0;     // axial component of stress tensor along y direction, for 

resistor R_A 

parameter real T1_B=0.0;     // axial component of stress tensor along x direction, for 

resistor R_B 

parameter real T2_B=0.0;     // axial component of stress tensor along y direction, for 

resistor R_B 

parameter real T1_C=0.0;     // axial component of stress tensor along x direction, for 

resistor R_C 

parameter real T2_C=0.0;                                        // axial component of 

stress tensor along y direction, for resistor R_C 

parameter real T1_D=0.0;                                        // axial component of 

stress tensor along x direction, for resistor R_D 

parameter real T2_D=0.0;                                        // axial component of 

stress tensor along y direction, for resistor R_D 
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parameter real TCR1=0.005;      // first order temperature coefficient for resistivity, 

in K^-1  

parameter real TCR2=0.0001;     // first order temperature coefficient for resistivity, 

in K^-2  

parameter real TCS1=0.00008;   // thermal drift of current related sensitivity 

parameter real TCS2=0.00001;   // thermal drift of current related sensitivity 

parameter real pi11=-102.2;   // default piezoresistive tensor elements for n-type 

Silicon @300K 

parameter real pi12=53.4;   // IMPORTANT: all these coefficients are specific for 

dopant concentration and temperature!!! 

parameter real pi44=13.6; 

localparam real Eg=1.166-4.73e-4*pow($temperature,2)/($temperature+636); //calculation 

of gap energy in Silicon 

localparam real ki=2e-6*pow(`M_TWO_PI*`P_K*`P_M0,1.5)/pow(`P_H,3)*pow(`med*`mhd,0.75);      

// convenience constant for next calculation 

localparam real ni=ki*pow($temperature,1.5)*exp(-Eg/(2*`P_K/`P_Q*$temperature));            

// calculation of intrinsic carrier concentration 

localparam real ND=ND0/2+sqrt(pow(ND0,2)/4+pow(ni,2));                                      

// calculation of effective electrons concentration in N-Well 

localparam real NA=NA0/2+sqrt(pow(NA0,2)/4+pow(ni,2));                                      

// calculation of effective holes concentration in substrate 

localparam real V0=`P_K*$temperature/`P_Q * ln(ND*NA/(pow(ni,2)));                          

// calculation of the barrier potential of the junction N-Well -- substrate 

localparam real SI_Hall_0=1e-4*G*r_H/(`P_Q*ND);                                             

// calculation of the nominal current-related Hall sensitivity                                                                                          

localparam real k2=2*`eps_rel_si*`P_EPS0*1e-2*NA/(`P_Q*ND*(NA+ND));                         

// just a convenience coefficient; useful for subsequent calculations      

                                                                                                 

nonlinear_resistor_taylor #(.R0(RAB_0), .NA0(NA0), .ND0(ND0), .t(t), .TCR1(TCR1), 

.TCR2(TCR2), .piezores_coeff((T1_AB+T2_AB)*(pi11+pi12)/2-T6_AB*pi44)) R1(ain,bin,sub);            

// R_AB           

nonlinear_resistor_taylor #(.R0(RBC_0), .NA0(NA0), .ND0(ND0), .t(t), .TCR1(TCR1), 

.TCR2(TCR2), .piezores_coeff((T1_BC+T2_BC)*(pi11+pi12)/2+T6_BC*pi44)) R2(bin,cin,sub);            

// R_BC         

nonlinear_resistor_taylor #(.R0(RCD_0), .NA0(NA0), .ND0(ND0), .t(t), .TCR1(TCR1), 

.TCR2(TCR2), .piezores_coeff((T1_CD+T2_CD)*(pi11+pi12)/2-T6_CD*pi44)) R3(cin,din,sub);            

// R_CD 

             

nonlinear_resistor_taylor #(.R0(RDA_0), .NA0(NA0), .ND0(ND0), .t(t), .TCR1(TCR1), 

.TCR2(TCR2), .piezores_coeff((T1_DA+T2_DA)*(pi11+pi12)/2+T6_DA*pi44)) R4(din,ain,sub);            

// R_DA 

nonlinear_resistor_taylor #(.R0(RA_0), .NA0(NA0), .ND0(ND0), .t(t), .TCR1(TCR1), 

.TCR2(TCR2), .piezores_coeff(T1_A*pi12+T2_A*pi11)) R5(ain,center,sub);                             

// R_A                             
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nonlinear_resistor_taylor #(.R0(RB_0), .NA0(NA0), .ND0(ND0), .t(t), .TCR1(TCR1), 

.TCR2(TCR2), .piezores_coeff(T1_B*pi11+T2_B*pi12)) R6(bin,center,sub);                             

// R_B                                 

nonlinear_resistor_taylor #(.R0(RC_0), .NA0(NA0), .ND0(ND0), .t(t), .TCR1(TCR1), 

.TCR2(TCR2), .piezores_coeff(T1_C*pi12+T2_C*pi11)) R7(cin,center,sub);                             

// R_C                                

nonlinear_resistor_taylor #(.R0(RD_0), .NA0(NA0), .ND0(ND0), .t(t), .TCR1(TCR1), 

.TCR2(TCR2), .piezores_coeff(T1_D*pi11+T2_D*pi12)) R8(din,center,sub);                             

// R_D 

real SI_Hall_h, SI_Hall_v, bbs1a, bbs2a, bbs3a, teff_a, bbs1c, bbs2c, bbs3c, teff_c, bbs1b, 

bbs2b, bbs3b, teff_b, bbs1d, bbs2d, bbs3d, teff_d; 

 

analog begin 

 

teff_a=t-sqrt(2*`eps_rel_si*`P_EPS0*1e-2*NA*(V0+min(V(ain,sub),V(center,sub)))/(`P_Q*N

D*(NA+ND))); // calculation of the effective N-Well thickness in the A branch 

teff_b=t-sqrt(2*`eps_rel_si*`P_EPS0*1e-2*NA*(V0+min(V(bin,sub),V(center,sub)))/(`P_Q*N

D*(NA+ND))); // calculation of the effective N-Well thickness in the B branch 

teff_c=t-sqrt(2*`eps_rel_si*`P_EPS0*1e-2*NA*(V0+min(V(cin,sub),V(center,sub)))/(`P_Q*N

D*(NA+ND))); // calculation of the effective N-Well thickness in the C branch 

teff_d=t-sqrt(2*`eps_rel_si*`P_EPS0*1e-2*NA*(V0+min(V(din,sub),V(center,sub)))/(`P_Q*N

D*(NA+ND))); // calculation of the effective N-Well thickness in the D branch 

 

bbs1a=0.5*sqrt(k2/V0)/(teff_a-sqrt(k2*V0));                                                                               

// calculation of the first-order non-linearity coefficient for sensitivity in the A branch 

bbs2a=-sqrt(k2*V0)*(teff_a-3*sqrt(k2*V0))/(8*pow(V0*(teff_a-sqrt(k2*V0)),2));                                             

// calculation of the second-order non-linearity coefficient for sensitivity in the A branch 

bbs3a=sqrt(k2*V0)*(pow(teff_a,2)-4*teff_a*sqrt(k2*V0)+5*(k2*V0))/(16*pow(V0*(teff_a-sq

rt(k2*V0)),3)); // calculation of the third-order non-linearity coefficient for 

sensitivity in the A branch 

 

bbs1b=0.5*sqrt(k2/V0)/(teff_b-sqrt(k2*V0));                                                                               

// calculation of the first-order non-linearity coefficient for sensitivity in the B branch 

bbs2b=-sqrt(k2*V0)*(teff_b-3*sqrt(k2*V0))/(8*pow(V0*(teff_b-sqrt(k2*V0)),2));                                             

// calculation of the second-order non-linearity coefficient for sensitivity in the B branch 

bbs3b=sqrt(k2*V0)*(pow(teff_b,2)-4*teff_b*sqrt(k2*V0)+5*(k2*V0))/(16*pow(V0*(teff_b-sq

rt(k2*V0)),3));  // calculation of the third-order non-linearity coefficient for 

sensitivity in the B branch 

 

bbs1c=0.5*sqrt(k2/V0)/(teff_c-sqrt(k2*V0));                                                                               

// calculation of the first-order non-linearity coefficient for sensitivity in the C branch 

bbs2c=-sqrt(k2*V0)*(teff_c-3*sqrt(k2*V0))/(8*pow(V0*(teff_c-sqrt(k2*V0)),2));                                             

// calculation of the second-order non-linearity coefficient for sensitivity in the C branch 



87 
 

bbs3c=sqrt(k2*V0)*(pow(teff_c,2)-4*teff_c*sqrt(k2*V0)+5*(k2*V0))/(16*pow(V0*(teff_c-sq

rt(k2*V0)),3));     // calculation of the third-order non-linearity coefficient for 

sensitivity in the C branch 

 

bbs1d=0.5*sqrt(k2/V0)/(teff_d-sqrt(k2*V0));                                                                               

// calculation of the first-order non-linearity coefficient for sensitivity in the D branch 

bbs2d=-sqrt(k2*V0)*(teff_d-3*sqrt(k2*V0))/(8*pow(V0*(teff_d-sqrt(k2*V0)),2));                                             

// calculation of the second-order non-linearity coefficient for sensitivity in the D branch 

bbs3d=sqrt(k2*V0)*(pow(teff_d,2)-4*teff_d*sqrt(k2*V0)+5*(k2*V0))/(16*pow(V0*(teff_d-sq

rt(k2*V0)),3));     // calculation of the third-order non-linearity coefficient for 

sensitivity in the D branch 

 

SI_Hall_v=(1+TCS1*($temperature-T0)+TCS2*pow(($temperature-T0),2))*(SI_Hall_0/teff_b*(

1 + bbs1b*abs(V(bin,center)/2) + bbs2b*pow(V(bin,center)/2,2)  + 

bbs3b*pow(abs(V(bin,center)/2),3)+ SI_Hall_0/teff_d*(1 + bbs1d*abs(V(din,center)/2) + 

bbs2d*pow(V(din,center)/2,2) + bbs3d*pow(abs(V(din,center)/2),3)))/2;  // calculation of 

the effective current-related Hall sensitivity in the vertical direction 

SI_Hall_h=(1+TCS1*($temperature-T0)+TCS2*pow(($temperature-T0),2))*(SI_Hall_0/teff_a*(

1 + bbs1a*abs(V(ain,center)/2) + bbs2a*pow(V(ain,center)/2,2) + 

bbs3a*pow(abs(V(ain,center)/2),3)) + SI_Hall_0/teff_c*(1 + bbs1c*abs(V(cin,center)/2) + 

bbs2c*pow(V(cin,center)/2,2) + bbs3c*pow(abs(V(cin,center)/2),3)))/2; // calculation of 

the effective current-related Hall sensitivity in the horizontal direction 

 

V(a,ain) <+ 0.5*SI_Hall_v*V(B_field,sub)*(I(b,bin)+I(din,d))/2;   // calculation of the 

Hall voltage for the branch A 

V(c,cin) <+ 0.5*SI_Hall_v*V(B_field,sub)*(I(d,din)+I(bin,b))/2;   // calculation of the 

Hall voltage for the branch C 

V(b,bin) <+ 0.5*SI_Hall_h*V(B_field,sub)*(I(c,cin)+I(ain,a))/2;   // calculation of the 

Hall voltage for the branch B 

V(d,din) <+ 0.5*SI_Hall_h*V(B_field,sub)*(I(a,ain)+I(cin,c))/2;   // calculation of the 

Hall voltage for the branch D 

         

        `ifdef DEBUG_TOP                                                                

// DEBUG output messages 

            $display("Show Parameters below: "); 

            $display(" "); 

            $display("teff_a: ",teff_a); 

            $display("teff_b: ",teff_b); 

            $display("teff_c: ",teff_c); 

            $display("teff_d: ",teff_d); 

            $display("bbs1a: ",bbs1a); 

            $display("bbs2a: ",bbs2a); 

            $display("bbs3a: ",bbs3a); 

            $display("bbs1b: ",bbs1b); 
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            $display("bbs2b: ",bbs2b); 

            $display("bbs3b: ",bbs3b); 

            $display("bbs1c: ",bbs1c); 

            $display("bbs2c: ",bbs2c); 

            $display("bbs3c: ",bbs3c); 

            $display("bbs1d: ",bbs1d); 

            $display("bbs2d: ",bbs2d); 

            $display("bbs3d: ",bbs3d); 

            $display("SI_Hall_v: ",SI_Hall_v); 

            $display("SI_Hall_h: ",SI_Hall_h); 

            $display("A: ", (1 + bbs1a*abs(V(ain,center)/2) +                      

bbs2a*pow(V(ain,center)/2,2) + bbs3a*pow(abs(V(ain,center)/2),3))); 

            $display("B: ", (1 + bbs1b*abs(V(bin,center)/2) + 

bbs2b*pow(V(bin,center)/2,2) + bbs3b*pow(abs(V(bin,center)/2),3))); 

            $display("C: ", (1 + bbs1c*abs(V(cin,center)/2) + 

bbs2c*pow(V(cin,center)/2,2) + bbs3c*pow(abs(V(cin,center)/2),3))); 

            $display("D: ", (1 + bbs1d*abs(V(din,center)/2) + 

bbs2d*pow(V(din,center)/2,2) + bbs3d*pow(abs(V(din,center)/2),3))); 

            $display("I(a,ain): ", I(a,ain)); 

            $display("I(b,bin): ", I(b,bin)); 

            $display("I(c,cin): ", I(c,cin)); 

            $display("I(d,din): ", I(d,din)); 

            $display("B_field: ", V(B_field,sub)); 

            $display("Va,ain: ",V(a,ain)); 

            $display("Vb,bin: ",V(b,bin)); 

            $display("Vc,cin: ",V(c,cin)); 

            $display("Vd,din: ",V(d,din)); 

            $display("Iain,center: ",I(ain,center)); 

            $display("Ibin,center: ",I(bin,center)); 

            $display("Icin,center: ",I(cin,center)); 

            $display("Idin,center: ",I(din,center)); 

            $display("VHall_bd: ",V(b,bin)-V(d,din)); 

            $display("VHall_ac: ",V(a,ain)-V(c,cin)); 

            $display(" "); 

            $display("The end "); 

        `endif 

    end 

 

endmodule 
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