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“This ‘telephone’ has too many shortcomings to be seriously considered
as a means of communication. The device is inherently of no value to us”
:LOOLDP2UWRQGLUHFWRURI:HVWHUQ8QLRQTM

Det är renasnurren kring det nya europeiska digitala mobiltelefonsystemet
GSM. Den så viktiga lanseringen på marknaden av ett nytt och dyrbart system
liknar mest ett fiasko."
(“There is a total confusion with the new European digital cellular-phone system
GSM. The very important market-launch of a new and expensive system, seems
to be a fiasco”)
$IIlUVYlUOGHQGHQMXQL

“3G? 4G?”
$GLVHQR0D\
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$EVWUDFW
In this thesis, design aspects of fully integrated multiband multistandard front-end
receivers are investigated based on three fundamental aspects: noise, linearity and
operating frequency. System level studies were carried out to investigate the effects of
different modulation techniques, duplexing and multiple access methods on the noise,
linearity and selectivity performance of the circuit. Based on these studies and the
low-cost consideration, zero-IF, low-IF and wideband-IF receiver architectures are
promising architectures. These have a common circuit topology in a direct connection
between the LNA and the mixer, which has been explored in this work to improve the
overall RF-to-IF linearity. One front-end circuit approach is used to achieve a lowcost solution, leading to a new multiband multistandard front-end receiver
architecture. This architecture needs a circuit whose performance is adaptable due to
different requirements specified in different standards, works across several RF-bands
and uses a minimum amount of external components.
Five new circuit topologies suitable for a front-end receiver consisting of an LNA
and mixer (low-noise converter or LNC) were developed. A dual-loop wide-band
feedback technique was applied in all circuits investigated in this thesis. Three of the
circuits were implemented in 0.18 µm RF-CMOS and 25 GHz bipolar technologies.
Measurement results of the circuits confirmed the correctness of the design approach.
The circuits were measured in several RF-bands, i.e. in the 900 MHz, 1.8 GHz and
2.4 GHz bands, with S11 ranging from –9.2 dB to –17 dB. The circuits have a typical
performance of 18-20 dB RF-to-IF gain, 3.5-4 dB DSB NF and up to +4.5 dBm IIP3.
In addition, the circuit performance can be adjusted by varying the circuit’s first-stage
bias current. The circuits may work at frequencies higher than 3 GHz, as only 1.5 dB
of attenuation is found at 3 GHz and no peaking is noticed. In the CMOS circuit, the
extrapolated gain at 5 GHz is about 15 dB which is consistent with the simulation
result. The die-area of each of the circuits is less than 1 mm2.
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 ,QWURGXFWLRQ
During the last decade, the wireless communication market has developed
rapidly. Mobile cellular phones have become one of mankind needs, and more
and more applications use wireless technology [1]. As for many other products,
this forces the wireless industry to improve the overall performance/price ratio.
The minimum performance of a certain wireless applications is determined by
the standard, while the price can be strongly reduced by increasing the
integration level of the circuits.
A key issue in increasing the integration level lies at the architectural level
and the expensive circuit blocks that can be integrated. The most promising
approaches are architectures that eliminate the external IF-filtering and possibly
external VCO resonators [2], such as zero-IF (direct-conversion) receivers, wideband IF (quasi-IF) receivers and low-IF (image-reject) receivers [2-11].
In zero-IF receivers, the external IF-filter is eliminated since the RF signal is
downconverted to DC [2, 3]. No image-reject problem is found and only lowpass filters are needed facilitating monolithic integration. However, DC offset,
phase and gain imbalance, and flicker noise introduce new difficulties which in
turn lower the performance. Wide-band IF receivers eliminate the need of IFfilters, but retains the image-reject problem as the first mixer downconverts RF
to high-IF [2, 10]. If the IF is set to a low frequency, the image-problem will be
the same as in low-IF receivers. Low-IF receivers are seen as a mixture between
1

&KDSWHU,QWURGXFWLRQ

the performance provided by traditional heterodyne- and the integration level
provided by direct-conversion receivers [2, 6-9, 11]. The intermediate frequency
is chosen low enough that the desired signal can be filtered by using normal
monolithic filtering techniques such as gm-C continuos-time filters or switchedcapacitor filters. Reduced image-reject (IR) performance (see also [12-16])
compared to traditional heterodyne receivers (high-IF) is accepted in certain
applications such as GSM [17], DECT [10], WLAN or Bluetooth [18]. However,
IR issues at the circuit level are still the biggest problem in low-IF receivers.
A lot of research has been done on highly integrated receiver architectures,
however, little research has been done on the circuit level to exploit the benefit of
the change in architecture, i.e. a direct connection between the LNA and the
mixer (see for example [19-21]).
To increase the functionality, wireless receivers should at least provide not
only multiband but also multistandard operation [22]. While much research has
been done in high-performance fully integrated narrow-band front-end receivers,
they contain on average three to four on-chip inductors in their differential LNA.
Using such a circuit in each of the RF bands in a multiband receiver would
occupy a large chip-area, leading to a high cost solution.
This thesis focuses on improving the performance/price ratio of fully
integrated multiband multistandard front-end receivers at the circuit level,
especially in the linearity performance for both bipolar and CMOS silicon
devices. Overall design aspects of circuits used in front-end receivers, i.e. LNAs
and mixers, are investigated and based on three important criteria: noise, linearity
and bandwidth.
The thesis is organized as follows: In chapter 2, an overview of several system
aspects in receivers is given. Basic configurations of LNAs and mixers are
described in chapter 3, covering some fundamental limits in designing the
circuits. Noise and linearity considerations are discussed in chapter 4 and chapter
5, respectively. In chapter 6, several design examples are given using the
approach described in chapters 2-5. Some of these circuits are already fabricated
and complete measurement results can be found in appended papers. Finally,
chapter 7 contains a conclusion of the thesis.
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 5HFHLYHUVIRU:LUHOHVV$SSOLFDWLRQV
 :LUHOHVVFRPPXQLFDWLRQV\VWHPV
Wireless systems can be found in many applications nowadays. Some of them
use single-to-multiple point communication, such as broadcast transmissions.
Others use single-to-single point, such as cellular phone, WLAN, and cordless
telephone, but there are also mixed systems such as interactive digital TV
systems. For the same application, different standards may be found, e.g. GSM,
IS-45, PDC and UMTS standards for mobile communication systems. For the
same standard, different radio frequency band may be used, e.g. GSM 900 and
GSM 1800 which work in the 900 MHz band and 1800 MHz band, respectively.
In 1948, C. E. Shannon published his work in communication theory
establishing bounds on the amount of information that could be transferred
reliably over different communication media. Shannon stated that the
communication channel capacity, in bit per second, is given by [23]:
6

& = % ⋅ 2 log1 +  ,
 1

(2.1)

where % is the bandwidth of the channel and 61 is the ratio of signal power and
noise power under assumption of Gausian noise. The information will be lost if
more information exceeding the available capacity provided by the channel is to
be transferred. Equation (2.1) implies that communication channels are
fundamentally limited by the generated noise level which in turn limits the
3
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minimum detectable signal level, the linearity which provides the maximum
undistorted signal level and the available bandwidth of channels.
Few of these wireless systems still use analog techniques. Most of the wireless
communication systems instead use digital modulation techniques due to the
capability of such systems to reconstruct noisy and distorted received signals.
However, all of them still use analog circuits in the radio part, since very weak
signals as low as –100 dBm (corresponding to a root-mean-squared voltage of
2.23 µV in 50 Ω systems) with 10 dB SNR are not an uncommon signal level. At
the same time, the systems should be able to process received signals up to –20
dBm (corresponding to a root-mean-squared voltage of 22.3 mV in 50 Ω
systems).
This chapter covers some aspects of receivers that determine the required
performance in the circuit level. Some are already fixed, e.g. channel bandwidth,
operating frequency, type of modulation and access method, minimum and
maximum receive signals. Some are still free to design, e.g. receiver architecture
and frequency planning. The attention is focused on design aspects of front-end
receivers.

 *HQHUDOV\VWHPOHYHOFRQVLGHUDWLRQV
Most wireless receivers are characterized by system level specifications such as
blocking characteristics, intermodulation characteristics, bit error rate (BER),
minimum detectable RF signal level (sensitivity level) and frequency bands
including its channel arrangement. In this section, those specifications will be
briefly described and translated to building block specifications. The latter will
then be translated to circuit level requirements and only those that are related to
the design of the front-end receiver will be discussed extensively.
Blocking characteristics (in-band, out-of-band, co-channel and adjacent
channel blocking) affect mainly the design of the frequency synthesizer and the
channel-select filter. It determines mainly the required image rejection (IR) ratio,
which in the case for some receiver architectures drives the performance of the
mirror signal suppression block [10, 17-18]. Blocking characteristics can affect
the design of LNAs through desensitizing, i.e. when a large signal close to the
desired signal reduces the gain of the LNA. This effect will be discussed further

4
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in chapter 5. The presence of a blocking signal within specifications will lead to
higher demand on linearity. Should this occur in a real situation, the DSP block
should choose another channel.
Frequency bands and the channel arrangement affect the design of the LNA
primarily in terms of frequency response. They strongly affect the design of the
out-of-band RF reject filter, as every receiver needs a sharp RF filter in front of
the LNA, independent of whether a narrow-band or wide-band LNA is used in
the receiver [24].
The intermodulation characteristics, BER and reference sensitivity levels
affect the performance of the front-end receivers strongly. These specifications
are discussed extensively in subsequent sections.
 1RLVH)LJXUH
Noise puts a limit on the lowest signal that can be detected by a receiver
(sensitivity). As the signal passes through a receiver, the signal-to-noise ratio
(SNR) will naturally be degraded. The most common way to measure this kind of
degradation is by means of the noise factor (F) [25]. In digital wireless
communication systems, it is coupled to BER (including the type of the
modulation technique), bandwidth of interest and minimum detectable signal
requirement [10, 17-18]. The noise factor is defined as [25]:
)=

1R
1R
=
,
1 L ⋅ * N70*

(2.2)

where 1R = The available noise power per unit bandwidth at the output,
* = The available power gain,
1L = The available noise power per unit bandwidth at the input port,
N

= The Boltzmann constant (1.38 x 10-23 J/K),

7R = The standard reference temperature (290 K).
If the receiver is linear, i.e. the power gain is the same for signal and noise, then
the equation (2.2) can be rewritten as:

)=

1R
1R
6 1
=
= L L ,
N7R * (6 R 6 L ) ⋅ 1 L 6 R 1 R

(2.3)

where 6R = The available output signal power,
6L

= The available input signal power.

5

&KDSWHU5HFHLYHUVIRU:LUHOHVV$SSOLFDWLRQV

Taking the bandwidth of interest (%) into account, equation (2.3) can be rewritten
in terms of system level requirements specified in the wireless standard (in dB
unit) as:
1) dB = 6HQVLWLYLW\ dBm − DYDLODEOHQRLVHDWWKHLQSXW dBm/Hz −
10 ⋅ log % dBHz − 615RXW

.
dB

(2.4)

615RXW at a given modulation technique is related to the achieved BER of the
receiver (see section 2.4). Notice that the minimum necessary SNR at the output
is dependent on the type of demodulator used [26]. For example, 9 to 12 dB of
SNR can be found in GSM applications.
Front-end receivers may consist of several cascaded blocks. The total noise
factor for such systems is equal to (see also in [25]):

)WRW = )1 +

)1 − 1
)2 − 1 )3 − 1
+
+ ... +
.
*1
*1* 2
*1* 2 ...* 1 −1

(2.5)

Note that the equation (2.5) is valid provided Fj is evaluated using the output
impedance of the (j-1)th stage as the source impedance. A matching condition is
thus required at the input- and output impedance of each block. If the condition is
violated, a mismatch factor should be included in the equation (2.5) (see for
example [27]). A more general theory suited to a design approach will be
explained in chapter 3.
In most receivers for digital wireless communication, passive components are
placed in front of the LNA, e.g. RF filter, duplexer or balun. These components
introduce loss which worsen the overall noise factor. In [26], the noise factor of a
matched attenuator is derived and for a given loss L, it is equal to:
)PDWFK.DWWQ. = /,

(2.6)

and the gain is equal to:
*PDWFK.DWWQ. =

1
.
/

(2.7)

 /LQHDULW\
The linearity of the receiver is expressed as the maximum input signal level for
which the third-order intermodulation (IM) products do not exceed the noise
floor [28]. The spurious-free dynamic range (SFDR) is used in RF design to
characterize the dynamic range, rather than the full-scale input level. The
6
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linearity is thus characterized by the third-order intercept point referred to the
input (IIP3), rather than by the –1 dB compression point (CP–1 dB). In section 5,
these two figures of merit in circuit level will be discussed extensively. The
effect of non-linearity is illustrated in Fig. 2.1.
Interferers

Interferers
Desired
Channel

ω

IM3
Receiver with
finite IIP3

Desired
Channel

ω

Fig. 2.1. Corruption of a signal due to intermodulation between two interferes.

The IIP3 is straightforward to calculate from the intermodulation requirement
specified in the wireless standard by using the following equation:
,,33 G%P =

(3RXW, IXQG − 3RXW, ,0 3 ) G%
2

+ 3LQ G%P ,

(2.8)

where 3RXWIXQG = The output power at the fundamental frequency.
3RXW,0 = The output power at the IM3 product frequency.
Wireless specifications can be best described using the spectrum at the output as
depicted in Fig. 2.1. Although it is not fully equal to those specified in a wireless
standard (the second interferer should be a modulated signal), the figure still
gives an insight into how it is calculated.
The upper IM3 component at the output corrupts the desired modulated signal
in the channel as shown in the Fig. 2.1. The level of this IM3 component must be
lower than the specified desired channel’s level. The distance of these two levels
corresponds to the required SNR at the output. Examples of IIP3 for several
wireless communication system are –18 dBm for GSM, –22 dBm for DECT and
–16 dBm for Bluetooth (see appendix A.3 and [10, 17-18]).
In case of non-zero IF, such as, heterodyne-, wide-band-IF-, or low-IF
receivers, the frequency planning problem together with blocking specifications
may lead to a tougher linearity requirement [29], especially for those without
external IR filter. These problems can be solved partly by carefully designing the
roll-off characteristic of the RF band pass filter and partly by carefully designing
7
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the frequency plan [29]. As the latter is related to the design of the transmitter
architecture, it should be decided in system level design.
Similar to the noise analysis, an expression for the linearity needs to be
derived for systems consisting of cascaded blocks. The following equation for a
narrowband system is valid [28]:

1
,,33,WRW

2

≈

1
,,33,1

2

+

$Y1

,,33, 2

$Y1 ⋅ $Y 2
2

2
2

+

,,33,3

2

$Y1 ⋅ $Y 2 ⋅ ... $Y ( 1 −1)
2

2

+ ... +

2

,,33, 1

2

2

, (2.9)

where IIP3,j and Avj are the IIP3 and the voltage gain of the jth stage in linear
units.
 *DLQGLVWULEXWLRQ
Another important circuit level specification for the front-end receiver, i.e. the
gain, has not been discussed so far. The required gain from the antenna to the
input of A/D converter (ADC) depends on the chosen architecture, blocking level
specification and the performance of the ADC. Typically, it requires between 30
– 40 dB gain in GSM systems with a high-performance ADC, provided the
channel selection is done after the ADC. However, it may require up to 100 dB
gain when a traditional analog receiver is used. Several stages are thus needed in
the front-end receiver to amplify the input RF-signal, otherwise a gain instability
may occur. It can be seen from equations (2.5) and (2.9) that if most of the gain
is put in the first stage, noise requirements of the following stages can be relaxed,
just the opposite to linearity requirements. On the other hand, if most of the gain
is designed to be in the last stage, which is contrary to noise requirements,
linearity requirements in each of stages are easier to meet. A trade-off has to be
made in distributing the gain to meet both noise and linearity requirements.
Another aspect that may be taken into consideration in the distribution of the
gain is that a high-linearity amplifier is easier to design at low frequencies. It
may thus be a good idea to put most of the gain in the last stage, provided the
first stage gain is high enough to suppress the noise contribution of following
stages. These circuit level aspects will be discussed further in chapter 5.
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 'XSOH[LQJDQGPXOWLSOHDFFHVVPHWKRGV
Most wireless communication systems use the same antenna for both the
transmitter and the receiver, even if their frequencies are different from each
other. As the receiver needs to be isolated from the transmitter to avoid saturation
due to output power leakage from the transmitter to the receiver, a frequency -or
time division duplexing (FDD or TDD) should be used. Since the chosen
duplexing method affects the design of front-end receivers, especially noise and
linearity performance, discussion about these methods will be briefly addressed
in the following sub-sections.
The demand on wireless communication systems to have higher data rates and
to increase the number of users, forces more and more signals to share the
available limited frequency spectrum. Several multiple access methods have been
developed to solve this problem. The method sets a frame for the radio design
and thus has a strong influence on the choice of radio architecture and on the
specification of the analog receiver.
 )UHTXHQF\DQGWLPHGLYLVLRQGXSOH[LQJ
Frequency-division duplexing (FDD) means that the transmission and reception
are accomplished at different frequencies (see Fig. 2.2) [28]. Two front-end
bandpass filters are combined to form a duplex filter, which has different transfer
functions from the antenna terminal to the receiver and transmitter. Although
FDD systems ideally makes the receivers immune to the strong signals sent by
other transmitters, the duplexer provides attenuation of typically 50-60 dB from
its own transmitter to the receive band. For some applications, this is not enough.

fRx

fTx
fRx
Rx

Tx
fTx
Fig. 2.2. Frequency-division duplexing.
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Moreover, good duplex filters introduce a loss of typically 2-3 dB. From (2.5)(2.7), it can be derived that such a loss will degrade the overall noise figure
performance by 3 dB. Nevertheless, FDD is widely used in cellular phone
systems, partly due to its ability to isolate the receiver from signals produced by
other transmitters and partly due to easiness in controlling the system.
Time-division duplexing (TDD) means that the transmission and reception are
accomplished at different time-slots (see Fig. 2.3) [28]. A high-speed switch with
a loss typically less than 1 dB enables or disables the transmitter and receiver.
There will be no significant interference between the receive and transmit paths
in the same unit, as the transmitter is disabled during reception. The disadvantage
is obviously that strong signals generated by nearby transmitters can easily
desensitize the receiver. WLAN, some short-range wireless systems and cordless
phones, like DECT, use this type of duplexing.

Rx

Tx
TDD command
Fig. 2.3. Time-division duplexing.

From the above discussion, it is clear that in FDD systems, designers need to
put stringer requirements on circuit noise performance, provided a well-isolated
transmitter-receiver duplex filter is available. In TDD systems, linearity
performance needs careful design considerations because of desensitization in
the receiver. Hybrid solution (FDD and TDD) may be a good solution to remove
the interference problem between transmit and receive paths, both from nearby
transmitters as well as leakage form its own unit. However, noise performance
will be worse than either of the two duplexing methods.
 )UHTXHQF\GLYLVLRQPXOWLSOHDFFHVV
Frequency-division multiple access (FDMA) is the basic method for multiband
radio communication. In FDMA systems, the available spectrum frequency is
10
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divided into a number of narrow channels (see Fig. 2.4.a) [30]. For low data-rate
applications, there is no problem to have separated signals in the frequency
domain. Requirements for filters and absolute frequency accuracy are rather
moderate. However, for the same frequency spectrum, high data-rate applications
would require a much sharper pass-bands for the channel filter. The absolute
frequency accuracy requirement is also increased. Moreover, the number of users
is limited to the number of available channels. The first generation of cellular
phones, such as NMT, AMPS and TACS, as well as the 3rd generation, such as
UMTS in normal mode, use this type of multiple access.


FK

time

FK

FK FK FK FK FK


FK

frequency

(a)

(b)

Fig. 2.4. (a) Frequency-division multiple access; (b) Time-division multiple access.

 7LPHGLYLVLRQPXOWLSOHDFFHVV
In time-division multiple access (TDMA), each frequency channel is divided into
time slots and every nth slot is reserved for single traffic channel (see Fig. 2.4.b)
[30]. Instead of assigning a small part of the available bandwidth to each
transceiver unit, the entire signal bandwidth may be used by all units but be
confined to short non-overlapping time-intervals, leading to a time-discrete
transmission scheme. Synchronization is needed in TDMA to prevent traffic
channels from overlapping in time.
Hybrid multiple access (FDMA-TDMA) is also possible. For example in a
GSM receiver, the available frequency spectrum is divided into a number of 200
kHz-wide FDMA-channels. Each channel is then divided into 8 time-slots
(TDMA-channels). By using this combined multiple access, more users can use
the channels with the same selectivity and absolute frequency accuracy
requirements compared to FDMA-only systems.
Unsynchronized radio channels may lead to unplanned reception of signals for
the authorized user. It may lead to transients in the power level of the reception
band. It must thus be taken into account in the system level design of receivers.

11
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 &RGHGLYLVLRQPXOWLSOHDFFHVV
The code-division multiple access (CDMA) schemes are characterized by signals
with a bandwidth much larger than for the signal frequency and are based on
pseudo-random sequences of orthogonal codes. The code may be a frequency
pattern, called frequency-hopping CDMA (FH-CDMA) or a digital bit stream,
often called direct-sequence CDMA (DS-CDMA) [30].
FH-CDMA systems are in principle combined time- and frequency multiple
access schemes. The available bandwidth is divided into a number of narrow
channels. In addition, time is also divided into slots. A transmitter sends narrow
band signals in one of the channels during a time slot. In the subsequent time
slot, the same transmitter keeps transmitting, but on another frequency channel.
Thus, the transmitter hops from one frequency channel to another, as illustrated
in Fig. 2.5.a. The sequence of frequencies used by all transmitters are unique and
predetermined. Receivers follow the same frequency pattern, tracking the
transmitters in every time slot. If the hop sequences are chosen such that no timeslot in each frequency channel will overlap, the orthogonality of transmitted
signals from different transmitters is maintained.
The disadvantages of FH-CDMA systems are its frequency selectivity and
time synchronization. However, its resistance to adverse propagation conditions,
such as narrow band frequency selective fading, and its capability to withstand
interference makes this scheme extremely useful for slowly moving mobile
communication systems.

time
frequency

(a)

(b)
Fig. 2.5. (a) FH-CDMA; (b) DS-CDMA.

In DS-CDMA systems, orthogonal digital bit streams are used to spread
narrow band information signals. Each channel appears as white noise to each
other in the reception band (see Fig. 2.5.b). The operation principle of the DSCDMA is shown in Fig. 2.6. The transmitted data is multiplied with the
spreading code, which spreads the information signal over a much wider band. In
12
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the receiver, the received signals are again multiplied with the same code. The
data that correlates with the code is recovered. All uncorrelated information
signals are scrambled again, but their spectral response remains unchanged.
The ratio between the transmission and information bandwidth is called
spreading factor or processing gain. In the receiver side, this factor describes the
improvement of the signal-to-noise ratio in the despreading process. The
transmission bandwidth is typically fixed, as it defines a physical spectrum.
However, the information data rate may vary, changing only the processing gain.
It means that no reconfiguration of the hardware is needed when variable
information data rates are transmitted.
user 4
user 3
user 2

spectrum of
modulated data

scrambled
spectrum

user 1

spectrum after
despreading

received
radio channel

Transmitted
data

Received
data

pseudorandom code

Transmitter

pseudorandom code

Receiver

Fig. 2.6. The principle of direct sequence code-division multiple access.

As DS-CDMA systems use a wider channel bandwidth for the same
information bandwidth compared to other multiple access systems, requirements
on the analog channel-selection filter are thus relaxed. The final signal-select
filtering is done after the AD conversion.
It can be concluded that duplexing and multiple access methods affect frontend receiver design parameters. While duplexing methods affect the required
noise and linearity performance, multiple access methods have strong effects in
the selectivity and/or synchronization requirements.

 'LJLWDOPRGXODWLRQ
Wireless communication systems use electromagnetic energy to transfer signals
from one place to another. The source signal, that is usually in electronic domain
is converted to electromagnetic signals in the antenna. The physical size of such
devices are inversely proportional to the signal frequency. From this practical
13
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consideration, using of higher frequencies results in antenna of more practical
size.
The numbers of available frequencies are limited. The multitude of users and
applications push system designers to find out ways to efficiently use available
spectrum. The radio channel is also subject to physical considerations, such as
wave propagation, diffraction, scattering, etc. Received radio signals are thus
always noisy and distorted. Detection techniques need to be developed in order
to correctly recover received signals.
From the above considerations, modulation techniques are needed. Nowadays,
digital modulation techniques dominate in new communications systems, in spite
of higher levels complexity. Digital signals can be perfectly reconstructed from
noisy and distorted signals, provided the noise and distortion are not too severe.
This section covers a brief introduction to digital modulation and its properties,
that have an effect on the analog front-end receiver circuit design.
 3KDVHVKLIWNH\LQJ 36.
In digital phase modulation systems, the phase angle of the carrier changes
according to the transmitted symbol. Because the range of the carrier phase is 0 

θ   , the range of the carrier phases used to transmit digital information via
digital-phase modulation are

N

=  N/0, k = 0, 1,…, M-1. Binary PSK (BPSK,

M=2) is the simplest form of phase modulation. The symbol has only 1 bit,
which rotates the phase by 1800 when the input changes (see Fig. 2.7.a for the
signal constellation). The constellation always crosses the origin when the data
changes, indicating a large AM-component in the modulation, although phasemodulation is used. In addition, sharp transitions indicate wide spectrum use.
(a)

(b)

Q

Q

I

I

Fig. 2.7. Signal constellations: (a) BPSK; (b) QPSK. Possible shifts are marked with
arrows.
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In the quadrature PSK (QPSK, M=4), each group of two bits constitute a
symbol. The symbol rate is thus half the bit rate, indicating that the required
bandwidth is half that of BPSK. The signal constellation is shown in Fig. 2.7.b
and all transitions are possible. However, here the AM-component is lower
compared to the BPSK since 900 phase shifts produce less amplitude distortion
than 1800 transitions.
The performance of the modulation is evaluated by means of the probability
of an error in the detection. It affects the noise requirement of the front-end
receiver circuit. From equation (2.4), it follows that the less SNRout that is
required, the more the NF requirement of the receiver is relaxed. Fig. 2.8 shows
the probability symbol error as function of the required SNR for some PSK
modulation-based types [31]. In appendix A.2, NF calculations are done for some
wireless communication standards.

Fig. 2.8. Probability of symbol error in PSK modulations systems.

 )UHTXHQF\VKLIWNH\LQJ )6.
In digital frequency modulation systems, the carrier is frequency modulated as
information is transmitted. The signal phase is thus changed linearly, in contrary
to PSK systems in which the phase is changed abruptly. The simplest form of
FSK is the binary FSK (BFSK). When the value of the bit changes, the phase
15
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variation’s sign is inverted, changing the carrier frequency. The phase shift in the
carrier is thus smooth and the amplitude does not change. Thus, there is no AMcomponent in the modulation.
The probability of bit error in BFSK systems (see Fig. 2.9) differs by a factor
of two from that in BPSK systems [31]. It means that for a given probability of
error and noise density, the bit energy in BFSK must be twice that in BPSK.
Nevertheless, BFSK is widely used in low data-rate applications, such as pagers.
Its simplicity in detection of the signal might be the main reason of its popularity.

Fig. 2.9. Probability of bit error in FSK modulation systems.

 *DXVVLDQILOWHUHGPLQLPXPVKLIWNH\LQJ *06.
Minimum shift keying modulation is a special type of binary continuous-phase
frequency shift keying where the peak frequency deviation is equal to half the bit
rate. This type of modulations does not have narrow frequency spurs at the
spectrum nor rapid changes in phase. Moreover, the modulation has a constant
envelope.
The bit error performance is almost equal to that of coherent PSK [30].
Compared with FSK, MSK systems have better spectral properties and produce
less interference signals outside the bandwidth. It means that MSK systems are
superior in both power and bandwidth efficiency, compared to FSK.
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MSK systems have a wider output spectrum compared to QPSK, for the same
data rate. Gaussian filters can be used for pulse shaping to limit the spectrum
without destroying the good time-domain response. The drawback is the
increased complexity of the detector.
 4XDGUDWXUHDPSOLWXGHPRGXODWLRQ 4$0
Quadrature amplitude modulation systems use two quadrature carriers, each of
which is amplitude modulated in accordance with the sequence of information
bits. More generally, QAM may be viewed as a form of combined digitalamplitude and digital-phase modulation. QAM systems divide the constellation
point evenly and every transition is possible. The signal constellation is shown in
Fig. 2.10.
Q

0= 64
0= 32
0= 16
0= 8
0= 4

I

Fig. 2.10. Signal-space constellations for QAM.

Using this technique, a better spectral efficiency is obtained. To achieve the
same goal in PSK and MSK modulation schemes, the phase difference at the unit
circle must be smaller which increase the susceptibility to errors due to noise and
distortion. The probability of symbol error for QAM is shown in Fig. 2.11.
However, the complexity and accuracy requirements of the hardware limit the
use of QAM. Moreover, if the distance between adjacent points is constant, the
transmission power of higher-order QAM is larger. There is thus a trade-off
between spectral efficiency and transmission power.
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Fig. 2.11. Probability of a symbol error for QAM

 2UWKRJRQDO)UHTXHQF\'LYLVLRQ0XOWLSOH[LQJ 2)'0
From a terminology point of view, OFDM should belong to multiplexing or
multiple access classification, but in some recently popular wireless standards,
such as WLAN 802.11a, HiperLAN2, DVB and DAB, OFDM can be seen as an
extension of the modulation process. There, signals that are already QAM or
QPSK modulated, are further modulated using the OFDM technique leading to
multicarrier signals.
In OFDM, the available frequency spectrum for one channel is divided into
several subchannels. Each has its own subcarriers with data-rate equals to the
information-channel data-rate divided by the number of channels. Each of the
subcarriers is orthogonal to one another, eliminating intersymbol interference,
even when their frequency spectrums overlap. A symbolic illustration of the
individual subchannels is shown in Fig. 2.12.
Since each subcarrier has a relatively low data-rate, they experience almost
flat fading making equalization very simple. Another impact of having low datarate subcarriers is that the system becomes insensitive to delay spread as the
symbol period of each subcarrier is long.
The drawback of this technique is linearity and frequency offset. OFDM
signals experience non-linear effects through the transmitter and receiver chain.
Subcarriers within one information-channel thus create intermodulation
interference.
18
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Fig. 2.12. A symbolic illustration of the individual subchannels for an OFDM system
with N tones over a channel-bandwidth W.

In [32], it is shown how the linearity of a system is affected as function of the
number of subcarriers. In section 5, a linearity analysis is given at the circuit
level that is useful in designing front-end receivers. In HiperLAN2, information
data is grouped in several Packet Data Units (PDUs) and transmitted using the
OFDM technique. The probability of PDU error as function of Eb/No is shown in
Fig. 2.13 for the Non-Line-of-Sight (NLOS) channel model [33].

Fig. 2.11. PDU error rate vs. Eb/No for channel model NLOS in HiperLAN2.

It is clear from the previous sections that for a single carrier system, the
modulation technique used affects the required noise performance of the
receiver. In addition, systems using

multicarrier systems require increased

linearity performance.

 5HFHLYHU$UFKLWHFWXUHV
The use of modulation and multiple access results in design problems for the
receiver. Some problems are due to coexistence of several RF signals in different
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channels in the same RF-band and some are due to the down-conversion process
in the receiver. The ways these problems are solved, lead to different receiver
architectures.
Since many carriers are used in a given RF-band, the linearity becomes an
important issue. As it determines the dynamic range, the channel capacity
depends on linearity performance (see equation (2.1)). The most common
parameter is IIP3, since its intermodulation interference components are in the
frequency of interest and these can not be removed by a simple RF-band filter. In
addition, in certain radio architectures, the 2nd-order distortion needs to be taken
into account as it affects the desired signal recovery performance [34]. Another
issue that is also related to the distortion behavior of the system is blocking
performance. Together with the frequency planning, this issue also puts a
demand on the required IIP3.
Selecting a channel among several RF-channels puts a demand on the
selectivity requirement. As the channel selection is done by a filter, the quality
factor, defined as the ratio between the center carrier frequency and the –3dB
bandwidth, is related to the selectivity requirement. To relax the quality factor,
the selection of the desired channel is thus preferably done at relatively lowfrequency. One of most important parameters for the selectivity is the
suppression of adjacent channels. The distance between adjacent channels,
difference in power and the power spectral density of the modulated channels
define the specifications for the filter.
Filtering the desired channel also limits the bandwidth of the signal.
Frequency components belonging to digital baseband signals are filtered out. As
a result, intersymbol interference (ISI) will occur. To solve this problem, pulse
shaping is employed in the transmitter and equalization in the receiver.
As the signal frequency is upconverted in the transmitter, a down-conversion
is needed in the receiver. In analog signal processing, when the later is done to a
non-zero frequency, it happens unfortunately with a negative side-effect, known
as image problem. Two different RF-channels are downconverted into the same
frequency. The receiver has to reject the undesired image component to a level
much below the desired channel.
In general, wireless receivers are classified by the ways the modulation signal
at RF is brought down to the low frequency baseband. If the receiver uses a non20
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zero intermediate frequency, then it is called a heterodyne receiver. If not, it is
called a direct conversion receiver. If RF signals with bandwidth ∆I are translated
to a lower band by sampling the signal at a rate equal to or greater than ∆I, then
it is called a subsampling receiver.
 +HWHURG\QHUHFHLYHUV
Heterodyne receivers operate by translating RF signals to much lower
frequencies. The desired channel is then selected in this low frequency band, thus
relaxing the channel filter quality factor, Q. Figure 2.12 illustrates the principle
of operation of heterodyne receivers. The RF signals received at the antenna are
first selected using a band-pass filter to reject out-of-band signals or interference.
The RF signals are further amplified by a low-noise amplifier and
downconverted to lower frequencies by using a mixer. An image-reject filter is
inserted between the LNA and mixer to reject unwanted RF signals that would
downconvert to the same IF-frequency as the desired one. A channel-select bandpass filter is then used to select the desired channel [28]. The signal is then
demodulated to produce the desired baseband signal.
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Fig 2.12. A heterodyne receiver architecture and its frequency translation mechanism.

The trade-off between sensitivity and selectivity in single downconversion
architectures may force the use of a dual-IF topology. In the latter, the desired
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channel is selected in both the first-IF and in the lower second-IF. A relaxed Q
requirement on each filter can thus be obtained.
 'LUHFWFRQYHUVLRQUHFHLYHUV =HUR,)UHFHLYHUV
The largest obstacle in improving the integration level of heterodyne receivers is
the filters. Especially the rather high Q channel-select and image-reject filters. A
lot can be gained from investigating receiver topologies without high Q filters.
If the IF in heterodyne architecture is reduced to zero, the LO will then
translate the center of the desired channel to 0 Hz (baseband signal). The portion
of the channel translated to the negative frequency half-axis becomes the image
to the other half of the same channel translated to the positive frequency halfaxis. The downconverted signal must be reconstituted by using complex signal
processing, otherwise the negative-frequency half-channel will fold over and
superpose on to the positive-frequency channel. The architecture of direct
conversion receivers is shown in Fig. 2.13.

Mixer

LPF
I

cos ω LOt

RF

sin ω LOt
LNA
Q
Mixer

LPF

Fig. 2.13. Direct conversion architecture.

The local oscillator frequency ω/2W in the direct conversion receiver is the
same as the RF signal frequency ω5)W. Notice that channel selection requires only
a low-pass filter with relatively sharp cutoff characteristics. Since the RF signal
is downconverted to DC, no image filter is required and the LNA does not need
to drive a 50-Ω load. Another advantage is that LPFs are amenable to monolithic
integration. However, this kind of architecture introduces other problems such as
DC offsets, I/Q mismatch, flicker noise, envelope distortion and LO leakage [2,
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6, 28]. These problems put higher requirements on the RF gain, LO-to-RF
isolation, IIP3, IIP2 and noise performance.
 :LGHEDQG,)UHFHLYHUV
Another alternative architecture that is well suited for integration of the entire
receiver is wide-band-IF receivers with double conversion [2, 10]. Shown in
figure 2.14, this topology translates all of the potential channels and frequencies
from RF to IF using the first I/Q mixers with a fixed frequency local oscillator
(LO1). A simple low-pass filter is used at the first IF to remove any upconverted
frequency components, allowing all channels to pass to the second mixers. All of
the channels at IF are then frequency translated directly to baseband using a
tunable, channel-select frequency synthesizer (LO2). The trade-off between
sensitivity and selectivity in single downconversion leads to dual-IF topology. In
the latter, the desired channel is selected partly in the first-IF and partly in the
lower second-IF. A relaxed Q for each filter can be obtained in this way.
Mixer 2

Mixer 1
LO2I

LO1I

LPF

Q
LPF

LO2Q
RF Filter

LNA

LO2I

LO1Q

LPF

I
LPF

LO2Q

Fig 2.14. Wide-band-IF with double conversion.

The advantage is that a low phase-noise RF local oscillator is more easily
designed for a fixed frequency. One disadvantage can be that some blocking
specifications are difficult to meet due to several reasons, e.g. due to the lack of
channel filtering between the receiver input and the baseband circuit [2].
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 6XEVDPSOLQJUHFHLYHUV
Most wireless receivers are narrowband. Since narrowband signals exhibit only
small changes with time, the RF signal can be sampled at a much lower rate.
Sub-sampling receivers use this approach and the principle of operation is
illustrated in Fig. 2.15.

Image-band

ω
RF-band

0

0

ω

0

ω

Fig. 2.15. Sub-sampling in frequency domain.

The main difference between sub-sampling receivers and other receivers is
that no mixer is used to downconvert the RF signal to baseband signal. The term
sub-sampling is used when the sampling frequency is substantially lower than the
highest frequency component in the sampled signal.
The main drawback of this architecture is the aliasing of noise. The subsampling of factor P multiplies the downconverted noise power of the sampling
circuit by a factor 2P [28]. Moreover, sub-sampling worsens the effect of noise
in the sampling clock [35].
 /RZ,)UHFHLYHUV
Another alternative architecture that combines the advantages of heterodyne
receivers and direct conversion receivers is the low-IF architecture. It uses an IF
of a few hundred kHz up to several MHz depending on the channel spacing.
Because of the use of a non-zero IF, DC offset, flicker noise and LO self-mixing
problems are not severe compared to those in direct conversion receivers. At the
same time a high level integration can be achieved. As a non-zero IF is used
(ωLOt ≠ ωRFt), the image-frequency problem can not be avoided. A complex
signal processing is then needed to suppress the image components. The basic
architecture of low-IF receivers are shown in Figure 2.16 (see [6] for some
variants of this architecture).
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Mixer
I
cos ω LOt

RF

Image
suppression

sin ω LOt
LNA
Q
Mixer
Fig. 2.16. Low-IF receivers.

However, the perfect cancellation of image components is only achieved
when the amplification is equal in both branches and all phase shifts are ideal. In
[34], the image rejection ratio (IRR) is derived for Hartley architecture and is
given as:

1 + (1 + ε ) − 2(1 + ε ) cos(α )
3
,
,55 = LP =
3VLJ 1 + (1 + ε )2 + 2(1 + ε ) cos(α )
2

where (1 + ) is the gain imbalance ratio and

(2.10)

is the phase error. A similar

expression is obtained for the Weaver architecture [36]. Constant IRR curves are
shown in Fig. 2.17, based on equation (2.10). A typical quadrature
downconverter with a phase error of 30 results in a mirror component suppression
of no more than 26 dB [6]. A 1% gain mismatch also limits the image signal
suppression to no more than 40 dB (see for instance [24]).
image rejection (dB)
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Fig. 2.17. Constant image rejection ratio curves as function of amplitude and phase
imbalance.
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Alternatively, the image suppression block that is depicted in Fig. 2.16, can be
an active or passive polyphase filter [12-15]. An image rejection of up to 53 dB
using CMOS technology can be achieved [15]. However, a 7th order gm-C
polyphase filter (derived from 14th order band pass filter) was used. An
interesting method uses a calibrating technique [16, 36]. 57 dB of image rejection
can be achieved using this technique without excessive use of filter stages.
Although the image rejection in these techniques are not as high as in heterodyne
receivers (IRR up to 80 dB is feasible), the use of low-IF allows a reduced image
rejection performance in digital wireless communications, such as GSM [17],
DECT [10] or Bluetooth [18].
Looking at image rejection requirement for several wireless communication
standards [10, 17-18], it is easy to conclude that because of the achievable image
rejection ratio, the IF should not be chosen higher than the half of the channel
spacing. In some wireless standards, such as GSM, it would mean an IF not
higher than 100 kHz. Careful choice of the process technology must be done. For
example in submicron CMOS technology, the flicker noise corner frequency
could be higher than the IF. In this case, the same problem as in direct
conversion receivers will be encountered.
In low-IF receivers, in contrast to direct conversion receivers, the channelselect filter (not shown in Fig 2.16) must be a band pass filter. Filtering can be
done in the digital domain, i.e. an A/D converter is placed before the channelselect filter or in the analog domain. If a polyphase filter is used to suppress the
image, then using another filter with many stages to achieve high selectivity as
required in a channel-select filter, would result in too large signal attenuation. It
may be a good choice to design a polyphase filter which at the same time works
as a channel-select filter [15].
As no IR filter is placed between the LNA and the mixer, intermodulation
problems related to frequency planning [29, 32, 37-38] should be seriously taken
into account. Several common problems may be alleviated by choice of IF, rolloff characteristic of RF band pass filters and choosing I/2 higher than I5). Notice
that the frequency plan also depends on the architecture of the transmitter which
usually uses the same local oscillators. It has to be addressed at the overall
system (transceiver) level [29].
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 0XOWLEDQGPXOWLVWDQGDUGIURQWHQGUHFHLYHUV$UFKLWHFWXUDO
LVVXHV
Wireless systems can be found in multitude of applications nowadays. Some of
them

use

single-to-multiple

point

communication,

such

as

broadcast

transmissions. Others use point-to-point communication, such as cellular phone,
WLAN, and cordless phone. A mixed system is for example interactive digital
TV systems. Some systems use TDD and others use FDD. Different multiple
access schemes and modulations are used in different applications. In certain
wireless standards, e.g. HiperLAN2, it may even use different modulations to
provide a multi-rate system. Each application needs its own frequency spectrum
for signal transmissions to avoid mutual interference.
One application can use more than one standard. Global travelers can easily
find out that they need more than one standard to be able to use their cellular
phone in different continents. Each standard uses different frequency spectra.
Some standards, e.g. the GSM, have different RF-bands available to the user.

SHF

Bluetooth,
WLAN

UMTS

PDC
GPS

civil radar

GSM 900,
AMPS, IS-52,
PDC, ISM

TV

NMT 450

30 GHz

3 GHz

UHF

2 GHz

VHF

1 GHz

HF

GSM 1800,
IS-95, DECT
UMTS

3 MHz

30 MHz

300 MHz

Fig. 2.18 shows a part of the radio frequency spectrum for different applications.

I

Fig. 2.18. Radio frequency spectrum and its applications.

For users, it is convenient if several standards, for the same application, are
available in a single mobile terminal [22]. There is also a need to have different
applications in a single mobile terminal, e.g. cellular phone and positioning
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systems, or cellular phone and personal area network (PAN). In FDD base
stations, there is little need to combine this way. However, one can think of
having pico-base stations for cellular phones and at the same time also for
cordless phones, possibly in a crowded office. So office users can use their own
telephone as a cordless phone, while visitors use the network for cellular
telephony.
Traditional multiband multistandard receiver architectures integrate a number
of designed radio circuits and stack them on top of each other [22]. Most of them
reuse narrowband receivers that were designed for a single application. As a
result, the silicon area is large since each front-end receiver uses 2-6 on-chip
inductances.
Finding a more economic solution needs further study of each of application,
especially the system level issues that affect the receiver architecture. It is here
assumed that only one RF-band and one standard operates at each time. If all
wireless systems use the FDD duplexing technique, a switchplexer [39] is thus
needed. A combination of TDD and FDD system is also possible, e.g. cellular
phone and PAN. However, it would need a combination of switchplexer and TXRX switch. If it is not available, a separate architecture should be designed for
the TDD system or a separate antenna is used.
The used multiple access may affect only the performance of circuits and not
the architectural issue due to the assumption mentioned above. A similar effect
can be obtained when different modulations are used in a certain application.
These considerations lead to a wide-band front-end receiver solution with a
wide-band input matching. It thus eliminates the use of frequency-dependent
devices in the signal path, such as inductances and capacitances. Much silicon
area will be saved in the LNA and mixers. These passive components may be
used only for frequency compensation. A consequence is that more noise will be
introduced. Fortunately, the design theory of low-noise circuits is already
developed (see for example [40]). A conceptual example of multiband
multistandard front-end receivers is shown in Fig. 2.19.
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Fig. 2.19. Conceptual example of multiband multistandard wireless receivers.

The number of RF bands is given by P and the number of standards is given
by Q. While different RF bands may use the same a wide-band LNA with a wideband input matching for area efficiency, different standards may require different
channel-select filters as the bandwidth varies from one standard to another. For
high-performance applications, dual conversion may be the best compromise
between selectivity and sensitivity requirements. For low-performance
applications, single conversion (zero-IF or low-IF) may be the architecture of
choice, saving power.
If the power consumption of the front-end receiver is critical, then an
adjustable-bias LNA should be used. Different noise figures and in linearity can
be adapted to different modulations and standards used. If channel-select filters
can be selectively connected to the mixers, a more compact front-end receiver
will be obtained. However, mixers do not occupy a lot of silicon space and it will
not significantly reduce the silicon-area.
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 %DVLF &RQILJXUDWLRQV RI /RZ1RLVH $PSOLILHUV DQG
0L[HUV
Amplifiers are well-known to most circuit designers and many textbooks cover
this topic in a more or less similar manner. Therefore some basic considerations
in designing an amplifier are sometimes overlooked. Section 3.1-3.5 cover issues
related to basic configuration of amplifiers suitable for multiband multistandard
front-end receivers. Basic configurations for mixers are discussed in section 3.6.
There are at least two major aspects that should be considered in designing an
amplifier. The first one is the application where the amplifier will be used. This
consideration will then determine the source- and load characteristics. The
importance of determining the source- and load characteristics can be illustrated
by the following example: a piezo-electric microphone is usually connected to a
voltage amplifier. The source is then represented by voltage signal. Since a
piezo-electric microphone converts pressure into charge and charge is linearly
related to current (L = GTGW), the combination of a piezo-electric microphone and
a voltage amplifier is considered to be inferior to its magneto-dynamic
counterpart [41]. It would be much better if a piezo-electric microphone is
amplified by a current-to-voltage or a current-to-current amplifier.
The second aspect to be considered is the design method itself, i.e. the
selection of the proper amplifier configuration for a given source- and load
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characteristic (see for example [40]). The most important parameters in this
aspect are the gain, noise and linearity at frequency of interest.
There is an interesting discussion when determining the gain in RF-IC’s.
Sometimes it is expressed in voltage gain and in the other times is expressed in
power gain. In this thesis, the delivered-power gain is used [25], since the
amplification mechanism found in all amplifiers is basically to convert and
deliver (a part of) DC power given by the supply under control of the input signal
to the load impedance. In a given source- and load impedance, there will be no
fundamental difference between those two gain definitions. However, attention
must be paid that in some cases. Especially those using reactive components
where the voltage gain may be interpreted in an incorrect way, e.g. at the
frequency of resonance.
The feedback technique that is extensively used in LNAs presented in this
thesis to achieve better linearity, is discussed in section 3.3. This model allows
analysis of the loop gain determining how linear the feedback circuit is without
breaking the circuit.

 )XQGDPHQWDOOLPLWV
An amplifier is a signal-processing block. It should thus follow the information
theory introduced by C.E. Shannon (see equation (2.1)). From this equation, it
can be concluded that an amplifier is fundamentally limited by the generated
noise level which limits the minimum detectable signal level, the linearity which
gives the maximum undistorted signal level and the available bandwidth of the
amplifier. Any other design performance, such as chip area, power consumption,
the transistor speed, etc., can be considered as limits that might be changed due
to technology developments.
 1RLVH
Physical systems are always afflicted by stochastic variations caused by random
processes. The term noise has found general acceptance for indicating such
stochastical fluctuation. Being a natural phenomenon, noise can not be avoided,
but its effect can be minimized. If a desired information signal level becomes
smaller than the noise level at the same place, the information is lost.
Consequently, the noise in an amplifier at the places where the signal is the
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smallest (e.g. at the input of amplifier) has to be minimized. The noise
performance of LNAs is discussed in chapter 4 and appendix A.2.2.
In most wireless communication system, the noise requirement, as will be
shown in chapter 4, can be one of the dominant design aspects causing DC power
consumption. One may say that the power consumption limits the LNA
performance in a fundamental way. However, since noise performance of an
LNA depends also on the circuit topology as well as on IC layout (e.g. the
number of fingers in CMOS LNA), power consumption can be considered as a
practical limit rather than fundamental limit.
 'LVWRUWLRQ
Any output signal that deviates from the ideal output signal, i.e. the output signal
from an ideal amplifier, is called a distorted signal. In this thesis, only non-linear
distortions are taken into account since this kind of distortion is the one that is
responsible for generating other frequencies at the output than its input
frequencies.
Two types of distortion can be found; weak distortion and hard distortion [38,
42]. The most well-known technique to minimize weak distortions in LNAs is to
apply feedback with high loop gain [38, 40]. Biasing the active devices with a
higher current is most likely a popular solution, but this leads to higher power
consumption at a given supply voltage. The problem is thus how to design an
amplifier with high loop-gain without increasing the power consumption. It thus
leads to new circuit topologies.
Unlike weak distortion, the easiest way to avoid the hard distortion problem is
to bias active devices with sufficient current and voltage driving capability. The
feedback can not be used in this case, since the feedback loop is broken. Hard
distortion can be used as the upper limit of the signal that can be amplified, as it
relates to the current- and voltage driving capability of an amplifier. Figures of
merit for distortion at the circuit level, as well as the relationship between them,
will be further discussed in chapter 5.
 2SHUDWLQJIUHTXHQF\
The bandwidth in equation (2.1) essentially puts a limit on the capacity of the
information channel. It is designed at the system level for a given application and
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a fixed bandwidth is specified by an authorized body. Circuit designers are not
free to choose whichever values they like. However, in RF front-end circuits
where the LNA is located, this problem is translated to noise and non-linearity
properties at the operating frequencies of the LNA These depend thus on
technology, e.g. I7 in bipolar, /PLQ in MOS.
There are two kinds of LNAs with respect to their frequency behavior. The
first one is the narrow-band LNA [43, 44] which is the most popular LNA due to
a lower noise performance. The second one is the wide-band LNA [45-47]. The
latter is investigated in this thesis as it may be used in area-efficient multiband
multistandard front-end receivers.

 7ZRSRUWQHWZRUNDSSURDFK
Transmission parameters are used in designing LNAs in this thesis. The reason is
that these parameters are useful when two-port networks are cascaded. Another
reason is that these parameters are used quite extensively in both the analog- and
RF community (e.g. [40, 48, 49] for analog and [50] for RF) and are related to
the active device parameters in a unique way for a given amplifier topology.
Given the voltages and currents of the two-port network in figure 3.1,

Iin
+
Vin
-

Iout
A

B

C

D

+
Vout
-

Fig. 3.1. Two-port with particular sign conventions characterized by transmission
parameters.

the transmission parameters are given by:

9LQ   $ %  9RXW 
 .
  = 
 • 
 , LQ   & '   , RXW 

(3.1)

If a two-port network such as depicted in Fig. 3.1 is connected to a voltage
source 9V with a given source impedance =V and loaded with an impedance =O, the
following equations are valid [40, 50]:
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The input- and output impedance (=LQ and =RXW) are given respectively by:
= LQ =

% + '= V
$= O + %
,= RXW =
.
$ + &= V
&= O + '

(3.3)

where 9O is the voltage across the load impedance =O. As the parameters are
written in matrix format (see equation 3.1), the total transmission parameters for
a cascaded two two-port networks are the product of two matrices, leading to a
simple way in calculating the total gain and/or performing noise analysis.
In an LNA, due to optimum power-transfer and power-reflection issues, the
input impedance should be conjugately matched to the source impedance (see
[27, 50] for more discussion about the differences between power-transfer and
power-reflection issues). At the output, there is an interesting issue to be
discussed. In heterodyne receivers, an LNA is terminated by an IR filter which
means an accurate output impedance is needed (usually 50Ω). In direct
conversion or low-IF receivers or any other receivers whose LNA can be
connected to the mixers directly, the situation is different. The output impedance
of the LNA does not have to be matched to certain impedance. Evaluating
equation (3.3), it can be concluded that an LNA in certain architectures
mentioned before, should have either fixed A and C parameters, RU fixed B and D
parameters. Which one to choose depends on other factors such as the linearity,
the available headroom at the output of the LNA and the circuit that terminates
the LNA at the output.
This problem is the first basic aspect of the amplifier design mentioned in the
introduction of this chapter. As it could considerably degrade the LNA’s overall
performance, it should be taken seriously. In section 3.5, this issue will be further
discussed.

 )HHGEDFNPRGHO
The LNAs presented in this thesis were designed using an asymptotic gain model
derived from a superposition model [40]. The latter is based on observations that
each voltage and current in a linear small-signal model of an amplifier can be
written as a linear combination of two arbitrary quantities.
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Fig. 3.2. Schematic representation of the superposition model.

In a superposition model, the load quantity El and the input quantity Ei of an
arbitrary chosen controlled source within the active part of the feedback
amplifier are expressed in the source quantity Es and the controlled output
quantity Ec which is assumed to be independent. The relations can be written as:
El = ρ ⋅ Es +υ ⋅ Ec ,
Ei = ξ ⋅ Es + β ⋅ Ec .

(3.4)

The indices O, L, V and F refer to load, input, source and controlled source,
respectively. There is also a relationship between Ec and Ei, which can be written
as:
Ec = $⋅ Ei ,

(3.5)

where $ is called the reference variable with respect to the input quantity Ei.
Note that β is determined when Ec is assumed to be an independent source. A
non-zero value of β indicates the existence of feedback. The product Aβ is called
the loop gain with respect to the reference variable A.
The transfer function of the amplifier can be best expressed using an
asymptotic gain model as it provides a synthesis rather than an analytic approach,
which is more suitable in designing an LNA. If the loop gain becomes infinite,
the ideal amplification is written as:
$W∞ = lim $W = ρ −
$β → ∞

υξ
.
β

(3.6)

The transfer function of an amplifier can thus be written as [40]:
$ = $∞
W
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Since ρ (the direct transfer) in all practical amplifier design is much less than the
product of the loop gain and $W∞, the simplified expression in equation (3.7) is
valid.
The design of the transfer function of an amplifier is thus reduced to two
successive steps. The first step is to design $W∞ and assume that the active part
has an infinite loop gain. For this purpose, a nullor [51], which is a combination
of a nullator and a norator, is a very useful network element in designing the
amplifier (see also appendix A.1). The second step is the realization of an
adequate loop gain $β that makes the error with respect to the ideal amplifier
acceptably small. In [40], a similar procedure is derived for designing the inputor output impedances accurately.
This method is basically the second design aspect of the design of amplifier
mentioned in the introduction of this chapter. In chapter 6, several LNAs that
were designed using this approach will be discussed.

 :LGHEDQG /1$V LQSXW PDWFKLQJ DQG ORDGLQJ HIIHFW
FRQVLGHUDWLRQV
From the discussion in section 3.2, it is clear that the input impedance should be
designed to match to the source impedance. An LNA that is directly connected to
a Gilbert mixer, would be best to fix its parameter A and C as a Gilbert mixer
sense voltages at the RF input. If a switching mixer (the mixer core in Gilbert
cell, see for example [52] and section 3.6) is chosen as the mixer, the parameter
B and D should be fixed. Note that in both cases, the mixer is driven by square
wave local oscillator which means that no preference can be made based on noise
performance (see for example [48] for more discussion about the noise
performance in bipolar mixers) and LO-to-RF isolation considerations.
In terms of linearity, an LNA followed by switching mixers is preferred [52].
The problem is now whether there is enough headroom or not. The switching
mixer is best stacked on the LNA to reduce power consumption (current re-use
technique), provided enough headroom is available at the output of the LNA.
Should it not be the case, then the LNA and Gilbert cell combination can be
chosen which results in reduced overall linearity performance.
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Fig 3.3. Topology 1: Dual-loop feedback in nullor configuration.

There are several ways to fix the transmission parameters. One way to fix
them accurately and independent of the spreading in transistor parameters is by
using a dual-loop feedback [19-21, 40, 53-56]. In Fig. 3.3 and 3.4, two in-nullorconfiguration topologies that fix parameters B and D are shown. From Fig. 2.19,
it is also desired to have a wide-band LNA with a wide-band matching. It is
possible to design an LNA using dual-loop resistive feedback as shown in Fig.
3.3 and 3.4. The drawback is a degraded noise performance as frequencyVDD
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Fig. 3.4. Topology 2: Dual-loop feedback in nullor configuration.
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independent passive components, such as resistors, introduce thermal noise. In
chapter 6, implementations of those topologies at the circuit level, including
noise calculation are presented.

 6XSSO\YROWDJHFRQVLGHUDWLRQV
From the receiver point of view, the supply voltage of an LNA can be as low as
one single CE- (for bipolar) or CS-stage (for CMOS) plus a voltage margin [57].
Since current consumption is the dominant factor in designing the LNA
performance, i.e. noise figure, linearity and transistor speed, the absolute voltage
level depends on the chosen topology (see [57] for comparison several feedback
topologies). If the circuit needs to be balanced, a balanced stage in current
domain can be designed for minimum supply voltage [58-60]. However, in fully
integrated transceiver where the transmitter is placed on the same chip as the
receiver, a joint supply voltage for both circuits might be a simple solution to
reduce the number of pins. In this case, the supply voltage needed in the
transmitter is the main consideration as this block contains the most power
hungry circuit.

 0L[HU
From the trigonometry, it is found that frequency conversion can be made by
multiplying two signals. The most widespread implementation of this principle is
multiplication by means of a controllable transconductance [61]. Fig. 3.5 shows
the basic structure of an implementation in bipolar technology.

,
Q1

Y

Y

,
Q2

+
Y[

-

JPY[

,ELDV

Fig. 3.5. Controlled transconductance multiplier
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Y is converted to current by means of a linear voltage-to-current converter,
adding to the bias current ,ELDV. This current splits in Q1 and Q2, while Y is
applied between the bases of Q1 and Q2. Notice that this multiplication is based
on the translinear behavior of the bipolar transistor. It is thus not applicable for
CMOS transistors. Moreover, the condition Y << 97 that is required for mixer
operation is unfortunately hardly to fulfil in the real application. Alternatively,
switching principles can provide frequency conversion under more realistic
conditions. Fig. 3.6 shows the basic principle for switching-based frequency
conversion.

LORDG
6Z W

5ORDG
6 W

Fig. 3.6. Principle of switching based frequency conversion.

If a square wave signal with 50% duty-cycle is applied to the switch 6Z W , the
function 6Z W can be written as:
6Z(W ) = α0 + α1 cos ω VZW + α3 cos 3ω VZW + ... .
With 6 W = $ cos

W,

(3.8)

the output current LORDG is thus given by:

L ORDG = 6 1 (W ) ⋅ 6Z(W ) = $ cos ω 1 W ⋅ [α 0 + α 1 cos ω VZ W + α 3 cos 3ω VZ W + ...] . (3.9)
The operation generates not only the desired term, but also a multiplicity of
spectrally shifted versions of the spectrum of 6 W . For a high frequency of

VZ,

high frequency components are easy to filter out as the distance between them is
2

VZ.

The most widely used switching based frequency converter is the controlled
transconductance mixer, whose basic configuration is shown in Fig. 3.5. The
difference here is that the second input voltage Y is a square wave signal (6Z W ).
Moreover, it is applicable for both for bipolar and CMOS transistors.
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Assuming 9EH4 and 9EH4 are much larger than 97. The current transfer
function of the switching pair in Fig. 3.5 follows [61]:

 Y (W ) 
LRXW
= tanh /2  ,
LLQ
 2 ⋅97 

(3.10)

where Y/2 W is 9 in Fig. 3.5, LRXW is the output current at IF and LLQ is the input
current at RF. For high LO amplitudes, equation (3.10) approaches a square
wave signal alternating between +1 and –1, as shown in Fig. 3.7. In order to
arrive at the conversion gain, Fourier series are used as given in (3.11):

1

1
I /2

-1

Fig. 3.7. The transfer function of the switching mixer.

L,)
2
2
2

= 2 ⋅  cos ω /2 W −
cos 3ω /2 W +
cos 5ω /2 W − ... 
L5)
3π
5π
π


(3.11)

By simplifying the product of two cosines, a conversion gain of 2/π is obtained
for bipolar switching mixers.
A more complex situation is found when analyzing a MOS switching mixer.
In [62] the current transfer function for a sinusoidal LO waveform is given by:
LRXW
LLQ

9[


2
Y /2
≈ 
π  DUF sin 9[

Y/2




,




(3.12)

where 9[ is a function of bias current and a channel-length dependent parameter
that models the source resistance, mobility degradation and velocity saturation.
For high LO amplitudes, the MOS switching mixer conversion gain approaches
2/π. Other switching mixer design considerations at the circuit level are given in
chapter 4-6.
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 1RLVH&RQVLGHUDWLRQV
In section 2.2.1, a figure of merit widely used in RF communication system to
compare the noise performance among front-end receivers was discussed. From
equation (2.5), it follows that this figure of merit depends strongly on the noise
performance of the first stage. An LNA is in most cases the first active building
block in front-end receivers. It is thus of utmost important to consider the noise
performance of this block.
In section 4.1-4.3, noise considerations at the circuit level are presented. To
simplify the analysis, the amplifier is assumed to provide enough gain so that
noise contributions from the following stages can be neglected. Also all noise
sources within the amplifier are referred to the input of the amplifier in question.
This leaves the amplifier noiseless, so, that the SNR at its output terminal is
equal to the SNR at its input terminal.
Rearranging all noise sources within the amplifier so that they are modeled at
the input terminal can be done in 2 steps. In the first step, all actual noise sources
are shifted through the amplifier to the input and/or the output terminal by using
the Blakesley transformation [61]. In the second step, the shifted noise sources at
the output are transferred to the input terminal by using equation (3.1). Some
examples of noise source calculations are presented in appendix A.2.
The method used in this chapter is known as the analog circuit approach rather
than radio engineering one. The reason is that for on-chip circuits with operating
frequency up to several GHz, the travelling wave effect can be neglected.
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Front-end receivers shift the received radio signals to a frequency-range that is
more easily channel-selected and demodulated. This frequency translation which
includes noise frequency-translations is done with mixers. The behavior of noise
translation in frequency needs to be considered as it could fundamentally limit
the signal capacity, especially in certain receiver architectures such as zero-IF or
low-IF. Furthermore, the mixer output noise is a cyclostationary process due to
time-varying operating points of the mixer devices. It may require a periodically
time-varying power-spectral density to describe the process completely.
However, in several common cases which are found in most of receiver
architectures, traditional noise figure calculation can still be applied. In section
4.4, noise analysis of a mixer is described.

 1RLVHSHUIRUPDQFHRIELSRODUDQG&026WUDQVLVWRUV
Using the two steps mentioned above, the noise figure of a single CE and a CS
stage can be derived. Noise sources in bipolar circuits include the collector shot
noise, the base shot noise and the base resistance thermal noise. Circuits in
CMOS include a drain thermal noise, a thermal noise source associated with the
gate resistance [63] and a gate-induced noise source. Noise models of these
transistors are shown in Fig. 4.1.
S(ic) = 2qIc

S(vb) = 4kTrb

S(vg) = 4kT(rg/3)

 ωC 
S(i g ) = 4kTδ  gs 
 gd0 

S(ib) = 2qIb

2

(a)

S(id) = 4kTγgd0

(b)

Fig. 4.1 Physical noise sources in (a) bipolar and (b) CMOS.

,F, ,E and UE in Fig. 4.1.a are the collector current, the base current and the base
resistance, respectively. &JV, JGR, δ, γ and UJ in Fig. 4.1.b are the gate-source
capacitance, the drain-source conductance at zero 9GV, the gate noise coefficient,
the thermal drain-noise constant and the physical gate resistance of one finger
[63], respectively.
The minimum achievable noise figures (Fmin) of both transistors as a function
of real source impedance are listed in table 4.1. These numbers are achieved at a
bias current for which minimum noise is obtained [40, 64].
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TABLE 4.1 BIPOLAR AND CMOS NOISE PERFORMANCE
Minimum noise figure (Fmin)
CE stage of Bipolar

CS stage of CMOS

1+

UE + 1 JP RSW
U + 5V
1
, with
= E
5V
JP RSW
β '&

 ω& JV
1+
+ 5 V δ 
35 V
 5 J GR
UJ

2


1
 +

5V


 1 + Mω (& JV + & JG ) 
 γJ GR
⋅ 

JP


2

While in bipolar, an optimum JP for the lowest noise figure can be found. In
CMOS, the higher the JP the lower the noise figure. For a given CMOS
technology and supply voltage, a maximum JP is found from which the
minimum noise figure can be derived.
The flicker (1/f) noise is not included as its spectrum is located far from the
RF-band. However, in some receiver architectures, e.g. zero-IF or low-IF, it may
be a limiting factor. In [81], flicker noise of LNAs may leak to the IF output due
to mismatches in mixers. The effect of flicker noise will be further discussed in
section 4.4.
In chapter 3, it is shown that fixed transmission parameters of an amplifier can
be obtained by using nullors and feedback components. In [40], it is shown that a
CE or CS stage should from noise considerations be placed as the first stage
inside the nullor whenever possible. The reason is that these stages have the
highest gain, which means that noise contributions from the following stages can
be minimized. The higher the gain, the more closely the stage approaches the
behavior of the nullor.



(IIHFWRIWKHIHHGEDFNWHFKQLTXHRQQRLVHSHUIRUPDQFH

As mentioned in section 3.1.2 and 3.1.3, a feedback with high loop gain is
needed to achieve the best performance of an LNA. Unfortunately, it is not the
case in terms of noise performance. Applying a feedback component to an
amplifier leads to a degradation of the noise performance, even if the feedback
component is noiseless. In appendix A.2, it is shown that a feedback component
connected in series with the input of an amplifier in general will degrade the
noise performance (see Fig. 4.2.b).

45

&KDSWHU1RLVHFRQVLGHUDWLRQV

Zfb

Zfb

noiseless

noiseless

vn

vn

+
input

in

-

Nullor
noiseless

+

+

vn/Zfb
output

input

-

in

(a)

Nullor
noiseless

+

output

(b)

Fig. 4.2. Effect on the noise performance of a series feedback at the input.

A similar effect is found in case of a shunt feedback at the input. The noise
performance is degraded as shown in figure 4.3.b (see also appendix A.2).
vn

inZfb

+
in

-

Nullor
noiseless

+

vn

-

+

input

output

Nullor
noiseless

+

input

output
in

Zfb

(a)

noiseless

Zfb

noiseless

(b)

Fig. 4.3. Effect on the noise performance of a shunt feedback at the input.

From Fig. 4.2 and 4.3, it follows that to minimize the noise when a series
feedback is applied to the input, low impedance of the feedback component is
required. On the other hand when a shunt feedback is applied to the input, high
impedance of the feedback component is required. The same conclusion is
reached when a noisy feedback component, such as a resistor, is used (see
appendix A.2 for more complete analysis). Notice that in reality, the nullor will
be approximated by one or more amplifier stages. Deviations may thus be found.
However, the conclusion above can be used as an accurate approximation.
In case of active- and/or indirect-feedback [40, 56, 65], a deteriorated noise
performance can be expected as active devices in general are noisier than passive
devices. Nevertheless, many useful LNAs can be designed using these
techniques. In chapter 6, some LNAs using active- and/or indirect feedback are
presented.
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1RLVHILJXUHLVVXHV

In table 4.1, we see that the source impedance of an amplifier determines the
noise figure. An interesting issue would be how high the source impedance
should be chosen to achieve the best noise figure. Higher source impedance at
the same signal-power level will result in a higher amplitude source voltage.
Thus, for the same power-gain, a higher current or voltage at the output is needed
which gives higher power dissipation. In section 4.3.1, this issue is discussed in
more detail from a noise consideration point of view.
Many receiver configurations are implemented in a balanced configuration.
As explained in chapter 5 in more detail, the reason is that this configuration
strongly reduces the common-mode interference. However, implementing LNAs
in a balanced configuration will double the power consumption. This issue is
discussed in sections 4.3.2 and 4.5 in more detail.
 6RXUFHLPSHGDQFH
In order to investigate the noise figure of an LNA, a model of the impedance (5V)
representing the stages preceding the LNA and noise originating from the stages
in front of LNA (6 YQV = N75YQV) is needed. All the noise sources in an LNA can
be represented by a noise-voltage (6 YQ/1$ = N75YQ/1$) and a noise-current
(6 LQ/1$ = N75LQ/1$) at the input of the LNA (see Fig. 4.4). Using equation 2.1,
the noise figure of the LNA can be written as (see also appendix A.2.1):


5 V2 

) = 1+
.
⋅ 5 YQ/1$ +
5 YQV 
5LQ/1$ 
1

vns Rs

in+

vnLNA

-

C
Rin

noiseless

D

inLNA

Rin
.v
Rs+Rin nLNA

in+

A LNA B

+
vRF-signal

Rin
.v
Rs+Rin ns

output

R
+v s

RF-signal

-

(4.1)

A LNA B
Rs.Ri
.inLNA Rin
Rs+R
n in

C

noiseless

D

output

in-

in-

(a)

(b)

Fig. 4.4. Equivalent noise representations at the input of an LNA for noise figure
calculation.
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Notice that 5V in a real situation generally may not be equal to 5YQV, as 5V is
determined by the physical impedance looking toward the preceding stages of the
LNA, e.g. a transmission line, while 5YQV is an equivalent noise model of noise
sources generated by the preceding stages to the LNA. To illustrate the
difference between these two numbers, consider the following two cases. An
antenna and an RF-filter with a certain loss are connected to an LNA. The RFfilter is designed so that its load impedance is equal to the characteristic
impedance of a transmission line loaded with accurate input impedance LNA.
From the LNA, 5V is thus the characteristics impedance of the transmission line
preceding the LNA. In the second case, the same antenna with a different and
lossier RF-filter, which means noisier than that in the first case, are connected to
the same LNA. Similar to the first RF-filter, this lossier RF-filter is designed to
be loaded by the same impedance as the first RF-filter. It means that the 5V is the
same in both cases, but not the 5YQV.
In the case when 5V = 5YQV, an optimum value of 5V can be found and it is
equal to:
5V =

5YQ/1$ ⋅ 5LQ/1$ .

(4.2)

The source impedance 5V can be thus manipulated to achieve the minimum noise
figure. Generally, in a real situation, 5V ≠ 5YQV. In this case, no optimum value of
5V can be found except at 5V = 0, which is impossible to realize due to other
reasons, such as reflection coefficient, optimum power transfer, etc. Designing
the bias current and the transistor dimensions of the first stage is thus the only
way to reach the minimum noise figure.
 %DODQFHGFRQILJXUDWLRQFRQVLGHUDWLRQV
Most wireless receivers are used in an environment with many RF interferes,
both outside- and/or inside the receiver’s circuit. The simplest way to minimize
this disturbance at the circuit level is to use a balanced configuration. All
interferes are seen as common-mode signals at the input and thus suppressed, as
only differential-mode signals are of interest. In a real situation, a mismatch
originating from the process technology limits the suppression. The disadvantage
of this configuration is that it will double the power consumption.
In [40, 61], it is shown that the spectrum of the input-referred voltage noise of
a balanced configuration of identical stages is doubled and that the input-referred
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noise current is halved (see also appendix A.2.2). Using a similar procedure as
used to obtain equation (4.1), the noise figure of a balanced configuration of
identical stages with 5EDO = Q·5XQEDO can be written as:
)EDO = 1 +

 25
Q ⋅ 5V2 
,
⋅  YQ/1$ +
5YQV 
Q
2 5LQ/1$ 
1

(4.3)

where all the terms in the right-hand side are associated with terms in the
unbalanced stage. In case n = 2, )EDO = )XQEDO as expected and shown by
measurement results reported in [66]. The interesting point here is that equation
(4.3) implies the possibility of achieving the minimum noise figure by using a
balun with a specified ratio of the balanced- and unbalanced impedance.
Deriving the balanced noise figure with respect to the impedance ratio Q, an
optimum impedance ratio Q can be found which leads to the minimum noise
figure. The minimum noise figure of a balanced configuration is thus:

)EDO , min = 1 +

2 5V
5YQ/1$
2
⋅
, with QRSW =
⋅ 5YQ/1$ ⋅ 5LQ/1$ .
5YQV
5LQ/1$
5V

(4.4)

A better noise figure than )XQEDO is thus possible when an ideal balun, which
introduces no losses, is used. Unfortunately, all practical baluns introduce losses
which degrades the noise figure. However, by setting up the bias current such
that it meets equation (4.4), we can compensate for this disadvantage. Notice that
the balanced configuration needs twice the power consumption as its unbalanced
counterpart. Nevertheless, many wireless receivers are implemented in a
balanced configuration due to its interference suppression properties.



1RLVHLQPL[HUV

Noise generated before the mixer, is translated in frequency just like the signal is.
As operating points of devices in mixers vary in time, the mixer output noise is a
cyclostationary process. Its statistics vary periodically. A complete description
may require a periodically time-varying power spectral density 6 I W [67].
Recently, analysis of the noise translation in frequency is reported in [62, 81].
However, since most noise measuring equipments measure the time-average
noise power spectral density, without tracking the time variation of the noise
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statistics, justification by measurement results may not necessarily reflect the
correctness of the theory.
Despite the fact that the mixer output noise is a cyclostationary process, one
can still measure the noise figure using traditional techniques without introducing
significant inaccuracy. The mixer output signal should pass through a low-pass
or bandpass filter with a bandwidth lower than I/2 [62]. An additional
requirement is needed when a bandpass filter is used: no frequencies at N I/2
where N is an integer that may be folded down into the pass band. A more
complex analysis can be found in [62]. In this section, a simple design method is
employed to predict the noise performance of the mixer, under the condition that
the LO signal is perfectly balanced, which means the LO signal has no DCcomponent. The only flicker noise (I-noise) that remains at the IF output is thus
originating from the transistors in the switching mixer (see Fig. 4.5).

stationary
noise
'&

IF-band of
interest

noiseless
mixer
RF in

I

IF out

−I/2

LO

−I/2

'&

I/2

'&

I/2

I

I

Fig. 4.5. The effect of DC component of LO signal in noise moved around a
mixer.
Suppose that the mixer is noiseless. Upon down conversion in a high-IF
receiver, noise in the signal band and in the image band are translated to I,) (see
Fig. 4.6). If the signal and image bands experience equal gains at the RF port of a
mixer and no image-rejection is applied, the noise level at the IF-port for a
noiseless mixer is twice the noise level at the RF-port.
Extending the above mechanism to include noise generated by the switching
mixer, especially at the low frequency region, flicker noise that appears at the
RF-port of the switching mixer is expected to translate in frequency to I/2 and its
odd harmonics. However, the flicker noise source that is located in parallel with
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Fig. 4.6. The signal and image noise folding into the IF-band

the base shot noise source (bipolar) or with the drain thermal noise (MOS), can
be split up into two fully-correlated noise sources (see for example [61] and
appendix A.2, for splitting current noise source). One is connected to the RF
input port of the mixer and the other to the IF output port. The one at the RF port
and a much larger stationary noise produced, by preceding block that is
commonly an LNA, is translated in frequency by the mixer. The other split up
noise at the IF output port contributes to the mixer output noise without
frequency-translation, including the flicker noise (see Fig. 4.7).
6I
stationary
noise

6I

total output noise
up converted noise contribution
’image-band’ noise contribution

I

contribution of split up noise at
the IF-port

P

I/2 I

I/2

I

Fig. 4.7. Mixer noise at the IF output port.

For zero-IF or low-IF receivers, this flicker noise could be a limiting factor,
especially for narrow-band systems [22]. It is thus important to also consider the
low I-noise of the transistors in a switching mixer for these architectures. In
addition, the DC component of the LO signal should be minimized. At the
system level, choosing the IF higher than the I-noise corner may be the solution
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for low-IF receivers. Widening the channel bandwidth is also a solution, but
unfortunately, the circuit designers can not freely use this parameter. Recently, a
dynamic matching technique is introduced [68]. This technique was originally
used to improve even-order distortions by providing extra circuits at the input
and the output of the switching mixer. The circuit part that is connected to the
output of the switching mixer can efficiently translate in frequency the 1/f-noise
that appears at the IF port of the mixer.



6XSSO\YROWDJHLVVXHV

From figure 4.2 and 4.3, we note that the input-referred noise of a nullor, which
in practice consists of one or several transistors cascaded to each other, is
transferred to the input of a feedback amplifier without any attenuation. An
observation of the noise performance of a single CE or CS stage for a feedback
amplifier as a function of the supply voltage is thus sufficient. In table 4.1, it can
be seen that the bias current is important in determining the noise performance.
The noise figure is degraded for lower currents in most cases, except in the
bipolar process with very high source impedance. Since a true current source is
not available in the nature, it has to be derived from voltage references. The
supply voltage thus indirectly affects the noise performance. However, its
influence is not as large as the bias current. A non-linear device, e.g. transistor,
can be used in deriving a current source from a voltage reference.
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 /LQHDULW\&RQVLGHUDWLRQV
While noise floor sets the lower limit of the dynamic range of a channel, the
linearity performance is considered to be the upper limit. In this chapter, the
linearity of multiband multistandard front-end receivers is discussed from a
circuit level perspective. How to achieve a high-linearity without excessive
current consumption is important. Instead of Volterra series, power series are
used to approximate the weakly non-linear behavior of the active devices. The
main reason is that the operating frequency of the circuits under investigation is
less than its –3dB bandwidth. In the most cases, it is between I7/30 – I7/7 and
wideband circuits are used for narrowband applications. Moreover, power series
are easier to use and give more insight when designing complex circuits, even
though Volterra series is more accurate. In particular in terms of linearity
performance as they directly relate to a figure of merit for the circuit.
In section 2.3.2, a figure of merit widely used in RF communication systems,
IIP3, that compares the weakly non-linearity performance among circuits is
discussed (see also for example [37, 69-70]. In this chapter, another commonly
used figure of merit, the –1 dB compression point (CP-1dB) and its relationship to
IIP3 is given, especially when a hard distortion such as clipping, occurs in the
circuit.
Recently, multicarrier communication systems are introduced to enhance the
signal capacity of an information channel (see also section 2.4.5). This technique
solves the problem in reconstructing the received signals due to non-ideal
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physical channel behaviors. However, at the RF front-end circuit level, it
increases the linearity requirement [32,71]. This topic is discussed in the last
section of this chapter.


In

/LQHDULW\SHUIRUPDQFHRIELSRODUDQG&026WUDQVLVWRUV
most

narrowband

wireless

communication

systems,

the

two-tone

intermodulation distortion is of interest. If two signals with different frequencies
(ω, ω) and the same amplitudes ($ = $ = $) are applied to the input of a
nonlinear system, the output also exhibits frequency components that are located
close to the input frequencies (see Fig. 2.1 for an illustration). In order to analyze
weak-distortion behavior at the circuit level, consider a memory-less and timeinvariant system. Its output signal as a function of input signal can be
approximated as:
\ (W ) ≈ α1 ⋅ [ (W ) + α 2 ⋅ [ 2 (W ) + α 3 ⋅ [ 3 (W ) + ... ,

(5.1)

and assume further for simplicity that only the first three terms in equation (5.1)
are important. Using equation (5.1), the output signal of the non-linear system:
9
9




\ ( W ) = α1 + α 3 $2  $ cos ω1W + α1 + α 3 $2  $ cos ω 2W
4
4




3
3
+ α 3 $3 cos(2ω1 − ω 2 )W + α 3 $3 cos(2ω 2 − ω1 )W + ...,
4
4

(5.2)

if α >> 9α$/4, at a certain input amplitude the output components at ω1 and ω2
have the same amplitude as those at ω  ω and ω  ω. This point is called
the third input intercept point IIP3 and occurs as the extrapolated third
intermodulation IM3 product and the fundamental line meet. Note that equation
(5.2) includes only the terms that are necessary for calculating IIP3. At IIP3, the
following equation can be derived (see for example [28, 37, 69]):

α1 ⋅ $

,3 3

=

3
α3 ⋅ $2
4

=

4 α1
.
3 α3

,3 3

,

(5.3)

thus, the IIP3 is
$

,3 3
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Another important non-linear effect is the blocking and its characteristics. If a
weak and a strong signal are present with the frequencies close to each other, the
weaker signal can be blocked by the stronger one. Assuming [ W = $FRV ωW 
$ FRV ωW , then by using equation (5.1), the output signal of the non-linear
system is given by (only output components of interest):
3
3


\ (W ) ≈ α1 + α 3 $12 + α3 $22  $1 cos (ω1W ) + ...
4
2



(5.5)

It is clear from equation (5.5) that for circuits with compressive characteristics
(α < 0) and for sufficiently large $, the gain drops to zero and the signal at ωW
is blocked. As this problem is caused by the 3rd order weakly non-linear
distortion, it can be characterized by the IIP3.
Desensitization may also occur due to 2nd order weakly non-linear distortion
[70]. In this case, there is a mixing mechanism between (relatively) lowfrequency signal (ω) at the input of the circuit, and the interfering signal (ω),
which results in the low-frequency signal being up-converted to the desired
signal (ω). This effect occurs for values of ω and ω where their sum or
difference is more or less equal to ω, i.e. (ω + ω) ≈ ω. As this problem is
caused by the 2nd order weakly non-linear distortion, it is thus characterized by
the IIP2.
 %LSRODUWUDQVLVWRU
In a bipolar transistor, the collector current L& is controlled by the base-emitter
voltage Y%( given by:

Y
L& = , & + L F = , V ⋅ exp %(
 9W

 9 + Y EH

 = , V ⋅ exp %(
9W




,


(5.6)

in which ,V is the saturation current, 9%( and YEH are the bias voltage and the
small-signal voltage over the base-emitter terminal, respectively, ,& and LF are the
bias collector current and the small-signal collector current due to 9%( and YEH,
respectively, and 9W = N7/T (see [61]). Equation (5.6) can be rewritten as:
9  
Y  
LF = , V ⋅ exp %(  ⋅  exp EH  − 1.
 9W  
 9W  

(5.7)

The exponential within brackets can be expanded in a Taylor series:
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Y

Y2
Y3
LF = ,& ⋅  EH + EH + EH + ...  .
 9W 2!⋅9W 3!⋅9W




(5.8)

Using equations (5.1)-(5.4), the IIP3 of a bipolar CE-stage can be derived:
,,33,

&(

= 8 9 ≈ 73 mV at T = 27o C .
W

(5.9)

In a balanced CE-stage or the emitter coupled stage, phase inversion of the
input signal changes the sign of the fundamental and the third-order component
but not the second-order component. The differential-mode output current is
given by:
Y
LR, '0 = 2 , & ⋅ tanh L, '0 ,
29W

(5.10)

where ,& is the bias collector current of each transistor and YL'0 is the
differential-mode input voltage signal [61]. The WDQK function can be expanded in
a Taylor series and equation (5.10) yields:
 YL, '0 YL3, '0

−
+ ... .
LR, '0 = 2 , & ⋅ 
8 ⋅ 9W3
 2 ⋅ 9W


(5.11)

Using equations (5.1)-(5.4), the IIP3 of a differential bipolar CE-stage can be
derived:

,,33,GLII . &( = 49W ≈ 104 mV at T = 27o & .

(5.12)

 026WUDQVLVWRU
A similar analysis to MOS transistor is applied to derive the IIP3. As the drain
current ,'6 and the gate-source voltage 9*6 are related by (for n-MOS transistor):
, '6 =

.3Q :
(9*6 − 971 )2 ,
2 /

(5.13)

where .3Q is the gain factor of n-MOS transistor related to process parameters,
971 is the threshold voltage for nMOS transistor, : and / are the width and
length of the MOS gate, respectively. No third-order distortion is generated in a
MOS transistor, provided that the first-order model (equation (5.13)) is valid.
This means that the MOS transistor in theory has infinite IIP3 [38]. However,
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short-channel effects, mobility degradation and source series resistance [72]
disturb this quadratic expression and lead to a finite IIP3 [73].
In a balanced nMOS CS-stage, the differential-mode output current is given
by [74]:
LR, '0 =

.3Q :
4 ⋅ 2,'
⋅ YL , '0 ⋅
− YL2,'0 ,
:
2 /
.3Q
/

(5.14)

where ,' is the bias drain current of each transistor and YL'0 is the differentialmode input voltage signal. The square-root function can be expanded in a Taylor
series:

:

.3Q ⋅ ⋅ YL3, '0

:
/
LR, '0 = .3Q ⋅ ⋅ (9*6 − 971 ) ⋅  YL, '0 −
/
16 ⋅ , '






.




(5.15)

Using equations (5.1)-(5.4), the IIP3 of a differential MOS CS-stage can be
derived and is equal to:

,,33,GLII .&6 = 4

2
⋅ (9*6 − 971 ) = 3.27 ⋅ (9*6 − 971 ) .
3

(5.16)

 (IIHFWRIWKHIHHGEDFNWHFKQLTXHRQOLQHDULW\SHUIRUPDQFH
In [38], a simple derivation of the third order intermodulation IM3 product in
negative-feedback system is presented. It is given in terms of non-feedback
coefficients by:

,0 3

I

2
 α2 
$2
3 α 3
1
2α1β 
= 
−  

4  α1 (1 + α1β )  α1  (1 + α1β )2  (1 + α1β ) 2



(5.17)

where αβ is the loop gain of the feedback system. Since most RF front-end
circuits of interest have a compressive characteristic [28], both terms in equation
(5.17) represent a compressive distortion.
An interesting observation can be obtained when a differential circuit with a
high loop gain of negative feedback is used (typically αβ > 10). In that case, α
theoretically reduces to zero, but the mismatch produces residual second order
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effects. However, the second term becomes negligible compared to the first term
in the bracket. Equation (5.17) is reduced to:
,0 3 ≈
I

3 α3
$2
.
4 α1 (1 + α1β )3

(5.18)

Setting equation (5.18) to 1, IIP3f can be obtained:
$

≈ (1 + α1β ) 2
3

,3

3I

4 α1
.
3 α3

(5.19)

Comparison with equation (5.4) gives,

$

,3

≈ (1 + α1β ) 2 ⋅ $
3

3I

,3

3QRQ − IHHGEDFN

.

(5.20)

It can be concluded that the linearity of a feedback amplifier can be improved
by applying a high loop gain, especially in a fully differential circuit. The loop
gain of a feedback circuit is a function of the bias current and the feedback
network. One can double the loop gain by increasing the bias current a factor
two. Another way to significantly increase the loop gain without using
unnecessarily high current consumption is by applying overall feedback [40].
However, the circuit topology to be used has to be seriously considered.
Otherwise, a higher loop gain may be obtained, but it will not increase the
linearity.
Having more than one-stage in the active part of the amplifier may provide a
worse overall linearity. In Fig. 5.1, a series feedback is applied to a single-stage
CE. To increase the loop gain, a second stage is cascaded and an overall
feedback is applied (see Fig. 5.2). However, simulation results at low-frequency
show that the circuit in Fig. 5.2 does not have a higher IIP3 compared to that in
+
+

+

+
Vi
-

Vo
Zl
-

Fig. 5.1. Single-stage series feedback.
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Vi
-

Vo
Zl
-

Fig. 5.2. Two-stage series feedback.
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Fig. 5.1, even though a higher loop gain is obtained.
Another example is a current-to-current amplifier. A single-stage version
could be the circuit shown in Fig. 5.3. The output current is the current that flows
through R2. It thus needs a current buffer, e.g. CB-stage, connected to R2 to
deliver an output signal to the load. A two-stage version of this amplifier could
be the circuit shown in Fig. 5.4. The active part of the amplifier is also known as
the Darlington configuration. The loop gain of the circuit in Fig. 5.4 is higher
than that in Fig. 5.3, but not its linearity. The circuit in Fig. 5.5 may be the best
example how to increase the loop gain that results in a higher linearity.

iout

R2

iin

R1

iout

R2

Q1

R1

iin
Q2

Q1
Fig. 5.3. Single-stage current amplifier.

Fig. 5.4. Darlington current amplifier.

iout
iin

Q1

Q2
R1

R2
Fig. 5.5. Two-stage current amplifier.

The reason for these interesting results is that when two stages are cascaded,
the linearity of the whole active part is changed as well. Equation (2.9) suggests
that to have a high linearity of two cascaded non-linear blocks, the linearity of all
the blocks should be maximized, especially of the second block. Interpreting
equation (5.20) down to the circuit level requires careful attention. The output at
the circuit level may have two connections, i.e. collector or emitter pin and drain
or source of the output stage for bipolar and MOS technology, respectively.
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The circuit in Fig. 5.2 can be seen as cascading two CE stages from the
feedback network point of view. The linearity of two cascaded CE stages is
decreased by a factor that more or less equals to JP⋅Uπ. The loop gain is
increased at the most by the same factor, provided that the first stage transistor is
biased at the same current level as the second stage. The bias resistor (not shown
in the figure) that connects the collector of the first transistor to the supply line
decreases the loop gain, reducing the linearity further more.
The same happens in the current-to-current amplifier case (see Fig. 5.3 and
Fig 5.4). In Fig. 5.5, the loop gain is increased while the linearity of the active
part of the amplifier is almost the same compared to a single CE stage, resulting
in a higher overall linearity. The second stage in this figure can be seen as a CCstage from the feedback network point of view.
Nevertheless, a higher loop gain can increase the achievable bandwidth of the
amplifier [40]. Thus, circuits in Fig. 5.2 and 5.4 can be used in a higher
frequency range compared to their single-stage versions. Moreover, having a
higher loop gain circuit means that a better accuracy of the transfer function can
be obtained.
The feedback network consists of frequency dependent components. Although
the amplifier has its –3 dB bandwidth higher than I7/10 of the technology used,
the loop gain of a wide-band feedback amplifier does not necessarily have such a
high bandwidth. It may even have a reduced value far from the –3 dB bandwidth
of the amplifier. The feedback thus effectively linearizes the circuit whenever the
loop gain is large enough at the frequency of interest. For this reason, frequency
compensation techniques that may be needed to design the high-frequency
behavior of the amplifier should be the one that increases the loop gain, e.g.
phantom-zero technique. A detailed feedback network analysis to determine the
frequency response of the loop gain can be found in [40].



,,3DQG&3G%LVVXHV

The small-signal gain begins to vary as the input signal amplitude $ increases
[28]. In case of a compressive amplifier, which can be found in most RF frontend circuits of interest, the gain can approach zero for sufficiently high input
amplitude. The gain is therefore a decreasing function of $. In RF circuits, this
effect is quantified by the –1 dB compression point, defined as the input signal
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amplitude that causes the small-signal gain to drop by 1 dB. The –1 dB
compression point (CP–1dB) caused by weakly non-linearity only is equal to [28],

α1
,
α3

$−1G% = 0.145

(5.21)

which by comparing equation (5.20) to (5.4), leads to the well-known
relationship between CP–1dB and IIP3:
,,33 − &3−1G% = 9.64 G% .

(5.22)

A hard (strong) distortion that frequently occurs in RF front-end circuits is the
clipping distortion. This kind of distortion gives for properly designed circuits,
the highest signal that can be handled for a given power supply. If clipping
occurs at the output of a non-linear circuit, the signal is limited to DC values
which in practice may be derived from the power supply. The higher the input
amplitude, the more the output signal approaches a square-wave. Under clipping
distortion, Fourier-series of a square wave can thus be employed. The latter can
be expressed as follow:
\ (W ) = 2 $RXW

cos ωW
cos 3ωW
cos 5ωW
cos 7ωW
− 2 $RXW
+ 2 $RXW
− 2 $RXW
+ ..., (5.23)
π
3π
5π
7π

where $RXW is the distorted output amplitude.
By definition, the Qth harmonic distortion (+'Q) is the ratio of the frequency
component Qωto the one at the fundamental, ω [38]. It thus follows that,

+'3 _ FOLSSLQJ ≈

1
.
12

(5.24)

It follows from equations (5.23) and (5.24) that the output signal and the
distortion do not depend on the input signal level any longer, once clipping
occurs. This analysis shows that clipping distortion may be used for designing
the –1 dB gain compression (CP–1dB) while weakly non-linearity distortion can
still be used in characterizing a low-input-level non-linearity (IIP3). In this case,
equation (5.22) is no longer valid. By proper design, a difference of about 15-20
dB can be found between CP-1dB and IIP3 depending on the linearity of the circuit
and the bias condition, mainly at the output stage.
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It can be concluded in a reverse-way which is more suitable in designing the
amplifier. The –1dB compression point CP-1dB, can be set by biasing the output
stage properly, avoiding unnecessary high DC current consumption. In addition,
the IIP3 can be as high as desired by applying a feedback with high loop gain as
shown in section 5.2. To avoid unnecessary excessive current consumption, an
overall feedback can be applied [40].
The clipping CP-1dB and the feedback effect on weakly linearity are illustrated

log Pout

using the two-tone intermodulation plot as shown in Fig. 5.6.

≈ 9.64G%

fundamental
tones, nf
fundamental
tones, f
IM3,nf

∆,,33 ≈ 20 ⋅ log(1 + α1β )2

3

IIP3,f

IIP3,nf

CP-1dB

IM3,f
log Pin

Fig. 5.6. Two-tone intermodulation plot describing the effect of feedback on linearity
and the relationship between IIP3 and CP-1dB.

It should be mentioned that this approach is theoretically valid only when the
circuits behave as a memory-less system. In practice, this approach can be
applied to a wideband amplifying circuit that operates up to its –3 dB bandwidth.

 /LQHDULW\LQPL[HU
The basic configuration of switching mixers is shown in Fig. 3.5. To reduce the
distortion and to suppress the LO signal at the output, a double-balanced
structure was developed (see Fig. 5.7). In principle the circuit works as follows;
the RF-input currents (L5)) is switched back and fort by the mixer core (Q1-Q4),
ideally producing frequency conversion with no distortion of the signal input. By
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driving the second single-balanced switching mixer (Q3, Q4) with the inverted RF
signal, and subtracting the output signals of these two single-balanced circuits,
the LO signal and its odd harmonics are removed in the output signal.
9&&
5

5

ORDG

ORDG

9

9

,)B287

,)B287

9

/2

Q1

Q2

9

Q3

9

Q4

/2

/2

, L
ELDV

5)

, L
ELDV

5)

Fig. 5.7. Gilbert mixer.

In general, classical distortion analysis using power series (see equation (5.1))
can not be applied, since mixers are not linear time-invariant circuits. The
switching pair should be treated as a weakly nonlinear-periodically time-varying
circuit and time-varying power series should be used in the analysis. However, in
the frequency band of interest, the distortion can be described by a time-invariant
power series [73]:
2
3
L ,) = β 1 ⋅ L 5) + β 2 ⋅ L 5)
+ β 3 ⋅ L 5)
+ ...,

(5.25)

where the left and right side of equation (5.25) refers to the output and input
frequency bands, respectively. β is clearly the conversion gain that relates the
input RF signal at ω5) specifically to the output IF signal at ω,) (ω,) = ω/2ω5)).
For bipolar switching mixers, the output in ideal case is linearly related to the
input (see equation 3.10), indicating a highly linear circuit block. However, base
and emitter resistances can cause small distortions [75, 76]. It is thus important to
keep base and emitter resistances small to achieve a high linearity in the
switching mixer.
For MOS switching mixers, the situation is different. While the voltage-tocurrent transfer function of a MOS transistor is more linear than the bipolar (see
section 5.1.1 and 5.1.2), MOS switching mixers are not. For an ideal square-law
MOS device, the output current ,G – ,G from Fig. 5.8 is equal to [74]:
, G 1 − , G 2 = , '1 + L G 1 − , ' 2 − L G 2 =

µ Q & R[ :
4(, ELDV + L 5) ) 2
Y /2
− Y /2
:
2
/
µ Q & R[
/

(5.26)
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,'LG

,'LG

Y/2


M2

M1

,ELDVL5)

Fig. 5.8. MOS transconductance multiplier

Expanding equation (5.26) using Taylor series and subtracting it from the bias
currents ,' –,', the output current signal LG – LG can be written as:
LG1 − LG 2 =

µ Q & R[ :
2
3
Y /2 ⋅ [α 1 ⋅ L 5) − α 2 ⋅ L 5)
+ α 3 ⋅ L 5)
− ...],
2
/

(5.27)

where

α1 =

α2 =

1
4 ⋅ , ELDV
µ & :
2
− Y /2
⋅ Q R[
:
2
/
µ Q & R[
/

,

1
3
2

(5.28)

, and

(5.29)

.

(5.30)



 4⋅ ,
 µ & :
2
ELDV
 ⋅ Q R[
− Y /2
2⋅
:
2
/


 µ Q & R[

/



α3 =

1
5
2



 4⋅ ,
 µ & :
2
ELDV

− Y /2  ⋅ Q R[
2⋅
:
2
/


 µ Q & R[

/



Equation (5.26) – (5.30 ) are derived based on the ideal square-law for MOS
devices. Source series resistance, mobility degradation and short channel effects
will disturb the square-law, leading to a more complex expression for linearity.
In [73], these non-ideal effects are taken into account and the results, contrary to
bipolar switching mixers are shown to depend on many variables even at low
frequency. There are optimum values for the local oscillator amplitude and bias
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current that give the best linearity. However, in practice, choosing the highest
possible value will give the best performance in linearity.

 0XOWLFDUULHUV\VWHPV
Multicarrier systems have recently been developed to combat primarily
intersymbol interference errors in digitally modulated systems (see section 2.4.5).
In fact, this technique generates a lot more distortion in RF circuits than that in
the single-carrier systems. Applying multitone signals at the input of a non-linear
circuit will generate undesired interferers at the adjacent channel of the input
signals, whose spectrum is shown in Fig. 5.9.
3

3

LQ

RXW

K-tones
[

\

nonlinear
circuit

K-tones

\ = α1 ⋅ [ + α 2 ⋅ [ + α 3 ⋅ [ + ...
2

3

I

I

Fig. 5.9. Generated intermodulation distortion in multicarrier system.

As this technique degrades the linearity performance, an expression needs to
be derived for the multitone distortion and the two-tone IIP3. In [32], the ratio
between the linear output power per tone and the output power of adjacent
channel tones are investigated.
For the purpose of comparison, all derived signals have a constant input
power of 1R%ω, which correspond to an amplitude of ((1R)⋅(%ω.))1/2 per tone
in a .-tone excitation or to a spectrum density function of (1R) in a %ω
bandwidth. This requirement is also needed to avoid the circuit from being
driven by a large input signal, such that the circuit clips. Furthermore, all input
tones are assumed to have uncorrelated phases and be equally spaced in
frequency. The worst intermodulation distortion component is apparently the one
next to the .WK-tone and its minimum IM3 value is one quarter of the two-tone
systems value [32].
From Fig. 5.10, we see that the IIP3 in multitone systems is the half of that in
two-tone systems. Notice that the x-axis in this figure is the total input power
level as mentioned in previous paragraph and not the level of each of the tones.
From this result, a circuit designer can easily derive the required linearity of the
circuit based on the system level linearity requirement.
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Fig. 5.10. Relation between multitone intermodulation distortion IM3,mt and two-tone
intermodulation distortion IM3,2t.
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 0XOWLEDQG0XOWLVWDQGDUG)URQWHQG5HFHLYHUV
Multiband multistandard front-end receivers require wideband amplifiers with
wideband input matching and a set of switching mixers (see section 2.6). Noise,
linearity and operating frequency are the three most important parameters, that
fundamentally limit the signal transfer capability. In this chapter, suitable circuit
topologies are discussed.
Section 6.1 discusses some circuit design problems that need to be considered,
including non-idealities found in the circuits. Section 6.2 - 6.4 present some
possible solutions that have been investigated. Circuit level performance is
discussed for each type of circuit topology. Measurement and/or simulation
results are given to verify the theory developed in previous chapters.

 :LGHEDQGORZQRLVHFRQYHUWHU
Due to the high integration level requirements, receiver architectures that allow a
direct connection between the LNA and the mixer, such as zero-IF and low-IF
receivers, have gained much interest recently. Reduced image-reject (IR)
performance in low-IF receivers compared to traditional heterodyne receivers
(high-IF) is accepted in certain applications such as GSM [17], DECT [10],
WLAN or Bluetooth [18]. There, the IR requirement when a low IF is chosen, is
derived from the adjacent interference requirement, C/I, rather than from a
blocking profile.
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A lot of research has been done on such receiver architectures [3, 6, 8, 9, 13,
16]. However, an interesting feature is the direct connection between the LNA
and the mixer and has not been given enough attention (see for example [20]). As
in the recent generation of wireless communication system such as 2.5G, 3G,
Bluetooth or HiperLAN, much attention is spent on improving the linearity, the
benefit in direct connection between the LNA and the mixer will be exploited
here.
In section 2.2.2, equation (2.9) implies that to achieve a high-linearity system,
the linearity of all the blocks should be high, especially the final stage and the
individual blocks gains should not be too high in order to relax the linearity
requirement of following blocks, especially the first stage. Since the individual
gains are also based on other considerations, that usually are in conflict with the
linearity requirement, a trade-off has to be made. This is illustrated in the
following example: an LNA with 14 dB voltage-gain and IIP3 of +1.8 dBm (see
for example [10, 43, 77] for narrowband receivers and [45-47] for broadband
receivers) is cascaded with a mixer with IIP3 of +9.4 dBm. By applying equation
(2.9), it would result in a total IIP3 of –5.5 dBm. Setting a lower voltage-gain for
the LNA would improve the overall linearity. However, this would lead to a
worse overall noise performance. Although it is acceptable for certain
applications, it consumes relatively high DC current.
As a direct connection between the LNA and the mixer is allowed, it gives a
possibility to amplify and convert RF input-voltages to RF output-currents by
applying overall feedback [40, 61]. This results in a high-linearity amplifier that
downconverts to IF output-currents using a switching mixer [61]. In this way,
one non-linear (V-to-I) process is eliminated in the RF-to-IF signal path.
Since the switching mixer is more linear compared to amplifier, the overall
linearity depends much on how good the overall feedback is (see equation (2.9)).
Moreover in bipolar technology, the switching mixer introduces negligible noise
contribution at high source impedance and at the frequency above the 1/f-corner
frequency. This means that the overall noise performance is determined almost
completely by the LNA [48]. In this chapter, it is shown that a combined LNA
and mixer (LNC) could improve overall linearity with acceptable noise
performance and at lowered DC current consumption.
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The main difference with the traditional LNA is that this circuit amplifies RF
(differential) input-voltages and converts them to RF (differential) outputcurrents. The amplification factor is designed such that the overall RF-to-IF gain
of the LNC is more or less the same as in the traditional configuration. A
theoretical background to the design approach used in this work can be found in
[40, 53, 61].
An RF amplifier should have accurate input-impedance to avoid reflections
back to the antenna. A dual-loop feedback is applied to fix the input impedance
[53, 61]. The dual-loop feedback used in RF amplifiers presented in this chapter
senses the output-current, feeds it back to the input, compares it with the inputcurrent in one loop (current-to-current amplifier) and the input-voltage of the
other (voltage-to-current amplifier). Referring to sections 3.2-3.4, the dual-loop
feedback adjusts parameters D and B. The input impedance is then the ratio
between the second-loop and the first-loop feedback. By having frequencyindependent components, such as resistors, a wideband matching is obtained
from DC up to the –3 dB bandwidth of the amplifier.
Referring to section 3.3-3.4, the gain and input impedance are determined by
the ratio of feedback component. Their accuracy depend on how high the loop
gain is. If the whole front-end receiver is considered, the conversion loss of the
switching mixer has to be taken into account as given in section 3.6. The input
impedance of the LNC in multistandard receivers is preferably fixed using a
dual-loop feedback. The main reason is to avoid a strong dependency on the bias
current, as other fundamental performances, such as noise and linearity, depend
strongly on it. By doing so, trade-off in the design of front-end receivers is
reduced.
The noise in the feedback system is a function of the bias current and
feedback components. To achieve minimum noise figure, an optimum bias
current can be found in the bipolar technology, while as large as possible bias
current is chosen in MOS technology (see section 4.1). The linearity in a
feedback system is a function of the bias current, circuit topology and the loop
gain (see section 5.1-5.2). While trade-off may happen when choosing the value
for feedback components, decreasing the bias current lowers in general the noise
and the linearity performance simultaneously. In multistandard wireless systems
or in a wireless system that provide multi bit-rates such as in Hiperlan 2 and
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WLAN IEEE 802.11a, this feature is of interest. Different noise and linearity
performances can be obtained in a single circuit by varying the bias current,
leading to a reconfigurable front-end receiver.
Some non-idealities that have significant effects in zero-IF and low-IF
architectures are recently reported. These non-idealities were not extensively
investigated in the past, since they did not give any problem in heterodyne
systems with high-IF. Most of the problems are related to the 2nd–order distortion
that introduce undesired spectral components at the output of mixers, indicating a
finite IIP2. The most common technique to minimize this effect, i.e. applying a
balanced configuration, is inadequate for some wireless applications [68]. Device
mismatches, imperfection in LO signal, low-frequency feedthrough, LO selfmixing and non-linearity in RF, LO and output stages contribute to this undesired
effect [78]. The solution that is proposed in [68] seems to work efficiently.
Another issue that needs to be seriously considered is the chip packaging. As
the operating frequency is getting higher, the interface between on-chip LNC and
its preceding components, e.g. RF-band filter, balun, duplexer, is getting critical.
Typical wirebond type packaging needs a bondwire to connect the bondpad on
the chip to a lead frame in the substrate (IC pin). This lead frame is then
connected to a connection-path on the circuit board. The bondwire and lead
frame introduce inductance and together with the bondpad and pad-on-substrate
capacitance, they form a 4th–order LPF and therefore limit the operating
frequency (see Fig. 6.1). A typical value for bondwire inductance is 5 nH but
depends on length. Significant improvements can be achieved when flip-chip
techniques are applied. Lleadframe is then removed and Lbondwire, which is the solder
bump inductance in this case, is very low (<50 pH).

Lleadframe
out of the
chip

Lbondwire
Cbondpad

Zin LNC
to the chip

Cpad-on-substrate

Fig. 6.1. Equivalent circuit of typical wirebond based packaging.
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 3DVVLYHIHHGEDFN/1$
In Fig. 6.2, an RF-amplifier using the technique discussed above is shown (see
also [54, 79]). This is the transistor level implementation of the nullor topology
that is shown in Fig. 3.4. This circuit uses cross-coupled feedback and powered
by 3V single voltage supply. Careful design should be carried out to avoid
common-mode instabilities that might occur due to cross-coupled feedback [49].
Vcc

to mixer-core
Rbias1

RF_out+
Q3

Q1

Rbias2

RF_outQ4

R1

R2
R3

R4

Rbias3

Rbias4

R5

R6

RF_in+
Cbp1

Q2

RF_inCbp2

Fig. 6.2. Dual-loop cross-coupled feedback bipolar LNA.

The output currents ,F4 and ,F4 are sensed and compared to the input-current
by using resistors 5, 5, 5 and 5, 5, 5 respectively. These determine the
current gain (parameter D). The other (cross-coupled) feedback loop senses a
fraction of the output current that flows into 5 and 5, and is compared to the
input-voltage. These fix the voltage-to current gain (parameter B). To provide a
correct biasing level, 5ELDV and 5ELDV are connected in series with 5 and 5,
respectively. Capacitance &ES and &ES are connected in parallel with those bias
resistors that bypasses them in the signal path. However, they will introduce a
bandpass-like frequency response. The gain, input impedance and the spectrum
density of the equivalent noise voltage referred to the input are given in equation
(6.1), (6.2) and (6.3) respectively:
L 5) _ RXW
51 + 5 3 + 2 55
≈
,
Y 5) _ LQ
2 51 55 + 5 VRXUFH ⋅ (5 3 + 2 55 )

(6.1)
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= LQ ≈

2 ⋅ 51 ⋅ 55
,
5 3 + 2 55


1
1
+
+
6 (YQ , HTX ) ≈ 4N7 •  55 + 56 + UE1 + UE 2 +
2 ⋅ JP1 2 ⋅ JP 2

 1
JP1
JP 2  
1
 
+
+
+
5 2 VRXUFH ⋅ 
 4 ⋅ 51 4 ⋅ 52 4 ⋅ 2 ⋅ β 01 4 ⋅ 2 ⋅ β 02  

(6.2)

.

(6.3)

where 5VRXUFH is a balanced source impedance terminated at the input, UE, UE, JP,
JP, β and β are base resistances, transconductance and current-gain of Q1 and
Q2, respectively. The equations above are valid as long as an adequate loop gain
can be realized and dominant poles introduced by &π of Q1 and Q2 are located
higher than the frequency of interest.
The linearity of the feedback amplifier depends on its loop gain [40]. The
asymptotic gain model as described in section 3.3 is used to calculate the loop
gain, as this model includes the source and loading effects. The loop gain ($β) of
this feedback circuit is
$β ≈ −

2 ⋅ JP1 ⋅ =π 1 ⋅ β $& 2
5VRXUFH + 2=π 1



5VRXUFH ⋅ (53+ 55 )
• 
+ 55  .
 2 ⋅ (51 + 5VRXUFH + 53 + 55 )


(6.4)

Equation (6.4) is valid, provided that the load of each transistor is much
smaller than its output resistance UR. This means that the base-collector
capacitance will not radically change the position of existing poles or introduce
new pole(s). The latter will only affect the position of the zeros. The effect of
bias resistors 5ELDV and 5ELDV is not taken into account in equation (6.4). These
will reduce the loop gain due to current splitting between transistors Q1 and Q2,
as well as between Q3 and Q4. The poles introduced by transistor Q2 and Q4 will
therefore be changed as well.
The circuit was implemented in the 25 GHz Silicon bipolar technology with 4
metal layers and deep trench isolation. A switching mixer is stacked on the
output of the LNA, forming a wideband LNC. The chip was packaged in
LQFP32 module and was measured with an external wideband SMD balun
mounted on the board. The die-area of this circuit is 0.32 × 0.3 mm2.
To show the effectiveness of the dual-loop feedback, the reflection parameter
S11 at the RF-port of the LNC, both when the supply voltage is turned on and off,
in some frequency bands of interest can be seen in Fig. 6.3. The low-pass
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characteristic of the packaging mentioned in the previous section can be seen to
appear at a frequency higher than 2.4 GHz. The overall RF-to-IF gain and DSB
NF of the LNC in the 900 MHz and 1.8 – 2.5 GHz bands are shown in Fig. 6.4
and 6.5, respectively.

Fig. 6.3. S11 at the RF-input if the LNC.

Fig. 6.4. RF-to-IF gain and NF in 900
MHz band.

Fig. 6.5. RF-to-IF gain and NF in 1.8 –
2.5 GHz band.

In the 900 MHz band, the overall IIP3 is obtained by measuring the two-tone
test method with RF signals at 899.4 MHz and 900 MHz, and an LO signal at
905 MHz, resulting a 5 MHz IF component at the output of the LNC. In the 2.1
GHz band, RF signals at 2138.5 MHz and 2150 MHz, and an LO signal at 2166
MHz are used to perform two-tone test method. The overall IIP3 in the 2.4 GHz
band is obtained by using the two-tone test method with RF signals at 2447 MHz
73

&KDSWHU0XOWLEDQG0XOWLVWDQGDUG)URQWHQG5HFHLYHUV

and 2450 MHz, and an LO signal at 2458 MHz. Fig. 6.6 – 6.8 show the
measurement results of the two-tone test.

Fig. 6.6. Linearity measurement in the 900 MHz band.

Fig. 6.7. Linearity measurement in the
2.1 GHz band.

Fig. 6.8. Linearity measurement in the
2.4 GHz band.

The –3 dB bandwidth of the LNA is higher than 2.5 GHz, as no attenuation
nor peaking is measured until 2.5 GHz. Since the upper frequency limit of the
balun is at 2.5 GHz, the SpectreRF simulator is used to simulate the bandwidth
and the result is shown in Fig. 6.9. The simulated bandwidth of the LNA is above
5 GHz. However an unacceptable reflection (see Fig. 6.10) occurs at the input
port at a frequency around 3.3 GHz. However, packaging issues may limit the
bandwidth even further. All the results are presented in table 6.1.
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Fig. 6.9. Simulated –3 dB bandwidth of the LNA

Fig. 6.10. Real input impedance of LNA
TABLE 6.1. MEASUREMENT RESULTS OF THE CROSS-COUPLED FEEDBACK BIPOLAR LNC

900M

1.85G

2.1G

2.4G

RF-to-IF Gain [dB]

20.2

20.4

20.4

20.6

DSB NF [dB]

3.45-3.6

3.7-3.8

3.5

3.9

IIP3/OIP3 [dBm]

–2/+18.2

S11 [dB]

–15.5

–4.5/+16.1
–12.3

–6/+14.6

–12.2

–13.5

Power Consumption: 11 mA from 3V supply
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A comparison is made with a traditional LNA configuration reported in [43]
and that has a gain of 16.2 dB and an IIP3 of –1 dBm at 900 MHz. If it is
assumed that this traditional LNA is connected to an image-reject filter with 2 dB
loss and thereafter to a Gilbert mixer with +10 dBm IIP3. By using equation
(2.8), the total RF-to-IF circuit would have an IIP3 of –6 dBm. The LNA reported
in [43] is a single ended circuit with 4.65 mA DC current consumption from 3 V
supply. Notice that a typical Gilbert-cell mixer with IIP3 of +10 dBm requires
more than 10 mA of the bias current. The circuit presented in this section thus
shows an improvement of 5 dB in IIP3 and at a considerably lower DC power
consumption compared to the circuit reported in [43].
At 2 GHz, the traditional configuration reported in [43] has an LNA gain of
14.3 dB and IIP3 of +3 dBm. If again, it is assumed that this LNA is connected to
an image-reject filter with 2 dB loss and thereafter to a Gilbert mixer with +10
dBm IIP3, then by using equation (2.8), the total RF-to-IF circuit would have an
IIP3 of –3.4 dBm. The LNA reported in [43] is a single ended circuit with 4.66
mA DC current consumption from a 3 V voltage supply at 2 GHz. The same
performance is thus achieved in linearity, but with almost twice the DC current
consumption than the circuit presented here. Notice that in the latter, a balanced
configuration from the first-stage of the front-end receiver is used. It means that
any interference signals, originating from both the off- and on-chip, that appear
at the input of the chip are seen as common-mode signals and can thus be
effectively suppressed. Another advantage using this configuration is that the
circuit uses a wideband technique, which is suitable for area-efficient multiband
receivers.
The main drawback using this configuration is that a cross-coupled feedback
is used, which might lead to a common-mode instability. From measurements,
the stability of the circuit depends on the bias current of the output stages and the
common-mode source impedance. The former is much more sensitive than the
latter. The latter can be investigated by varying the resistance connected to the
center tap of the input balun [49]. The former can be investigated by having
different values of Rbias3 and Rbias4. Increasing the output stage bias current may
increase not only the differential-mode loop gain (see equation 6.4), but also the
common-mode loop gain. If the latter exceeds unity, the circuit becomes
unstable, as a positive-feedback loop is dominant in the common-mode circuit. A
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careful common-mode analysis should be carried out in order to avoid this
instability.
A CMOS version of the circuit in figure 6.2 is shown in figure 6.11 (see also
[52]). Small changes were made in order to achieve an acceptable performance at
the frequency of interest. Although the topology is the same, the circuit is
designed differently. Since the design freedom in CMOS is rather high compared
to bipolar technology in terms of choosing active devices, many parameters, e.g.
9*6, ,'6, JP and ratio :/, have to be considered carefully.
Vcc

DC

to mixer-core
RF_out+

M5

M3

DC

RF_out-

M6

M4
M5

M1
R1

R2
R3

R4

RF_in+

RF_inCbp1

Rbias3

Rbias4

R5

R6

Cbp2

Fig. 6.11. Dual-loop cross-coupled feedback CMOS LNA.

Equation (6.1) and (6.2) can also be applied to the circuit in Fig. 6.11.
However, due to a lower loop gain caused by inherently lower transconductance
in CMOS, a greater deviation is found. The spectrum density of the equivalent
noise referred to the input is quite different than its bipolar counterpart. It is
given by:


U
U
2
2
6 ( YQ , HTX ) ≈ 4N7 •  55 + 56 + J1 + J 2 +
+
+
⋅
J
⋅
J
3
3
3
3
P
P

1
2
 1
1 
  ,
5 2 VRXUFH ⋅ 
+
5
5
⋅
⋅
4
4
1
2 


(6.5)
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where UJ and UJ are the physical gate resistances of one finger of transistors M1
and M2, respectively [63]. The circuit is simulated in a low-cost 0.35 µm CMOS
digital technology and the simulated performance is given in table 6.2.
TABLE 6.2. SUMMARY OF CMOS LNA AND SWITCHING MIXER SIMULATION
PERFORMANCE

900 MHz 1.8 GHz 2.5 GHz
Overall RF-to-IF gain [dB]

15

12.2

11.3

Overall DSB-NF [dB]

4.4

6.3

7.5

Overall IIP3 [dBm]

−3.2

+3

+5

DC current [mA]

14.4

14.4

14.4

3

3

3

Voltage Supply [V]
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One possibility to avoid cross-coupled feedback in designing a dual-loop
feedback LNA, is to use active-feedback. A theoretical background of an activefeedback LNA design can be found in [40]. Fig. 6.12 shows an active feedback
LNA with is the transistor level implementation of the nullor topology shown in
figure 3.3 (see also [56]).
Vcc

R load1
R bias1

Swi tch in g m i xe r

R bias3

C bp1

R bias 4

LO -

R1

C bp2

R3

R2

R4

I bias 1
R7

Q2

R6
Q7

Q5

2

Q4

R5
RF_i n
+

R bias

LO-

L O+

Q3

Q1

R load2

RF_i n -

Q8
I bias3

I bias4

Q6

I bias 2
R8

Fig. 6.12. Dual-loop active- feedback bipolar LNA and switching mixer.
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This circuit is more suitable for base-station applications where the supply
voltage is not limited by the battery voltage as found in mobile terminals where
the common-mode to differential-mode suppression requirement is quite high.
The output currents ,F4 and ,F4 are sensed and compared to the input-current by
using resistors 5, 5 and 5, 5, respectively. These determine the current gain.
The other (active) feedback loop [40, 53] senses the output current by sensing
voltages across 5 and 5 and compared to the input-voltage by using Q3, 5 and
Q4, 5 respectively. The common-collector transistors Q7 and Q8 shift the DC
levels and have a better overall high-frequency response. The gain, input
impedance, loop gain and spectrum density of the equivalent noise voltage
referred to the input stage are given in equation (6.6)-(6.9):

L,) _ RXW
Y5) _ LQ

57 + 55 +

≈

2
,
⋅
π 5 ⋅ 5 + 5VRXUFH ⋅ (5 + 5 )
1
5
7
5
2
= LQ ≈

$β ( V ) ≈

51 ⋅ 57
53

2 ⋅ 51 ⋅ 53 ⋅ 55
53 (55 + 57 )

 5 (5 + 5
− J 1 ⋅ ]π 1 ⋅ 55
⋅ 3 1
55 + ]π 1 + 5
2  51 + 53 + 5
P

(6.7)

,

VRXUFH

VRXUFH

(6.6)

VRXUFH

]π 3 ⋅ J 3
2)
⋅
2 57 + ]π 3 β
P

I

3


+ 1 ,




1
1
6 (YQ , HTX ) ≈ 4N7 •  55 + 56 + UE1 + UE 2 +
+
+
⋅
J
⋅
J
2
2
P1
P2

 1
JP1
JP 2 
1

5 2 VRXUFH ⋅ 
+
+
+
5
5
4
⋅
4
⋅
4
⋅
2
⋅
β
4
⋅
2
⋅
β
1
2
01
02 


.

(6.8)

(6.9)

Equation (6.8) is obtained by using the asymptotic-gain model [40] where Q1
is the reference. ]πL is the input impedance of transistors Qi, and JP and β are
the transconductance and current gain of the output transistor Q3, respectively.
Equation (6.9) is valid provided that an adequate loop gain can be realized in the
frequency of interest and transistors Q5-Q8 are biased with relatively low DC
currents. The latter is the main difference to equation (6.3). In practice, a
difference of about 0.5 dB is found in the noise figure, due to noise contribution
of Q5-Q8. Equations (6.8) and (6.9) lead to the conclusion that the choice of
values for R1 and R5 will constitute a trade-off between NF and linearity
performance.
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The circuit was implemented in a 25 GHz bipolar technology with 4 metal
layers and deep trench isolation. The die size is 0.68 × 0.9 mm2, including the
bondpads. In order to protect the chip from off-chip interference, the uppermost
metal layer (M4) that covers RF-section was grounded (see [56]). The third metal
layer (M3), was only used for supply voltage, bias voltage and ground paths.
Most interference-sensitive paths were routed in the first metal layer (M1), as the
second metal layer (M2) was used primarily for common-mode signals. As the
substrate was heavily grounded by connecting lots of substrate-contacts to the
most negative supply voltage, an on-chip Faraday cage was created. No negative
effect was seen below 3 GHz due to parasitic capacitance from this unusual
protection technique.
The chip-on-board (COB) was measured with an external wideband surfacemounted device (SMD) balun also mounted on the board. A pair of external
SMD inductor and capacitor was added to tune out the reactive part of the input
impedance of the LNC. Measurement results are presented in table 6.3 (see also
[56]). The –3 dB bandwidth of the LNA was higher than 3 GHz (the upper limit
of the instrumentation), as only 1.5 dB of attenuation was found at 3GHz and no
peaking is measured.
TABLE 6.3. MEASUREMENT RESULTS OF THE ACTIVE-FEEDBACK BIPOLAR LNC.

Overall RF-to-IF Gain [dB]
(DSB) NF [dB]
IIP3 / OIP3 [dBm]
S11 [dB]
LO-to-RF isolation [dB]
Power consumption

0.8 GHz – 1GHz
1.8 GHz – 2 GHz
19.3 − 20
19.2 − 20.2
3.75 − 3.95
3.1 − 3.7
−3 / +17
−4.5 / +15.5
−18.2 - −41
−9.2 - −33
−18 - −24
−25 - −35
13 mA IDC from 5 VDC single supply

Notice that the LO-to-RF isolation was measured between the LO-port and
RF-port of the chip. As the LO limiter placed between the LO-port of the chip
and the LO-inputs of LNC has 25 dB gain, the LO-to-RF isolation of the LNC is
thus better than –43 dB. The effectiveness of the dual-loop feedback in fixing the
input impedance can be seen in the measured parameter S11 at the RF-port, both
when the supply voltage is turned on and off. They are shown in both frequency
bands in figure 6.13 and 6.14, respectively.
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Fig. 6.13. S11 at the RF-input of LNC at 900 MHz.
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Fig. 6.14. S11 at the RF-input of LNC at 1900 MHz.

In comparison with the traditional front-end receiver [43] the circuit in Fig.
6.12 results in overall improvements in linearity by 3 dB of IIP3 and with half the
DC current consumption. The circuit uses a balanced configuration, which means
that common-mode interference is not a problem. As no cross-coupled feedback
is applied to the circuit, the common-mode stability is thus guaranteed. The IC
layout of the active-feedback LNC and its die-photo is shown in Fig. 6.15 and
6.16, respectively.
The disadvantage of this circuit is a rather-high obtained DSB noise figure
(3.8 dB). However, the overall noise figure of the receiver can be improved by
implementing a better demodulator [26] and/or selecting less lossy devices
preceding the LNC (see equation (2.5)). Another disadvantage is that a rather
high supply voltage is needed which compensates the advantage in current
consumption.
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IF+

IF−

LNC

LO

RF+

RF−

Fig. 6.16. Die photo of the LNC, 0.68 ×

Fig. 6.15. IC layout of the LNC.

0.9 mm2.

A CMOS implementation of the nullor topology shown in Fig. 3.3 can be seen
in Fig. 6.17. In this circuit, the active-feedback part which determines the
parameter B, is replaced just by a single CS-stage, as it has a high inherent
linearity (see section 5.1.2).
VCC

Rload1
,

Rload2
,

ELDV

M9
M3
RF_in+

M11

LO-

ELDV

M12 M10
LO+

LO-

M4
RF_in-

M1

R3
R1
R5

M5

M7

M2

R4

,

ELDV

,

ELDV

R2
R6
M8

M6

Fig. 6.17. Dual-loop active-feedback CMOS LNA and switching mixer.

Due to the use of a low voltage supply (9&& = 1.8V), an indirect-feedback is
applied at the output. It can be seen from Fig. 6.17 that the linearity depends on
how linear the transistors M3 and M7 are. Advanced low-voltage current mirrors
[80] are used in this circuit to provide a high output impedance at a low voltage
drop. The input impedance, gain and spectrum density of the equivalent noise
voltage referred to the input stage are given in equation (6.10)-(6.11):
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= LQ ≈

L,) _ RXW
Y 5) _ LQ

≈

51 ⋅ 55
1
+ 55
J P5

,

(6.10)

2
J P7 ⋅ 51
,
⋅
π J P3 ⋅ 51 ⋅ 55 + (1 + J P5 ⋅ 55 ) 5VRXUFH 2

(6.11)

U
U

2
2
6 (YQ , HTX ) ≈ 4N7 ⋅  55 + 56 + J1 + J 2 +
+
+
3
3 3 ⋅ J P1 3 ⋅ JP 2

 1
1 
2
 
5VRXUFH
⋅ 
+
 4 ⋅ 51 4 ⋅ 52  

.

(6.12)

The circuit was implemented in a 0.18 µm RF-CMOS technology and was
designed so it was possible to measure the LNA-part only as well as the whole
LNC circuit. The die-area is 0.4 × 0.34 mm2. On-chip probing measurements of
the LNA were performed in the 900-MHz, 1.8-GHz and 2.4-GHz bands. Wideband baluns were used at the input and the output. The gain, NF and S11 of the
LNA in the measured frequency bands are presented in table 6.4 (see also [82]).
The linearity of the circuit was measured by using the two-tone measurement
method. The 2nd- and 3rd-order intermodulation distortions were measured to
determine the IIP2 and IIP3. In Fig. 6.18, an intermodulation distortion in the
900-MHz band is shown. Two sinusoidal signals whose frequencies were 900
MHz and 910 MHz, were applied at the input. Fig. 6.19 and 6.20 show
intermodulation distortions when signals at 1.8 GHz and 1.81 GHz, and 2447
MHz and 2457 MHz, respectively, were applied to the input of the LNA.
,QWHUPRGXODWLRQ'LVWRUWLRQLQWKH0+]EDQG
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Fig. 6.18. Intermodulation distortion in the 900-MHz band.
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Fig. 6.19. Intermodulation distortion

Fig. 6.20. Intermodulation distortion

in the 1.8-GHz band.

in the 2.4-GHz band.

TABLE 6.4. MEASUREMENT RESULTS OF ACTIVE-FEEDBACK CMOS LNA.
900 MHz
1.8 GHz
2.4 GHz
Gain [dB]
26
20
18
NF [dB]
4.1
4.4
4.6
+4.5
+3
+1.5
IIP3 [dBm]
IIP2 [dBm]
+23
+22.5
+20
Power consumption: 20 mA from 1.8-V supply

 ,QGLUHFWIHHGEDFN/1$
Another possibility to implement a dual-loop feedback LNA with a low voltage
supply, is by using an indirect-feedback LNA. A theoretical background of an
indirect-feedback LNA design can be found in [40]. The main difference with the
passive-feedback is that the indirect-feedback does not sense/compare the
input/output signal itself, but instead a signal which resembles the output/input
signal as much as possible.
In Fig 6.21, the nullor configuration of the indirect-feedback is shown. The
nullors N1 and N2 are implemented in balanced CC configuration and N3-N6 are
in CE configuration. Using a balanced CC configuration as input stage will not
give optimum noise performance however, sufficiently high loop gain can be
obtained for a low voltage supply.
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Fig. 6.21. Nullor configuration of dual-loop indirect-feedback LNA

To minimize the noise contribution of the LNA itself, indirect feedback is
applied at the output stage rather than at the input stage. Then the nullors 1 and
1 are copied by 1 and 1. This will in turn cause non-linearity problem, which
originates mainly from the output stage since the output stages that drive the load
are not put in the feedback loop. To compensate possible non-linearity, we bias
the identical output stages with exactly the same current. Well-known current
mirror techniques can be applied. The implementation at the transistor level is
shown in figure 6.22. The output currents (,F and ,F) are copied to the collector
currents ,F and ,F. These dummy currents are then fed back to the input currents
using 5, 5 and 5, 5, respectively, while feeding back to the input voltage is
done using resistor 5. Applying a common-mode feedback at the output stage
may improve the linearity of the LNA.
The complete circuit should include a biasing circuit. The input stage should
be biased taking the noise figure into account. The parameters B, D and the
spectrum density of the equivalent noise voltage referred to the input stage of the
LNA expressed in parameters B and D is approximately given by:

%=

'=

(51 + 52 ) ⋅ 55

51 + 52 + 53 + 54 + 2 55

5 3 + 5 4 + 2 55
,
51 + 5 2 + 5 3 + 5 4 + 2 55

,

(6.9)

(6.10)
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6 ( YQ , HTX ) = 4 N7 ( 4 UE1 +

2
2
+ 4 UE 3 +
+ 2 % 2 ⋅ JP3 ⋅ β3 +
J P1
JP3

2
J
5V
1
⋅ ( P1 + D 2 ⋅ g m 3 ⋅ β 3 +
) + 55 )
2
2 β1
R1

,

(6.11)

where UE and UE are base resistances of transistors 4 and 4 respectively, JP
and JP are transconductance of transistors 4 and 4, β is the current gain of
transistors 4 and 4, respectively. Equation (6.11) is valid for 5-5 that are
much larger than 5, and 4, 4, 4, 4 and 4, 4, 4, 4 are biased at equal
current levels. By using equation (3.2) and (3.3), the gain and the input
impedance of the LNA can be found. Noise considerations lead to 3 mA input
bias current. To accommodate the maximum input voltage, output stages should
be biased at a minimum current level of 3.5 mA. Small capacitances across 5
and 5 are needed to counteract peaking at high frequencies.
Vcc
Rbias1
Q1

RFin+
3mA

R3

Rload1
Rbias5

R3
RFout+

Q2
Q3
3mA

Rload2
Rbias6
RFout-

R5
Q4

Rbias3

Rbias2
Q6

Q5

R4
Q8
Rbias4

Q7

RFin-

3mA

3mA

Fig. 6.22. Dual-loop indirect feedback LNA.

The LNA is simulated in a 25 GHz bipolar technology and simulation results
can be found in table 6.4 (see also [65]). The –1 dB compression point of this
LNA is designed to be –15 dBm as also obtained in extensive simulations. Notice
that the indirect-feedback technique is inferior to any other feedback techniques
with respect to nearly all quality aspects, as the output stages are not in the
feedback loop. Another disadvantage of this LNA is that it uses a cross-coupled
feedback. It can easily create a common-mode instability for certain values of the
common-mode input impedance. However, a lower voltage-supply can be used,
compared with other feedback technique, of advantage for low-power lowvoltage applications. New circuit topologies will have need to be investigated.
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TABLE 6.4. SIMULATION RESULTS OF THE INDIRECT-FEEDBACK BIPOLAR LNA.

900 MHz 1.8 GHz 2.5 GHz
LNA gain [dB]

25

21

18

LNA-NF [dB]

3.5

3.7

4.2

LNA IIP3 [dBm]

−5

−7.8

−10

DC current cons. [mA]

26

26

26

Voltage Supply [V]

2.7

2.7

2.7
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 &RQFOXVLRQ
Design aspects of fully integrated multiband multistandard front-end receivers
have been presented. Three fundamental aspects that limit the capacity of a
communication channel, i.e. noise, linearity and operating frequency, were
reviewed to increase performance/price ratio of front-end receiver circuits. The
minimum required performance of a certain wireless system is determined by the
standard. However, including multiple standards in the same device puts a higher
demand on the circuit performance. In addition, lowering the cost will directly
relate to higher levels of integration.
From system level analysis, duplexing methods used in wireless system affect
the required noise and linearity performance. Multiple access methods that are
developed for higher data rates and the increasing number of users strongly affect
the selectivity and synchronization requirements. The noise performance is also
affected by the modulation techniques used for a single carrier system. In
addition, systems using multi-carrier systems, e.g. OFDM systems, require
increased linearity performance.
A key issue in increasing the integration level lies at the architectural level
and the expensive circuit blocks that could be integrated. The most promising
approaches are architectures that eliminate external filters and possibly VCO
resonators, such as zero-IF, low-IF and wide-band IF receivers. For the front-end
part, these receivers have a common circuit topology, i.e. a direct connection
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between the LNA and the mixer. Choice of a proper circuit topology can lead to
improved linearity performance. Wide-band front-end circuits with a wide-band
input matching were investigated as these could result in a low-cost solution in a
multiband scenario. Based on this kind of circuit, a compact multiband
multistandard front-end receiver architecture was developed. This is the first
result obtained in the present research.
The second result obtained in this work is circuit topologies, consisting of an
LNA and mixer (low-noise converter or LNC), that are suitable for the above
mentioned architecture. Investigations resulted in 5 new circuit topologies
designed in 0.18 µm RF-CMOS, 0.35 µm low-cost digital CMOS and 25 GHz
(0.6 µm) RF-bipolar technologies. A dual-loop wideband feedback technique
was applied in all circuits investigated in this thesis. Three circuits were
implemented in 0.18 µm RF-CMOS and 25 GHz (0.6 µm) RF-bipolar
technologies. Measured and simulated results showed that the design approach
used worked properly.
An LNC in 25 GHz bipolar technology in which a cross-coupled passive
feedback was applied in the LNA, has been designed and measured. It resulted in
improvements in linearity by 5 dB of IIP3 and acceptable NF performance. The
DC power consumption was less than half compared to a traditional
configuration. A disadvantage using a cross-coupled feedback is that the circuit
has a potential common-mode instability. The same basic topology but with a
small modification was designed in a 0.35 µm low-cost digital CMOS
technology. Overall improvements in linearity by 5-11 dB of IIP3 with acceptable
noise figure performance at less power consumption were found. As lower
transconductance is obtained in CMOS compared to bipolar technology, the
circuit achieved a lower overall gain.
An LNC in 25 GHz bipolar technology in which an active feedback was
applied in the LNA has been designed and measured. Measurement results show
that an overall improvement in linearity by 3 dB of IIP3 with acceptable noise
figure performance at half the DC current consumption is obtained, compared to
a traditional configuration. A disadvantage using an active-feedback is that the
circuit needs a relatively high voltage supply which compensates the advantage
in current consumption. A combined active and indirect-feedback LNC in 0.18
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µm RF-CMOS was investigated. Measurement results in the LNA part showed
that the circuit worked across different frequency bands from DC to 2.5 GHz,
achieved higher than 18 dB gain, less than 4.6 dB NF, higher than +1.5 dBm IIP3
and + 20 dBm IIP2 with S11 of less than –15 dB at the input from DC up to 2.5
GHz (limited by the frequency range of balun). Simulation results showed that at
5.2 GHz, the LNA has 15 dB gain, which was consistent with extrapolations
from measurements, and 5 dB NF. The LNA consumed 20-mA from 1.8-V
supply with a low output DC level, enabling switching mixers to be stacked on
the top of the output transistor of the LNA.
An indirect-feedback LNA in 25 GHz bipolar technology was designed and
simulated. Acceptable performance at equal DC power consumption compared to
a traditional configuration was obtained. However, as no direct-feedback path
was available, the resulted linearity performance was not as good as the other
four mentioned circuits. Moreover, a cross-coupled feedback could lead to a
common-mode instability.
The third result obtained in this work is that the use of a balun with ratio 1 : Q
at the input of a balanced LNA gives a trade-off between noise figure (NF) and
power consumption. The larger the ratio, the more relaxed the requirement on NF
of the circuit. However, choosing a larger ratio leads to a higher voltage signal,
which in turn increases the power consumption.
The fourth result obtained in the present research is a design guideline to
achieve a higher linearity amplifier. Increasing the loop gain in a feedback circuit
will lead to higher linearity. One way to increase the linearity without excessive
power consumption is by using many stages in the active part of the amplifier.
However, this technique may lead to a worse overall linearity. To avoid this
problem, a proper circuit topology of the active part in the amplifier needs to be
chosen.
From the results obtained in this work, it can be concluded that wideband
LNCs with a wideband input matching work across several RF-bands, use
minimum amount of external components and can adapt their performance to
different requirements. These circuits are thus suitable for low-cost multiband
multistandard front-end receiver.
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Frequency compensation techniques that are suitable for increasing the
linearity performance at high frequency should be further investigated in future
work. The reduced linearity at high frequency due to reduced loop gain lowers
the dynamic range. It limits the channel capacity.
The use of switchplexer in front of the LNA has not been tested. It is thus
interesting to see how the use of this device affects the performance of the
circuit, especially when the selected RF-band is changed from one to another. It
can verify and may improve the conceptual example of multiband multistandard
receiver architecture that is developed in this work.
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$SSHQGL[$ 1XOORU
In section 3.1, the nullor [51] as a network element is introduced. The nullor is
basically a combination of a nullator at the input and a norator at the output. Due
to a nullator properties, the input voltage and current are equal to zero (9 = 0
LQ

and , = 0), whereas norator at the output leads to undefined non-zero output
LQ

current and voltage. It means that a nullor is an ideal amplifier having infinite
gain under all drive and load conditions.
Using transmission parameters description as given in section 3.3 and
equation (3.1), all transmission parameters of a nullor are equal to zero
(A=B=C=D=0). The network symbols is depicted in Fig. A.1.1.

Iin=0
+
Vin=0
-

Iout
+

∞

-

+
-

+
Vout
-

Fig. A.1.1. A Nullor symbol.

If the circuit is connected such that there is no doubt in its operation, the
arrow sign, which is used to distinguish the input and output, and the infinity
symbol can be omitted in the figures. As a nullor has infinitely high gain, the use
of this network element is only meaningful for amplification purpose when a
feedback is applied around the nullor. Examples of amplifier applications are
given in the following figures.
Iout

Q1

+

+

Iin=0
+

Iout
+

+

∞

+

Vin

Zs

Vout
-

(b)

-

-

Q2

Vout

Vin

-

Vout

Vin

(a)

+

Q1
+

Zs

Iout

Zs
-

(c)

Fig. A.1.2. Examples of nullor application in amplifier
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In Fig. A.1.2.a, a nullor configuration of a series feedback amplifier is shown.
Circuit analysis shows that the output current is related to the input voltage by:
, RXW = −

1
⋅ 9LQ .
=V

(A.1.1)

Note that in the configuration shown in Fig. A.1.2.a, the input voltage of the
amplifier is the voltage across the series feedback impedance Zs. This nullor
configuration can be implemented by the circuit shown either in Fig. A.1.2.b, or
in Fig. A.1.2.c. The output current of the circuit in the figure A.1.2.b is related to
the input voltage by:
, RXW ≈ −

1
1
=V +
JP1

⋅ 9LQ ,

(A.1.2)

whereas that in Fig. A.1.2.c is related to the input voltage by:
, RXW ≈ −

1
1
=V +
β 2 J P1

⋅ 9LQ .

(A.1.3)

The higher gain provided by active devices representing a nullor, the more
likely it is the circuit’s transfer function approaches the nullor’s transfer function.
Referring to the amplifier design steps described in section 3.4, choosing a
proper feedback topology using nullor element is the first step. Implementation
of the circuit at transistor level such that the active devices will provide high
enough gain leading to a high loop-gain feedback circuit, is the second step.
As noise analysis in a linear amplifier uses a small-signal analysis, the use of
nullor in noise analysis can be applied as well. Moreover, it helps in providing a
better understanding from the design perspective. In appendix A.2, a noise
analysis is given by extensively using nullors.
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$SSHQGL[$ 1RLVH)LJXUH&DOFXODWLRQ
The noise requirement in a digitally modulated wireless communication system
is specified by its sensitivity level, required BER and system bandwidth. To
calculate the required noise figure (NF) of the receiver , equation (2.4) can be
used,
NF dB = Sens. dBm − avail. input noise dBm/Hz − 10 ⋅ log B dBHz − SNRout dB (A.2.1)

In table A.2.1, those numbers are listed for several standards [17, 10, 18]:
TABLE A.2.1. PARAMETERS TO CALCULATE THE NF OF THE RECEIVER.

Sensitivity [dBm]

Bandwidth [Hz]

Modulation

BER

GSM

-102

200 k

GMSK

10-3

DECT

-83

1.728 M

GFSK

10-3

Bluetooth

-70

1M

GFSK

10-3

The available noise at the input assuming a conjugate matching condition is
given by:
3QL =

4N75V 1
= N7 = −174 dBm/Hz
4 5LQ

(A.2.2)

The required BER has to be translated to the required SNR at the output, as
the latter is included in equation (A.2.1) and not the former. The SNR at the
output in a given modulation technique is related to a BER. However, the used
demodulator type can relax the SNR [26]. A graph of Eb/No (Energy required
per bit of information / thermal noise in 1 Hz of bandwidth) versus BER for
common modulation technique is shown in Fig A.2.1 [31].

Fig. A.2.1. Probability of bit error for common modulation techniques.
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In order to convert from Eb/No to SNR, the system data rate and bandwidth have
to be taken into account:
615 =

where: Eb

(E 5
,
⋅
1 R %7

(A.2.3)

= Energy required per bit of information,

No

= Thermal noise in 1 Hz of bandwidth,

R

= System data rate,

BT

= System bandwidth.

To achieve 10-3 of BER, the SNR at the output should be at least 9 dB, 10.5
dB and 21 dB for GSM, DECT and Bluetooth applications, respectively. These
numbers give that the NF of the receiver should be at least 9 dB, 18.5 dB and 23
dB for GSM, DECT and Bluetooth applications, respectively.

$1RLVH6SHFWUXP'HQVLW\&DOFXODWLRQ
To calculate the noise referred to the input as described in chapter 4, Kirchoff
laws and the transmission parameters (ABCD) are used extensively. To start
with, a series feedback at the input is given in Fig. A.2.2.
Transadmittance amplifier
vn

+
in

-

Nullor
noiseless

Transadmittance amplifier
vn

-

+

+

output

input
vn,Zfb

1

Zfb

noiseless

Fig. A.2.2. Noise sources in series
feedback amplifier.

input

Nullor
noiseless

+

in

2

-

vn,Zfb
in

Zfb

output

noiseless

Fig. A.2.3. The noise current source
of nullor is split into 2 noise sources.

The first step is to shift the noise current source of the nullor such, as it is
shown in Fig. A.2.3. The noise current source in Fig. A.2.2 may be replaced by
that in Fig. A.2.3, provided that the sum of the currents that meet in each node of
the network does not change. The latter is also the reason why the arrow sign is
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unchanged. Another reason for the noise current source sign is to be able to sum
up several fully correlated noise sources at the input in a simple way.
Transadmittance amplifier
vn

Transadmittance amplifier
vn

+
-

Nullor
noiseless

-

+

+

-

Nullor
noiseless
-

input

in
in.Zfb
Zfb

3

-

output

vn,Zfb

input

+
noiseless

in

vn,Zfb

+

+

output

in.Zfb +in.Zfb vn,Zfb
Zfb

4

-

noiseless

Fig. A.2.4. Thevenin representation of

Fig. A.2.5. Shifting the noise voltage

the noise current source of nullor.

by using Blakesley transform.

The third step is to represent the split noise current source in its Thevenin
equivalent by using the feedback impedance = . Shifting the noise voltage
IE

sources by using the Blakesley transform (mesh equation) [61] is done in the
fourth step in order to rearrange the noise sources at the input or output ports.
Transadmittance amplifier
vn
in.Zfb
vn,Zfb - +

+ Nullor -

noiseless

Transadmittance amplifier
vn
in.Zfb

in.Zfb

vn,Zfb - +

+ -v
n,Zfb

+
-

+

Nullor
noiseless

+
output

output input

input

in

in
Zfb

Zfb

noiseless

5

noiseless

6

Fig. A.2.6. Rearrange the noise sources

Fig. A.2.7. Transferring output noise

at the input or output.

sources to the input using ABCD param.

In the fifth step, all noise sources can be rearranged at the input or output.
Once the noise sources are at the output, the transmission parameter of the
feedback amplifier can be applied. In a series feedback circuit such as depicted in
Fig. A.2.2-A.2.7, the fixed parameter is B. The output current is related to the
input voltage circuit by a feedback impedance factor, = . It means that
IE

parameters A and C are equal to zero, since the configuration mentioned in those
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figures consists of one single-loop. The final result is thus shown in Fig. A.2.7,
as the noise sources at the output will vanish. If the circuit is connected to a
source impedance Zs, then taking into account the full correlation between the
two noise current sources originating from the nullor, the spectrum density of the
equivalent noise voltage referred to the input of the circuit is given by:
2

6 (YQHTX,LQSXW ) = 6 ( YQ ) + 6 ( YQ, =IE ) + = V + = IE

⋅ 6 (LQ ) .

(A.2.4)

Note that in case the feedback impedance does not generate thermal noise, the
second term of the right-hand equation is zero. The result is shown in Fig. 4.3.b.
Similar procedures can be applied in other feedback topologies. In a shunt
feedback topology, the spectrum density of the equivalent noise voltage referred
to the input of the circuit is given by:
=
6 (YQHTX,LQSXW ) = 1 + V
= IE

2

⋅ 6 ( YQ ) + = V

2

=V
⋅ 6 (LQ ) +
= IE

In case of a noiseless feedback impedance (6 L

2

Q=IE

⋅ 6 (LQ, =IE ). (A.2.5)

= 0), the noise

performance is still degraded due to the feedback component. The latter is shown
in Fig. 4.3.b. Summarizing, it can be concluded that to minimize the effect of
feedback, a small series impedance at the input and a high shunt impedance at
the output are desired.
In a receiver as already mentioned, the noise performance is characterized by
the noise figure. The above technique in calculating the spectrum density of the
equivalent noise referred at the input can be applied as well. The SNR at the
output will be the same as the SNR at the input, once all noise sources can be
represented at the input port. The noise sources needed in noise figure
calculations are shown in Fig. A.2.8 (see also Fig. 4.4).
vns R
s

in+

vnLNA

-

C
Rin

noiseless

D

inLNA

Rin
.v
Rs+Rin nLNA

in+

A LNA B

+
vRF-signal

Rin
.v
Rs+Rin ns

output

R
+v s
RF-signal
-

A LNA B
Rs.Ri
.inLNA Rin
Rs+R
n in

C

noiseless

D

output

in-

in-

(a)

(b)

Fig. A.2.8. Equivalent noise representations at the input of an LNA for noise figure
calculation.

106

$GLVHQR±'HVLJQ$VSHFWVRI)XOO\,QWHJUDWHG0XOWLEDQG0XOWLVWDQGDUG)URQW(QG5HFHLYHUV

The noise figure is thus equal to:

) =

5 LQ


5 + 5
LQ
 V






2

 5 V ⋅ 5 LQ
⋅ 6 (Y QV ) + 
 5 V + 5 LQ






2

 5 LQ

5 + 5
LQ
 V

 5 LQ
⋅ 6 (L Q/1$ ) + 
 5 V + 5 LQ





2






2

⋅ 6 (Y Q/1$ )

⋅ 6 (Y QV )


5V2 ⋅ 6 (LQ/1$ ) + 6 (YQ/1$ )
1  5V2
= 1+
= 1+
⋅
+ 5YQ/1$  .

6 (YQV )
5YQV  5LQ/1$


(A.2.6)

$1)&DOFXODWLRQIRU%DODQFHG&RQILJXUDWLRQ
In order to calculate the noise figure of a balanced configuration, a spectrum
density of the equivalent input noise sources of the balanced configuration needs
to be calculated. In [61], it is shown that the spectrum density of the equivalent
input noise voltage source referred to the input of a balanced configuration is
double with respect to that of the unbalanced configuration, while that of the
input noise current is halved with respect to that of the unbalanced configuration.
If to obtain a balanced input signal, a balun is used which has a ratio of
impedance Q such, that 5

EDO

=Q⋅5

XQEDO

, then the spectrum density of the available

input noise from the preceding stages will also be Q times larger, i.e. 6 Y

QVEDO

Q⋅6 Y

QVXQEDO

(Y

EDO

= √Q⋅ Y

XQEDO

=

). The noise figure of a balanced stage is equal thus

to:

)EDO = 1 +

(Q ⋅ 5 )2 ⋅
V

6 (L Q/1$ )
+ 2 ⋅ 6 (Y Q/1$ )
2 5YQ/1$ 
1  Q ⋅ 5 V2
2
 . (A.2.7)

=1+
+
Q ⋅ 6 (Y QV )
5 YQV  2 5LQ/1$
Q 

Deriving the balanced noise figure with respect to the impedance ratio Q, a
minimum noise figure can be obtained which may be lower than that of the
unbalanced configuration.

)

EDO

, min

= 1+

25
5
⋅
5
5
V

YQV

YQ/1$

LQ/1$

, with Q

RSW

=

2
⋅ 5
5

YQ/1$

⋅5

LQ/1$



(A.2.8)

V
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$SSHQGL[$ ,,3&DOFXODWLRQLQ)URQWHQG5HFHLYHU
The

intermodulation

requirement

in

a

digitally

modulated

wireless

communication system is specified by the required BER of a specified level in a
desired channel. This under condition that two interfering signals with the same
levels are present and are located such that one of their intermodulation products
falls in the desired band. At the circuit level, it is specified in terms of IIP3. To
calculate the required IIP3 of the receiver, equation (2.7) can be used, i.e,
,,33 G%P =

(3RXW, IXQG − 3RXW, ,0 3 ) G%
2

+ 3LQ G%P

(A.3.1)

In wireless communication standards, only the required BER, interference
signals level and frequencies are explicitly defined. To calculate Pout,IM3, a
reference level in a desired channel and an output SNR to maintain a specified
BER are needed. In table A.3.1, some values to calculate IIP3 for several
wireless standards are listed.
TABLE A.3.1. PARAMETERS NEEDED TO CALCULATE THE IIP3 OF A RECEIVER.
Signal level in a
desired channel

BER

Interference
level

SNRout

GSM

-99 dBm

10-3

-49 dBm

9-12 dB

DECT

-80 dBm

10-3

-48 dBm

9 dB

Bluetooth

-64 dBm

10-3

-39 dBm

21 dB

The SNRout is calculated using the procedure described in appendix A.2, based
on the required BER. For example, in a GSM receiver:
,,33

G%P

=

(− 49 + * − (− 99 + * − 12)) G% + (− 49 G%P) = −18 G%P ,
2

(A.3.2)

where G is the power gain of the receiver in dB. Note that an SNRout of 12 dB is
used in calculating the IIP3 to get 10-3 BER. From Table A.3.1, it follows that the
IIP3 for GSM, DECT and Bluetooth are –18 dBm, –22 dBm and –16 dBm,
respectively.

109

$SSHQGL[$,,3&DOFXODWLRQLQ)URQWHQG5HFHLYHU

110

$GLVHQR±'HVLJQ$VSHFWVRI)XOO\,QWHJUDWHG0XOWLEDQG0XOWLVWDQGDUG)URQW(QG5HFHLYHUV

$SSHQGL[%6XPPDU\RI$SSHQGHG3XEOLFDWLRQV
 $ 9 :LGH%DQG &026 /1$ IRU 0XOWLEDQG 0XOWLVWDQGDUG )URQW
(QG5HFHLYHU
A new circuit topology of a wide-band active-feedback LNA implemented in
0.18 µm CMOS technology is designed. The circuit is targeted to work at
1.8-V supply, based on the circuit presented in Paper 3. The circuit is
measured at 900 MHz, 1.8 GHz and 2.5 GHz bands.
$XWKRU¶V FRQWULEXWLRQV: The author invented the circuit topology, designed
the circuit, participated in the measurements and wrote the manuscript.
 $ 9 $UHD(IILFLHQW 5) )URQW(QG IRU 0XOWLEDQG /RZ1RLVH
&RQYHUWHUIRU0XOWLEDQG0XOWLVWDQGDUG/RZ,):LUHOHVV5HFHLYHU
A circuit topology of a wide-band cross-coupled passive feedback LNA that
is combined with a switching mixer is designed. The circuit is developed
from the circuit presented in Paper 6. The circuit is implemented in 25 GHz
bipolar technology and is targeted to work at 3-V, lowering the required
voltage supply compared to the circuit in Paper 3. Based on measured
results, the circuit presented in this paper is suitable for low-IF architecture.
The circuit is measured at 900 MHz, 1.8 GHz, 2.1 GHz and 2.4 GHz bands.
$XWKRU¶V FRQWULEXWLRQV: The author invented the circuit topology, designed
the circuit, performed the measurements and wrote the manuscript.
 $ :LGHEDQG 5) )URQW(QG IRU 0XOWLEDQG 0XOWLVWDQGDUG +LJK
/LQHDULW\/RZ,):LUHOHVV5HFHLYHUV
In this work, a new architecture for multiband multistandard receivers is
proposed. The architecture is developed based on combined LNA and
switching mixer circuit whose circuit design is presented in Paper 4 and 5.
Based on measured results, the circuit presented in this paper is suitable for
low-IF architecture. The circuit is measured at 800 MHz – 1 GHz and 1.8 –
2 GHz bands. The circuit is implemented in 25 GHz bipolar technology.
$XWKRU¶V FRQWULEXWLRQV: The author invented the multiband multistandard
receiver architecture, designed the circuit, performed the measurements and
wrote the manuscript.
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 0XOWL%DQG

+LJK/LQHDULW\

)URQW(QG

5HFHLYHU

IRU

:LUHOHVV

$SSOLFDWLRQV
In this work, several new wide-band LNA topologies using 0.35 µm CMOS
and 25 GHz bipolar technologies that are suitable for multiband receivers are
investigated. The receiver is targeted to be implemented in zero-IF, low-IF
or wide-band IF architecture, as these architectures eliminate the external
components. One of the circuit is measured at 1.8 GHz band.
$XWKRU¶V FRQWULEXWLRQV: The author investigated the circuit topologies,
designed the circuits, performed the measurements and wrote the
manuscript.
 $ :LGHEDQG $FWLYH)HHGEDFN /RZ1RLVH &RQYHUWHU IRU 0XOWLEDQG
+LJK/LQHDULW\/RZ,):LUHOHVV5HFHLYHUV
A circuit topology of a wide-band LNA using active-feedback technique
whose circuit design is presented in Paper 4, is developed. This LNA is
targeted to be used in low-IF architecture. The circuit is implemented in 25
GHz and is measured at 800 MHz – 1 GHz and 1.8 – 2 GHz bands.
$XWKRU¶V FRQWULEXWLRQV: The author designed the circuit, performed the
measurements and wrote the manuscript.
 'XDOORRS &URVVFRXSOHG )HHGEDFN $PSOLILHU IRU /RZ,) ,QWHJUDWHG
5HFHLYHU$UFKLWHFWXUH
A dual-loop cross-coupled wide-band feedback LNA that its circuit design is
presented in Paper 4, is further developed. The focus in this work is to
analyze the linearity of the amplifier by looking at the loop gain provided by
this circuit topology and the circuit is targeted for the low-IF architecture.
$XWKRU¶V FRQWULEXWLRQV: The author invented the circuit topology, designed
the circuit and wrote the manuscript.
7. ,QGLUHFW1HJDWLYH)HHGEDFN%LSRODU/1$
A new indirect negative feedback bipolar LNA is investigated. The focus is
to achieve high-linearity at low voltage supply.
$XWKRU¶V FRQWULEXWLRQV: The author invented the circuit topology, designed
the circuit and wrote the manuscript.
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